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CHAPTER 1 

INTRODUCTION 


By George L. Ragan 

The course of the development of techniques and applications of 
radio frequencies has been one of progression from low frequencies to 
higher and higher frequencies. Most recently this progression has seen 
the development, at a greatly accelerated rate, of techniques and applica¬ 
tions of the extremely high frequencies of the microwave region. The 
rapidity with which this region of the radio-frequency spectrum has been 
developed is a result of the expenditure of an enormous effort in the 
design and manufacture of devices using these waves to advantage in 
military applications. Radar apparatus, used to detect objects and to 
determine their location, is of course the most familiar of these devices. 
Applications such as those of navigation and communication, however, are 
also very important and should not be overlooked. Although the impetus 
resulting in the accelerated development of the microwave region came 
from the pressure of military needs, the techniques and apparatus 
developed have many peacetime applications. 

It is impossible to give an exact definition of the limits of frequency 
or wavelength implied by the term “microwave.” The microwave 
circuits to be described in this volume were developed for operation within 
the region of wavelengths extending from about 12 cm down to about 1.2 
cm, the corresponding frequencies being 2500 to 25,000 Mc/sec. The 
term “microwave” is usually considered to embrace a somewhat broader 
region of the radio-frequency spectrum, perhaps including all wavelengths 
shorter than about 30 cm or frequencies exceeding about 1000 Mc/sec. 

Microwaves are unique among electromagnetic waves in that their 
wavelength is of the same order of magnitude as the dimensions of the 
apparatus in which they are used. The closest analogy to microwave 
phenomena is to be found in sound waves, which have wavelengths 
of the same order of magnitude. Like sound waves, microwaves may be 
propagated along hollow tubes and focused into a sharp beam by means 
of horns or parabolic reflectors of moderate size. Another analogy that is 
sometimes useful in the understanding of microwave phenomena is to be 
found in a study of the diffraction of light waves in passing through 
holes or slits the dimensions of which are comparable with the wave¬ 
lengths of the light waves. 
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Among the properties of microwaves which are useful are the follow¬ 
ing: 

1. Microwaves may be directed into sharp beams of radiation by 
means of relatively small horns or reflectors. This property 
makes them especially valuable in applications requiring antennas 
of high gain or high angular resolution. Radar makes use of this 
property in order to obtain precise information concerning the 
direction of a reflecting object. 

2. An enormous number of bands, each broad in terms of cycles 
per second, may be contained within a region covering a range in 
frequency of only a few per cent. For example, 500 bands, each 
1 Mc/sec wide, may be used in the region from 2500 to 3000 Mc/sec 
(12 to 10 cm) or in the region from 29,500 to 30,000 Mc/sec (1.02 
to 1.00 cm). 

3. Pulses of extremely short duration may be used, since the sidebands 
introduced by the pulse modulation represent a relatively small 
percentage spread in frequency. 

The circuits used at microwave frequencies are radically different 
from those used at lower frequencies. During the previous stages in the 
evolution toward higher frequencies, little fundamental change had been 
necessary. The process had been one of improvement and refinement of 
the older techniques and circuits along well-defined and clear-cut lines. 
As the wavelength decreased to the point where it became comparable 
with the dimensions of the apparatus, the older circuits became imprac¬ 
tical. For example, lumped circuits became prohibitively small and 
entailed excessively large losses, and two-wire lines suffered from increas¬ 
ingly serious radiation effects. The smallness of the wavelength, which 
led to the downfall of the conventional circuits, made practical the use of 
circuits of a new type to replace them. Thus, the use of hollow-pipe 
waveguides became practical as a substitute for the failing two-wire 
line, and the cavity resonator emerged as a replacement for the older 
resonant circuit composed of lumped elements. Coaxial lines and 
coaxial-line circuits, useful at long \\ avelengths and down well into the 
microwave region, serve as transitional circuits, helping to bridge the 
gap. The “skin effect,” already important at high radio frequencies, 
becomes increasingly important in microwave work. 

Concurrent with the marked change in the form of the circuits, 
changed points of view involving various concepts are required. It is 
found necessary to relinquish, or at least to relegate to a minor role, 
the idea that currents and voltages are the fundamental entities in the 
transmission of radio-frequency power. Instead, the concept of the 
transmission of power by means of electromagnetic waves traveling in 
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the dielectric medium associated with the transmission line or hollow 
pipe is found to be more significant. This concept is far from new, since 
it was used by Lord Rayleigh as early as 1897, in working out the theory 
of hollow-pipe waveguides. Furthermore, electromagnetic-field theory 
has always formed the basis for the understanding of the radiation from 
antennas and the propagation of radio-frequency energy through space. 

Electromagnetic-field theory is embodied, in concise mathematical 
form, in the set of relations known as Maxwell’s equations. Anyone who 
plans to design microwave circuits will find it advisable to gain an 
understanding of the basic principles underlying these equations, even 
though lie may rarely, if ever, find it necessary to apply the equations 
themselves to any specific problem of circuit design. He should develop 
a feeling for such fundamental things as: (1) the relation between current 
in a conductor and the magnetic field in the medium adjacent to the 
conductor, (2) the fact that in any electromagnetic wave the electric 
field and the magnetic field are always orthogonal, and (3) boundary 
conditions, such as those forbidding a tangential component of electric 
field or a normal component of magnetic field in the electromagnetic wave 
at the surface of a perfect conductor. It is hoped that the material of 
Chap. 2, which presents a brief semiquantitative explanation of the 
behavior of waveguides on the basis of reflected plane waves, will assist 
those who do not have such a feeling for the fundamentals of the wave 
point of view to obtain it. 

It is thus evident that a different point of view, involving concepts that 
are not particularly helpful in the design of circuits for low frequencies, 
is needed in the design of microwave circuits. Nevertheless, many of 
the older concepts, in somewhat modified form, continue to be useful 
in microwave work. One of the most important of these concepts is 
that of impedance. To be sure, it is necessary, when working with 
waveguides, to redefine impedance in terms of electric and magnetic 
fields; but the concepts of impedance and impedance transformations 
along the waveguide, carried over from conventional transmission-line 
theory, are extremely useful. For this reason, Chap. 2 begins with a 
brief exposition of this conventional theory, and a considerable amount 
of emphasis is placed, in later sections, on the use of transmission-line 
calculators or impedance charts based on the equations resulting from 
this theory. 

Since the circuits used in microwave transmission differ so greatly from 
those used at lower frequencies, the design problems are naturally 
different. In addition, a greater emphasis is placed on impedance- 
matching, with the result that a great deal of the designer’s effort goes 
into the measurement of impedance and the elimination of mismatch. 
Each separate microwave circuit should match the characteristic imped- 
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ance of the line within close tolerances. When the line leading from the 
circuit toward the load is free of reflected waves, no reflected wave should 
be generated in the input line by the circuit itself. The principal reasons 
for the stringent requirements for well-matched circuits are the following: 

1. Stable operation of microwave magnetron transmitters is depend¬ 
ent on well-matched circuits. This requirement is associated 
with the fact that microwave magnetrons are efficient self-excited 
oscillators tightly coupled to a line that is many microwavelengths 
long. 

2. The line suffers voltage breakdown more readily if a standing wave 
exists on it. This situation becomes very serious at the high 
power levels attained in the short pulses frequently used in micro- 
wave applications. 

3. An impedance mismatch implies a partial reflection of the power 
in the incident wave. This reflected power may be wasted, as 
by reradiation of a received signal, or it may cause an unfavorable 
loading of the magnetron, thereby lowering its efficiency. 

4. Even though the input impedance of a transmission line may be 
matched by means of an impedance transformer, extra dissipative 
losses occur in the line because of the standing waves caused by a 
mismatch. 

In addition to the emphasis on impedance matching, it is usually 
desired to design circuits in such a way that they maintain the matched 
condition over a broad band of frequencies. It is usually felt to be 
worth while to take great pains in design work in order to achieve this 
broadband performance without resorting to the use of circuit parameters 
that require adjustment as the frequency is changed. Indeed, the 
tendency has been to establish, in the course of the design work, dimen¬ 
sions and tolerances for all details of the circuit which will ensure proper 
performance of the finished product without further adjustment. This 
procedure has been adopted in order to relieve the manufacturer and 
the user of the equipment of the task of making adjustments that are 
frequently difficult and time-consuming. 

It seems pertinent, at this point, to introduce a few remarks about the 
manufacture of the novel circuits used for microwave transmission. 
These circuits amply justify, by their outward appearance, the term 
“plumbing” that is frequently applied to them. Unfortunately, the 
precision and skill required in their manufacture are not in the same, class 
with those of ordinary plumbing. They should be made with care by 
skilled workmen, a fart that is sometimes hard to impress upon shops not 
familiar with the manufacture of precision radio equipment. The 
accuracy of the workmanship required may easily be underestimated, 
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even by those familiar with the requirements of low-frequency circuits. 
The allowable departures from design dimensions tend to decrease in 
proportion to the decrease of wavelength, if the same reflection or mis¬ 
match may be tolerated. This consideration, added to that of the 
increased importance of matched circuits already referred to, affords 
some idea as to the quality of workmanship needed. 

The user of microwave equipment frequently finds it extremely diffi¬ 
cult, because of a lack of experience with microwave equipment or because 
of adverse operating conditions, to make even the minimum number of 
required adjustments on his equipment. Both difficulties were particu¬ 
larly prevalent in the use of microwave equipment for military purposes. 
The elimination of nonessential adjustments is therefore a very material 
contribution to the quality of the performance of the equipment. 

Although the microwave transmission circuits to be described in this 
volume were designed principally for use in radar apparatus, most of 
them will doubtless be found useful in communication and navigation 
equipment. A schematic diagram of the radio-frequency components 
of a simple radar set is presented in Fig. IT. It is found convenient 
to subdivide the r-f components into several groups, each group form¬ 
ing a more or less complete unit with its special techniques and prob¬ 
lems. Each specialized group of components is discussed separately 
in the appropriate volume or volumes of the Radiation Laboratory 
Series. The components 1 indicated within the dotted squares are: 
(1) transmitter components, (2) duplexer components, (3) mixer and 
receiver components, and (4) antenna components. The remaining 
components fall into the group frequently termed “transmission-line 
components.’’ These last components constitute the microwave trans¬ 
mission circuits to be described in this volume. 

The function of these transmission circuits is to transmit r-f power 
and signals from one of the specialized components to another. Among 
other things, the circuits must provide for the necessary bends and twists 
in the line, and must permit the required relative motions of the com¬ 
ponents. The transmission lines used to carry microwave power or 
signals are almost always either hollow-pipe waveguide, as indicated 
schematically in Fig. IT, or coaxial lines. 

A number of materials and techniques that may be found useful in 
designing microwave transmission circuits is presented in Chap. 3. In 
this presentation are described materials and techniques that are felt 
to be particularly applicable to the fabrication of microwave transmission 

1 Microwave Magnetrons , Vol. 6; Microwave Duple xers, Vol. 14; Microwave 
Mixers , Vol. 16; Crystal Rectifiers, Vol. 15; Klystrons and Microwave Triodes, Vol. 7; 
Microwave Receivers, Vol. 23; *\Ticrowave Antenna Theory and Design, Vol. 12, Radia¬ 
tion Laboratory Series. 
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circuits, with emphasis on the more recent developments. This material 
is presented early in the volume because the capabilities and limitations 
of the manufacturing processes must be considered when designing the 
circuits described in the succeeding chapters. 

Before passing on to a consideration of specific transmission line 
components, it seems desirable to point out the fact that no material 
on test equipment or on testing techniques is included in this volume. 
This material is omitted, not because it is unimportant, but because it 
merits a more thorough and more lengthy treatment than could prof¬ 
itably be included in the present volume. For a comprehensive and 
authoritative treatment of this important subject the reader is referred 
to another volume 1 of the Radiation Laboratory Series. 

In Chap. 4, the basic problem of connecting sections of transmission 
lines by means of suitable couplings is treated. Consideration is given 
also to such problems, intimately associated with transmission lines, 
as coaxial line supports, waveguide pressure seals, and phenomena of 
high-power breakdown. The choice between coaxial lines and wave¬ 
guides is dictated by considerations of physical size, attenuation, high- 
power limitations, and bandwidth. At the shortest wavelengths, 
waveguides have a clear superiority, whereas at the longest wavelengths 
their large size makes them unsuitable for many applications. Some 
properties of coaxial lines and waveguides are discussed in Chap. 4. 
These properties should be carefully considered in choosing the type of 
transmission line to be used for any given purpose. 

It is frequently desirable to be able to transfer r-f energy from a coaxial 
line to a waveguide or from one waveguide mode to another. This is 
accomplished by circuits known as transitions, examples of which 
are presented in Chap. 6. The rotary joint indicated in Fig. IT employs 
transition units to pass from the lowest mode in rectangular waveguide to 
the second mode in round waveguide, which is a symmetrical mode suit¬ 
able for use in rotary joints. Rotary joints of this type as well as others, 
are discussed in Chap. 7. Other motional joints that permit various 
relative motions are also described. 

Certain large motions, such as those occurring between r-f units that 
are separately shock-mounted, are best permitted by the use of the flexible 
sections of coaxial line or waveguide presented in Chap. 5. In addition, 
these flexible lines are useful in temporary installations and in experi¬ 
mental or test apparatus. 

Variable impedance transformers of a number of types are discussed 
in Chap. 8. The transformer most frequently used in r-f transmission 
lines is the phase shifter indicated schematically in Fig. IT. The use in 
r-f systems of variable impedance transformers, commonly referred to as 

1 Technique of icrownve .1 fcasnrements, Vo I. 11, Radiation Laboratory Series. 
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“tuners,” is, in general, discouraged. Tuners are, nevertheless, discussed 
extensively in Chap. 8, since they are required in some system applications 
and are very useful in experimental work in the laboratory. 

Information concerning r-f power dividers and r-f switches is also 
included in Chap. 8. These devices have been used to some extent in 
radar systems, but few sets require them. Variable power dividers are 
more useful in experimental laboratory work, as variable attenuators 
operating at high power levels. 

The concluding chapters, Chaps. 9 and 10, contain an extensive treat¬ 
ment of the theory and design of microwave filters. For a long time, 
certain filter circuits have been used in radar sets, particularly in con¬ 
nection with gas-tilled switching tubes and mixers. There was, however, 
no well-formed theoretical groundwork to guide the designer of micro- 
wave filters. Toward the end of the war period, it began to appear that 
the growing number of microwave sets in use made it advisable to 
investigate the use of filters as a means of reducing troublesome inter¬ 
ference between equipments. Consequently, a broad program for the 
study of principles to serve as a guide in the design of microwave filters 
was undertaken. The theory and techniques described in these two 
chapters came too late to play any significant role in the war, but they 
should prove extremely useful in peacetime developments. The prin¬ 
ciples described are not merely extensions to microwave frequencies of 
principles already in use at low frequencies. They represent, rather, a 
significant contribution to filter theory along lines that had not previously 
been exploited. The results of this work should find many useful applica¬ 
tions in the design of filters for use at low frequencies as well as at micro- 
wave frequencies. 

Throughout this volume, as in others of the Radiation Laboratory 
Series, rationalized mks units are used except where alternative units 
are specifically indicated. 




CHAPTER 2 

ELEMENTARY LINE THEORY 

By George L. Ragan 

CONVENTIONAL TRANSMISSION-LINE THEORY 

A great deal of interesting and useful information may be obtained 
by applying low-frequency circuit theory to the problem of a long 
transmission line with distributed constants. In this treatment it is 
convenient to focus attention on the current flowing in the conductors 
and the voltage between conductors, rather than on the electromagnetic 
fields in the dielectric medium. Although the former point of view may 
be less accurate than the latter, it leads more simply to the same result. 

2-1. The Telegraphers’ Equation. —Proceeding in the usual way, 1 let 
us consider the two-wire transmission 
line of Fig. 2T. The series impedance 
and the shunt admittance per unit 
length of line are, respectively, Z and 
Y. Fixing our attention on the infin¬ 
itesimal element of line whose length 
is dz, we write expressions for dl, the 
current flowing from one conductor . 

to the other through the conductance z z+dz 

Y dz, and dV, the change in potential Fl °- 2T.—Voltage and currents in a 
. transmission line. 

dinerence between conductors caused 

by the current l flowing in the impedance Z dz, as 

dl ■■ 
dV ■■ 

Or, expressed as derivatives, 

dl 
dz 
dV 
dz 

Here V and I are the complex voltage and current associated with a 
1 Sarbacher and Edson, Ifyper and Ultra-High-Frequency Engineering, 1st ed., 
Wiley, New York, 1943, Chap. 9; J. C. Slater, Microwave Transmission , McGraw-Hill, 
New York, 1942, Chap. 4; S. A. Schelkunoff, Electromagnetic Waves, Van Nostrand, New 
York, 1943, Chap. 7. 
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steady-state condition 1 characterized by sinusoidal time variation. 
In general, both Z and Y will be complex: 

Z = R + jX, 

Y — G + jB. W 

Taking the second derivatives of Eqs. (2), we obtain 


<PI 
dz 2 
dW 
dz 2 


dV 

- Y — = YZI, 

dz ’ 

- ~ = ZYV. 
dz 


(4) 


Let us solve the second of these equations by assuming the solution 
to have the form 

V = Ac-y% (5) 

where A and 7 are constants which will be evaluated presently. Using 
the solution assumed in Eq. (5), 


d 2 V 
dz 2 


7 2 Ae~y* = 7 2 F = YZV, 


( 6 ) 


which enables us to write 

y 2 - YZ, 

y = ± VEZ. (7) 

We shall let 7 represent the positive root and use —7 where the negative 
root is required. The general solution will be of the same form as 
Eq. (5); but, since we are dealing with a differential equation of the 
second order, the solution will contain two constants of integration, A 
and B, which, in general, will be complex, 


V = Ae~y* + Be^. 


(8) 


The expression for the current is easily obtained by substituting Eq. ( 8 ) 
in the second of Eqs. (1), 

dV 

= - y (Aery - Bey*) = -IZ, 
dz 

I = 7 * iAe~y‘ - Bey*), 

z 

= i (Ae~y* - Bey*). (9) 

1 For a discussion of the more general problem of transients or nonsinusoidal wave¬ 
forms, see Brainerd, Kohler, Reich, and Woodruff, Ultra-High-Frequency Techniques t 
Van Nostrand, New York, 1942, Chap. 11; or E. A. Guillemin, Communication 
Networks, Vol. II, Wiley, New York, 1935, ("hap. 11. 
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For convenience a new quantity has been defined 



( 10 ) 


whose significance will appear presently. 

2-2. Interpretation of the Solution. —Since y is defined in terms of the 
complex quantities Z and Y, it is itself complex and may lie written as 

7 = “ + i/3. (11) 

Writing the solution, Kq. (8), in full including the time factor gives 

IV'" 1 = ^. (12) 


The factor indicates that this term varies sinusoidally with 

both t and z. The significance of co is easily recalled by remembering 
that the phase angle ut increases by 2ir radians, when t increases by the 
periodic time l/v. That is, 

“( < + 7 

co = 2 irv. (13) 


^ = CO< + 2x, 


Similarly, the phase angle must increase by 2ir between the successive 
eqniphase points z and z + X 


P(z + X) = + 2ir. 


(U) 


It must be borne in mind that X is the wavelength in the transmission 
line, not the associated free-spaee wavelength. 

This factor fX-i-dn represents the phase of a wave traveling in the 
positive 2 direction. This fact is easily demonstrated by noting that 
the factor has the same value, and hence the same phase, at the points 
z and 2 + dz at successive instants of time t and t + dl, provided that 


ul — Pz = co (t + dl) — P (z + dz), 
co dt = dz, 


dz co 



(15) 


Now co is obviously positive, and it will be shown in Sec. 2-4 that p is 
positive for ordinary lines, since y was defined as the positive root of 
Kq. (7). Hence the phase velocity v p of the wave represented by this 
term is positive; that is, this wave travels in the positive z direction. 
Similarly, it may be shown that the other imaginary exponential term 
for negative y represents the phase of a wave traveling in the negative z 
direction with an equal phase velocity. 
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Phase velocity, as used above, is a simple concept, and its value is 
easily calculated. Unfortunately, the group and signal velocities, which 
are equally important, are rather obscure. For the type of line to which 
the present discussion, based on the telegraphers’ equation, applies, the 
three velocities' are equal. This follows from the fact that such lines are 
nondispersive; that is, the phase velocity is independent of frequency. 
Substitution of Eqs. (1.3) and (14) in Eq. (15) yields the fundamental 
relation 

v„ = v\, (lfi) 

which may be solved for X, giving 


The real exponential factors of Eq. (12) represent attenuation of the 
waves. In each case, the wave is attenuated in the direction in which 
it is propagated. This agrees with our experience that in actual lines 
there is such an attenuation; and the concept of energy conservation 
demands that the wave become weaker, rather than stronger, as it 
advances. The constants .1 and R are in general complex; they represent 
the magnitude and phase of the waves traveling to right and left, respec¬ 
tively, at the point z = 0 at the time t = 0. 

The expression for the current, Eq. (9), is interpreted similarly as 
representing waves whose complex amplitudes are A/Z 0 and — B/Z 0 , 
traveling to right and left, respectively. The amplitude of each current 
wave is related to that of the corresponding voltage wave by the factor 
Z o. In the special case in which Z t) is a pure real number, each current 
wave is in phase with the associated voltage wave. In general, Zt, is 
complex so that a shift in phase occurs between the associated current 
and voltage waves. The quantity Z 0 , called the “characteristic imped¬ 
ance ’’ of the line, may be thought of as representing, for that particular 
line, the complex ratio of voltage to current in a traveling wave. 

The significance of the negative sign in the amplitude of the current 
wave traveling to the left is not immediately obvious. It arises mathe¬ 
matically, because the derivatives of c~ y! and e y ’ have opposite signs. 
To understand this physically, let us consider what happens if a d-c 
generator is connected to the left-hand terminals in Fig. 2-1. If the 
upper terminal is made negative, the voltage (integral of electric field) 
and current (conventional or positive) will be in the directions indicated, 
and power will flow to the resistive load which, it is assumed, is con¬ 
nected to the right-hand terminals. If the generator and load are 
interchanged, and the upper wire is kept negative, the voltage will 

1 For a good discussion of these three velocities, see Sarhacher and Edson, loc. cil ., 
Son. 5-8. 
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remain in the direction shown, but the current will be reversed and 
the power will now be flowing to the left. Thus we see the origin of 
the negative sign on the current of the wave traveling to the left. A 
rigorous demonstration involving electromagnetic fields and Poynting’s 
vector is easily given, but will not be carried out here. 

Reviewing our general procedure in setting up and solving the line 
equations, it should be pointed out that first the line was described in 
terms of differential equations involving the two quantities Z and Y. 
In the solution of these differential equations, Z and Y were found 
occurring only in the combinations sjZY and yfZjY. For the sake 
of convenience, new symbols 7 and Z 0 were then introduced for these two 
combinations. These new symbols were given a simple physical inter¬ 
pretation and christened, respectively, “propagation factor” and 
“characteristic impedance.” It should be clearly understood that a 
knowledge of either the original quantities Z and F, or the derived ones 
y and Z o, enables us to calculate the other pair through the relations 


7 = \/ZY, Z - yZ a , 



2-3. Impedance Relations, Reflection Coefficients, and Standing 
Waves. —It will be seen later, as practical problems of design and per¬ 


formance are approached, that the 
knowledge of impedance transfor¬ 
mations are extremely useful tools. 
The results obtained in Sec. 21 may 
be used as a starting point in the 
development of these indispensable 
aids. Just as in low-frequency cir¬ 
cuit theory, the complex impedance 
Z z at a point z may be defined as the 
ratio of the complex voltage to the 
complex current at that point. 
Using Eqs. ( 8 ) and (9), we may 1 


concept of impedance in lines and a 



Fig. 2-2.—Transmission lino with generator 
and load. 

rite 


z, = 


V 

I 


r, Ae->‘ + Bei* 

a Ae-^'~ Bei* 


(19) 


Up to the present point in this development, the origin of the two 
waves traveling in opposite directions has not been discussed. Two 
generators of exactly the same frequency may be assumed to be con¬ 
nected to the opposite ends of a very long line, a line so long that the 
attenuation in the line prevents appreciable interaction between the 
generators. A much more practical case is that shown in Fig. 2-2. 
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At the point 2 = 0, a receiving-end impedance Z r is placed. Equation 
(19) must be satisfied for any value of 2 , including 2 = 0, so we may write 


Z r — Z 0 


A + B 
A - B 


= Z„ 




( 20 ) 


This equation may be solved for the complex ratio 

B Z T - Z„ 

A Z r + Z 0 


( 21 ) 


which represents, at the point 2 = 0, the amplitude and phase of the volt¬ 



age wave traveling to the left relative to that traveling to the right (see 
Fig. 2-3). 

Several important inferences may now be pointed out. 

1. We have discovered that when we terminate a line with an imped¬ 
ance, a wave will be set up, which travels back toward the source. 

2. It is natural to call the voltage wave of amplitude A traveling 
toward the load the “incident wave,” and the voltage wave of 
amplitude B traveling back toward the generator the “reflected 
wave.” The complex ratio B/A is then referred to as the “ voltage 
reflection coefficient,” for which we shall use the symbol r. 

3. In the special case where Z r = Z 0 , B/A is zero; that is, no reflected 
wave is set up. To our previous interpretation of Z 0 (see Sec. 2-2) 
may now be added the remark that, if a line be terminated in 
its characteristic impedance, no reflected wave will be generated. 

Having evaluated the voltage reflection coefficient r r , arising at a 
terminal impedance Z r , it is interesting to discover the relation between 
reflected and incident waves at other points along the line. To do this, 
the total voltage V, given by Eq. (8), is evaluated, at the point z = —l, 
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F_i = Ae yl + Be~ yl . (22) 


This equation has been interpreted as signifying that the total voltage 
is the sum of an incident voltage 


Fine = Ae yl , 

(23) 

and a reflected voltage 


Frel = Be~ yl . 

(24) 

The ratio of these two complex voltages 


- — e -tyi 

Fi« A 

(25) 


shall be called the “voltage reflection coefficient” at the point z = —l. 
The relation between this quantity, which will be designated, as T_i, and 
the voltage reflection coefficient at z = 0, designated as r 0 , is 

r_; = roe- 2yl = r 0 e- 2a, e--'t». ( 26 ) 

This equation indicates that the complex reflection coefficient at any 
distance l from the load behaves as a vector 
(see Fig. 2-4), whose value varies from r 0 
at the load to zero as l approaches infinity. 

The amplitude decreases because of the 
factor e~ Zai , and the phase angle varies 
cyclically because of the factor e~ 2i6 ‘. Thus, 
for very long lines, the reflected wave dis¬ 
appears at large distances from the load 
and only the incident wave remains. If I'm. j 4. -Transformation of 
the incident voltage should be taken as a tllc ''oltage-rcflccucm coefficient 

. along the line. 

reference vector (see Fig. 2*5), the relative 
voltage V'i may be written as 

Vi = = 1 + (27) 

Similarly, we could proceed from Eqs. (9) to write 

4^ = - e-W = -r 0 e- 2 -". (28) 

1 inc A 

The current reflection coefficient here is the negative of the voltage 
reflection coefficient; the significance of the negative sign was discussed 
in the previous section. The total current relative to the incident current 
vector is 

r, = hi = i - r 0 e-* T '. 

1 inc 



(29) 
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One reason for dealing at length with the subject of reflection coefficients 
and their variation along the line lies in the fact that the concept of 
reflected waves set up by an improper termination or by discontinuities 
in the line is an indispensable aid to visualizing what takes place in a 
line. Another reason is that these ideas will be used to advantage later 
on in connection with reflection-coefficient charts based on Eqs. (27) 
and (29). 

The way in which the incident and reflected waves combine is illus¬ 
trated by Fig. 2-6. In a the two waves are in phase, and the resultant 
voltage has its maximum amplitude |.'1| + \R\ at certain positions. In 
b, a quarter cycle later in time, each wave has traveled a quarter wave- 



Fig. 2-5.—Transformation of relative voltage along the line. 


length in its direction of propagation, so that the two waves arc now- 
out of phase. They may be subtracted to give a voltage amplitude 
|A| — |Z?| at positions midway between those at which the maximum 
amplitudes of a occurred. In successive quarter cycles, the resultants 
have the same amplitudes as in a and b but reversed in sign. In c. is 
shown the maximum amplitude occurring at each position along the line. 
This corresponds to V_; of Eq. (22). 

To examine this case mathematically, Eq. (22) is rewritten, replacing 
7 by j/3 and neglecting a, 

where the complex nature of the amplitudes .1 and B, written as |.-l!c'+ 
and \B\e‘\ is brought into evidence (see Fig. 2-7). For certain positions 
U, the voltage amplitudes have the same phase angle; that is 
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( <t> + fih) — (8 — fill) + 2wn, 
, 8 — <t> i. 2 mi 

Ll 2/3 

Remembering that fi = 2ir/X, we may write 


ll = (f~£T * i) X - (30) 

Similarly it may be shown that 
the positions / 2 at which the two 
amplitudes have phase angles diff¬ 
ering by jt are 

- (t^_* ± ?1±J) x . (31) 

At the positions h the voltage 
amplitude is 

V^ = | A | + |B|. (32) 

Furthermore, Eq. (30) shows that 
these voltage maxima occur at 
half-wavelength intervals. At the 
positions U the voltage amplitude 
is 

V mia = |A[ - |B|. 

That such voltage minima occur 
at points midway between maxima 
is revealed by comparing Eqs. (30) 
and (31). The ratio of maximum 
to minimum voltage is 




Fig. 2-6.—Combination of incident and 
reflected waves to form a standing wave, 
(a) Incident and reflected waves adding in 
phase. (£>) Waves in opposition a quarter 
cycle later, (c) Standing wave voltage 
amplitude pattern. 


VuAn 


_ m + \ b \ _ 

\A\ - |B| 


1 + 


1 - 


(33) 


It is common practice to refer to r as the “standing-wave ratio,” or more 
precisely as the “voltage standing-wave ratio,” frequently abbreviated 
as VSWR. This ratio is rather easily determined experimentally. 
Equation (33) may be solved for the magnitude of the reflection coefficient 


B 

A 


= |r| = 


r — 1 
r+1 


(34) 


The groundwork has now been laid for a commonly used method of 
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impedance measurement. By measuring r and h and by applying 
Eqs. (34) and (31), both magnitude and phase of the ratio B/A may 
be determined. The load impedance Z r may then be calculated by 
Eq. (20). Equation (19) for the point z — —l may be written in the 
form 



If the value of B/A as given by Eq. (21) is substituted in Eq. (3.5) and 
the result rearranged, we obtain 


v _ v + c ~ y ') + Z «( ey ' ~ e ~ y ') 

1 ** Z 0 (<W + e-y‘) + - e-y‘) 


(30) 



I’kj. 2-7.—Vector relations for combining incident and reflected voltages. 


This may be written, in terms of hyperbolic functions, as 

7 _ „ Z r cosh yl + Z n sinh 7 1 
~ l J ° Z 0 cosh 7 1 + Z r sinh 7 1 ’ 

or alternatively as 

n _ „ Z r + Z 0 tanh 7 1 
A ~ l °Z„ + Z, tanh 7 /' 

This result is extremely useful. If we know the load impedance Z r and 
the line characteristics Z 0 and 7 , we may calculate the impedance Z ; 
at any point a distance l from the load, toward the input end of the line. 
It is frequently convenient to express all impedances in terms of Z 0 . 
We shall denote such “normalized” impedances by a prime; thus 

Z_, 

Zo’ 

Zr 

z,: 



(37) 

(38) 
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Equation (38) may then be written 

_ Z' 4- tanh yl 
~ l 1 + Z' T tanh yl 


(39) 


In many practical problems the attenuation of the line is small enough 
to give the impedance transformations with sufficient accuracy by a 
simplified formula. If 

a = 0 

7 = i/3, 

then tanh yl becomes 

tanh jfll = i tan fil. 

Equation (38) then simplifies to 


and Eq. (39) to 


rr r, Z T + jZo tan 131 
1 0 Z» + jZ r tan /3 1’ 

7 , Z/ r + j ta n (SI 
~ l 1 + jZ' r tan 01 


(40) 

(41) 


It will be seen later on that this equation is the basis for the common 
rectangular impedance chart. 

2-4. Propagation Factor and Characteristic Impedance.— The signifi¬ 
cance of these two line constants was discussed, in a general way, in 
Sec. 2-2. There are two special cases that are deserving of further 
elaboration. In each case it will be assumed that Z and Y of Eqs. (3) 
may be expressed simply as 


Z — R + jo>L, 
Y = G + jwC. 


(42) 


It will be noted that any possible series-capacitance or shunt-inductance 
effects have been neglected; a little reflection will show that this is 
justifiable in ordinary types of line. Equations (7) and (10) then 
become 


7 = y/ZY = (Vr + j uL) (0 + juC), 
v _ [Z _ jR + jcoL 
0 Ve \G + jo>C 


(43) 

(44) 


Ideal ( Lossless ) Line .—Many practical problems are solved accurately 
enough, and a great deal more easily, if Eqs. (43) and (44) are simplified 
by assuming ideal conductors and dielectric mediums for which 


R = G = 0. 

Those equations then become 

7 = ju VLC, (45) 
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a = 0 , 

0 = a) y/LG. 


(47) 


It is worth noting that the phase velocity, given by Eq. (15), may now 
be evaluated as 


co 1 


(48) 


From Eqs. (13) and (14) it is noted that 



(49) 


Equations (48) and (49) may be combined to yield the following expres¬ 
sion for the wavelength: 


Vp _ 1 

V ~ v Vlc' 


(50) 


It may be seen from Eq. (46) that Z 0 is real, that is, it is purely resistive. 
This means that a resistance having this particular value will properly 
terminate the line. It means also that the current and voltage in a 
traveling wave are in phase. This may be seen by writing Eqs. (8) 
and (9) for a pure traveling wave, that is, B = 0, 


V = Atri‘, 




(51) 


Since these expressions represent the amplitudes of quantities varying 
sinusoidally with time, the power flowing in the traveling wave is the time 
average of their product; namely, 

p -i rI -\T.-l PZ - < 52 > 


Line with Small Losses .—In problems involving long lines, or lines 
with appreciable attenuation, the foregoing simplifying assumptions are 
no longer valid. In many such cases it will be true that R « a >L and 
G -3C wC. It then becomes possible to simplify Eqs. (43) and (44) by 
performing a binomial expansion. If Eq. (43) is written as 

and expanded by the binomial expansion, the solution becomes 
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y = jw 


joi Vlc ( 


i + J*_^ + 

^ 2 juL 8jWI? ^ 


\+-° _^ + 

v ^ 2jo>C 8jWC 2 ^ 


Neglecting terms of order higher than the second, the result is 


7 = a + 


id-Wicf <+(jx + ^c) 

+ (_*!- 

^ \8“ 2 L 2 


E 2 flG (? 2 > 

8oj 2 L 2 4w' 2 LC + 8coH' 2 j 


Equating real parts of this expression, one obtains 


R 1C , G [L 

a = 2yjL + 2\c ne P er / m 


Using the ideal-line characteristic impedance. 




and the corresponding characteristic admittance, defined as 


r, _ l _ jC 

0 Z\ \L* 


Eq. (53a) may be written as 


R , G 
“ 2 Z’ 0 + 2Y' 0 


nepers/m. 


It is easily recognized that the first term on the right is due to conductor 
loss, the second to dielectric loss. This equation may be expressed as 




a = a c + a d , 

(55) 

where 


R 

(56) 



ac ~ 2Zj 

and 


G 

(57) 



ad ~ 2Y[ 

If the imaginary parts of Eq. (53) are equated 



0 = 

fTFt /i , R 2 RO , G* \ 

“ vit + gw „ L2 4w2iC + 8o)2C2 J’ 


or 

0 = 

" v'K [l + Ksz - 3=?)’. ■ 

(58) 
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If primed symbols are used to indicate quantities for the same line but 
with R = G = 0, Eq. (14) may be written as 

P' = « Vlc = ~ 


Then it is easily verified that Eq. (58) is equivalent to 


0 = 0 ' 


1+ 2 


\(ou 

2\0' 



the wavelength relation which follows is 


fj _ 1 1 

'etc «A“ 

L 

K0' P'J . 


(59) 


(60) 


Equations (59) and (60) contain terms which are readily interpreted. 
The conductor loss enters these expressions in the form 

a c _ a c \' 

P 7 ~ " 27 ' 

which has the dimensions of nepers per radian of line length. Similarly, 
the term ocd/0' represents the dielectric loss in nepers per radian. It will 
be noted that, when these two losses are equal, 0 has the same value 
as in the case of an ideal line; referring to Eq. (58) this statement is 
equivalent to specifying that 

R_ = G_ 
oiL oiC 

The greatest change in 0 obviously occurs when one type of attenuation 
is much larger than the other. Even in this case, however, the fact that 
this small term is squared means that a rather large attenuation per 
radian is required to affect 0 or X appreciably. 

Now that the discussion of Eq. (43) has been completed for the case 
of small R and G, the same procedure is applied to Eq. (44), which may 
be rewritten as 


Z 0 = 



Application of the binomial expansion yields 

_B_ - R2 —+ ■ ■ )(l 

2 joiL SjW-IA T /\ 


Z„ = 


1 + 


G 


+ 


3 G 2 


2juC 8j-aj-('- 


If terms of higher order than the second are dropped from the result, 
this becomes 
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7j ° >/c[ 


1 + i(^L + 

^ 2 \4o> 2 L 2 ^ 


RG 


3 <? 2 




2co 2 LC 4w*C , *> 

Simplifying in the same manner as in Eq. (58), we obtain finally 


(61) 


Z. - Zi [l + i (p- + 3 f) (z-; - 5) - i (g - =?)]■ («2) 


The real part of the characteristic impedance may be compared to the 
phase constant 0, Eq. (59); and the imaginary part to the attenuation 
constant a, Eqs. (54) and (55). The conductor attenuation and the 
dielectric attenuation add in the case of a; but both 0 and Zr> remain 
equal to their ideal-line values 0' and Z' 0 so long as the conductor losses 
are equal to the dielectric losses. When these losses are not balanced, 
it will be noted that, in all cases, the attenuation in nepers per radian 
of line length enters, in a rather simple way, into the perturbation of 
each quantity from its ideal-line value. In 0 and in the real part of Z a , 
the attenuation enters squared and is, hence, relatively unimportant. 
In the imaginary part of Z 0 it enters to the first power and may be appre¬ 
ciable. It must be remembered, however, that these approximations 
are valid only for 


R 
U.L 


« 1 , 


G 

ToU 


« l. 


In terms of the corresponding attenuations in nepers per radian this 
means that 


and 


0 ' K< 2 ’ 


0' 



If these restrictions are not fulfilled, recourse should be had to the original 
expressions,Eqs. (43) and (44). 

2-6. Application to Coaxial Line Characteristics. The Ideal or Loss¬ 
less Line .—The appropriate equations from Sec. 2-4 which are needed 
in the present discussion are 


a = 0 , 

0 = o> Vlc, 



(2-47) 

(2-46) 


The basic assumption that the conductor has infinite conductivity leads, 
through the “skin effect ’’ to be discussed presently, to a current flowing 
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entirely on the surface of the conductors. Referring to Fig. 2-8, the 
inductance and capacitance for a unit length of ideal coaxial line may 
be written as 

L = ~ In (63) 

2m a v ' 



Here /m and 1 1 apply to the dielectric medium between conductors; the 

expression for C is easily obtained 

0 by simple electrostatic theory; 

that for L is derived on the 
assumption that all current is 
confined to the surface of the 
conductors so that it is accurate 
, only at relatively high frequencies. 

ig. 2-8.—Coaxial line dimensions. 

Equation (47) may now be 

written, using Eqs. (63) and (64), 

0 — “ Vm7i. (65) 

Introducing relative inductive capacities and remembering that 
\/mo<o = 1/c, the following result is obtained 

0 = w VMoto V km jc« t = ^ \/k m k ri . (66) 

Recalling Eq. (48), note the phase velocity is found to be 


By use of the fundamental relation X = v p /v, Eq. (16), 

x = ~7rr = m 

v V k'mKe t Vt/V, 

where X 0 = c/v is the associated free-space wavelength. Usually k„, : 
has the value unity for ordinary dielectrics; consequently Eqs. (66), 
(67), and (68) may be written as 


(71) 
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It will be noted that the phase velocity is independent of frequency; that 
is, an ideal coaxial line is a nondispersive transmission line. Conse¬ 
quently, the group and signal velocities are equal to the phase velocity 
(see Footnote 1, p. 12). 

Similarly, substituting Eqs. (63) and (64) in Eq. (46) gives 



Let us again restrict our consideration to dielectrics for which k m[ = 1. 

Inserting the numerical value 376.7 ohms for the quantity VMoAo, the 
so-called “impedance of free space,’’ we obtain 


Z 0 = 


Z„ = 


60.0 

Vh, 



138.0 


login 


b 

a 


The power in a running wave may Ire written, using Eq. 52, 


(73) 

(74) 



2 = yjil ill. 

o 120 In b/a 


(75) 


If the electric field intensity at the center conductor is denoted by E a , 
the voltage may be shown to be 

V = r —dr = ]■-„(> In -• (76) 

J a i e 


Using this relation, Eq. (75) may be written 


P = 



Ela 1 \/k b 

120 ’V 


(77) 


The Actual or Low-loss Line .—The attenuation in actual coaxial lines 
is usually low enough to permit the use of the equations developed in the 
latter part of Sec. 2-4. These equations contain all the general relations 
needed for calculating a, 0, and Z„. The line characteristics requiring 
specific evaluation for coaxial lines arc ct r , aj, (!', and Z' 0 . The last two 
are the values of 0 and Z» for an ideal line and have been evaluated in 
the first part of this section; the first two are the attenuation constants 
for conductor and dielectric losses which may now be calculated. 

Equation (56) gives the attenuation due to the conductors: 


a r 


2 74 
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Here Z' 0 is the characteristic impedance, neglecting losses, given by 
Eq. (72), and R is the effective resistance per unit length of line. Since 
the current flows mostly near the surface of the conductors, a calculation 
of this effective resistance requires consideration of the “skin effect.” 
The current density has its maximum value at the surface of the conductor 
and falls off exponentially to 1/e of this maximum value in a distance 

5 = -- • (78) 

V irl '^2<r2 


Subscripts 2 refer to the conductor material. This quantity 6 is usually 
called the “skin depth.” The losses in a conductor in which the current 
density is distributed according to this exponential law may be calcu¬ 
lated. They are found to be exactly the same as those which would 
result from the same total current of uniform distribution flowing in the 
walls of a tubular conductor of wall thickness S. The effective resistance 
per unit length of center conductor is then 


R a 


1 

2ira5(T2 



A similar expression may be written for the outer conductor, replacing 
a by b. The total resistance is the sum 

*• + «>-*-1 %/vf (: + j ) (79 > 

Substitution in Eq. (56) gives the alternative forms 

**= 4 xV( Vt G + J) nepers/m 
= l ' 5 ‘ 81 4~ G + 0 nepers/m - (79a) 

If we let subscripts 1 refer to the characteristics of the dielectric medium, 
Eq. (72) becomes, for the present case, 

x-l'Jr,"'-* <*» 

Substitution of Eq. (80) in Eq. (79a) yields the conductor loss 

_ 1 (l , 1 

~ 2 V \a + b) b 


nepers/m. 


(81) 
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Introducing relative inductive capacities and inserting numerical values 
for the constants, one obtains as the final form 


2.63 X 10~ 5 m, /1 l\ 
b X cr s k mi \a + bj 
a 


nepers/m. 


(82) 


The attenuation due to the dielectric is given by Eq. (57); 


ctd 


G 

2 n' 


(2-57) 


A simple integration gives, for a dielectric whose effective conductivity 
is o i, 

G = —*• (83) 

In - 
a 


In Eq. (57), substitute this for G and the reciprocal of Z' 0 , Eq. (80), 
for Y' 0 : 



It is noted at once that this loss is independent of the dimensions of the 
line. The effective conductivity may be a true conductivity which 
could be measured with a d-c ohmmeter; or it may be due, wholly or in 
part, to a hysteresis loss which occurs in the molecules of the dielectric 
as they are subjected to polarization by the high frequency fields. In 
any case, the dielectric may be described by a dielectric constant ei and 
an effective conductivity <t\. 

The current density in the dielectric medium is 

J = <j\E + *i —(85) 

By Ohm's law, <r,/f is the “conduction” current, including both true 
conduction current and current supplying hysteresis losses; the term 
dE 

ti — is the displacement current. Eor a harmonic voltage, 
at 


and 


E = E 0 e'"‘; 


dE 

dt 


juiE. 


Equation (85) may now be written 


J — (<Ti + juitijE. 


(86) 
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The conduction current is in phase with the electric field and therefore 
represents a power loss. The displacement current is out of phase and 
therefore does not. Since the conduction current is usually small com¬ 
pared with the displacement current, it is convenient to rewrite Eq. 
(86) as 


J 




(87) 


it is convenient to define a complex dielectric constant, 


«« = 




( 88 ) 


in order to simplify Eq. (87); thus 

J = jwtr.K. (89) 


The conductivity no longer appears 



Fig. 29.—Current-voltage relations in imper¬ 
fect dielectric. 


is the real part, and 


explicitly but is contained in the 
complex dielectric constant. If 
« c , is substituted for in equations 
derived on the basis of an ideal 
dielectric with a simple dielectric 
constant«i, the resulting equations 
will take into account the non¬ 
ideal character of the dielectric. 
The complex dielectric constant 
is usually expressed as 

«« = n - " (90) 

Comparison with Eq. (88) shows 
that 



is the imaginary part of the complex dielectric constant. These relations 
are presented diagrammatically in Fig. 2-9. The power lost per unit 
volume is 

Pi = JE cos 8 = JE sin 5. 


Therefore, the power factor, in the usual sense, is 

p = cos 6 = sin 5. 

The ratio 

ft 

-j- = tan 5 

*i 


(93) 


(94) 
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is called the “loss tangent’’ and is, for small angles, almost identical with 
the power factor. 

The dielectric attenuation given by Eq. (84) may be rewritten, using 
Eq. (92), 

* ai = \l^r = -f nepers/m. (95) 

^ \«i «i 

By use of Eq. (94) and the introduction of relative inductive capacities, 
one obtains 

aj — ttv y/k tl k ml \/«oMo tan 5 nepers/m (9C) 

= — N/kvnk^ tan 5 nepers/m. (97) 

In view of Eq. (58), this may be written 

aj — tan 5 nepers/m, (98) 

Xi 

where Xi is the wavelength in the line. Other forms for this equation are 

a d = ir tan 5 nepers/line wavelength 

— | tan 5 nepers/radian. (99) 

2-6. Some Useful Relations in Transmission Lines.— A number of 
the frequently used transmission-line equations developed earlier in the 
present chapter have been col¬ 
lected, for easy reference, in Table 
2-1 . The equation numbers given 
in the table correspond to the 
earlier appearance of those equa¬ 
tions in the text. Where no such 
number is given, the correspond¬ 
ing equation does not appear 
explicitly in the text but is a sim¬ 
ple extension or special case of one 
of the numbered equations. 

Aside from these transmission¬ 
line equations, a number of rela¬ 
tions of miscellaneous character 
are frequently useful. Several 
such relations, valid for ideal or low-loss lines, are tabulated in Table 
2-2. Figures 2T0, 2-11, and 2-12 present some of these relations in 
graphical form. 

Most of the relations should be clear from the table, but Items 4, 5, 
and 6 of Table 2-2 may require additional explanation. Item 4 is likely to 
prove confusing unless one notes particularly that it is the net power trans- 



1 1.2 1.6 2 2.5 3 3.5 4 6 6 10 

VSWR 


Fig. 2-10.—Relation between VSWR and 
(a) reflection coefficient F, ( b ) power re¬ 
flected P r , (c) power transmitted Pt. 
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mitted to the load which is being considered. This power may be calcu¬ 
lated by considering the conditions at a voltage maximum, Item 2b, when 
the voltage there has the breakdown value TV The net power trans¬ 
ferred into the impedance R by this breakdown voltage is 


= 1 VI 1VI 

2 R 2 rZ 0 


( 100 ) 


For a matched line r = 1, the power is 


and Item 4 follows: 



( 101 ) 

( 102 ) 


Item 5 may be clarified by noting that, in a section of line in which a 
reflected wave exists, the mean-square current in the walls is larger, for a 

given net power transfer to the 
load, than if a pure traveling wave 
were in the line. This means that 
the actual ohmic loss ir the walls 
is increased because of the pres¬ 
ence of standing waves. Simi¬ 
larly, the ohmic loss in the 
dielectric of the line is higher 
because of an increase in the mean- 
square voltage across the line. If 
we consider a half wavelength of 
line, both current and voltage go 
through a complete cycle of varia¬ 
tion ; therefore, the averaging will 
be unique, irrespective of the phase 
of the standing wave along the line section chosen. Item 5 is valid, strictly 
speaking, only for an integral number of half wavelengths or for those 
lengths containing a sufficient number of half wavelengths to make phase 
effects negligible. In the latter case, however, the total loss must be so low 
that the value of r is essentially constant. If this is not the case, the actual 
loss-increase factor will lie somewhere between those factors calculated 
on the basis of the values of r at input and output ends of the line section 
considered. 

It is true here, as it is in general, that the power lost per unit length 
P L must correspond to the decrease, per unit length, of the net power P 
being transmitted toward the load. Since the power decreases exponen¬ 
tially, P = P 0 e~- az , we have 



VSWR 

Fig. 2-11.—Increase in ohmic loss due to 
standing waves. 




Sec. 2 6 ] SOME USEFUL RELATIONS IN TRANSMISSION LINES 


31 


Pl = ~ 


~ Tz 


Consequently we obtain the general relation 


In the present instance, the power loss is the sum of that loss caused by 
incident and reflected waves. If the conductors have a resistance R per 
unit length, this is 

Pl = \ (/?« + I\R) = \ I\R (1 + r*). (105) 

By Eq. (52), the net power transmitted is 

P = i(/JZ 0 - 7JZo) = mz 0 (Y - r*). (106) 

By Eq. (104), the attenuation is 

R (i + r 2 ) 

“ r 2Z„ (i - r 2 )' ^ 107) 

For matched lines T = 0, we obtain from Eq. (107) 

«- = (108) 

After division, Item 5 is 

= i + r 2 r^+A 

a n 1 - r 2 2 r ’ ( ° 9 ^ 

where Item 16 has been used to obtain the final term. 

It must be recognized that this 5 _ _ 

effect is quite distinct from that of 
Item 3, which must be considered in 4 
addition to the ohmic loss factor. 

3 

By using a suitable impedance trans¬ 
former at the input end of a section % 
of line on which standing waves > 2 
exist, all the power available at that 
point may be caused to enter the line 
section; but if its output end is mis¬ 
matched instead of matched, a greater 

percentage of power will be used to q 0 4 08 1.2 1.6 

supply losses in the line section. Normalized susceptance, B/Y 0 

Item 6 of Table 2-2 is offered with- Fig - 212. — Voltage standing-wave ratio 
, j* • - . ., for susceptance-shunting matched line, 

out proot, since proot is rather dim- 

cult to obtain on the basis of the transmission-line theory developed in the 
present chapter; it may, however, be proved by the use of network theory 
(see Chap. 10). It has been assumed that the line losses are small; hence, 
each value of r remains substantially constant in passing from the dis- 


on 

SM 


Table 2T.—Summary of Transmission Line Equations 

General line Ideal line Approximation, low-loss line 

i’ . Eq. T , . Eq. 

Expression Expression Expression 

V~<H "1 - ju>L)(G -f- juC) 43 j u VIC 45 See a and (3 below 

Im r .. « VLC = -2 = ^ f ft' ft + i (% - 2$V1 

^ * ff. L 2 \/t' «7 J 

He -y = — — 0 R G 

j 7 2 PM • " + “ d = 2z: + 2F; 




General line 

Ideal line 

No. 

Quantity 


Eq. 


Eq. 



Expression 

No. 

Expression 

No. 

1 

Propagation constant 

y/Ot H“jtoL)(G -f ■ jvC) 

43 

joj Vlc 

45 


y = a + jp 





2 

Phase constant f$ 

Im y 


»Vlc = ^ 

47 



— I dP 

11 7 = ~2~ P~dl 


v p X 

ff. 

3 

Attenuation constant a 


0 


4 

Characteristic Impedance Z 0 

joiL 

VG~+jwC 

44 

V | 

46 

5 

Input Impedance Z_i 

„ Z, -)- Zo tanh yl 

38 

7 Zr + jZa tan fll 

40 



Za + Z r tanh yl 

" Z o + jZ r tan 131 

6 

Impedance of short-circuited 

Z o tanh yl 


jZv tan /3 1 



line 




7 

Impedance of open-circuited 

Z ( > coth yl 


—jZa cot 01 



line 




8 

Impedance of a line an odd 
number of quarter wave¬ 
lengths long 

„ Z r Zo coth al 

0 Zq -f- Z T coth al 


Z'i 

Z, 


9 

Impedance of a line an inte¬ 
gral number of half wave¬ 
lengths long 

y Z T -f- Z 0 tanh al 
"Z. + Z, tanh al 


Zr 






al -}- j tan (3l 
° 1 -f- joU tan (3l 
1 -j- jal tan (31 
0 a/ -\- j tan (31 

Z o -{- ZrQ-l 

Z r ZoaZ 

2r “h Z^al 
Zq ~h Z r al 
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Table 21. —Summary of Transmission Line Equations.—( Continued ) 




General line 

Ideal line 

Approximation, low-loss line 

No. 

Quantity 

Expression 

Eq. 

No. 

Expression 

Eq. 

Xo. 

Expression 

Eq. 

No. 

10 

Voltage V-i along line i 

Current /_t along line 1 

Voltage reflection coefficient | 

Fill + roe -27 ') 
lid ~ IV" 2 i") 

- Z„ 

27 

U(i + r„e- 2 '») 

I id - r„e- 2 ' 9 ') 

Z r — Zq 




11 

29 




12 

21 




Z r + Zq 

Z r “f* Zo 





R, L, G, C — distributed resistance, inductance, conductance, capacitance per unit length. 
0' = y/LC = phase constant, neglecting losses. 

Z'o - \ L = characteristic impedance, neglecting loss; Y 'o = ■ 

’ C 2 o 

X = wavelength measured along line. 

v P = phase velocity of line, equals velocity of light in dielectric of line for an ideal line, 
l’o = reflection coefficient at z = 0. 

I = distance along lino, from load end. 

Subscript r denote* receiving end, (load) quantities at z = 0. 

Subscript —l denotes input end, quantities at z = —l. 

Subscript i denotes incident wave quantities. 


00 

00 
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Table 2-2. —Some Miscellaneous Relations in Low-loss Transmission Lines 


Item 

Equation 

Fig. 

Explanation 

la 

. 1 +1 r ! 
i - in 

1 

r = voltage standing-wave ratio 

16 

ir >=:+l 

1 

|r| = magnitude of reflection coefficient 

2a 

2 b \ 

r _ * ~g« 

/£ "1“ ^0 

r = ~\ R = rZ 0 

Z o 


r = reflection coefficient (real) at a point in a line where the impedance is real (R ). Point 
may be at an actual resistive load or at a voltage max. or min. in standing-wave pattern 
Conditions for R > Zt>, i.e., at voltage maximum 

2c 

*o. p 1 7 

I r ~ "77 , n — — Z o 

/t r 


Conditions for R < Z 0 , i.e., at voltage minimum 

3a 

i + 

1! 

c 

1! 

aTla: 

1 

P r = power in wave reflected by discontinuity or mismatched load 

Pi - power in incident wave 

36 

£ + 

II 

1 

II 

cClaT 


P t = power in transmitted (or absorbed) wave 

4 

p>, i 

P„. r 


P b — net power transmitted to load at onset of breakdown in a line in which a VSWR = r 
exists 

P m = same when line is matched, r = l 

5 

?l* 

II 

1 + 
7 "3 

il 

*? + 

2 

a m = ordinary attenuation constant; matched line, r — 1 

a r ~ attenuation constant allowing for increased ohmic loss caused by standing waves 
(VSWR - r ) 
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Table 2 2.—Some Miscellaneous Relations in Low-loss Transmission Lines.—( Continued ) 


Item 

Equation 

Fig. 

Explanation 

6a 

Wx = TiTz 


Resultant VSWR when two separate mismatches combine in worst phase 

66 

r n ,iu — — Vi < ri 
r i 


Resultant when they combine in best phase 

6c 

T max =s I*lI*2^*3 * * * 


Resultant for n mismatches, worst phase 

6 d 

Tn 

T min — 

rir 2 • • ■ r«_i 


Resultant for n mismatches, best phase. If this gives r ro m < 1, then rmi n = 1 


T\ < r 2 < ri < • ■ ■ < r„ 



7 a 

in- w 

\/X 2 + 4 


Relations for the case of a normalized reactance X in series with resistance Z o 

76 

VX* + 4 + |X| 

V* 2 +1 - |X| 

3 


7c 

* 

ii 

-* 



8 a 

in- / |B| 

VB 2 + 4 


Relations for the case of a normalized susceptance B shunting conductance Y o 

86 

V« 2 +.4 + |B| 

VB 2 + 4 - |B| 

3 


8c 

II 

3 



co 

Or 
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continuity giving rise to it to the next discontinuity. For mathematical 
convenience, the standing-wave ratios have been numbered with sub¬ 
scripts assigned in the order of increasing values. Since r is, by definition, 
equal to or greater than unity, whenever the formulas give values less 
than unity, the true minimum is unity. By proper phasing of the various 
discontinuities, any value of resultant VSWR between the minimum and 
maximum values indicated is attainable. 

TRANSMISSION LINES AS GUIDES FOR ELECTROMAGNETIC WAVES 
2-7. The Guided-wave Concept —Unfortunately, the conventional 
transmission-line theory outlined above is limited in its application to 
lines with two or more conductors, such as coaxial or parallel-wire lines. 
Even these simple lines may propagate waves in which the distribution 



A portion of thez>.plane A portion of the yz-plane 

Fig. 2-13. —Fields in a plane wave in free space. 

of currents and electric fields is more complicated than the assumptions 
of the conventional theory permit. To study these so-called “higher 
modes,” a more comprehensive approach must be made. This is 
afforded by the application of electromagnetic theory to the problem. 
Whereas the conventional theory chiefly considers currents and voltages, 
the electromagnetic theory is primarily concerned with the electric and 
magnetic fields associated with these currents and voltages. The con¬ 
cept of the propagation of energy through space in the form of an electro¬ 
magnetic wave is one which is familiar in connection with radio and light 
waves. The electric and magnetic fields for a portion of an infinitely 
large wavefront are shown in Fig. 2-13. The wave is being propagated 
(vector P) in the positive 2 -direction, toward the reader; in Fig. 2-13 a 
small portion of the ?y 2 -plane is shown. The wave is being propagated 
to the right and the distance \o, between points of identical phase, is 
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indicated. The only electric field present is E y , and the only magnetic 
field is II z . Both are uniform over the xy-plane, and vary, with time and 
2-cooi'dinate, as e>“‘~ y ‘. For free space, a is 0, so 7 = j/S = j 2jr/X 0 . The 
velocity of propagation is identical with the phase velocity, 

c — 1 /vV<i«o = 2.9977G X 10 s m/sec. 

There is a unique relation between E and H in such a plane wave. 

E = v Mo/ € 0 H| 


the quantity is called the “wave impedance of free space” and 

has the value 37(1.7 ohms. 

A transmission line may be regarded as a guide which confines the 
electromagnetic energy to the dielectric medium that comprises part of 
the lino, thereby permitting its propagation with relatively high efficiency 
along the line. In a coaxial line, for example, the electric and magnetic 
fields are confined to the space between the outer and inner cylinders. 
At the boundary between dielectric medium and metallic conductor, a 
sharp discontinuity in electrical properties occurs. The high conductiv¬ 
ity of the metal wall gives rise to boundary conditions which impose cer¬ 
tain restrictions on the form of the electric and magnetic fields which may 
exist within the dielectric. A consequence of the good conductivity 
of the metallic walls is this: electrical currents are induced in the walls by 
the magnetic fields, thus providing a connecting link between the con¬ 
ventional viewpoint and the electromagnetic-wave approach. For 
simple transmission lines, the voltage between conductors is simply the 
integral of the electric field; this provides another connecting link. 

The electromagnetic-wave concept is based on the fundamental set of 
equations known as Maxwell's Equations. These equations draw on 
experimental and theoretical contributions of Gauss, Ampere, and 
Faraday as well as on those of Maxwell, who incorporated their various 
theories into one comprehensive electromagnetic theory. These equa¬ 
tions may be expressed in compact vector form as 


where 

and 


div D = p, 
div B = (.), 


h-j+£’ 


curl E 


dB 

dt’ 


D = tE, 
B = pH, 


(110a) 

(1106) 

(llOr) 

(nod) 

(Ilia) 

( 1116 ) 
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are the electric and magnetic inductions. The conduction current den¬ 
sity J is related to the electric field by Ohm’s law, 

J = <tE. (112) 

These equations are given here chiefly for reference. It is beyond the 
scope of this volume to carry through a detailed development of trans¬ 
mission-line problems based on these equations. Rather, the general 
procedure for such a development will be outlined briefly and the results 
for specific types of waveguide written. 1 

Let us consider a waveguide which is formed by one or more metallic 
conductors of unspecified cross-sectional form, but which has a uniform 
cross section throughout its length. The most common types of wave¬ 
guide are coaxial cylinders, parallel wires, hollow tubes of rectangular 

cross section, and hollow tubes of 
circular cross section. The present 
discussion applies to any one of 
these as well as to other less com¬ 
mon shapes. For the sake of con¬ 
creteness, let us think of the 
discussion as applying to the rec¬ 
tangular waveguide of Fig. 2T4, 
although the discussion itself will 
Fig, 2-14. ltectan^ulai'-wavcguido coordi- ^ kep( . perfect l y general. It is 

customary to simplify the problem 
by considering first the case of an ideal waveguide with perfectly 
conducting walls. This consideration immediately imposes the bounda¬ 
ry condition that the tangential component of the electric field must 
vanish on all conducting surfaces. The compact vector equations, 
Eqs. (1106) and (llOd), are then expanded into expressions involving 
field components. This expansion is written in that system of coordi¬ 
nates in which the boundary conditions are most easily expressed. Thus, 
for rectangular waveguide the expansion is written in rectangular 
coordinates, while for cylindrical waveguide and for coaxial cylinders the 
cylindrical coordinate system is used. These equations are simplified by 
assuming all the fields to vary sinusoidally in time and to be propagated 
in the axial coordinate direction with a propagation constant y; that is, 

E = EV"'-t 2 , 

H = (113) 

The problem, then, becomes one of finding expressions for the variation of 

1 The same notation and equations to be found in Principles of Microwave Circuits, 
Vol. 8 of the Radiation Laboratories Series, will be used. The reader is referred to 
this volume for an excellent treatment of the subject. 
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the field components in the other two coordinates consistent with the 
field equations and satisfying the boundary conditions. Simple field 
distributions which meet these requirements in three common waveguide 
types are sketched in Fig. 215. The mode designations will be explained 
below. 

To recapitulate, the dependence on time and on the axial coordinate 
is assumed to be given by Eq. (113). If equations for the cross-sectional 
dependence of the fields can be 
found which satisfy the field equa¬ 
tions, Eqs. (110c) and (11 Od ), and 
which require no tangential elec¬ 
tric field on the metallic walls, a 
solution of the waveguide prob¬ 
lem will have been found. 

Although one might fear that no 
such solution can be found by 
this method, it actually turns z 
out that an infinite number of 
solutions results. This arises 
from the fact that there are more 
variables and parameters than 
connecting equations. As a mat¬ 
ter of fact, the usual practice is 
to choose one field component 
(usually Ez or H,) equal to zero 
and solve for the remaining field 
components. Even when this is 
done, an infinite set of solutions 
exists which satisfies the connect¬ 
ing equations and the boundary 
conditions. Fig. 2-15.—Fields in waveguides. The 

If Ez = 0, then the vector E modes a,e < a > TBM in coaxial line, (i>) TEx„ 

in rectangular tube, (c) 775 u in round tube. 

clearly lies in the plane transverse 

to the propagational axis z. The resulting set of solutions, commonly 
termed “modes,” are designated as transverse electric or TE-modes. If 
Hz = 0, the resulting solutions are termed transverse magnetic, or TM- 
modes. In some special cases (for example, coaxial line or two-wire line 
operating in the simplest manner) both Ez and H, are zero, and the solution 
is termed transverse electromagnetic, or TEM- mode. It is only to these 
simple cases that the conventional transmission-line theory applies. 

In these simple cases, there is no lower limit on the frequencies that 
may be propagated along the line; nor is the phase velocity dependent on 
the frequency. That is, such a line is nondispersive, and the group and 
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signal velocities are identical with the phase velocity. In the general 
case for a given waveguide, each separate mode of the TE- or 7'jl/-series 
is characterized by a frequency below which propagation does not occur. 
This is called the “cutoff frequency” for the particular mode, and the 
associated free-space wavelength is called the “cutoff wavelength.” 
At the cutoff frequency the phase velocity for that mode is infinite and 
drops rapidly as the frequency is increased. Consequently, such modes 
are dispersive, and the group and signal velocities are not equal to the 
phase velocity. Similarly, the guide wavelength, the distance between 
equiphase points in the waveguide, is infinite at the cutoff frequency and 
drops rapidly as the frequency is increased. 

2-8. Transmission Characteristics of a Simple Parallel-plate Wave¬ 
guide. —In order to visualize better the physical situation that exists in 
a waveguide transmitting an electromagnetic wave, it may be found 




<») 


E -- 

H -- 

Out of paper • 
Into paper • 
Current in )— 
conductors) : 




Fig. 216.—Portion of a plane wave confined between infinite conducting planes. 


helpful to consider in some detail the fields in a simple waveguide. 
Although a purely mathematical development based on Maxwell’s equa¬ 
tions gives expressions for all the field components and enables one to 
map the fields, an aid to physical understanding is afforded by a con¬ 
sideration of the problem from the standpoint of plane waves. 

Lossless Waveguide .—The type of waveguide easiest to visualize is 
that composed of two parallel planes, Fig. 2T6, infinite in extent and hav¬ 
ing perfect conductivity. The electric field has only a ^-component; 
hence the boundary condition requiring zero electric field tangential to 
the conductor planes is satisfied. The magnetic field, being tangential 
to the conducting planes, induces currents on them as indicated. The 
direction of propagation of the energy is given by the right-hand-screw 
rule: it is the direction of advance of such a screw when turning the vec¬ 
tor E into the vector H, the axis of the screw being perpendicular to the 
plane containing E and H. The wave of Fig. 2-16 is being propagated 
in the positive 2 -direction, as indicated by the vector P. The direction 
of propagation, as well as the instantaneous rate of transfer of electro- 
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magnetic energy across unit area in this direction, is given by the Poynt- 
ing vector, 

S = E X H, 

E and H being instantaneous values at the point considered. The time 
average of S, taken over a cycle, gives the average power per unit area 
flowing through an infinitesimal element of surface chosen perpendicular 
■to the vector S. If we have, at a certain point, only the fields E v and H x , 
where the symbols stand for the amplitude of fields varying sinusoidally 
with time, the average power per unit area will be 

Pz = iE y H x . (114) 

The factor 5 arises, of course, from the averaging process. If we consider 
a width a, in the x dimension of Fig. 2T6, the power transferred is the 
product of power per unit area p. and the area ab ; 

P = iE v H x ab. (115) 

Since the amplitude of the current for unit width of either conducting 
plane is equal to the amplitude of the magnetic field, 

h - H x ', 


therefore the total current in width a is 


I = aH x , (116) 

and the amplitude of the voltage between planes is 

V = bE y . (117) 


Substituting Eqs. (116) and (117) in Eq. (115), we obtain 

P = iVI, (118) 

which is in agreement with the result obtained by ordinary low-fre¬ 
quency or conventional transmission-line theory. The equivalent 
characteristic impedance for a section of width a is 


= 


V = bEy 
I a Hx 


(119) 


By suitable mathematical manipulation of Maxwell’s equations, it can 
be shown that for a plane wave in a medium whose magnetic permea¬ 
bility is mi, and whose dielectric constant is *i, the ratio between electric 
and magnetic fields is the wave impedance, 


E_y _ /mi 

Hx \* ‘ 


(120) 
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The relation between the fields in our simple waveguide is not altered 
if we change the plane separation b. If we increase b indefinitely, we 
obtain in the limit an infinite plane wave. Therefore, these fields have 
the same form as those of a plane wave, and Eq. (120) is applicable to the 
simple waveguide. Equation (119) may then be written 

Z. = ~Z„. ( 121 ) 


Similarly, the phase velocity for a plane wave, propagated in a medium 
whose characteristic constants are gi and ei, may be shown,' by use of 
Maxwell’s equations, to be 


vWi 


( 122 ) 


The intrinsic wavelength in the medium is 


Xr 


Vp _ 1 

” v a/M i«i 



(123) 


These same relations apply to the simple waveguide that we are dis¬ 
cussing. Since the conduction planes are assumed to be perfectly con¬ 
ducting, no conductor loss is present. Similarly, the dielectric medium is 
assumed to be ideal; therefore there is no dielectric loss. Hence, for the 
simple case we have been considering, the transmission characteristics are 

a = 0 , 

|8 = v— = 

«i 

Zw = Vtt 

Z' = - n z w . 

a 

Waveguide with Losses .—If the dielectric is not ideal but possesses an 
effective conductivity <ri, the power dissipated per unit volume is iEfoi", 
and the power lost per unit length for a section of waveguide of width a is 

Pi = abbEfr i. (125) 

It is true here, as it is in general, that the pow'er lost per unit length Pi 
must correspond to the decrease per unit length of the power P being 
transmitted. Since P = P 0 e~ ta ‘, we have 



Pi = 


dP 

dz 


- x p 

az 


2 aP. 
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« = gp- ( 126 ) 

The value of P in this ease is found, using Eqs. (115) and (120), to be 

p ‘ 1 2 abE ’-^: <127) 

Substituting in Eq. (120) we obtain the dielectric loss factor, 

a d = 3 ab ?y a l_ = ffi [m l (128) 

Vii 2 

Although this relation was derived for a certain size of guide, it is clear 
that it holds for any size. Since, in Eq. (126), both Pi and P are directly 
proportional to the cross-sectional area, their ratio is independent of the 
guide dimensions. Conventional transmission-line theory, Eq. (57), 
gives 

«d = ^ (2-57) 

The conductance G, per unit length of a waveguide strip of width a, is 


G = (129) 

The equivalent characteristic admittance Y plays the part of Y' 0 in the 
previous section. For such a strip Y, is the reciprocal of Z r ; 

Y. = jr = —=■ (130) 

Hence, we obtain the dielectric loss by substituting in Eq. (57), 

«--rsWS?-¥^ <' 31 ’ 

Again, the conventional transmission-line theory agrees with electro¬ 

magnetic-wave theory. 

To obtain an accurate expression for the conductor loss, one would 
have to solve the electromagnetic field equations, taking into account the 
finite conductivity and the constants M 2 and e 2 , characteristic of the 
conductor material. This would lead to nonvanishing tangential com¬ 
ponents of E on conductor surfaces, which may be thought of as arising 
from an ohmic relation between the currents induced in the conductor by 
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the magnetic field and the finite resistivity of the conductor. For any 
ordinary metallic conductor, and for frequencies up to those approaching 
the optical region, this tangential field is very much smaller than the 
normal component of electric field; hence, the following approximate 
method of obtaining the attenuation is good. The relation between the 
complex magnetic field H’ x and the complex tangential electric field E' z , 
at the surface of the conductor, is found to be the so-called “surface 
impedance”; 



The factor (1 + j) indicates that the fields E' and If' are 45° out of phase 
in time. As a matter of fact, this impedance is merely the intrinsic 
impedance, the ratio of E' to H', for plane-wave propagation in a metal. 
The power flowing into a unit area of each conductor to supply the con¬ 
ductor loss is given by the time average of the y component of the 
Poynting vector. Taking H' x as a reference, E'„ has a component 

E .i = R,H t = yj 1 ^ H„ 

in phase with H' x , and an equal component out of phase. The time 
average of the Poynting vector is the same as the time average of the 
product of these in-phase fields; thus, 

(i33> 

This relation gives the power dissipated per unit area of each conductor in 
terms of the amplitude of the magnetic field II x . It is assumed that H x is, 
to a good approximation, the same as that given bv the simple theory in 
which the conductors are assumed to be perfectly conducting. As pre¬ 
viously noted, this assumption is good for ordinary metals at radio fre¬ 
quencies. The total loss in both conductors per unit length of a strip of 
waveguide of width a is 


Pi = 2aP 2 = a III (134) 

The power transmitted is, using Eqs. (115) and (120), 

P = \ abEyH x = l ab HI 

£ Z \ €l 


(135) 
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Substitution of these expressions in Eq. (126) gives the conductor loss 
factor 

\ V 2 

Otc = - J= -- 

It might seem odd that the strip width a does not appear in this expres¬ 
sion. This is easily understood, however, when it is recalled that both 
power transmitted and power lost are directly proportional to a; hence 
the attenuation, their ratio, is independent of a. As an interesting 
application of this result, let us see what thickness of conducting plane, 
carrying the same total current uniformly distributed, would give the 
same loss. Since the current per unit width is equal to H x , the loss per 
unit area in a sheet of thickness d, which has a conductivity cr 2 , is 

ft-ies-i/flij. (137) 

Equating Eqs. (133) and (137) gives 

1 2 ,, 2 _ J/|_ 

2 \ x 2<r 2 d' 

so that 

d = (138) 

v TTVUtaz 

It will be noticed that this expression for d is precisely that given by Eq. 
(78) as the “skin depth” or “depth of penetration,” denoted by 5. The 
magnetic field IJ T , electric field E„, and associated current density J t all 
decrease in amplitude as one passes from the surface y = b into the metal 
of the top plate. Each of the three expressions contains the factor 
e -<v-w/ s, g0 ^ may be interpreted as the distance into the metal required 
for fields and current density to decrease to 1/e of their values on the sur¬ 
face of the metal. 

In this waveguide with losses, the phase constant (3, the characteristic 
impedance Z e , and the wave impedance Z w are all practically the same as 
those for the lossless waveguide already discussed. Small correction 
terms such as those developed in the latter part of Sec. 2-4 v'ould apply 
here as well. The attenuation factor for this simple parallel-plate wave¬ 
guide is, for a strip of width a, 


a = ot c + a d , 
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(139) 


2-9. Rectangular Waveguide, TE i 0 -mode. —Although the simple 
parallel-plate waveguide just discussed is easy to analyze, it is not a 
practical type of waveguide. By a fairly simple extension of the plane- 
wave approach, the 77?,n-mode in a rectangular waveguide may be 
visualized. Let us take the parallel-plane waveguide of Fig. 216 and 



(o) Special waveguide (6) Plane y-b/2, showing incident wave 



(c) Plane y-b/2, showing incident and reflected waves 


1 

\ v 


LLy /// 7/ s/ /// / 

Ey- 0 


'iS—h _ J. 

2_ 

Ey- 0 



(d) Plane x-a/2, showing resultant fields 
Legend for equi phase lines 


—•— E y , max + value —•—i 
—— E y , max-value ---o—[reflected 

- E y = 0 - ) 

Fig. 2-17. —Development of TFlio-mode. 


add a conducting wall in the (x = 0)-plane as shown in Fig. 2-17. Let a 
plane wave of the type discussed in Sec. 2-8 approach the plane x = 0 
as shown in Fig. 2-17. The intrinsic wavelength in the medium, as given 
in Eq. (123), is indicated. The direction of propagation Pi makes an 
angle 6 with the x-axis, the normal to the (x = 0)-plane. When this 
incident wave strikes the (x = 0)-plane, it will be reflected in the direc- 
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tion P r in such a way as to satisfy the boundary condition E v = 0 on the 
conducting (x = 0)-plane. r l’he resulting interference pattern is indi¬ 
cated in Fig. 217. It will be noted that each positive equiphase line of 
the incident wave intersects a negative equiphase line (its own reflection) 
at the conducting plane x = 0. Similarly, the amplitude of the field E y 
at each point along the conducting plane x — 0 may be shown to be 
zero, as required. A similar situation exists on the (x — a)-plane, where 
each positive equiphase line intersects a negative equiphase line of the 
reflected wave (not its own reflection, but that of the positive equiphase 
line which preceded it by one wavelength). Similarly, at each point of 
the (x = a)-plane the field E y is zero. If we should place a conducting 
sheet in the (x = a)-plane, there would be no tangential electric field 
there, and therefore it would not disturb the electric field pattern. We 
could then consider the reflected wave P r as being incident on this con¬ 
ductor and as being reflected from it as the wave P' T of Fig. 2-18. This 


x~a 



wave is in turn reflected in the (x = 0)-plane as P", and so on down the 
■waveguide in the z direction. The resulting waveguide is shown in Fig. 
219. 

We are now' ready for some more quantitative discussions of the 
propagation characteristics. Figure 2-20 represents a section of the 
waveguide just developed, with a minimum number of phase lines drawn 
in and some pertinent dimensions indicated. Some simple trigonometric 
relations enable us to write 


• a ^i/2 Xi 

cos B = — — — K - 
a 2 a 


cot 8 


X„/4 
a 12 


K 

2 a 


Division of Eq. (141) by' Eq. (140) gives 

X„ _ cot 9 _ 1 

Xi cos 9 sin 8 

Using Eq. (140), sin 8 may be expressed 



(140) 

(141) 


(142) 


sin 8 = \ 1 — cos 2 8 = 


(143) 
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substituting in Eq. (142), we obtain the desired relation 



Since the cosine function never exceeds unity, Eq. (140) cannot be 
satisfied if Xi is greater than 2a; but it can be satisfied for any \i smaller 



Fig. 2-19.—Fields and currents in rectangular waveguide, TFao-mode. 


than 2a. Similarly, the guide wavelength must equal or exceed Xi, the 
intrinsic wavelength in the medium, in order to satisfy Eq. (142). Both 
of these conclusions are indicated also by Eq. (144), since if X! exceeds 
2a, X„ become imaginary; and if Xi is less than 2a, X„ equals or exceeds Xi. 
The “critical” or “cutoff” wavelength is the free-space wavelength Xo 
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associated with Xi = 2 a. Using Eq. (123), Xi = \o/\/k e k^, we may- 
write 

X c = 2a \/k,k mr (145) 

This is the longest wavelength that will propagate down this waveguide 
in this mode. The corresponding frequency, 


c _ c 
X c 2a \ / 'ke i 


(146) 


is the cutoff frequency which is approached as the angle 6 approaches 
zero; that is, the wave bounces back and forth across the guide, making 



little progress along it. In the limit, at cutoff, the wave bounces back 
and forth across the guide at perpendicular incidence to the walls. 
Applying Eq. (145), we may write Eq. (144) as 




Xo/x/ZCffcm, 


(147) 


Although this result was derived for a special waveguide and mode, it 
is characteristic of all types of waveguide and of all modes. For each 
case, there is a cutoff wavelength X c which is the longest free-space 
wavelength that may be propagated. The expression for this cutoff 
wavelength, in terms of the dimensions and materials of the waveguide 
being considered, may be obtained for any desired mode by setting up 
and solving the appropriate field equations. The value thus obtained 
may then be used in Eq. (147) to obtain the guide wavelength. 

We now turn our attention to the constants a, 0, and Z 0 . The phase 
constant is 


(148) 
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The phase velocity, v P — w/fi, is 


v p ~ _ ;— , >• j - T =rTr= r = X'- 0^9) 

Vk *' km ‘ V ~ (£) >"*■.*-. V 1 - (x) 

Since the phase velocity depends on the frequency, the guide is dispersive, 
and the signal and group velocities are not equal to v p . The attenuation 
constant a may be calculated in the same way as that of the parallel- 
plate waveguide of Sec. 2-7, but to do so the magnetic fields should be 
known. In the simple plane-wave treatment of the 7'/? 10 -wave the 
magnetic fields have not been considered, and it does not seem profitable 
to do so since a complicated analysis would be necessary. Both magnetic 
and electric fields are indicated in Fig. 2T5; expressions for them may 
be found elsewhere. 1 When the calculations are made, the resulting 
dielectric attenuation factor is 


<rt /mi__ J_ 


= (150) 

where the prime denotes the corresponding attenuation factor of the 
parallel-plate waveguide, Eq. (139). Similarly, the conductor attenua¬ 
tion is 


,_! + ?k(h\ 

1 hrvfitt, a \2 a) 

n v (i)- 

-<[■+!(£)']■ 


The last term in the bracket is associated with the losses in the side 
walls at x = 0 and at x = a, and the first one is associated with losses 
on the walls at y — 0 and y = b. Both attenuation factors contain the 
factor Xo/Xj, which becomes infinite at the cutoff wavelength; this seems 
reasonable because near cutoff the wave bounces back and forth across 
the guide, suffering attenuation with each crossing hut making little 
progress down the guide. When operating far from cutoff, on the other 
hand, Xj/Xj approaches unity and X^a approaches zero, so that both 
attenuations approach the values for the simple parallel-plate waveguide; 
this also seems quite reasonable, since by our reflected-wave concept the 

'See Waveguide Handbook, Vol, 10, Radiation Laboratory iSeries. 
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wave is now essentially a plane wave traveling parallel to the walls 
of the guide. 

Since a and /3 have been discussed, the consideration of characteristic 
impedance may now be studied. For the parallel-plate waveguide there 
was no difficulty in defining the potential difference V between the two 
plates. In the present instance, however, there is only one conductor; 
hence, this definition of V becomes meaningless. Similarly in the 
previous discussion, the current I flowing in unit width of each plate 
of the waveguide was calculated. Now, there are no separate conductors 
carrying current; moreover, some currents flow transverse to the direction 
of propagation, as indicated in Fig. 219. These transverse currents, 
however, are not associated with the magnetic field component H x which 
enters into the Poynting-vector expression for power propagated in the z 
direction. The top and bottom walls of the waveguide of Fig. 219 may 
be considered as forming a sort of parallel-strip transmission line and 
carrying currents in opposite directions. Let us calculate the total 
longitudinal current in the lower strip, in the (y = 0)-plane, and its 
negative in the top strip. This gives for the total longitudinal current, 

/i = - aH t . (152) 

7T 

Here H x , the amplitude of the magnetic field, is equal to the current per 
unit width at the center, and the factor 2/ir arises from averaging the 
sinusoidally varying magnetic field across the width a. The definition 
of a reasonable voltage between top and bottom walls is a still more 
difficult matter. The voltage is zero at the side walls, at x = 0 and at 
x = a, and has the amplitude bE y at the center. Some sort of averaging 
appears to be in order. Let us choose, if possible, an averaging factor 
so that an effective voltage V, results which is defined by the equation 

P = iVeh. (153) 

When the Poynting vector is integrated over the cross section and 
averaged in time, the power is found to be 

P = ~ E v H x . (154) 

Equating Eqs. (153) and (154), and using Eq. (152), we obtain 

lr abE y H x 

v ‘ = ~ 2 7T’ 

= \ bE y . (155) 

The effective voltage so defined is lower than the integrated voltage 
across the center of the waveguide by the factor ir/4. However, this 
factor is somewhat higher than the factor 2/ir which would be obtained 'v 

E- G. & G. LIBRARY 
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by a simple averaging across the a dimension. This seems reasonable, 
since the longitudinal current associated with the voltage is strongest 
at the center; and, consequently, the higher voltages at the center should 
be given greater weight in the averaging process than the lower voltages 
nearer the side walls. 

In the procedure outlined above the transverse currents were ignored 
and the total longitudinal current flowing in the top and bottom walls was 
calculated. Then an effective voltage was defined as that voltage which, 
when used in conjunction with the longitudinal current just calculated, 
would give the power being transmitted. There can be no doubt that 
the current and voltage so defined are appropriate for the purpose of 
calculating power transmission. They are not the only definitions which 
could be used, of course. One might begin by choosing the maximum 
voltage bE v to be the voltage V, though this does not seem particularly 
logical. An effective current could then be defined in such a way that 
it could be used to calculate transmitted power. Although this com¬ 
bination of V and I would give the proper value for power, it does not 
seem nearly so logical as the method which was originally used. In 
fact, the original method seems so plausible that one is tempted to use 
the current and voltage so defined to calculate an effective characteristic 
impedance; 


V, = 7 r*bEy 
1 1 8 a III 


(156) 


In attempting to define any such equivalent characteristic impedance 
one enters into a very controversial subject. There can be no denying 
that this is the proper definition on the basis of power transmission and 
total longitudinal current, for that is the basis on which it was derived. 
Thus it is certainly true that 

P = (157) 

It is when one begins to extend an impedance defined on a certain basis 
to other uses that trouble and controversy arise. A number of different 
definitions, each useful for certain purposes, have been proposed. Three 
of these, based on the maximum voltage V, total longitudinal current 7, 
and power P, arc given by Schelkunoff;’ 

V = 7T bE„ \ 

7 “ 2 all! I 

h = 2 l >Ey , ( (1581 

2 P all x ( (158) 

2P _ 7T“ bE„ \ 

I- ~ ' nil 1 I 


Zv., = 
Z,-X = 


1 S. A. Srhrlkunoff, Elvctroimujnctic UV/yr.s, Van Nostrum!, New York, 1943, ('hap. 
S. y>. 319. 
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The last of these is the one which we obtained above. It will be noted 
that all these impedances involve the dimensions of the waveguide in 
the same way and differ only by numerical constants. They are all 
proportional to the wave impedance Z w = E u /H x , which may be shown 
to be 


Z w — 



(159) 


Slater 1 proposes the evaluation of the numerical factor of Eq. (158) by 
requiring that, as a approaches infinity, the expression be asymptotic to 
that for a parallel-plane waveguide, Eq. (119). 

In any case, there is little need for an actual numerical value in ohms 
which may be quoted as the characteristic impedance of a waveguide. 
In most cases what is really important is the impedance, on whatever 
basis one wishes to conceive it, at a given position z along a waveguide 
relative to the characteristic impedance, on the same basis, of the wave¬ 
guide. This relative impedance will be independent of whether one (a) 
thinks of impedance as maximum voltage over total longitudinal current 
and uses Zv.i, or (b) thinks of impedance as our effective voltage V, 
divided by the total longitudinal current and uses Z e . 

Perhaps the most satisfactory procedure of all, from the point of view 
of valid concepts, is to consider impedance as the ratio of transverse E to 
transverse H and use the wave impedance Z„. This concept gives 
exactly the same relative impedance as those involving currents and 
voltages, since the maximum voltage and total longitudinal current are 
directly proportional to the maximum transverse electric and magnetic 
fields, respectively. 

It is only when one wishes to predict what will happen, when two 
different waveguides are joined, that the way in which the dimensions 
enter into an expression for characteristic impedance must be considered. 
Even in this case, the numerical constant involved need not be specified, 
since it will cancel out when the expression for the impedance of one 
waveguide relative to the other is written. Thus, let us join two wave¬ 
guides whose dimensions are, respectively, a i, iq, and a 2 , 6 2 . Assume the 
dielectrics filling them to have constants mi, *i, and p 2 , e 2 , and intrinsic 
wavelengths Xi and X 2 . By any of the relations given above, the imped¬ 
ance ratio will be 



1 J. C. Slater, Microwave Transmission, 1st ed., McGraw-Hill, New York, 1942, 
f1 hap, 4, p. 185. 
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The assumption that the reflection from the junction will behave in the 
manner implied by Eq. (160) is unjustified. All the equivalent character¬ 
istic impedances are defined on the basis of a single uniform waveguide, and 
there is no reason to expect them to be particularly significant in predict¬ 
ing what will happen when two different waveguides are joined. In order 
to solve this problem theoretically, one must treat it as a boundary-value 
problem in electromagnetic theory. After laborious calculation, one 
finds 1 that, for small changes in dimensions, Eq. (160) does indeed repre¬ 
sent the situation rather accurately. For small changes in a and b, the 
reflections introduced are those which would be expected to result from 
the joining of two ideal transmission lines whose relative impedance is 
given by this equation. For large changes in dimensions, the real part 
of the impedance mismatch at the junction is still given by Eq. (160); 
but, in addition, a shunt susceptance appears in the equivalent circuit. 
This introduction of a shunt susceptance at a step discontinuity in 
a transmission line is characteristic of the behavior of sudden 
discontinuities. 

2-10. Characteristics of Some Common Waveguides.— The three 
types of waveguide most commonly used in microwave transmission are: 
(1) coaxial lines, (2) round tubing, and (3) rectangular tubing. The elec¬ 
tric and magnetic field distributions in the “lowest mode” that may be 
propagated in each type are indicated in Columns 1, 2, and 4 of Fig. 2-21. 
By “lowest mode” is meant the field pattern characterized by the lowest 
cutoff frequency (or longest cutoff wavelength). A coaxial line may 
propagate any frequency, including, of course, zero frequency, but the 
other two types of waveguide have a definite lower limit of frequency (or 
upper limit of wavelength), as indicated in Columns 2 and 4. 

Round waveguide is seldom used as a transmission line because of 
difficulties arising from the fact that there is no unique direction of 
polarization of the fields. That is to say, the field pattern of Column 2 of 
Fig. 2-21 may be rotated through any angle about the axis of the tube. 
Imperfections in the tubing and bends required in installing it tend to 
introduce other components of polarization which then get out of phase, 
resulting in elliptical polarization of the waves. 

As a matter of fact, the second or 2’Moi-mode, Column 3 of Fig. 2-21, 
in round waveguide is more frequently used than the lowest mode. The 
fields in the TM m-mode possess symmetry about the axis of the tube; 
this mode is suitable for rotary joints (see Secs. 6-20 and 7-4), and is 
frequently used in this way. 

In Fig. 2-22 the next higher modes are presented. The cutoff wave¬ 
length given for the coaxial-line mode is only approximate, but it is. a very 
good approximation for lines whose diameter ratio b n is low. For a 

1 See Waveguide Handbook, Vol. 10, Radiation laboratory Series. 
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diameter ratio of 2.3 (50-ohm air-filled line) the approximation gives a 
result which is 3.2 per cent above the correct cutoff wavelength. 

The r^?2o-mode given for rectangular waveguide is the second mode if 
b < a/2, but if b > a/2 the second mode is the TE oi-mode. The TE 0 i- 
mode may be considered to be the TE m-mode polarized at 90° to that 
shown in Fig. 2-21, and the cutoff wavelength is merely 26. Rectangular 
waveguides are commonly chosen with the dimensions a = 26; conse¬ 
quently both TExr and 7’Foi-modes have half the cutoff wavelength of the 
2'Fio-mode. This choice permits propagation of the Ti? jo-mode alone 
between X = 2 a and X = a. This twofold factor is to be compared with 
the factor 1.31 within which the TFn-mode in round waveguide has 
exclusive rights and with the infinite factor (though limited wavelength 
range) for which the TEM -mode in coaxial line holds exclusive rights. 

The first two diagrams 1 of Fig. 2-23 illustrate waveguides that are. 
essentially compact versions of the basic T f? l(r modc of rectangular 

Baffle type Hshaped 


Xc*2f X c «nV(a-a')a'(J-) 

See ref. 1 in text See ref. 2 in text 

Fig. 2-23.—Miscellaneous types of waveguides. 

waveguide. The third 2 may be thought of as a TFio-mode in rectangular 
waveguide with capacity loading introduced by the ridge. The approxi¬ 
mate cutoff wavelength given in the figure is taken from Ramo and 
Whinnery. 

The mode shown in the elliptical pipe is the lowest mode, termed by 
Chu 3 the e H i wave. It corresponds to the TFn-mode in round waveguide 
and to the TE m-mode in rectangular waveguide. The next higher mode 
in elliptical pipe will, in general, be the 0 H i wave, which is like the mode 

1 W. L. Barrow and H. Schaevitz, “Hollow Pipes of Relatively Small Dimensions,” 
Trans. A.I.E.E., 60, (Mar. 22, 1943). 

2 S. B. Cohn, “Properties of Ridge Waveguide,” RRL Report No. 411-211, Aug. 
1945; S. Ramo and J. R. Whinnery, Fields and Waves in Modern Radio, Wiley, 1944, 
p. 364. 

3 L. .T. Chu, “Electromagnetic Waves in Hollow Elliptic Pipes of Metal,” J 
Applied Phi/s., IX, No. 9 (Sept. 1938). 


Xe*2rr(a»i) 
See ref. 1 in text 
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shown but polarized at 90° from that shown. It has a higher cutoff 
frequency (shorter X c ) and may thus be eliminated in a certain wavelength 
interval, leaving the mode shown in complete possession. In this respect 
it partakes of the advantage of the rectangular waveguide, still retaining 
some of the advantages of round waveguide. 

The attenuation formulas of Fig. 2-21 give only the attenuation caused 
by the finite conductivity of the walls of an air-filled copper waveguide. 
The attenuation due to the walls will be altered if a wall of different con¬ 
ductivity is used or if a dielectric whose properties differ from that of air is 
used. If we let the characteristics of copper be denoted by subscript c, 
and those of an alternative material by subscript 2, the attenuation of an 
air-filled waveguide of the new material may be found by multiplying 
the formulas by the factor 



If a waveguide be filled with a dielectric whose relative inductive capacity 
is k, , the cutoff wavelength is increased bv the factor 


X r (air) 


= Vk7 r 


(162) 


At the same time, the attenuation and guide wavelengths are altered. 1 

Two quantities which are frequently of interest but which have been 
omitted from the figures are: (a) specific wave impedance, and (6) loss in 
the dielectric. These have been omitted because it is possible to give 
them in terms which are generally applicable to all waveguides. 

The specific wave impedance is defined as the ratio of transverse 
components of electric and magnetic fields, 

Zw = ~ (163) 

11 T 


This ratio is constant over the guide cross section for any waveguide 
mode. For air-filled waveguides transmitting TEM- modes, it is simply 
the so-called “impedance of free space,” 

Item = Co = « 377 ohms. (164) 

Y to 

For all modes the wave impedance approaches this value for wavelengths 
much shorter than the cutoff wavelength of the mode. Usually it 
differs from this value by a factor depending on the ratio Xo/X„. For all 

'See, for instance, R. I. Sarbacher and W. A. Edson, Hyper and Ultrahigh Fre¬ 
quency Engineering, 1st ed., Wiley, New York, 1943, Chapters 6 and 7. 
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TE- and TM -modes the wave impedance for air-filled guides is given 
respectively by 


Zte fo ,- fo, , 

V'-ea • 

(165) 

z ™ = W 1 - (r°) = 

(166) 

If the waveguide is filled with a dielectric characterized by pi 
relations become 

and ci, these 

Ztem — fi = = ^77 ohms, 

(167) 

Zte fi ,—■ . • fi(x Y 

(168) 

z™ = - (x“) = 

(169) 

where fx is the intrinsic impedance of the medium, Ai is the intrinsic 
wavelength in the medium, and A„ is the actual guide wavelength in the 
dielectric-filled waveguide. 

The dielectric attenuation constant for TEM -modes is independent 
of the dimensions or form of the waveguide, and it has been shown 1 to be 

Vi [mi Vifi 

a “ TEM - 2 yj- - ~2~ 

(170) 


A more useful form is derived from Eq. (98), 

= 27.3 y k "' k ‘! tan & db/m. (171) 

A 

For both TE- and TM-modes the dielectric attenuation factors are 
increased to 


a d = a i 




(172) 


TRANSMISSION-LINE CHARTS AND IMPEDANCE-MATCHING 

The way in which voltage and current vary along a transmission line 
has been discussed in Secs. 21 and 2-2. In later sections it has been 
1 See Eq. (84) for coaxial line, and Eq. (131) for parallel-plate waveguide. 
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shown that the electric and magnetic fields in waveguides vary in a similar 
way and may be described in terms of analogous line constants a, fl, and 
Zo or Z„. In Sec. 2-3 the concept of impedance was introduced, the 
complex impedance at any position along the line being defined as the 
ratio of the complex voltage at that position to the complex current there. 
An analogous quantity for waveguides was later seen to be the ratio of 
complex electric field to complex magnetic field. The concepts of reflec¬ 
tion coefficient and standing waves also were introduced in Sec. 2-3, and 
later these were extended to waveguides. A clear understanding of these 
concepts and of the way in which the various quantities vary along the 
line or guide is a valuable aid in the design of microwave transmission 
circuits and in the understanding of their behavior. The equations 
developed in Sec. 2-3 enable one to calculate the relations between these 
quantities and the way they vary along the line. A clearer insight into 
the meaning of these relationships is afforded, and a valuable aid in the 
rapid solution of practical problems is gained by the graphical representa¬ 
tions of the equations which will be presented in the following sections. 

2-11. Reflection-coefficient Chart with Impedance Contours, Smith 
Chart.— -One of the most instructive and convenient charts is that based 
on a polar plot of the reflection coefficient, Eq. (26) and Fig. 2-4. The 

chart might equally well be con- 



Z=-/ 2 = 0 


Fig. 2-24.—Terminated transmission line. 


sidered as based on the relative 
voltage diagram of Fig. 2-5. Let 
us consider the transmission line 
of Fig. 2-24, which is assumed for 
simplicity to have no loss (that is, 
a = 0) but to have a phase con¬ 
stant d and a real characteristic 


impedance Zo. If we terminate this line at the point z = 0 in a pure 
resistance R u which is larger than Zo, we calculate the reflection coef¬ 


ficient at z — 0 from Eq. (21) as 


= B _ gi - Zo 
A ffi -f- Zo 


(173) 


This is real, positive, and less than unity, as indicated in Fig. 2-25a. 
The relative voltage, taking the incident voltage as unity, is Vq = 1 + Toj 
as indicated in Fig. 2-256. Equation (173) shows that the reflected voltage 
is in phase with the incident voltage, which is reasonable, since the load 
is real and lies between Z 0 and infinity or open-circuit impedance. 
Similarly, the relative current, considering the incident current as unity, 
is Io = 1 — To, as shown in Fig. 2-25c. At the point z = — l, the vector 
r 0 has rotated through an angle —2 01 with the resulting changes to T, 
V', and I'. It should be recalled from Sec. 2 3 that 
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r = roe-’ 1 * 11 , I 

V = (1 + r) Vine = V'V ta „, [ (174) 

I = (i - r)ii„„ = I'l™ = rv iM /Zo.) 

It is clear from Fig. 2-25 that the relative voltage has its maximum value 
1 + |r 0 | at the load and its minimum value of 1 — | r 0 | a quarter wave¬ 
length away. The separate quantities of Fig. 2-25 have been combined 



Fig. 2-25.—Vector diagrams of (a) reflection coefficient, (6) relative voltage, and (c) relative 

current. 


into one diagram in Fig. 2-26; the relative voltage has been resolved into 
components V[ in phase with the current and V 2 ' out of phase with it. A 
simple theorem in plane geometry requires that the intersection point Q 
lie on the circle. The impedance is found from Eq. (174) to be 


V V'V V' 

z = \ = ^ = Y z<1 - (175) 
r x 

The impedance relative to Z a 
expressed in terms of the compo¬ 
nents of V', is 



In terms of the angle a, the com¬ 
plex vectors are 

i' = |iv», 
v; = |v;k 

V' = iV'le*'/’-**. 
Substitution in Eq. (176) gives 

Z IVJIe* 



Fig. 2-26.—Basic diagram for reflection- 
coefficient impedance chart. 
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This may be written 


where we have defined 


Z' = ft' +jX\ 


r _ 1 \ 

Z Zo j 

_ R _ |VJ| ( , 17Q . 

R ~ Zo~ |I'| ’ ( (179) 

X _ _ JV^J \ 

Zo H'l ‘ / 

It should be obvious that whenever P lies in the lower half of the diagram 
the ratio V 2 /I' will have a phase angle —p r/2, resulting in a negative 
sign for the reactance X'. On the other hand, when it lies in the upper 
half, X' will be positive. 

The position of the point P within the circle of Fig. 2-26 is seen to 
determine r, V', I', and through them the components R' and X' of the 


0 . 5 / «'=/! (2 




<“) (6) 

Fig. 2-27.—Circles of constant resistance. 

impedance Z'. In Fig. 2-27a the circle marked ft' = 1 is the locus traced 

IV'I 

by the point P moving in such a way that ft' = -remains constant and 

equal to unity. Other circles, each representing a different value of ft', 
are shown in Fig. 2-276. The fact that these loci are circles is not obvious 
at first but may be shown by simple analytic geometry. Similarly, the 
locus of points P such that X' = |Vj|/|I| has the value ± 1 is shown in 
Fig. 2-28a. Other curves of constant reactance are shown in Fig. 2-286. 
These curves are arcs of circles whose centers lie on the vertical line 
through the point S, as may be shown by analytic geometry. 

When the two sets of circles of Figs. 2-27 and 2-28 are superposed as in 
Fig. 2-29, they form a gridwork of orthogonal circles. Using this grid- 
work as a coordinate system, one may read the related impedance com¬ 
ponents ft' and X' by plotting on this chart the point P corresponding to 
any given reflection coefficient r. This type of chart was developed by 
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P. H. Smith 1 of the Bell Telephone Laboratories and is frequently referred 
to as the “Smith chart.” To avoid confusing the diagram, the actual 
lines of the polar coordinates needed for plotting T are omitted. Instead, 
the arm shown is pivoted at the center; and its radial scale together with 
the phase scale around the circumference of the chart enables one to 
plot the points. The phase scale is calibrated directly in wavelengths; 
when l varies through X/2, the phase angle 201 = 4ir l/\ varies through a 
complete cycle, 2ir radians. On a purely logical basis one would choose 
the positive direction as the reference or zero-phase direction, since this 
corresponds to zero-phase angle for the vector T of Fig. 2-25. It is com¬ 
mon practice, however, to refer phase measurements in transmission lines 


+1 



-1 


(a) (*) 

Fig. 2-28.—Circles of constant reactance. 


to the voltage minimum since it can be located more precisely than the 
maximum, particularly in the case of large standing-wave ratios. This 
practice is followed in the Smith chart, as it is in most transmission-line 
impedance charts; hence, the zero-phase line is the line from Z' = 1 to 
Z' = 0, and refers to the voltage minimum. The radial scale is calibrated 
in terms of the standing-wave ratio rather than directly in terms of reflec¬ 
tion coefficient. The simple connecting relations were given by Eqs. (33) 
and (34) 


|r| 


i + |r| \ 
i - |rf 

r - 1 ( 

r + 1 / 


(180) 


A number of ways of expressing standing-wave ratios have been used. 
Some people use “voltage standing-wave ratio,” while others prefer to use 
the square of this which is sometimes called “power standing-wave ratio.” 
In both cases, there have been those who expressed the ratio as maximum 

1 P. H. Smith, “Transmission Line Calculator,” Electronics (Jan. 1939); "An 
Improved Transmission Line Calculator,” Electronics (Jan. 1944). 



Fig. 2-29.—Circular form of transmission-line calculator. (P. H. Smiih , “Electronics," 

January 1939.) 


over minimum, giving a number in the range unity to infinity; others used 
the minimum over maximum and obtained numbers in the range unity to 
zero. There seems to be emerging a general preference in favor of using 
the voltage standing-wave ratio exceeding unity, 



( 181 ) 


which is abbreviated to VSWR. This is, of course, the same in value as 
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Inm./I mi., the only difference being a shift of a quarter wavelength in posi¬ 
tion of the maxima and minima. The scale marked on the arm of the 
Smith chart shown is the reciprocal of this, that is, 1/r. In the later 
version of his chart, in the 1944 article, Smith adopts the ratio r. Another 
definition of standing-wave ratio which is sometimes convenient is in 
terms of decibels, 

SWR (db) = 20 logio r. (182) 


If one is accustomed to thinking in terms of the so-called “power stand¬ 
ing-wave ratio,” Eq. (182) would be written as 10 logio r 2 , which would 
give the same db standing-wave ratio. 

In any case, the conversion is made from the linear radial scale of 
reflection coefficient to a scale reading directly in whatever standing-wave 
ratio one prefers to use. In addition, a number of other useful scales 
which are related directly to the reflection coefficient may be included on 
the arm. The scale marked “attenuation in 1-decibel steps” is useful in 
calculating impedance transformations when the line loss is not negligible. 
It is used to introduce the factor e~ 2al , by which the reflection coefficient 
decreases going a distance l toward the generator clockwise, or c w , by 
which it increases going in the reverse direction. The power transmitted 
by a running wave contains the same factor e~ ul , though it decreases 
toward the load rather than increasing as does the reflection coefficient. 
Another method of using this type of chart has been found very useful, 
especially when transforming a number of plotted points simultaneously 
through a specified distance along the line is desired. A sheet of tracing 
paper is laid over the chart and the points P are plotted on it rather than 
on the chart. To transform the points along the line, the tracing paper is 
pivoted at the center and rotated through the desired number of wave¬ 
lengths in the proper direction, as indicated on the wavelength scales. 
The new impedance values may then be read from the chart. 

An especially good example of the usefulness of the tracing-paper 
technique is offered by its application to the discussion of the impedance¬ 
tuning characteristics of variable transformers (see Chap. 8). It has been 
found convenient to mount the chart on a plywood board and to pivot the 
tracing paper by sticking a glass-headed thumbtack into the center. In 
plotting experimental data, marks are first made on the tracing paper at 
0 and 0.25X of the phase scale and labeled accordingly. If the load is a real 
impedance R i > Z«, the point P may be plotted at the proper place along the 
real axis to the right of center, as in Fig. 2-30. The load is, in this case, at a 
voltage maximum, and the voltage standing-wave ratio is, using Eq. (183), 


1 + I I’il 
1 - |I’i| 



(183) 
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This fact, that r is equal to the relative impedance IV for real loads 
R > Z o, is very useful in the tracing-paper method of plotting experi¬ 
mental data. It makes easily available a scale of the same type fur¬ 
nished by the arm of the Smith chart, converting | r| to r. Asa corollary 
to this observation, it is useful to remember that, at any voltage maxi¬ 
mum, the impedance in the line is real and greater than Z 0 by the factor r. 
If it is desirable to find the impedance a distance l toward the load from 
such a voltage maximum, one may simply describe an arc in the counter¬ 
clockwise direction about the center of the chart, as in Fig. 2 30a. The 



Fig. 2-30.—Tracing-paper method of plotting data over reflection coefficient chart, 
(a) Compass and straight-edge method. (R/Z o) = r is impedance at V m » x , P is that a 
distance l toward load. (6) Alternative method, rotating paper. Paper is returned to 
original position as in a after plotting P. 

radius of the arc is determined by the value of r, and the angle of the arc 
is indicated by the outer wavelength scale. An alternative method of 
plotting the point P which does not require compass or straightedge is 
indicated in Fig. 2-306. The outer scale of the Smith chart gives directly 
the distance l below the index mark labeled OX. When the tracing paper 
is returned to the original position as in Fig. 2-30a, the point P represents 
the impedance at a distance l toward the load from a voltage maximum. 
If the distance from the reference point in the load to the closest voltage 
maximum is the impedance of the load is plotted by applying the 
above procedure using the value for the length /. Frequently, the 
distance / min to the nearest voltage minimum, rather than the distance 
lm*i, is obtained in taking data. Since these two distances differ by exactly 
a quarter wavelength or one-half turn on the chart, it is necessary merely 
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to turn the tracing paper through 180° and use the index labeled 0.25k 
in conjunction with the outer wavelength scale to read l mi „. 

The method of deriving the impedance components R and X by cur¬ 
rent and voltage vectors, as in Eq. (179), gives a certain insight into the 
current and voltage relations existing. However, it is more direct to 
calculate the components of Z by the use of Eq. (21), 


r - Z ~ Z " 
Z + Z„' 


(184) 


Introducing relative impedance and its components, we obtain 

Z' - 1 R' + jX' - 1 
Z' + l R'+jX' + ]’ 

The real and imaginary components of T are then 

R' +X'*- 1 , j2X 

{R‘ + l) 2 + X' 2 ^ (R' + l) 2 + X' 2 ‘ 


(185) 


(186) 


242. Other Types of Transmission-line Charts. —The chart based on 
the reflection coefficient has thus far been correlated with a gridwork of 
impedance contours. In certain problems other types of contour lines, 
such as Y = G + jB, Z = \Z\/0, or Y = \Y\/<f>, are much more useful. 
It is sometimes desired to base the chart on a rectangular impedance or 


admittance plane rather than on 
the reflection-coefficient circle. 

Smith Admittance Chart .—In 
the previous section the point P 
was plotted, Fig. 2-26, at the ter¬ 
minus of the relative voltage vec¬ 
tor V' = 1 + r, and the related 
gridwork of R and X circles, Fig. 
2-29, was derived, thus enabling 
us to read the corresponding com¬ 
ponents of impedance. In a simi¬ 
lar way, we now plot the point 
P\ Fig. 2-31, at the terminus of 
the relative current vector I' = 

1 — r and derive the related grid- 
work of admittance circles. We 
1/Z', and write 




Fig. 2-31.—Basic diagram for reflection- 
coefficient admittance chart (cf. Fig. 2*20). 


define Y = 1 /Z, F 0 = 1/Zo, Y' = 



corresponding to Eq. (176). By taking steps exactly analogous to those 
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leading to Eq. (179), we may define the admittance components by 


Y' 

G' 

B' 


— G’ + jB r , \ 
_£ _Liil / 
|vf 

= JL_ Ki 

Y o |V'f 1 


( 188 ) 


Since P' in this example lies in the upper half of the diagram, B' has the 
positive sign. 

W hether a gridwork applying to the impedance case or to admittance 
is being derived, the generalized diagram of Fig. 2 32 may be used. The 

point P" represents the appropri¬ 
ate point P or P', and the vectors 
Aj, Ai, and C represent the appro¬ 
priate current or voltage vectors. 
The real and imaginary components 
of the coordinates being derived 
are these. 

Real part = 

Imaginary part = ± (189) 

If P" lies in the upper half of the dia¬ 
gram, the imaginary part is positive; 
if in the lower half, it is negative. It 
should therefore be evident that the 
admittance components G' and B' corresponding to a given position of P’ 
are the same as the impedance components R' and A'' corresponding to the 
same position of P. That is, the gridwork developed for reading the 
components of impedance for a point P plotted at position 1 + r may be 
used also for reading the components of admittance for a point P' plotted 
at position 1 — r. 

A useful property of the Smith chart is now evident. Since points P 
and P‘ of Fig. 2-31 have as their respective coordinates on the Smith chart 
the impedance and the admittance corresponding to each, this chart 
provides an easy method of converting from admittance to impedance and 
vice versa. This is particularly useful in the tracing-paper method of 
using the chart, since any plotted impedance point or points may be con¬ 
verted readily to the equivalent admittance plot bv a simple rotation of 
one-half turn of the tracing paper. Obviously the inverse conversion is 
also accomplished by a half-turn rotation. It may be noticed that the 
half-turn operation performed on an impedance plot may equally well 



Fig. 2-32. —Generalized diagram for 
deriving either impedance or admittance 
chart. 
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be thought of as giving the impedance plot a quarter wavelength down the 
line. This brings out clearly the well-known inversion of impedance by a 
quarter-wavelength section of line. That is, it gives a complex impedance 
equal to the original admittance which is the reciprocal of the original 
impedance. In more general terms, the chart affords a simple means of 
finding the reciprocal of any complex number. 

A word should be said regarding the plotting of data as an admittance 
plot. One obvious method is to plot the data on tracing paper as an 
impedance plot, as outlined in the preceding section, and then to convert 
this impedance plot to an admittance plot by rotating the tracing paper 
half a turn. If one prefers, the admittance may be plotted directly, 
making use of the fact that the normalized admittance at the current 
maximum (voltage minimum) is real, greater than Y 0 , and numerically 
equal to r. For admittances (see Fig. 2-30), G/Y a = r is the admittance 
at F„i„, P is at a distance l toward the load from If the data are 

taken by measuring the distance l from a voltage minimum, the method of 
Fig. 2-30 plots admittance directly, but if l is measured from a voltage 
maximum it plots impedance directly. It is perhaps simplest to bear this 
in mind and make the direct plot by this method using the data for l in 
whatever form they are taken. The resulting plot may then be converted 
from impedance to admittance or vice versa by a half-turn rotation. 

Charts Expressing Impedance or Admittance in Polar Form .—It is 
sometimes convenient to express the impedance in terms of its magnitude 
\Z\ and its phase angle 0, rather than in terms of its components R and X ; 
thus, 

Z = ]Z|e ,s . (190) 


The process of deriving this chart is quite similar to the previous deriva¬ 
tions, and therefore it will not be carried through in detail. Referring to 
Fig. 231, the magnitude and phase angle of the impedance are 


\Z\ = 


[V'l _ OP 
FT ps 


e = <p'op. 


(191) 


The position of the point P is accordingly represented by the coordinates 
\Z\ and 0. The angle 0 is positive when P is above the real axis OS, nega¬ 
tive when it is below. The resulting gridwork of coordinates is shown in 
Fig. 2-33. 

There is naturally a 1-to-l correspondence between a given impedance 
point P on the Smith chart and the point P in the same position in the 
IZ|/0 chart. Each is basically a plot of the relative voltage V'. Using 
this fact, the latter chart may be derived directly from the former simply 
by converting from given rectangular coordinates (R, X) to the polar 
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coordinates (|Zj,0) which define the same impedance. Another conse¬ 
quence of this fact is that the same method of plotting data is used; the 
right half of the diameter OS is marked in terms of R' = r, just as was the 
Smith chart. 

Just as in the case of the Smith chart, the same gridwork of impedance 
coordinates may be used for admittance coordinates provided that the 



Fig. 2-33.—.Reflection coefficient chart with |Z| and d coordinates. 


proper change in the method of plotting the data is observed. The chart 
is, when used for admittances, a plot of relative current just as the Smith 
chart was when used as an admittance chart. The data-plotting tech¬ 
nique is likewise identical with that for the Smith admittance chart. If 
we let the admittance be expressed as 

Y' = |YV = Y" (192) 

the magnitude and angle are 


- i = l'i = Ul 

|Z'| IV'| OP 



(193) 
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Magnified Center Portion of Reflection-coefficient Charts .—When it is 
desirable to plot data or calculations precisely, the reflection-coefficient 
chart may be drawn to a large scale. In many cases where such precise 
work is being done the data or calculations involve only small reflection 
coefficients; therefore only the central portion of this large-scale chart is 
needed. One extremely precise version of the central portion of the Smith 
chart is reproduced 1 in Fig. 2-34. It is limited to r iS 2, which is equiva- 



Fig. 2-34.—Enlargement of portion of Smith chart. ( This chart prepared by L. F. 
Woodruff for 2nd. ed. of Ultra-Hioh-Frcqucncy Techniques, D. Van Nostrand Co., J. G. 
Brainerd , editor.) 

lent to 1 r) fS I,-. This chart has been found very useful in the design of 
microwave transmission circuits because it gives a scale which is about as 
large as the data would justify; and plotting any points for which r 
exceeds 2 is seldom necessary. Further magnification is occasionally 
useful, especially in aiding calculations. 

The [Z /_9 type chart may be similarly magnified. One version of this 
chart, drawn to a large scale and including the whole chart, has been 
printed by the Radio Corporation of America. 2 It includes also the 

1 Reproduced by courtesy of L. F. Woodruff of the Elec. Eng. Dept., M.l.T. 

2 P. S. Carter. R.C.A. Rev., Ill, No. 3 {.Jan. 1939). 
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polar coordinate lines, radii, and circles concentric about the center for 
plotting 1’. Although these lines have a certain usefulness, they tend to 
confuse the diagram for the average person. 

Rectangular Impedance or Admittance Chart .—In the previous dis¬ 
cussions we used the reflection coefficient as the basis for a transmission¬ 
line chart because it transforms in a simple manner along the line. The 
corresponding resistance and reactance coordinates were then derived; 
they were rather unusual in form. In the present instance we shall begin 
by choosing rectangular coordinates for the resistance and reactance, and 
proceed to plot contour lines on this coordinate system to enable us to 
follow the transformation of impedance along the line. This transforma¬ 
tion is given by Eq. (41), 


Z' r + j tan ftt 
1 + jZ' r tan pi 


(194) 


Let us consider again the line of Fig. 2-24. 
becomes 


R[ + j tan pi 
1 + jR{ tan pi 


For this line Eq. (194) 


(195) 


By choosing a particular value for R, and allowing pi to vary from 0 to 2ir, 
a circle with its center on the real axis as in Fig. 2-35, will be plotted. 
Remembering that R[ is equal to the VSWR, this circle may be considered 
characteristic of the value r i. If a number of values for R[ are chosen, a 
complete set of such circles for various values of r will be mapped. Simi¬ 
larly, the angle pi may be assigned a value and R\ varied from unity to 
infinity. This will map one of the semic rcles centered on the imaginary 
axis, as in Fig. 2-35. This semicircle is characteristic of the value PI, or of 
the length l measured in wavelengths, and may be so marked. When this 
is repeated for a number of values of pi, a set of these semicircles will be 
drawn in. As in the Smith chart, it is the usual practice to consider the 
reference or zero phase to be the real axis from Z' = 1 to 77 = 0, which is 
the position of the voltage minimum. 

In this type of chart it is necessary to include both the (R,X)-coordi- 
nates and the (r,^-coordinates. The use of tracing paper has no special 
advantage, since transformations along the line are not effected by a sim¬ 
ple rotation. Data are plotted directly in terms of the measured r and l 
values, l measured from the voltage minimum. If it is desired, a section 
of the chart in the neighborhood of Z' = 1 may be enlarged just as in the 
case of the chart based on the reflection coefficient. 

In order to use this chart to plot admittances, it is only necessary to 
consider the reference phase line from Z' = 1 to Z' = 0 as being the 
voltage maximum. To convert from Z' to the corresponding Y' one 
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follows around the standing-wave-ratio circle from the point Z' to a point 
a quarter wavelength away as denoted by the markings on the phase 
circles. 

The transformation of the Smith chart into the rectangular (R-X)- 
plot may be seen qualitatively by inspection and quantitatively by use of 
the mathematical connecting equations. Qualitatively, one sees that 
the upper-half circumference of the Smith chart has been pivoted at the 



(R — X — 0)-point and bent upward and left and stretched out to form 
the positive imaginary axis of the (fi-X)-plot. In the same way the 
lower-half circumference is bent downward and left to form the negative 
imaginary axis. At the same time, the real axis is stretched out to infinite 
length. I he R - and X-circles of the Smith chart are thereby straightened 
out into a rectangular coordinate system. The radial constant-phase 
lines of the Smith chart (not drawn in) are bent into circular arcs passing 
through R' = 1, X' = 0. The set of circles, for constant VSWR or 
[r|, which were concentric in the Smith chart, have been shifted so that 
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each has a different center in the (ft-X)-chart. Mathematically, the 
transformation of coordinates is of the conformal mapping type. The 
complex Z'-plane is transformed into the complex T-plane through 
the relation of Eq. (185), 


r = 


Z' - 1 

z' +1’ 


(196) 


and the inverse transformation is obtained through the inverse form of 
Eq. (196), 

1 4- r 

Z' = j~ (197) 


Previously the circular impedance chart was based on a diagram in 
which the voltage vectors V', V(, and V.i, of Fig. 2-26, were drawn relative 
to the incident voltage vector, which appears as the unit vector in the 
positive real direction. Since this unit vector also represents the incident 

current, Fig. 2-26 may be thought 
of as a voltage vector diagram 
based on the incident current vec¬ 
tor with the factor Z 0 relating the 
scales of current and voltage; that 
is, since V, = Z 0 l it we may express 
the voltage vector V' as 

V V (V/Zo) 

z ol. 
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(198) 


V. Z„I. I, 

Now let us rotate the vector dia¬ 
gram so that the vector I', the 
total current, lies along the posi¬ 
tive real axis, and let us also 
change the scale so that it becomes 
the unit vector; that is, the vector 
diagram is now transformed as in 
Fig. 2-36, so that the vector currents and voltages are all expressed 
relative to the total current at the given point in the line. Equation 
(198) now becomes, using V/I = Z, 


Fig. 2-36.—Vector relations for rec¬ 
tangular impedance chart, derived from 
Fig. 2-26. 


V" = 


(199) 


and the components of V become 



(200) 
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It is, in this'way, easy to establish the relations between magnitudes and 
phases of the various currents and voltages by simple construction, using 
a rectangular impedance chart. Although the present procedure neces¬ 
sarily yields results in agreement with the related construction of Fig. 
2-26, transformations of vectors along the line are much more complicated 
than in the earlier case. This is due to the fact that the diagram is now 
based on total current, which changes from point to point; the earlier 
diagram was based on incident current, which remains constant. 

In a similar way, Fig. 2-31 may be transformed into a diagram showing 
the vector relations for a rectangular admittance chart, Fig. 2-37. While 
the original diagrams, Figs. 2-26 and 2-31, are drawn to the same scale, 
based on incident voltage and current, the resulting rectangular diagrams, 
Figs. 2-36 and 2-37, have different scales. This is easily adjusted by 
change of scale, of course, but is 
mentioned as one consequence of 
the transformation. 

2-13. The Choice of a Trans¬ 
mission-line Chart.—In the pre¬ 
ceding sections two different 
forms of chart, a circular one 
based on F and a rectangular 
one based on the components of 
Z or Y, have been described, and 
in either case the chart may be 
used to represent either Z or Y. 

Moreover, the circular chart may 
be used to give either rectangular 
components of Z or Y or the corresponding magnitude and phase angle. 
There are numerous other charts in use, but the ones described are the 
most common, and they are adequate to treat any transmission line in a 
clear and convenient manner. The problem of choosing from among 
them the proper chart to represent most clearly the solution to a given 
problem deserves some consideration. In some cases the choice is largely 
a matter of personal preference, but more often a clear choice is indicated. 

Circular vs. Rectangular .—When data are to be plotted simply for 
record purposes or to read R and X components, this choice is largely a 
matter of personal taste. In the following cases, however, the circular 
chart has certain advantages. Frequently the choice of a reference point 
for which the impedance is plotted is rather arbitrary, and it may be 
desired to shift the reference point after plotting the data. If the data are 
plotted on tracing paper over a circular chart, this is easily achieved by a 
simple rotation of the paper. In this way it is frequently possible to 
discover a position for which the variation of a certain parameter leads to a 
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Fig. 2-37.—Vector relations for rec¬ 
tangular admittance chart, derived from 
Fig. 2-31. 
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variation in reactance alone or of susceptance, resistance, or conductance 
alone. In the case of the rectangular chart such simple rotations of the 
plotted points are never valid. For the circular chart, rotation is accurate 
for data taken at constant wavelength, in error in phase angle only if not 
at constant wavelength. For slight rotations and small wavelength 
variations, the phase error is not serious. In the rectangular chart, the 
size and shape of the plot of a given set of data at constant wavelength 
depend on the choice of a reference point, while in the circular chart they 
do not. Since the choice is so frequently arbitrary, this variability in size 
and shape does not seem physically significant, and the circular chart 
seems the more desirable. Even in cases in which the reference point is 
not wholly arbitrary, it may turn out to be desirable to transform an 
impedance plot into an admittance plot. This is easily accomplished by a 
half-turn rotation of the circular chart, and the plot is not distorted in 
size and shape as it would be on the rectangular plot. 

One may suspect from the foregoing that it is the author's judgment 
that in most cases the circular chart is to be preferred. This is, indeed, 
the case where the plotting and transforming of data are concerned. The 
rectangular chart seems better suited, however, to the task of showing the 
vector relations existing between the various voltages and currents at a 
point where an equivalent series- or shunt-circuit representation is valid. 
Figure 2-39 illustrates such an application. Another problem which is 
treated better by the rectangular chart is that of representing qualita¬ 
tively, as in a discussion, a multiple transformation in which two or more 
characteristic impedances are involved. The diagram of Fig. 4T6 is an 
example of this. In such cases the R and X (or G and B) coordinates are 
in terms of absolute values rather than relative, and the constant-phase 
and constant-VSWR circles are omitted. A set of such circles, based on 
the appropriate characteristic impedance, is implied for each character¬ 
istic impedance involved. In actual numerical calculations it is imprac¬ 
tical to work with other than normalized impedances, relative to the 
particular characteristic impedance being considered; therefore the 
rectangular chart loses its advantage for quantitative work. 

Admittance vs. Impedance .—In low-frequency circuits it is usually 
quite obvious, from the form of the circuit connections, when to use 
impedance and when to use admittance. The over-all performance of a 
combination of circuit elements is then easily predicted by adding series 
impedances or shunt admittances. In microwave transmission circuits it 
is rarely possible to combine either impedances or admittances in this 
simple way. This is because circuit elements—for example, junctions 
between transmission lines or waveguides, physical discontinuities such as 
dielectric supports in coaxial lines, and so forth—are not small compared 
with a wavelength as they are in low-frequency circuits. This means 
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that the phase of current or of voltage is not constant ovei any one circuit 
element or combination of elements. 

For example, consider a T-junction formed by joining three coaxial 
lines of equal characteristic impedance. With two of the lines terminated 
in their characteristic impedances, let us inquire as to the input impedance 
presented to the third line. At low frequencies, one reasons simply that 
the current is shared between the two branches while the voltage across 
the two branches is the same; and one draws the valid conclusions that 
the two branches form a parallel circuit shunting the third and that the 
admittances of the two branches are simply added to get the admittance 
of the combination as seen from the third line. If the frequency is so 
high that the wavelength is comparable to the dimensions of the junction, 
the first question to be answered is: At what point in the junction should 
the impedance be expressed? Before answering this, let us consider the 
manner in which this impedance is to be measured. The standing-wave 
ratio and position of a voltage minimum will be determined in the input 
line by moving a voltage-measuring probe along a slotted section of line 
some little distance from the T-junction. By use of a transmission-line 
chart, the impedance or admittance may be extrapolated to any desired 
point in the junction. Actually, the fields and currents in the immediate 
neighborhood of the junction are so complicated that a measurement of 
impedance in this region is, from the practical standpoint, impossible and, 
from the theoretical standpoint, meaningless. It is only by correlating 
the effects observed a little distance away from the junction with an effec¬ 
tive impedance at the junction, which would have produced, in a simple 
uniform line, the same effects at the same distance away, that meaning is 
attached to the “ impedance at the junction.” We have not yet answered 
the question regarding the choice of a reference point in the junction, but 
it should be fairly clear that the choice is rather arbitrary since it is only 
the effect produced a little distance down the line which is significant. 
The natural choice would seem to be the point at which the axes of the 
three coaxial lines coincide. When the impedance or admittance is 
extrapolated to this point, it will probably be found that the admittance 
is approximately the sum of the characteristic admittances of the two 
branch lines. At low frequencies this approximation will be very good 
indeed. As the frequency approaches that for which the second coaxial 
mode may be propagated, it will very likely become an extremely poor 
approximation. 

The method of treating junctions in terms of an equivalent circuit in 
network theory is described thoroughly in other volumes 1 of this series, 
and briefly, in Sec. 2T4. The point to be made here is that, although 

1 Waveguide Handbook, Vol. 10, and Principles of Microwave Circuits, Vol. 8, 
Radiation Laboratory Series. 
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simple addition of impedances or admittances is valid for low frequencies, 
the situation is usually much more complicated at high frequencies. 
There are, nevertheless, instances of particularly simple discontinuities or 
junctions for which the simple concepts of addition of admittance or 
impedance are valid, even in waveguide or relatively large coaxial lines. 
In all such cases, the validity is limited to discontinuities for which the 
dimensions in the direction of propagation are negligible compared to a 
wavelength. 

The most commonly used discontinuity of this type is the thin induc¬ 
tive flap in rectangular waveguide, Fig. 2-38. The equivalent circuit 
shown is strictly valid only for an extremely thin flap of perfectly conduct¬ 
ing material; but it is adequate for cases of practical interest. The flap is 
usually of 0.020-in. to 0.064-in. brass for wavelengths of 1 to 10 cm, and 

therefore d is not more than about 
0.03-guide wavelengths. For 
thicknesses of this magnitude, it 
is found that a correction must be 
applied to the value of B calculated 
for very thin flaps, but that the 
equivalent circuit need not, for 
practical purposes, be modified. 
These flaps are extensively used 
as waveguide impedance trans¬ 
formers and are discussed in more 
detail in Chap. 4. At the present 
moment we are particularly inter¬ 
ested in their relation to imped¬ 
ance and admittance charts. Flaps made of reasonably good con¬ 
ductors may be considered as lossless without serious error. If the 
output waveguide is terminated in such a way that the normalized 
admittance at the reference plane of this termination is Y h then 
the input admittance Y 3 is the sum of Y 1 and the inductive flap sus- 
ceptance JS 2 ; that is, Y 3 = Y 1 + jB 2 . This is the familiar addition of 
admittances which is used in low-frequency circuits. The way in which 
this addition is shown on a rectangular admittance chart is illustrated in 
Fig. 2-39. The admittance chart may be thought of as representing a 
current diagram at the reference plane when unit voltage, common to 
Y 1 , B 2 , and F 3 , is applied there. We may take B 2 = JO.5 and show, Figs. 
2-39 and 2-40, how this combines with (a) a general admittance such as 
Y 1 = 0.5 — JO.5 to give Y 3 = 0.5 — Jl.O, and (b) the special admittance 
Y , = 1 + JO. 5 to give the special value F 3 = 1 + JO, or matched-line 
condition. This latter procedure will be discussed in greater detail later 
when we come to the use of the inductive flap as a waveguide matching 



1'ig. 2-38. —Inductive iris in waveguide. 
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element. For Case a, the principles of Fig. 2-37 are used to show the volt¬ 
age and current vectors, Fig. 2 39, each relative to the positive real unit 
vector which represents the voltage common to YB 2 , and Y 3 . The 
voltage in the “incident,” or positively traveling wave to the right of the 
discontinuity is F,t. This is seen to lead the incident wave V i3 , to the left 
of the discontinuity, by a slight phase angle. The magnitude of the 
incident wave is seen to be lower on the right, though this is not always the 
case. If the discontinuity is loss¬ 
less, conservation of energy 
demands only that 

vw - id = vui - r», 

since each side of the equality is 
proportional to the net power 
flowing to the right. Thus if 
r 3 = 0, as in Case b, Vn will equal 
or exceed V i3 . 

The admittance transforma¬ 
tions for these two cases are 
shown on the circular chart in Fig. 

2'40. If one is not interested in Fig. 2-39. —Admittance diagram for in- 
the relations between the various 

currents and voltages, and this is so more often than not, then the circular 
chart serves equally as well as the rectangular. 

The inductiveTflap in waveguide has been cited as an example in which 
the use of an admittance diagram is indicated. A similar type of equiva¬ 
lent circuit holds for the coaxial-line discontinuity of Fig. 2-41, although 
the shunt susceptance is capacitive in this case. It is apparent that in 
this problem, too, an admittance diagram is required. It is characteristic 
of radial discontinuities in coaxial lines, where one or the other or both 
conductors abruptly change diameter, that the equivalent circuit contains 
a pure shunt element, and in all such problems the use of admittance 
diagrams is indicated. 

In Figs. 2-42 and 2-43, discontinuities which yield a series-type equiva¬ 
lent circuit are shown for waveguide and coaxial lines. Just as in Fig. 2-38, 
the discontinuity must have small extent d in the longitudinal direction. 
In either circuit, the reactance X may have any value, either positive or 
negative, depending on the dimension c. Discontinuities of this type 
naturally call for the use of impedance charts to represent them. The 
principles of Fig. 2 36 may be used to obtain the relations between volt¬ 
ages and currents in terms of the total complex current which is common 
to the elements of a series circuit. 

( R-X ) vs. ( Z-6); ( G-B) vs. (F-0).—This choice is usually clear in any 
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given problem. The problems discussed in the predeeing paragraphs 
clearly required the expression of Z or Y in rectangular form rather than in 
polar form. In the majority of cases, this will be the choice. There 
is one particular type of problem, however, in which the use of the polar 
form for Z or Y is useful. This is the problem in which neither series- 
impedance elements nor shunt-admittance elements are needed, but in 
which a change of characteristic impedance occurs. 



Fiq. 2-40.—Admittance diagram (a) corresponding to Fig. 2-39, and ( b ) illustrating match 

ing by inductive iris. 

An example of this problem arises in connection with the prediction of 
impedance transformations along a coaxial line supported by dielectric 
beads. This problem is discussed in detail in Chap. 4, but Fig. 2-44 gives 
an illustrative example. The impedance at a is Z 0 = 1.6 Z' 0 ] hence it is 
entered at Z = 1.6, 6 = 0. The arc of length 0.05 represents passage 
through the bead, leading to the impedance Zt,/Z' 0 = 1.45/ —18°. This 
impedance is expressed in terms of the air-filled line merely by reducing 
the magnitude of impedance by the factor 1.6, leaving the phase angle 
unaltered. 
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The ordinary (ft--X)-ehart could be used, in which case both R and X 
would be reduced by the factor 1.6. The positions of all the plotted 
points are naturally the same for the two charts, the only advantage of the 



Fio. 2-4].—Capacitive stop in coaxial line. l’to. 2-42.—Series waveguide stub. 



Z 

Fiu. 2-43.---Series coaxial-line ohoko. 


( Z-9 )- over the (R-X )-chart being the simpler conversion from one char¬ 
acteristic impedance to another. Of course, if steps of the type shown in 
Fig. 2-41 occur, a (G-B)-c hart is needed in order to add a shunt R. 
Transfer of characteristic-admittance level involves changing (7 and R 
by the factor 1.6, just as in the case of R and X, but in the opposite 
direction. 
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The (F-<f>)-chart might have been used in place of the (Z-fl)-chart in 
solving the problem of Fig. 2-44. Clearly, the whole diagram would have 
been rotated 180°. There is no special rule for choosing between the two 
alternatives; it is merely a matter of personal preference. As indicated 
above, the (R-X)- and (G-B)-charts may be used for this type of problem 
with only slightly more work in converting characteristic impedance or 
admittance. It is seldom that the polar-type chart is really necessary; it 
is usually preferable to use the usual {R-X)- or (G--B)-chart rather than 
change to a different one. 

IMPEDANCE-MATCHING AND DESIGN PROCEDURE 

2-14. The Design of Matched Circuit Elements. —Reason for Match¬ 
ing .—It was stated in Chap. 1 that one of the most important, and one of 
the most difficult, problems in the design of microwave transmission 
circuits is that of maintaining a “matched” condition in all circuit ele- 
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ments. If the line on the output side of a given element is terminated 
in such a way that no standing wave exists in it, then it is desired that no 
standing wave be excited in the input line by the element itself. Now, 
using the theory developed in the present chapter, it can be shown that 
under these circumstances the transmission line and the associated circuits 
introduce a minimum of ohmic attenuation, transmit maximum power 
without breakdown, and present a minimum rate of change, with change 
of frequency, of the impedance presented to the transmitter output termi¬ 
nals. If the transmitter is designed to work into the characteristic 
impedance of the line and the antenna presents a reflectionless termina¬ 
tion, then such a continuously matched line provides optimum coupling 
between antenna and transmitter. 

Although the other factors mentioned are important enough to sug¬ 
gest the desirability of the continuously matched operation, by far the 




(a) Short line (about 1 to 2 ft) (6) Long line (about 10 to 20 ft) 

Fit;. 2-45.—Typical Woke diagram for magnetron. 


most important factors are those involving the load characteristics of the 
transmitter. Power output, operating frequency, and frequency stability 
of microwave oscillators are all rather critically dependent on the char¬ 
acter of the load into which they operate. This is particularly true of 
high-efficiency tubes such as magnetrons, but it is true to some extent 
of other tubes such as klystrons or triodes. To indicate the magnitude of 
these effects a detailed study is necessary. Those who are interested in 
studying them further will want to refer to Vol. t> of this series. 

Tlie way in which tlie output power and operating frequency depend 
on the load presented to a typical magnetron is illustrated in the so-called 
“Ilieke diagram” of Fig. 2- Id, The polar coordinates which form the 
basis of tliis chart give the phase and magnit ude <4 the reflect ion coefficient 
at a chosen reference point in the magnetron. This coordinate plane is 
identical with that which we used in earlier impedance charts, and tlie 
radial scale lias again bean marked in terms < if voltage standing-wave rat io 
rather than of voltage, reflection coefficient. Diagrams of this type are 
obtained in this manner: first, by coupling tiie magnetron to a matched 
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load and noting the power delivered and the operating frequency; then 
by introducing a mismatch and varying the reflection coefficient in a 
systematic way by means of a variable impedance transformer, and not¬ 
ing, for each point on the reflection-coefficient diagram, the power and 
frequency. When a sufficiently good coverage of the chart has been 
obtained, lines indicating constant-power and constant-frequency con¬ 
tours are drawn in. 

With such a diagram available, the effect of an impedance mismatch on 
the magnetron may be determined. Let us take, for example, a YSWR of 
1.5 and note its effect for various phases. Maximum power, 50 kw, occurs 
for the phase marked 0.46 wavelengths on the circumferential scale, and 
the minimum power, 34 kw, occurs for a phase of 0.20 wavelengths. The 
maximum frequency, 13 Mc/sec above that for matched line, occurs for a 
phase of 0.07X, and minimum frequency, 13 Mc/sec below, occurs for 
0.38-X phase. The frequency sensitivity of an oscillator to its load 
impedance is popularly known as “pulling,” and the total frequency dif¬ 
ference between maximum and minimum for a YSWR of 1.5, a common 
measure of this sensitivity, is known as the “pulling figure.” In the 
example above, the pulling figure is 26 Mc/sec. 

Large standing-wave ratios in the phase region 0.47X lead to unstable 
operation of the magnetron, indicated by shading in Fig. 2 45. This 
instability is associated with the convergence of the frequency contours 
and is aggravated by interposing an additional length of line between 
magnetron and mismatch, Fig. 2-455. 

Let us summarize by recapitulating the effect on this typical magne¬ 
tron of allowing the reflection coefficient to vary in magnitude from 0 
(r = 1.0) to 0.2 (r = 1.5) and to vary through all phases. The extremes 
of power are 50 kw, or a variation of about ±20 per cent from the mean. 
The extremes of frequency are ± 13 Mc/sec from the mean. And for long 
lines, unstable operation occurs over part of the impedance region under 
consideration. These variations are usually the most important con¬ 
siderations in judging the degree of impedance-matching to be attained in 
designing components. 

The next most important consideration is, in many cases, that involv¬ 
ing voltage breakdown. It was shown in Sec. 2-6 that the n>’i power 
which may be transmitted through a transmission line to a load is 
decreased, compared with the net power transferred in a matched line, by 
a factor exactly equal to the value of the YSWR in the line. Thus, in out- 
example above, the power-handling capacity of the transmission line is 
reduced to two-thirds of that of the matched condition by the assumed 
YSWR of 1.5. For liigh-power apparatus, operating close to the limit of 
the power-handling capacity of the transmission line and components, 
this may be a very serious limitation. 
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The remaining factors, increased ohmic losses and reflection of power 
from the incident wave, are relatively minor ones. Using the relations of 
Sec. 2-6, these are evaluated for a VSWR of 1.5 to compare with the previ¬ 
ous factors. The ohmic attenuation is increased by only about 8 per 
cent. The power reflected by the mismatch whose VSWR is 1.5 is only 
4 per cent. 

Measurement of Mismatch .—The direct approach to the problem of 
achieving this matched-line condition is simply to terminate the output 
line in a reflectionless load and to examine the standing waves introduced 
in the input line by the component being designed. The experimental 
procedure involved is described in detail in Yol. 11 of this series. The 
data consist of the value of the VSWR and the position of a voltage mini¬ 
mum in the standing wave. These data enable one to plot the impedance 
or admittance at a chosen reference point in the component being tested. 
The magnitude of the VSWR is, of course, sufficient to indicate the extent 
of the mismatch, but the phase information and impedance plot are 
frequently helpful in analyzing defects in the design and in effecting an 
improvement. 

Still further information, leading to more complete knowledge of the 
characteristics of the component , may be obtained by an indirect approach. 
Briefly, this method consists of terminating the output line in a movable 
short-circuiting plunger, rather than in a perfect match, and determining 
merely the position of the voltage minimum of the complete standing wave 
resulting in the input line. If the component under test is perfectly 
matched, any motion of the plunger in the output line will cause an 
exactly equal shift of phase in the standing-wave pattern in the input 
line. If the component introduces a mismatch, the phase of the standing 
wave in the input line will not follow linearly the position of the short- 
circuiting plunger as it moves along the output line. Although we cannot 
go into the details of the interpretation here, suffice it to say that the 
extent of this departure from linearity is a direct measure of the VSWR 
introduced by the component when under normal operating conditions. 
In addition, the positions of the output plunger and of the voltage mini¬ 
mum in the input line, when maximum departure from linearity occurs, 
constitute useful information. From the nonlinearity and phase data 
one may deduce the input impedance at any chosen point in the input 
line when the output line is matched. Moreover, one may predict 
exactly how the input impedance varies with the output impedance, and 
one may even predict the same characteristics for operation in the reverse 
direction, interchanging input and output ends. This wealth of informa¬ 
tion is usually expressed as an “equivalent circuit ” in any one of several 
different forms familiar to those versed in network theory. 

In general, the direct approach already described will be used rather 
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than the indirect one, since it requires fewer measurements and leads 
directly to an impedance plot. Occasionally the indirect method is 
desirable because of the additional information which it furnishes; there 
are still other instances in which the indirect method is preferable because 
of instrumental reasons. This is particularly true when either input 
or output line is too small to be conveniently handled by the usual 
slotted-line technique. In such cases the small line is made the output 
line and terminated in a movable short circuit. Since the indirect method 
provides a complete equivalent circuit, the line used as the output line in 
the measurement is immaterial. Even when both input and output lines 
are too small to enable accurate measurements of VSWR by the use of 
slotted section, the location of the phase of a voltage null (the only use of 
a slotted section needed in the indirect method) is quite reliable. 

Methods of Achieving a Match .—If the measurement of the mismatch 
of a circuit being designed indicates that the mismatch is too large to be 
acceptable, there are, in general, two courses of action which may be 
followed. The simplest one is to design, on the basis of the impedance 
measurement, an impedance transformer to be built into the unit in the 
appropriate manner. Although this may be satisfactory in some 
instances, it will not in general produce a desirable design, especially if 
the VSWR matched out by the transformer is large. Such a procedure 
ordinarily leads to a device which requires very accurate machining in 
order to give the transformer the proper transformation characteristics, 
and which is rather frequency-sensitive and subject to voltage breakdown. 

The second method, and the one frequently used, is the attempt to 
effect an improvement in the match by a systematic variation of one or 
more design parameters. In initiating the design of a circuit to accom¬ 
plish a given requirement it is well to bear this in mind and to provide 
one or more conveniently adjustable parameters, such as a variable-length 
coaxial-line stub, waveguide short-circuiting plate position, and so forth. 
Usually such elements will present themselves rather naturally in each 
design. 

In the case of a T-stub support for coaxial line we have at our disposal, 
as an adjustable parameter, the stub length. By trying a series of dif¬ 
ferent lengths it will be found possible to choose a length which will give a 
perfect match past the stub. This is an example of the simplest type of 
matching, achieved by adjusting a single parameter. If the admittance 
point were plotted for successive increments of stub length, a series of 
points would be obtained falling on a smooth curve and passing through 
the perfect-match point at the center of the chart. 

An example of a slightly more complicated nature is afforded by the 
problem of the design of a transition from coaxial line to waveguide, Fig. 
6-9. Here we have two parameters, the probe length P and the end-plate 
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distance D. One parameter is first fixed at some arbitrary value, and the 
other is then varied. The procedure is repeated for other values of the 
first parameter. The corresponding admittance points are shown in Fig. 
GTO, in which contour lines corresponding to constant P and constant D 
are drawn. This gridwork of admittance contours may be used to 
estimate, by interpolation, the values of the two parameters which would 
give the matched condition. It is also useful in estimating how much 
departure from optimum value may Vie tolerated in either parameter in 
order not to exceed a maximum allowable VSWR. It also enables one to 
establish such mechanical tolerances for variation of the two parameters 
occurring simultaneously. 

Sometimes it will be found that it is impossible to obtain perfect 
match with the parameters available, but that a reasonably low VSWR 
may be obtained. An example of this is found in the design of a stub 
angle, See. 4-4. It is then common practice to supplement the parameter- 
adjustment method of matching with the addition of a suitable trans¬ 
former. Other situations calling for a combination of the two methods 
will be discussed in the next section. 

The Principle of Scaling or Similitude .—It is possible, by taking advan¬ 
tage of certain principles of similarity, to make use of the details of an 
existing circuit in the design of a new one to operate at a different fre¬ 
quency. This process is quite analogous to the design of full-size aircraft 
and ships on the basis of experiments conducted on scale models. In the 
scaling of mechanical models, the scaling of dimensions must be accom¬ 
panied by appropriate changes in the properties of the fluid medium and 
in the velocity of motion. Similarly, in the scaling of electromagnetic 
devices, a change in dimensions must be accompanied by the proper 
changes in the electrical and magnetic properties of the materials used and 
in the operating frequency. 

The relations between physical dimensions, operating frequency, and 
the properties of the materials may be derived by suitable manipulation of 
Maxwell’s equations, Stratton 1 shows how this principle of electro- 
dynamic similitude leads to the following relations: 

pd-v- = A, (201) 

paPv = B. (202) 

Here .1 and B are constants to be discussed presently and l is any length 
which establishes the dimensional scale factor of the device being con¬ 
sidered; it might be, for example, the radius of a spherical cavity or the 
width of a rectangular waveguide. In scaling, all dimensions of the 
device must be changed by the same factor as is l. A lien the dimensions 
are scaled in this way, the operating frequency v and the characteristics 
1 J. ('. Stratton, Electromagnetic Theory, McGraw-Hill, New York, 1941, p. 488, 
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M, c, and a of each of the materials throughout the entire apparatus must be 
altered in such a way that the constants A and B retain their old values. 
To be specific, each of the constants *4 and B will have a series of values 
Ai and Bi uniquely determined by the properties mo «>■, and a, of the 
material constituting that particular part of the original apparatus. 
Equations (201) and (202) then become 

/WV = i = 1, 2 • • • (203) 

wd'-v = Bi. i = 1, 2 • ■ • (204) 

As an example of the application of this principle, let us double the 
characteristic length l of a particular device. The constants A t of Eq. 
(203) remain unchanged if v should be halved, and if m and e ; should Ire 
left unchanged. In order to satisfy Eq. 204), however, we must double 
o' i. The doubling of all conductivities throughout the apparatus may in 
some cases be extremely important to the proper functioning of the device. 
This is particularly true of those circuits, such as cavity resonators, in 
which the power absorbed in conducting surfaces or dielectric medium 
plays an important role in determining performance. 

On the other hand, there are a large number of circuits in which the 
power lost to the conductors and dielectrics of the device is a negligibly 
small fraction of the input power. For such devices (and nearly all of 
those described in this volume fall into this class), the conductivity is 
relatively unimportant in determining the electric and magnetic field 
patterns. The impedance which is determined by these fields therefore 
shows little dependence on conductivity. Hence, the plot of impedance 
against scaled frequency is essentially the same for the scaled-down device 
as for the original one, even though the conductivity is not scaled. In 
many practical problems, therefore, it is not necessary to satisfy Eq. (204). 

Although the fraction of the input power lost in passing through the 
apparatus may be very small in both the original and the scaled-down 
circuits, the two figures may differ from each other by a considerable 
factor if the conductivities are not scaled. It can be shown 1 that for a 
circuit whose dimensions are scaled down bv a factor p from a larger one, 
the percentage of the incident power lost in passing through the smaller 
apparatus at a frequency p times higher bears the following relationship 
to that lost in the larger: loss in dielectric, .s -.mailer by the factor p; loss in 
conductors, larger by the factor x'p. It must be remembered that we 
are considering the case where the over-all length, as well as the other 
dimensions, is scaled down, and the characteristics t, #», and <r are kept 
constant. 

It should be noted that constancy of the loss tangent (essentially equal 

1 The special case of attenuation in rectangular waveguide may be verified by 
converting Kcis. (150) and (151 ) into loss per wavelength. 
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to the power factor) of a dielectric with change of frequency corresponds 
to the scaling of a in the manner required. This fact is easily seen by con¬ 
verting Eq. (92) 

e” = - (2-92) 

OJ 

into the form 

(205) 

It is evident that if the dielectric constant t[ and the loss tangent («(' '*{) 
remain constant, then a will lie proportional to v as required by Eqs. (202) 
and (204) when scaling without change of m or e,-. 

Thus far we have considered only the adjustment of !, v, and cv in 
applying Eqs. (203) and (204) to sealing problems, keeping m and con¬ 
stant. Although this application is the most useful for these equations, 
there are several others. One which is occasionally useful is that in which 
the size of a circuit is reduced while the same operating frequency is 
retained. This reduction and maintenance of frequency may be accom¬ 
plished most easily by the introduction of a new dielectric with a higher 
value of t. If it is desired to decrease l by a factor p, then c must be 
increased by the factor p 2 in order to satisfy Eq. (203), g and v remaining 
unchanged. In order to satisfy Eq. (204), must be increased by the 
same factor p-. As remarked in connection with the preceding example, 
it is, in many practical problems, not necessary to satisfy Eq. (204). 

A third possibility is that of keeping ! and m fixed, and varying e, and v 
to satisfy Eq. (203). Other combinations in which g,- is varied are possi¬ 
ble, in principle, but rather impractical. There are also numerous possi¬ 
bilities in allowing three or even all four of the quantities on the left of 
Eq. (203) to vary. 

To be exact, all dimensions must be scaled, but it is obvious from a 
practical standpoint that some dimensions arc not at all important. 
Thus it is only the internal dimensions of a metal waveguide that need be 
scaled. Similarly, only the internal diameter of the outer conductor and 
the outer diameter of the inner conductor of a coaxial line have any 
significance. In general, only those dimensions involving the dielectric 
material in which electric and magnetic fields occur and the metal sur¬ 
faces adjacent to this region are significant. 

Unfortunately the practice of scaling dimensions is considerably 
hampered by the fact that the pertinent dimensions of standard coaxial 
lines and rectangular tubes seldom have the proper relationships. This 
is, in the case of rectangular waveguides, chiefly due to the fact that the 
tubing used is standard stock tubing, sized according to its external 
dimensions. Very rarely do the inside dimensions of one tube scale at all 
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closely to that of a different size. Similarly it is difficult to obtain, from 
stock tubing, a series of lines of different sizes with approximately the 
same diameter ratio. Nevertheless, the principles of scaling by similitude 
argument give one a fair start on a new design if applied as carefully as 
inconsistencies in the scale factors of standard tubings permit. 

2-15. Impedance-matching Transformers. —There are times when it 
becomes desirable to incorporate into a design a fixed transformer section. 
This section is usually introduced for the purpose of matching the circuit- 
in question to the characteristic impedance of the transmission line or 
waveguide. In some special cases, however, it is necessary to cause a 
specified impedance to occur at a given point. An example of this 
application is found in the case of the transformer which is sometimes used 
to cause the optimum load impedance to appear at the terminals of a 
transmitter tube such as a magnetron. In regard to the use of a trans¬ 
former to compensate for the mismatch of a circuit being designed, it 
is usually preferable to obtain a satisfactory match by the methods out¬ 
lined in Sec. 2-14; but if these methods fail to give the degree of match 
desired, several types of simple transformers are available. 

Quarter-wavelength Transformers .—The simplest types of coaxial-line 
transformers fall into this classification. Quarter-wavelength transform¬ 
ers may be used in waveguides, but it is more common to use shunt 
susceptance elements in waveguide work. The quarter-wavelength 
transformers used in coaxial lines usually take the form of sections of 
line in which the inner conductor is enlarged by slipping onto it a metallic 
sleeve of the appropriate thickness. This and other forms of transformers 
for coaxial lines are discussed in Sec. 4-5, while some forms of waveguide 
transformers are taken up in Sec. 4T6. 

One frequently hears it said that a quarter-wavelength line section 
“inverts the impedance.” This statement may be understood by noting 
that it is the normalized impedance, expressed in terms of the character¬ 
istic impedance of the quarter-wavelength section, which is inverted. 
Thus if a load impedance Z r terminates a quarter-wavelength section of 
characteristic impedance Z' 0 , the normalized output impedance Z T /Z' 0 is 
transformed at the input end to the normalized input impedance 



Writing the equation in this form brings out the inversion property of the 
quarter-wavelength line more clearly than does the frequentlv used form 
(Item 8 of Table 21) 



(207) 
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In any case, the characteristic impedance of the quarter-wavelength sec¬ 
tion which can transform the output impedance Z T to the input impedance 
Zi is given by 

Z’* = y/ZJl. (208) 

A simple example of the inversion property of a quarter-wavelength 
line section is clearly evident from an inspection of the impedance chart 
of Fig. 2 35. Consider the normalized impedance point It = 2, X = 0. 
This point lies on the real axis at the point where the (r = 2)-cirdc 
crosses it. If this (r = 2)-circlc is followed in the clockwise direction 
(that is, if the impedance transformation is traced at points along the line 
toward the generator) for a quarter wavelength, we arrive at the normal¬ 
ized impedance It = the reciprocal of the normalized load impedance 
It = 2. Conversely, if we start with the normalized load impedance 
It = h and follow the upper arc of the (r - 2)-circle for a quarter wave¬ 
length, wc obtain the input impedance R = 2, the reciprocal of the load 
impedance It = i- It is easily verified for any of the constant-r circles 
that the two points of intersection with the real axis bear this reciprocal 
relationship. 

A quarter-wavelength transformer may be used to obtain an input 
impedance equal to the characteristic impedance Zn of the transmission 
lino if, for any mil load impedance Z r , the characteristic impedance of the 
transformer section is chosen to be that required by Eq. (208); namely, 

Z' 0 = VXZo. (209) 

In the general case the load impedance will be complex rather than 
real. Fortunately, however, points of real impedance occur at every 
voltage-minimum or voltage-maximum point along the line on the input 
side of the circuit being matched. If one of these were chosen as a refer¬ 
ence point, the effective load impedance at that point would be real, and 
the above method of transforming a real load impedance to Z„ would be 
valid. 

If a point of minimum voltage is chosen as the reference point, the 
luud impedance will be 



where r, is the value of the YSWR introduced by the circuit to be matched. 
The characteristic impedance of the transformer section is then 

Z' u - vXiX ~^=> (210 

v n 


and the impedance transformation is as shown in Fig. 2 t(in. The circle 
edef represents the circle for which YSWR = r, for an impedance chart 
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based on the impedance 2 0 . The actual load impedance lies somewhere 
on this circle (say at point d or at point f) but we need not be concerned 
about its location in the present instance. Locating the point e of mini¬ 
mum voltage is important; this may be accomplished by extrapolating an 
integral number of half wavelengths toward the load from one of the 
voltage minima which occur in the slotted section of line used to measure 
ri. Usually the point e should be chosen as the voltage minimum that is 
as close as possible 1 to the circuit being matched, in order to obtain the 
least frequency-sensitive response. This choice is made because of the 
fact that the rate of change of input impedance with wavelength is, for a 
given load impedance, greater for long lines than for short ones. If the 



(a) Low impedance transformer (ft) High impedance transformer 

Fig. 2-46.—Impedance diagrams for quarter-wave transformer. 


point c is made the terminal end of the quarter-wavelength transformer 
whose characteristic impedance is given by Eq. (211), the impedance 
transformation along the transformer section will follow the arc eZ 0y result¬ 
ing in an input impedance equal to the characteristic impedance Z 0 of the 
line. 

In a similar way, one may choose for the reference point the point c 
v T here the voltage is a maximum and the impedance is 

Z m a, = TiZa. (212) 

The required characteristic impedance of the transformer section is 

Z' 0 f = \/ Z mgj.Z o — \ZrZ (213) 

and the impedance transformations are as shown in Fig. 2-466. 

The problem of creating a prescribed impedance at a given point by 
the introduction of a transformer section into a matched transmission line 
is essentially the inverse of the above problem. If the desired impedance 
lies on the curve where YSWR — ?'], either of the two transformers 

1 For discussion of an exception to this general rule see, below, the subsection title 
“Use of Admittance Charts.” 
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described above is suitable. For example, if it is desired to produce the 
impedance / at a given point, the input end of the transformer of imped¬ 
ance Z' 0 can be placed the proper distance (represented by the arc ef) on 
the load side of the given point. The transformation is then, working 
from the matched line impedance Z 0 back to the desired impedance at 
/, from Z 0 via the dotted arc to e, thence along the dashed arc ef. 

Shunt Susceptance Elements .—A type of impedance-matching element 
which is particularly useful in waveguides is that which behaves essentially 
like a pure susceptance shunting the line. The mechanical details and 
design data for waveguide structures used to accomplish this shunting 
action are discussed in Secs. 4T3, 4T4, and 4T5. The most common 
structure is the so-called “inductive diaphragm,” which adds a negative 
susceptance with a magnitude dependent on the dimensions. 




Fig. 2-47.—Admittance charts for waveguide matching, (a) using rectangular chart; 

(6) using circular chart. 

The way in which such an element is used to match a given circuit to 
the characteristic impedance (or admittance) of the waveguide is indi¬ 
cated in Fig. 2-47. These diagrams represent the impedances of Fig. 2-46 
transformed onto an admittance chart. Again, we are not concerned 
with the actual load admittance but are interested merely in finding the 
point along the standing-wave pattern where the admittance has the 
desired value. In this case we seek the point where the admittance has 
the form Y = 1 + jB, represented by the point k in the diagrams. At 
this point an inductive diaphragm whose susceptance is — B may be added 
and the matched condition achieved. 

For this type of matching the point e, at the voltage minimum, has no 
particular significance; however, it furnishes a convenient reference point 
with respect to which the matching diaphragm may be located. The 
magnitude B of the susceptance and the distance d between voltage 
minimum and proper diaphragm position may be read from the admit¬ 
tance chart after the experimental data on phase and magnitude of the 
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VSWR have been plotted. As a matter of fact both B and d are com¬ 
pletely determined by the magnitude of the VSWR and may be calculated 
by formulas, Eqs. (4-55) and (4-56), or determined from graphs, Figs. 
2-12 and 4-61. A discussion of the advantages to be obtained under cer¬ 
tain conditions by the use of admittance charts is presented in the next 
subsection. 

The preceding discussion was based on the use of an inductive (nega¬ 
tive) susceptance to effect matching. Such an element is to be placed at 
the point k, Fig. 2-47, which is a distance d toward the load (counterclock¬ 
wise) from the voltage minimum at e. There is a corresponding point h 
at the same distance d toward the generator from the voltage minimum at 
which a capacitive (positive) susceptance may be placed to effect matching. 

Vse of Admittance Charts .—It has been shown above that the char¬ 
acteristic. impedance and placement of a quarter-wavelength transformer 
may be determined very simply without the aid of an admittance (or 
impedance) chart. Similarly, reference was made to simple graphs 
and formulas by which the magnitude and placement of susceptive ele¬ 
ments may be determined. In case the matching is to be done on the 
basis of a single measurement at a given frequency these methods present 
the simplest and most accurate solution. In most design work, however, 
it is desired to obtain the best possible match over a given band of fre¬ 
quencies. It has been found that an admittance chart is of great assist¬ 
ance in achieving this goal. 

The usual procedure consists of taking data on the magnitude and 
phase of the VSWR introduced by the given circuit at a number of fre¬ 
quencies within the operating band of the device to be matched. Some 
convenient referencepoint within the device or its input line is then chosen, 
and the admittance at that point is plotted for each frequency used in the 
measurements. Let us first assume that we are dealing with a waveguide 
circuit and that we have been particularly fortunate in the choice of a 
reference point so that the admittances cluster about the point k. We 
can then try adding an inductive susceptance of appropriate magnitude 
and predict the admittance plot to be expected from the device if matched 
in this manner. It may very well turn out that, in order to obtain the 
optimum over-all performance within the operating band, a compromise 
susceptance will be used which is not intended to produce a perfect match 
at any wavelength within the band. An example of this type of matching 
procedure is to be found in Sec. 6-6, the corresponding admittance diagram 
being shown in Fig. 6T7. 

There are numerous complications and variations which need to be 
considered in actually applying the procedure indicated above. In the 
example given, the variation of the magnitude of the susceptance B with 
wavelength must be taken into consideration, and this variation differs 
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from one type of matching structure to another. Then, too, one is seldom 
fortunate enough to choose the optimum position of the matching device 
as a reference point. In general one must choose, on the basis of the 
admittance plot at the initially chosen reference point, a new reference 
point. The admittance must then be replotted at this new point; it is 
unfortunately true that a simple rotation of the chart will not suf¬ 
fice because the phase length between points is different for different 
wavelengths. 

It sometimes happens that this difference in phase length can be used 
to advantage in increasing the bandwidth of a circuit. An illustration of 
this effect is afforded by the example from Sec. (Hi mentioned above. 
The method of design discussed in Sec. 0-0 is, in fact, one of the most useful 
methods of achieving broadband circuits. 

Although the above discussion has been based on waveguide circuits, 
similar considerations apply to coaxial circuits. The choice of the initial 
reference point is again rather arbitrary, but in the coaxial circuits the 
admittance points should cluster about either point c or e, depending 
on the use of a transformer section of either low or high characteristic 
admittance. Corresponding to the variation of suseeptance with fre¬ 
quency, there will be a variation in transformer action with frequency, 
because the transformer is a quarter wavelength long at only one wave¬ 
length. All these considerations may be worked out very nicely by 
means of admittance (or impedance) diagrams. 

The broadbanding technique described in Sec. 6-G for a waveguide 
circuit may be applied in suitably modified form to coaxial circuits. It 
was by the use of such a technique that the broadband coaxial-stub angle 
of Fig. 4-31 was designed. 

2-16. Other Design Factors. Manufacturability .—Although it is no 
doubt true that almost anything one might design could be manufactured 
if sufficiently elegant methods of fabrication are sought, a little thought as 
to problems of manufacture may often avoid needlessly involving slow 
and expensive fabrieational techniques without sacrificing performance. 
At times there may arise a serious conflict between considerations of 
simplicity of fabrication and some other characteristics to be mentioned 
presently. In particular, the streamlining which leads to better break¬ 
down characteristics is often difficult to achieve if conventional machining 
methods are to be used. In such cases, circumstances may indicate a 
choice, or some compromise may be reached. 

Power-handling Capabilities .—As has just been indicated, streamlin¬ 
ing by eliminating sharp corners is frequently desirable. If sharp corners 
occur in a region of high electric fields, they seriously reduce the break¬ 
down power. It is sometimes sufficient merely to remove the machining 
burrs by using emery cloth or to go one step further and round the edge 
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by introducing a radius of curvature of a few thousandths of an inch. 
However, if the ultimate in breakdown resistance is needed, special 
streamlined contours or large radii of curvature, calling for special design, 
become necessary. Examples of this type of design are the high-power 
Eo-transition in Fig. 6-77 and the “ doorknob ’’-type transition from 
coaxial line to waveguide in Fig. 6-37. In the doorknob design, consider¬ 
able difficulty with manufacturability has been experienced, illustrating 
the point about the conflict between manufacturability and other factors. 

The use of dielectrics is to be avoided wherever possible if high-power 
operation is desired, both because surface flashover is likely to occur along 
the dielectric-to-air interface and because most dielectrics are perma¬ 
nently damaged if such breakdown occurs. 

Highly frequency-sensitive devices are usually unsuitable for high- 
pow'er transmission. Usually they include either a section of line in 
which high standing v r aves exist or else a small gap across which a high 
voltage builds up. In either case abnormally high electric fields occur, 
leading to low power-handling capacity. 

It is possible to have a device which includes objectionably small gaps 
even though it is not very frequency-sensitive. An example of this is the 
probe-type transition from coaxial line to waveguide, Fig. 6-9, in which the 
small gap between the end of the probe and the opposite wall of the wave¬ 
guide leads to low breakdown figures. This limitation may become less 
serious if the gap is increased by bulging out the waveguide wall in that 
region. This change alters the impedance match, so one must compensate 
for it by readjusting the junction parameters. 

Bandwidth .—Of all the factors which enter into microwave-circuit 
design, the problem of maintaining a low VSWR over broad frequency 
bands is without doubt the most difficult. It is a relatively simple matter 
to conceive the basic design for a circuit which will perform the required 
function; for example, a method of coupling from a given coaxial line to a 
given waveguide. With reasonable provisions for adjustable design 
parameters, and with due regard for high-power and manufacturability 
factors, a design may be readily evolved which is reasonably well matched 
at a given wavelength. If further improvement in the impedance 
match is desired, a simple impedance transformer may be inserted to 
give essentially perfect match at this wavelength. If the performance 
of this device at a series of frequencies is then investigated, it will give an 
estimate of what may be called the “inherent” frequency sensitivity of the 
design. This inherent sensitivity varies widely from one circuit to 
another but will usually be low enough to make operation over a band 
of about one per cent width satisfactory with a VSWR below 1.10. Some 
relatively simple circuits give satisfactory performance over a band of ten 
per cent width, but many others fall far short of this; and it is rare indeed 
that an appreciably broader inherent bandwidth is found. 
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As an example of one important factor which influences inherent 
bandwidth let us consider the simple circuit of Fig. 2-48. A resistance 
card, whose surface impedance is equal to the wave impedance of the 
waveguide at midband, is placed a 



waveguide matched at X = Xo. Surface 
resistance of card is equal to wave imped¬ 
ance of guide at Xo. 


quarter of a midband guide wave¬ 
length from the end plate which 
terminates the waveguide. This 
impedance has the value, for all 
TE-type waves, of 377 X„oAo ohms 
per square, where Xo is the midband 
wavelength and X„ 0 is the corre¬ 
sponding guide wavelength. For 
coaxial lines, it is simply 377 ohms 
per square. The wavelength sen¬ 
sitivity of such a load is given by 
Fig. 2-49 for various choices of 
midband wavelength relative to 
cutoff wavelength. The wavelength sensitivity of the equivalent coaxial 
line load is given for comparison and is the limiting curve which would be 
obtained for (X 0 /X e ) = 0. It is important to 'note that the closer the 
midband wavelength is to cutoff, the more sensitive to wavelength the 

toad becomes. This is, of course, 
because of the rapid change of 
guide wavelength near cutoff. 

This simple circuit is rather 
typical of a large number of those 
which include a quarter-wave¬ 
length stub in shunt with the line. 
The coaxial-load curve might 
equally well be considered to rep¬ 
resent that of an ordinary quarter- 
wavelength T-stub support. The 
waveguide curves bear a close 
relation to a transition from coax¬ 
ial line to waveguide of the com¬ 
moner types (see Sec. 6-9). 

In general, circuits tend to 
behave in a manner similar to this. 
Bandwidths are usually better 
for circuits operating far from 
cutoff. A note of warning is in order, however, since difficulties arise as 
the wavelength approaches the cutoff value for the next higher mode. 
The higher-mode fields set up by waveguide discontinuities are not 
attenuated rapidly enough, and undesirable interactions between discon- 
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Fig. 2-49.—Wavelength sensitivity for 
resistance card loads matched at X = Xo in 
a waveguide whose cutoff wavelength is X c . 
The equivalent coaxial load is given for 
comparison. 
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tinuities occur. The wavelength at which these difficulties set in depends 
on such factors as the nature of the discontinuities, but for any wave¬ 
length below about 0.6X C caution is advisable. 

If the inherent bandwidth of a circuit falls below that desired, either 
it must be discarded and replaced by a basic design of greater inherent 
bandwidth, or it must be given greater breadth of band by resorting to 
some form of broadbanding technique. These techniques usually consist 
of the introduction of some other element whose frequency sensitivity is 
roughly equal to that of the original unit and which is placed in such a 
position that the reflections from the two circuits tend to cancel over a 
considerable frequency band. 

The details of the circuits involved may take various forms. Although 
there is some overlapping of categories, a classification according to the 
form of the broadbanding element will be attempted, and an example or 
two of each group given. 

To broadband a simple device such as a bead support or simple stub 
support, an identical unit may be added at a point in the line which is 
effectively a quarter of a wavelength away. This is the most obvious 
way of obtaining cancellation between units of equal frequency sensitivity 
and is discussed in Secs. 4-3 and 4-4. 

Another method which sometimes presents itself is that of adjusting 
the distance between two circuit components both of which are already 
present and which have approximately equal frequency sensitivities. An 
example of this is to be found in the judicious spacing of a simple coaxial¬ 
line stub support with respect to the probe-type transition from coaxial 
line to waveguide described in Sec. 6-7. 

A third method consists of introducing an additional element for the 
express purpose of broadbanding. This element may take the foim of a 
section of line whose length is half a wavelength and whose characteristic 
impedance differs from that of the rest of the line. This half-wavelength 
transformer introduces no mismatch at midband and its frequency sensi¬ 
tivity may be varied by altering its characteristic impedance. For 
example, the added element may be a transformer consisting of a dielec¬ 
tric-filled section of coaxial line. The frequency sensitivity of such a half- 
w r ave dielectric “bead” is given by Fig. 4T5. The added clement might 
consist of other resonant combinations, such as a resonant slit in wave¬ 
guide or a pair of inductive irises spaced to cancel reflections at midband. 

Another method, closely related to the last, is to place the added 
element more or less symmetrically on the output and input sides of the 
original circuit component. One example of this is afforded by the place¬ 
ment of a low r -impedanee half-wavelength sleeve transformer symmetri¬ 
cally with respect to a simple coaxial-line stub support in order to obtain 
the broadband stub described in Sec. 4-4. The technique of using two 
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elements, one in the output line and one in the input, is illustrated by the 
discussion of Sec. 6-14 in connection with Fig. 6-79. The procedure out¬ 
lined there is to a large extent one of trial and error in regard to the size 
and location of the element in the output line. It is quite possible that a 
more straightforward method could be evolved if the broadbanding proce¬ 
dure were based on measurements of the complete equivalent circuit 
characteristics of the component at a number of frequencies in the desired 
band. 

Instead of adding an element in the output line, as in the preceding 
method, the design parameters may be varied in such a way that the 
variation of impedance with frequency takes on a desirable form. It 
then becomes possible to add an impedance transformer in the input line, 
just as in the preceding case, which restores match at midband and gives, 
by virtue of the sensitivity of the effective length of the intervening line 
section to frequency, a broad bandwidth. Examples of this technique are 
to be found, in Sec. 6-6, applied to the crossbar transition between coaxial 
line and waveguide. 

Although their applicability is restricted to certain simple problems, 
tapers form the basis of the most familiar of all broadbanding techniques. 
Use of tapers is made in the design of transitions between different sizes 
of coaxial lines, Sec. 6T, and different sizes of waveguides, Sec. 6’3. 

The final class of broadbanding techniques to be discussed is probably 
one of the most familiar; namely, the use of a properly chosen series of 
quarter-wavelength transformers. Slater 1 discusses this method of 
achieving broadband performance; an example is to be found in the 
coaxial-line phase shifter of Sec. 9-5. 

Mode Purity and Resonances .—In some devices, additional considera¬ 
tions enter the picture to complicate the design problem and limit the 
freedom of variation of design parameters. For instance, in designing a 
transition from rectangular waveguide operating in the lowest or TE ]0 - 
mode to round waveguide operating in the second or TAfoi-mode, the 
lowest or TE u -mode may also be excited in the round guide. Particular 
care must be taken in providing design parameters which may be adjusted 
for minimum excitation of the unwanted lower mode. At the same time 
attention must be paid to the impedance match, for there may be a con¬ 
flict between the two considerations when adjust ing the design parameters. 
This conflict may be dealt with in the manner illustrated by the discus¬ 
sion of Sec. 6-4. 

When the round waveguides of two such transitions are joined to form 
a rotary joint, an additional complication arises. Even though the exci¬ 
tation of the unwanted mode may be exceedingly small, certain over-all 
lengths of round waveguide lead to trouble because of resonance in that 

1 J. C. Slater, Microwave Transmission, McGraw-Hill, New York, 1942, pp. 57-62. 
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mode. The resonant wavelength depends in a rather complicated way on 
the angle as the rotary joint turns. A thorough discussion of this 
resonance problem is given in Secs. 7T0 to 7T6. 

Even though a round waveguide may be too small for any propagation 
except in the lowest mode, there still remains the possibility of the exist¬ 
ence of either of two perpendicular polarizations. It is this ambiguity 
about polarization which makes round waveguide unsuitable for most 
transmission-line applications; however, use is made of this property in 
the rotary joint using circular polarization, Sec. 7T7. In this application, 
care must be taken to excite a circular polarization, rather than elliptical; 
such care presents a design problem closely analogous to that of mode 
purity in the design of transitions to TMoi-mode. There arises, similarly, 
the problem of avoiding resonances in the round waveguide; this topic is 
discussed in Sec. 7T8. Similar problems, in connection with a rotary 
joint using a device which rotates the plane of polarization, are discussed 
in Sec. 7T9. 

2-17. Series Branches and Choke or Capacity Coupling. —Frequently 
the coupling of two sections of transmission lines is desired under eircum- 




Fig. 2-50.—Evolution of capacity or choko coupling for coaxial line. 


stances that make the attainment of good metallic contact rather difficult. 
This requirement is encountered in the design of many components for 
both coaxial lines and waveguides. The following examples, described in 
later chapters, are typical: waveguide couplings, Chap. 4; rotary joints 
and other types of motional joints, both in coaxial lines and in waveguides, 
Chap. 7; switches, short-circuiting plungers, and phase shifters, Chap. 8. 

Since this problem is of such common occurrence, it seems advisable to 
describe in some detail the most usual method of solving it. In doing so, 
many of the transmission-line and impedance-transformation equations 
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developed previously will be used; thus the discussion will give an illus¬ 
tration of the use of these equations, as well as results which are them¬ 
selves useful in many practical problems. 

The problem proposed is usually solved by what is frequently, though 
somewhat inaccurately, termed “capacity coupling” or “choke coupling.” 




of the encircled portion of {u) i.-> shown in (<>). 

One simple form of this circuit is illustrated by Fig. 2-50, where it is 
obvious that the term “series-branching lines” is appropriate. Its 
evolution from true “capacity” couplings and improvement by the addi¬ 
tion of another section of line acting as a “choke” is indicated by the 
series of sketches of Fig. 2■50. 

The performance of such a circuit may be analyzed by means of the 
simple line theory which wo have developed in the preceding sections. 


E. G. & G. LIBRARY 
LAS VEGAS BRANCH 
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Referring to Fig. 2-51, it is evident that the branch lines communicating 
with the gaps in both inner and outer conductors will be excited by radio- 
frequency energy, since the main-line current is interrupted by them. 
Assuming the gaps in inner and outer conductors to be small compared 
with a wavelength, we may write (see Fig. 2-51) 

1 i = I o + I 2 + 1 i. (214) 

Dividing through by /«, which is common to all branches, we obtain the 
series-impedance relation 

Li = Zn + Zn -J- La. (215) 

The main line is assumed to be terminated in its characteristic impedance 
Z o. It is evident that if Z i2 and Z iA , the input impedances of the branch 
lines, can be made very small compared to Z 0 , the gaps will not present an 
appreciable mismatch to waves transmitted along the main line. This 
will be the case if the branch lines are each made a half wavelength long, 
since the input impedance for a half-wavelength line terminated in a short 
circuit is zero, neglecting losses. Furthermore, in such a line section, the 
current is high at the short circuit, zero at a point a quarter wavelength 
away, and high again (equal to h) at the half-wavelength point. If the 
break in the branch lines is made at the quarter-wavelength point, it will 
not be necessary to provide good contact since no current is flowing at 
that point. 

It is obvious that these conditions will prevail, for a given circuit, only 
at one particular wavelength; the question then arises as to its perform¬ 
ance at other wavelengths. This performance, of course, depends on such 
geometrical factors as the radii, a h b s , a 2 , b 2 of the branch lines. It is also 
natural to be somewhat apprehensive as to how the breakdown-power 
limitation of the branch lines compares with that of the main line. These 
questions will now be investigated. 

Impedance Relations .—The relations for the outer-branch line of Fig. 
2-51 will be derived first. Beginning at the short-circuited (right-hand) 
end, and working back to the gap in the main line, we have 

Zi i = jZ oi tan 0i, (216) 

where 0i = 2wh/\ and line losses are neglected. The length t is chosen 
equal to a quarter of the midband wavelength X 0 , so that 

( 217 ) 

At or near midband, tan 0i will be very large—infinite at midband, and 
about six for a wavelength 10 per cent either side of midband. If the 
junction impedance Z, (contact resistance, radiation resistance if an open 
junction, and other discontinuity effects) is kept less than, or comparable 
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to, the characteristic impedance Ztn, it may he neglected compared with 
Zi i. This suggests the desirability of making Za t as high as possible, 
which is desirable for other reasons as well. Neglecting Zj, then, the 
impedance terminating the next section of line is 

Z !2 = Zy i = jZoi tan 6 U (218) 

which transforms [by F,q. (40)] to 


iy Z12 + jZ 02 tan 
02 Z^TJZh tan 0 -. 

... Zot tan 0, + Zq, tan 6? 
^ v|li Zj Da — Zui tan 0i tan t) . 


( 210 ) 


Normalizing in terms of the main-line impedance Z„ and rearranging, we 
<>1 (tain 


Zii 



. , Z 05 cot 0| 

Z oi cot 0o 

__— 

1 — d." 2 cot 01 ('(it. 0O 
*01 


( 220 ) 


If we make li = h = Xo/4, we may write, as in Kq. (217), 

0, = = 9 = gj- (221) 


Ordinarily, ZWZm < ^ and near midhand cot 0 « I ; therefore we may 
neglect ^" J cot 0i cot 0 2 , compared to unity, in the denominator. Tn addi- 

/iii 

tion, near midband, cot 0 is well approximated by 

cot 0 = tan ^ _ ~ (t) -yY (222) 

where AX is defined by AX = X — Xn. Equation (220) may be approxi¬ 
mated by 



These approximations lead to a result which is slightly larger than that of 
Kq. (220), but the error is less than 5 per cent for 0.80 < X/X„ < 1.33 
provided Z ni jZ n £. It rises to 15 per cent over the same wavelength 
range if Z«t/Zt\ = 1. Since the losses have been neglected, the imped¬ 
ance Z ,5 is naturally purely reactive. The normalized reactance, referred 
to Z. n of the main line, is 
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In the case of the coaxial-line example of Fig. 2-51, a similar analysis of 
the line within the center conductor leads to 

“)(> + £} < 225 > 

The input impedance is then given by 

Z' = 1 + j(X' a + XU). (226) 

Since the branch lines present reactances of the same sign, their contribu¬ 
tions to the over-all mismatch of the circuit are, roughly speaking, addi¬ 
tive. They may be made approximately subtractive by spacing the gaps 
in outer and inner conductors a quarter of a midband wavelength apart. 
Such an arrangement, combined with a reversal of the orientation of the 
center-conductor branch which may be desirable mechanically, is shown 



Fig. 2-52.—Alternative arrangement of Fig. 2-51 providing broader bandwidth. 


in Fig. 2-52. The outer-branch line and inner-branch lines are now each 
in series with the main line at different points. The VSWR which each 
separately would introduce into a matched line may then be calculated 
from Eq. (7c) of Table 2-2: 


Tj - 1 

Vr2 


Tj — 1 

\/7i 


l*«l 

|Ah 4 |. 


(227) 


For small values of r, the mismatch, which v r e shall define as (r — 1), 
is approximately equal to |X|. Thus, the mismatch introduced by the 
outer-conductor branch line is given approximately, using Eqs. (224) and 
(227), by 


r 2 - 1 


‘ 228 > 
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Neglecting -\/r in Eq. (227) leads to an estimate of the mismatch which is 
too low, but the error is less than 10 per cent for r < 1.2. This error is 
opposite in sign to the errors made in the approximations leading to Eq. 
(224), so that Eq. (228) is actually a rather good approximation (that is, 
in error by less than 10 per cent) for r 2 ^ 1.2, |AX/X| iS .25 and 

hi < ! 

Zoi = 

It will be noted that the mismatch is proportional to: (a) Z 02 /Z 0 , (6) 
(|AX[/X), and (c) (1 + Z 02 /Zoi)- Therefore, to maintain the lowest possi¬ 
ble mismatch over a band of wavelengths about X 0 , it is desirable, in view 
of (a), to make Z 02 as small as possible compared with Z 0 . In view of (c) 
it is desirable to make Z 0 i as large as possible compared with Z 02 ; the 
desirability of making Z 0 i large, for another reason, was pointed out in the 
discussion leading to Eq. (218). 



Fig. 2-53. —Variations in outer conductor of branch lines. In each case, the actual 
circuit is a figure of revolution generated by rotation about a horizontal axis to be imagined 
to exist below the figure. 

A number of alternative physical arrangements of branch lines for 
the outer conductor of coaxial lines is shown in Fig. 2-53. The center- 
conductor branch line is pretty closely restricted, because of physical 
considerations, to the two forms c and d of Fig. 2-50. The arrangement 
of Fig. 2-53a is the one most frequently used in coaxial rotary joints since 
it is fairly economical of space, both radially and axially, and involves 
no dielectric. 

For those arrangements which include radial sections of transmission 
line, the simple equations given are not accurate. Radial lines require a 
special treatment which will not be given here. Curves giving the radial 
dimensions of effective quarter-wavelength lines are given in Figs. 4-4G 
and 4-47 and may be used in design work. In estimating wavelength 
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sensitivity the results given here for coaxial branch lines should give a 
fairly good approximation. The characteristic impedance of a radial 
line is fairly well approximated by considering the radial line to be roughly 
equivalent to a coaxial line whose cylindrical conductors are separated by 
the same distance as are the plates of the radial line, and whose mean 
radius is equal to the mean radius of the section of radial line. Thus 
close spacing between conductors leads to a low characteristic impedance, 
wide spacing to a high characteristic impedance. 

As an example of the use of Eq. (228), the frequency sensitivity of the 
preferred type of coaxial rotary joint for standard |-in. coaxial line (see 
Fig. 7-4) may be calculated. The outer branch line has the form of Fig. 
2-53o, the inner that of Fig. 2-51a. The constants are given in Table 2 3. 


Table 2-3.—Characteristics or J-in. Coaxiai,-unk Hotary Joint, Fig. 74 
All impedances in ohms 


Line 

Z„ 

1 

£01, ^03 

Z 02, Z 04 

Z 02^ Zdi 

Zq Z 0 

Zt)i Zf) 4 

Ztn Z 03 

Outer 

46.6 

13.4 

4.2 

0.090 

0.31 

Inner 

46.6 

28 

13.4 

0.29 

0.48 


The values of mismatch which would be caused by each branch separately 
are 

r* - 1 * (0.090) (l (1.31) » 0.19 (229) 

r« — 1 » (0.29) (l (1.48) « 0.97 (230) 

In the actual design the gaps were, for economy of space, at the same point 
in the line, (see Fig. 2-51). Hence the actual mismatch was approximately 
the sum of these, namely, 

r. - 1 - (0.97 + 0.19) « 1.16 (231) 

If they were separated by a quarter wavelength, (see Fig. 2-52), the mis¬ 
match would be approximately their difference, 

r d - 1 » (0.97 - 0.19) ^ « 0.78 (232) 

X A 

These results are plotted graphically, over a range of wavelengths, in Fig. 

2-54. 

Breakdown .—One would expect to find that the small clearances and 
small diameters occurring in these branch lines lead to a serious decrease 
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in the power-handling capacity of the coaxial line. On examination it is 
discovered that the small diameters of the inner conductor branch do lead 
to such a reduction, but it is found that the smallness of the clearances 
does not lead to high electric fields, since the total voltage across the gap 
goes down quickly enough, as the gap is decreased, to avoid trouble. 

Referring to the center-con¬ 
ductor branch of Fig. 2-51, we may 
demonstrate this point. The 
highest voltage in this branch 
occurs across the line where the 
center conductor changes diam¬ 
eter. The branch is excited by 
the current of amplitude 7o where 
it joins the main line, at the left 
end of Line 4. Let us first con¬ 
sider the situation at midband, 
where Line 4 is exactly a quarter 
wavelength long. The voltage at 
the right end of Line 4 has the 
amplitude 



ll) 


Fig. 2-54.—Performance of coaxial-line rotary- 
joint of Table 2*3. 


V 4 = I0Z04 — / 06 O In • 

a 4 


(233) 


The amplitude of the maximum electric field E t , at the center conductor, 
is related to the voltage amplitude by 


r. - /; 


— dr = E t a 4 In -*• 
r <z 4 


Equating Eqs. (233) and (234), we obtain 

60/n 
CI 4 


E 4 = 


(234) 


(235) 


In the main line, the maximum field, at the center conductor of radius a, 
is found by the same method to be 

60 /0 

a 


E a = 


(236) 


Therefore, the maximum field in Line 4 is larger than that of the main 
line by the factor 


Et _ a 

E a Ol 


(237) 


That is, the field in the branch line is larger than that of the main line by 
exactly the same factor as that relating the inner conductors of the respec- 
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tive coaxial line. To avoid breakdown in Line 4, the fields in the main 
line must be lowered from their break down value by this factor. Since 
the power being transmitted varies as the square of the fields, the power 
reduction factor caused by the smaller diameter in the branch line is 


Power with branch 
Power without 



(238) 


Of course, the same voltage V t appears also across the left end of Line 
3, but it is very unlikely that the electric field at the conductor of radius 
a 3 would exceed that at a 4 . For a given outer-conductor diameter 
(b 3 = bi) a line whose diameter ratio is 2.72 (Z 0 = 60 ohms) gives mini¬ 
mum electric field for a given applied voltage. In practice both lines 
have diameter ratios considerably smaller than this, and that of Line 3 
is nearer to the optimum value. 

Equations (237) and (238) are exact mathematically, but we have 
neglected the effect, of the discontinuity in conductor diameter in passing 
from Line 3 to Line 4. In order to avoid increased fields in this region, the 
ends of the center conductors should be rounded with radii of curvature no 
less than their respective cylindrical radii. 

Applying the same equations to the outer branch Lines 1 and 2, one 
finds that the minimum field occurs at the right end of Line 2 and is given 
by 


E 2 a 
E o 0 2 


(239) 


Since this gives U 2 less than E 0 , no difficulty from breakdown in the outer 
branch is to be expected. It is, of course, advisable to avoid sharp edges 
where Lines 1 and 2 join. 

The preceding discussion is accurate only for midband conditions. 
However, changing the wavelength by a considerable amount does not 
alter the conclusions appreciably, since the feeding current and maximum 
voltage are at the crests of distributions varying sinusoidally along the 
line. 

The - 5 -in. coaxial-line rotary joint of Table 2-3 has a = 0.187 in. and 
04 = 0.125 in.; therefore the power-reduction factor is, for this capacity 
coupling, 0.44. 

Contact and Radiation Losses .—In Eq. (218) the junction impedance 
Zj was neglected entirely compared with the input impedance of Line 1. 
If we assume that the junction presents a small resistive impedance R, 
because of contact or radiation effects, we have, instead of Eq. (218), 

Z12 — R - h jZ oi tan 0 i. (240) 


When the succeeding steps are carried through and small quantities 
neglected, as before, in the final result, it is found that the reactance is that, 
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given by Eq. (224), but that there now appears a resistive component of 
input impedance given by 



It has been assumed, in making the simplifying approximations in the 
final result, that R 2 may be neglected as compared with Z 2 n tan 2 6i. 
Thus the result is valid only if this is the case. 

The main-line current I 0 flows in this input resistance; hence the 
power dissipated with a resistance R present in the branch line is 

Had the resistance R appeared directly in series with the outer conductor, 
rather than in a branch line, the power dissipated in it would be 

P = illR. (243) 

Therefore, the power dissipated in the resistance R is decreased, by the 
branch-line arrangement, by the factor 


Pj _ (ZoX (r axV 
P \Z<yJ \2 X / ' 


(244) 


For practical capacity-coupling (or choke-coupling) circuits this factor 
represents a tremendous benefit. Taking the coaxial circuit whose 
characteristics are given in Table 2-3 and a value of AX/X of 0.25, the 
loss-reduction factor is 0.015 for the outer conductor and 0.036 for the 
inner. 

Incidentally, it should be pointed out that the ratio Zm/Z n comes in 
squared in the loss-reduction calculation, again indicating in no uncertain 
terms the advantage of making Z oi large compared to Zm. 

Extension to Waveguides .—The principles and equations developed 
for coaxial lines may be carried over, with suitable modifications, to wave¬ 
guide capacity or choke couplings. The problem of providing such 
couplings for round waveguide operating in the Tilfoi-mode is an exceed¬ 
ingly simple one. Since this mode is a symmetrical one, the current flow 
in the waveguide wall is of uniform density, just as in a coaxial line; the 
branch line is excited in exactly the same manner as if it were connected to 
the outer conductor of a coaxial line. Any of the forms of outer-con¬ 
ductor branch line used for coaxial line may be used for the 7'Moi-mode 
in round waveguide. This mode is widely used in waveguide rotary 
joints, and such couplings are quite common. All the equations previ¬ 
ously developed carry over exactly, provided the main-line characteristic 
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impedance Z 0 is correctly chosen to suit the waveguide mode. This 
impedance is that associated with radial voltage and total current; 
namely, 

Z„ 48yj] - (£). (245) 

That this is the proper impedance to use may be seen by referring to Fig. 
2 55 and noting the fact that 

Vi = Vo + V a, (246) 

where V 0 and F, are the integrated 
values of the radial field E r taken 
from the center, where E r = 0, to 
the inner surface of the wave¬ 
guide, and Va is the voltage 
across the coaxial branch line 
excited by the current /o. Divid¬ 
ing Eq. (246) by the common 
current h, one obtains the imped¬ 
ance relation 

Zi = Za Zi 2 , (247) 

where it is clear that the charac¬ 
teristic impedance used in the 
waveguide is that defined by 

Fig. 2-55. —Branch-line coupling for round y o 

waveguide carrying Thttcu-mode. Z o = — (248) 

1 o 

As an example of the application of these and previously derived 
formulas, Fig. 2-56 gives the performance curve calculated for the typical 
3-cm band Fil/oi-coupling whose characteristics are listed in Table 2-4. 

Table 2-4.—Characteristics op a TM ^-capacity Coupling* Designed for 

Xo = 3.33 cm 

CL \ f . Z ol 

0.576-in. 3.83 cm 8.1 ohms 

* See Fig. 2-56. 

A comparison of Fig. 2-56 with Fig. 2 54 shows that the waveguide 
coupling is somewhat more frequency-sensitive than the outer-conductor 
branch coupling, but not as frequency-sensitive as the inner. The wave¬ 
guide coupling is restricted by the cutoff wavelength of the TMoi-mode 
on the long-wave side of midband, and trouble occurs because of the 


Zo2 

3.1 ohms 


Zoi 
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possibility of propagation of the next higher mode on the shorter-wave- 
length side of midband. The region of wavelengths shown in Fig. 2 56 
is about all that is practical in view of these limitations. 

Round waveguides operating in the lowest or TE ir -mode may be 
coupled in the same manner, but the branch lines are then asymmetrically 



0.94 0.96 0.98 1.00 1.02 1.04 1.06 1.08 1.1 


(D 

3.13 3.23 3.33 3.43 3.53 3.63 

X cm 

Fxo. 2-56.—Performance of PA/oi-coupling (see Fig. 2-55 and Table 2-4). 

excited by the waveguide currents. Branch lines with coaxial geometry 
will be excited in the second coaxial mode, so the phase constant asso¬ 
ciated with them is no longer simply that of transverse electromagnetic 
wave but rather that of a mode with cutoff characteristics (see Fig. 2'22). 



Similarly, radial sections will be excited in the second radial mode, foi 
which design curves are given in Fig. 4-46. 

Although these complications make more difficult the quantitative 
analysis of the behavior of the capacity-coupling circuit, the principles to 
be observed for low mismatch over a broad band of wavelengths are still 
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the same. That is, the Line Section 2, next to the main line, should have 
a low characteristic impedance or closely spaced conducting surfaces, but 
Section 1 should have a higher characteristic impedance or more widely 
separated conducting surfaces. 

Rectangular waveguides transmitting the lowest or 7’£ 10 -mode have a 
held structure and current distribution rather like that of the lowest mode 
in round waveguide, just discussed. The various forms of capacity 
coupling shown for coaxial lines should, with suitable modifications, be 
applicable to rectangular waveguides in somewhat the same way in which 
they were applied to round waveguide. The form most frequently used 
is that of Fig. 2-57, the design of which is discussed in considerable detail 
in Sec. 4-9. Alternative types of capacity-coupling circuits devised 
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Fig. 2-58.—Simple branch circuit approximately equivalent to Fig. 2-57. 

especially for use with rectangular waveguides are discussed there, also. 
The simple branch circuit of Fig. 2-58 is approximately equivalent to the 
common coupling of Fig. 2-57. The two grooves of height d i of the former 
have been widened, bent into semicircular form, and joined to form the 
circular groove of the latter. The simple coupling would not be expected 
to be an effective capacity-coupling circuit, however, since the currents 
flowing in the side walls of the waveguide branch line of height d 2 are 
large and must flow through contacting surfaces. Neglecting this fact, 
the mismatch introduced by such a circuit may be calculated by modify¬ 
ing slightly the coaxial-line equations. It is merely necessary to change 
X to X„ and AX to AX„ in Eq. (228) to obtain the mismatch due to one of 
the two series branches. Since there are two equal branches, the total 
mismatch is twice this value. The characteristic impedances are, since 
gll branch lines have the same width as the main waveguide, simply pro¬ 
portional to the respective waveguide heights b, d\, and d 2 , [see Eq. 
(158)]. Equation (228) then becomes, for the complete coupling, 
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Although there is a considerable difference between this coupling and 
the common coupling of Fig. 2-57, enough similarity exists for this result 
to give a fair prediction of the performance of the capacitive coupling. A 
comparison is made in Fig. 2-59 
between values of VSWR meas¬ 
ured for two different choke 
couplings and the performance 
predicted by Eq. (249). It will 
be noted that, although the agree¬ 
ment is not bad, the mismatch of 
the actual circuit is consistently 
lower than that predicted by the 
formula, especially at longer wave¬ 
lengths. It may be reasoned that 
this is due to the fact that the 
branch lines areueffectively wider 
than the main line; hence, they 
have lower characteristic impedance and slower variation of X„ than 
assumed in the formula. This would be especially noticeable at longer 
wavelengths, since the main line would approach cutoff long before the 
branch lines. 

Since Eq. (249) gives fair agreement with measurements made on com¬ 
mon couplings, one is encouraged to expect other equations, based on the 
simple coupling of Fig. 2-58, to do likewise. One would not expect to 
have breakdown trouble. The voltage amplitude in the main line of Fig. 
2-58 is 

To = h,Z 0 , (250) 

where / 0 is the longitudinal current in the main line and Z 0 is the appropri¬ 
ately defined characteristic impedance [Z v ,t « waveguide height b, Eq. 
(158)]. The maximum voltage in Line 2 is, at midband, 



Fig. 2-59.—Performance of waveguide 
choke couplings of Fig. 2-57. For the two 
upper curves, di = 0.150" and di = 0.104". 
For the lower curves, d\ — 0.250", di = 
0.050". Solid lines are experimental, dashed 
lines calculated by Eq, (249). 


I 2 — /0^02, 


(251) 


where Z n2 is similarly defined and is proportional to c/ 2 . Dividing Eq. 
(251) by Eq. (250), one obtains 

Yl __ hi = ( ll 

1 u Z„ b 

Rearranging, one obtains 

V, __ Fo 
d, b ’ 


(252) 

(253) 
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where the terms represent the maximum electric field amplitudes in the 
branch line and in the main line of the simple circuit. Since in the actual 
coupling the fields tend to fan out to fill the circular groove, it would bn 
expected that breakdown is even less likely in the choke coupling than in 
the main line. 

Similarly, Eq. (244) may be modified to give the loss-reduction factor 
for the simple circuit; namely, 



For the worst wavelength, 0 cm, on the curves of Fig. 2-50, this factor is 
0.18 for the older design, upper curves, and 0.015 for the improved version 
lower curves. Although the application of Eq. (254) to the actually used 
couplings is certainly not expected to give an accurate figure, it should 
serve as a rough estimate. 





CHAPTER 3 


MATERIALS AND CONSTRUCTION TECHNIQUES 

By Richard M. Walkkk 

The materials usually used in the design of microwave transmission 
circuits are good metallic conductors and low-loss dielectrics with dielec¬ 
tric constants between 2 and 4. Metallic conductors arid miscellaneous 
parts are usually made of brass or copper, sometimes plated with a highly 
conductive metal if low attenuation is desired, and often protected against 
corrosion and fungus growth by lacquers or other finishes. Dielectric 
materials arc used frequently for supporting center conductors in cables 
and coaxial lines, and for pressurizing waveguides and coaxial lines. 

In this chapter, materials^are considered from the standpoint of 
durability, strength, and electrical characteristics at microwave fre¬ 
quencies. Tables of materials and their characteristics presented here 
include only those materials that have been used successfully in micro- 
wave transmission systems and those that show promise for future 
applications. Construction techniques are discussed from the stand¬ 
point of tolerances, economy, and application to the construction of 
microwave transmission lines and components in the laboratory and in the 
factory. 

METALLIC MATERIALS 

3-1. Tubing for Coaxial Lines and Waveguides. -Brass is the most 
widely used metal for coaxial lines and waveguides because it is easily 
machined and soldered and has relatively low electrical loss. Rectangular 
and circular seamless brass tubing is available in many standard sizes 
that are quite, adequate for general use in microwave transmission lines. 
Stainless-steel tubing is used in applications where attenuation is not a 
serious consideration. For good conductivity the tubing is plated with 
copper or silver, or made with a copper or silver lining. 

For optimum performance at microwave frequencies, special care 
must be taken in the selection and fabrication of tubing. The conditions 
for optimum performance of a microwave transmission line are smooth 
wall surfaces, high conductivity in the metallic walls, and protection 
against, corrosive atmospheres and fungus growth. Rough wall surfaces 
are objectionable for several reasons. Sharp burrs or edges on the wall 
surface considerably decrease the maximum peak power that a line can 
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handle without voltage breakdown. A rough wall surface also increases 
the effective resistance of the transmission line, and the attenuation per 
unit length of line is therefore increased. This increase in resistance 
can be explained in terms of the skin effect in a conductor at high fre¬ 
quencies. The effective skin depth 5 is defined as the depth at which the 
current density is 1 jc times the current density at the surface; it is given 
in meters by the formula 1 



where Xo is the free-space wavelength in meters, <r is the conductivity in 
mhos per meter, g the permeability of the metal in henrys per meter, and c 
the velocity of light in meters per second. [See Eq. (2-78).] From Eq- 
(1) it is seen that, for a given wavelength, 5 is inversely proportiohal to the 
square root of the conductivity of the metal. For copper, the value of <5 
at 10-cm free-space wavelength is 1.2 X 10~ 4 cm or 4.7 X KF 5 in. 

The attenuation per unit length of line is 
increased if the wall surfaces are scratched or cor¬ 
rugated as shown in Fig. 3T. The increase in 
attenuation is believed to be caused by two effects: 
(1) the effective length of the conductor, which is 
a section of the wall surface of thickness 8, is 
increased; (2) the concentration of currents at the 
edges of each corrugation increases the effective 
resistance of the skin. The contribution of the 
increased effective length can be calculated for 
known configurations in the corrugated surface. 
The effective length for the triangular grooves of Fig. 31a is twice the 
actual length of the line, if the triangle is equilateral, for any depth of 
groove. Similarly, for square grooves or corrugations, as shown in Fig. 
'3-lb, the effective length of the line is also twice the actual length of line. 

An example of one form of the square type of corrugation is the flexible 
waveguide known as “Titeflex” (see Secs. 5T4 and 5T5). Measurements 
made at Radiation Laboratory on six samples of Titeflex flexible wave¬ 
guide showed that the attenuation is 3.2 to 3.6 times the calculated value 
for smooth wall surfaces. The samples of 1.5- by 3-in. Titeflex were 2 ft 
long and the corrugations were 0.060 in. square. Four samples were 
silver-plated 70-30 brass and the other two were unplated 70-30 brass. 
Measurements at 10.4 cm showed an average loss of 0.060 db/m in the 
silver-plated samples and of 0.127 db/m in the unplated samples. Com¬ 
parison of these values with the calculated loss of 0.019 dl>/m for silver 
waveguides and of 0.040 db/m for 70-30 brass waveguides with smooth 
1 J. C. Slater, Microwave Transmission, McGraw-Hill, Xew York, 1942, p. 114. 
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walls, shows that the actual loss is respectively 3.0 and 3.2 times the 
calculated losses. The results indicate that there are losses other than 
those caused by the increased length of line. These losses may result from 
the concentration of currents at the edges of the corrugations. 

There is evidence that, the added loss caused by surface imperfections 
such as oxide films and die marks is also a function of the wavelength. 
This result is to he expected since such surface imperfections become com¬ 
parable in dimensions to the skin thickness ns the wavelength decreases. 
Loss measurements on commercially drawn tubing at 3 cm agree with 
theoretical calculations within an estimated experimental error of +5 per 
cent. Similar measurements at 1.25 cm gave results that were 10 to 20 
per cent higher than the theoretical loss values, 1 and at 0.54 cm the loss 
was about 50 per cent higher than the theoretical values. 2 The above 
measurements were made in waveguide of dimensions 0.400- by 0.900-in. 
TD, 0.170- by 0.420-in. ID, and 0.086- by 0.180-in. TD, respectively. 
Tt seems probable that the increased attenuation is caused by surface 
irregularities of some nature. These irregularities must be numerous and 
submicroscopic in size. Further investigation of these effects is par¬ 
ticularly desirable. It. is extremely likely, however, that the over-all 
attenuation of a transmission system may be seriously increased by rough 
wall surfaces in applications where long lengths of line are used, especially 
at the lower wavelengths. 

In the manufacturing process, round seamless tubing is drawn from a 
flat sheet into a series of cylindrical cups by means of a conventional 
hydraulic press that presses the metal into successive dies. Each die 
reduces the diameter of the tubing and increases its length until the length 
of the deep-drawn tubing reaches the limit of the press. The operation is 
then continued on a draw table, on which the tubing is drawn horizontally 
through a die and over a sizing plug until the proper diameter is reached. 
Annealing is usually required after each drawing operation because the 
metal becomes work-hardened. Dies for drawing rectangular tubing are 
made by accurately ground and fitted rollers. Rectangular tubing is 
drawn from circular tubing. Silver-lined tubing is made in the same 
manner. The flat sheet, however, is made by silver-soldering a plate of 
silver to a block of the base metal desired. This block is then rolled into 
a flat sheet. The ratio of the thickness of silver to that of the base metal 
remains constant throughout the process. 

3-2. Dimensional Tolerances.—The dimensional tolerances of the 
tubing depend on the accuracy of the die and plug, and the finish depends 
on the finish of the die and plug. Best finishes are produced by use of a 

1 E. Maxwell, “Conductivity Loss Measurements at E-band,” RL Report Xo. 854, 
Jan. 15, 1946. 

2 K. R. Reringer, unpublished data. 
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die-and-plug combination of very hard steel that has been highly polished 
and plated with chromium. Tolerances in draw n tubing are limited by 
the wear permitted on the die and plug before they are replaced. The die 
is usually made to the minimum diameter within the specified tolerance 
and allowed to wear until it reaches the maximum allowable diameter. 
Commercial tolerances to be expected on the inside or outside of round and 
rectangular standard tubing are given in Table 3T. The table also 
shows the maximum standing-wave voltage ratio, at the given wavelength, 
that will result from joining two pieces of tubing with the maximum 
tolerance in opposite directions. The VSWR introduced by a junction 
between two waveguides of different inside dimensions is approximately 
equal to the ratio of the impedances of the two lines and is given by Eq. 
(2-160), which may be written 


X„a'h 

X'ah' 


( 2 ) 


Table 31.— Commercial Tot.erances in Round and Rectangular Tubing 

Coaxial lines 


Outer con¬ 
ductor diam¬ 
eter OD, in. 

Wall thick¬ 
ness, in. 

Inner con¬ 
ductor diam- 
] eter OI), in. 

Tolerance 
outer cond. 
ID, in. 

Tolerance 

1 inner cond. 
OD, in. 

Maximum 
VSWR at 
' joint.,* in. 

A 

0.025 

0.125 

±0.002 

±0.002 

1.065 

i 

0.032 

0.1875 

+ 0 002 

±0.002 

1 036 

5 

8 

0.035 

0.250 

±0,0025 

±0.002 

1.035 

1 

0.032 

0.375 

±0.0025 

±0.002 

1.025 

1 l 

1 4 

0 049 

0.500 

±0 003 

+ 0.002 

1.020 

1 5 

1 8 

0 049 

0.625 

_1 

±0.003 

±0.0025 

1.012 


Rectangular tubing 


Tube size, in. 

Wall 
thick¬ 
ness, in. 

OD or ID 
toler¬ 
ance, in. 

Wall 
toler¬ 
ance, in. 

Maximum 
l radius on 
inside cor¬ 
ners, in. 

I Maximum 

1 VSWK at! Xo, cm 

1 joint* 

3.0 X 1 5 OD 

0.080 

±0.005 

±0.005 

0.016 

1.012 10.4 

2.75 X 0.375 ID 

0 049 

+ 0.005 

±0.005 ' 

0.016 

1.032 10.4 

1.25 X 0 625 OD 

0 064 i 

±0.004 

±0.004 

0.030 

1.016 i 3.3 

1 0 X 0.5 OD 

0.050 

±0.002 j 

+ 0.0035 

0.030 

1.018 3.3 

0.5 X 0.25 OD 

0.040 

±0.002 

±0.003 

0.010 1 

1.040 j 1.25 


* The VSWR given in this column was calculated for the given wavelength assuming two tubes were 
joined giving the greatest possible mismatch within the above tolerances. Shunt capacity is negligible 
in all caaes. 


where a and b are respectively the wide and narrow inside cross-sectionaI 
dimensions of one waveguide, and a' and 1/ the corresponding dimensions 
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of the other waveguide; and X' are the guide wavelengths. The react¬ 
ance at a step of this order of magnitude is negligible in comparison with 
the resistive mismatch. From the formula, we see that the mismatch 
is at a maximum when a!/a and b/b' arc maximum—that is, when one 
waveguide is larger than the other in the a dimension but smaller in the b 
dimension. Steps in coaxial lines may cause mismatches that are more 
reactive than resistive, or vice versa, depending on whether the steps on 
the outer and center conductors are in the same direction or opposite 
directions, respectively. The values given are for steps in the opposite 
direction on the two conductors, in which case the mismatch is due 
mainly to the change in characteristic impedance. For complete analysis 
of the problem of discontinuities in coaxial lines, reference should be made 
to Sec. 4-(>. From Table 3-1 it is seen that the mismatch introduced by 
junction steps in tubing is not excessive. Care must be taken to remove 
burrs from junctions to prevent voltage breakdown. 

Brass waveguides and tubing of special sizes for coaxial lines are some¬ 
times needed in the laboratory and in product on. The manufacture of 
such tubing requires a new set of dies and sizing plugs for large-scale 
production. When only a few pieces of tubing are needed, the cost of 
retooling is often too expensive and requires too much time. In such 
cases the drawing process may be speeded up by using coin silver, which 
can be drawn more easily. The dies and plugs for drawing coin silver 
need not be hardened or chromium-plated. 

Tubing for coaxial lines of special sizes may be made in short lengths in 
the laboratory shop by turning on a lathe or by reaming out undersize 
tubing. Waveguides of special sizes may be made by casting two halves 
and milling the inside to the correct dimensions, or by cutting down over¬ 
size waveguide. In either case, the break should come in the center of the 
broad side of the waveguide to minimize current flow across the junction. 
The two halves may be adequately held together by clamps, or soldered. 
Care must be taken in soldering to avoid warping of the metal. 

3-3 Miscellaneous Metallic Parts.—Special applications require the 
use of metals other than brass because of their thermal expansion coeffi¬ 
cients, elasticity, sliding friction, and other properties. An iron-nickel- 
cobalt alloy containing 54, 28, and 18 per cent of the metals respectively 
is widely used in making seals to glass for pressurizing lines because its 
expansion coefficient is the same as that of Corning Glass Xos. 704, 705, 
7052, and 700 (see Sec. 4-19). This alloy is designated by the trade names 
Kovar and Fernico. Phosphor bronze, beryllium copper, and chromium 
copper are used in making sliding contacts, such as bullets in coaxial 
lines (.see See. 4-2), and movable plungers for coaxial lines (see Sec. 8-3). 
These alloys are desirable for sliding-contact applications because they 
have good elasticity and good electrical conductivity. Anaconda Beryl- 
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Table 3-2.—Conductivity and Attenuation of Metals and Alloy-s 
Values given for 20°C 


Metal 

Conductivity, 
mhos/meter 

Relative 

attenuation 

1 Waveguide 
attenuation, 
db/meter* 

Copper, pure. 

Aluminums 

5.8005 X 10 ! 

1.00 

0.117 

Pure. 

3.475 

1.29 

0.151 

Si 0.29%, Fe 0.14 % . 

3.475 

1.29 

0.151 

Die-casting alloys. 

Brasses, annealed 

1.05-2.64 

2.35-1.48 

0.275-0.174 

Cu 90%. 

2.52 

1.52 

0.178 

Cu 80%. 

1.882 

1.75 

0.206 

Cu 70%. 

1.51 

1.95 

0,229 

Cu 60%. 

Brass, hard-drawn 

1.65 

1.88 

0.220 

Cu 70%. 

1.22 

2.18 

0.255 

Bronze, phosphor. 

Coppers 

0.817-2.52 

2.66-1.52 

0.312-0.178 

Be 2.15%, Pb 0.35%. 

0.983 

2.43 

0.285 

Same, heat-treated. 

1.05-1.45 

2.34-2.00 

0.275-0.234 

Cr 0.85%, Si 0.10%. 

2.32 

1 58 

0.185 

Same, heat-treated. 

4.64 

1.12 

0.131 

Chromium. 

2.23 

1.61 

0.189 

Constantan. 

0.204 

5.33 

0.624 

Gas carbon. 

0 002 

54.00 

6.320 

Graphite. 

0.0125 

21.60 

2.530 

Gold. 

4.10 

1 19 

0.139 

Lead. 

Magnesium 

0.454 

3.58 

0.418 

Pure. 

2.175 

1.64 

0 192 

Dow M. 

1.525-2.00 

1 95-1 70 

0 229-0.200 

Other allovs. 

0.558-1.00 

3.20-2.40 

0.380-0.280 

Mercury. 

0.1044 

7.45 

0.874 

Nichrome. 

0.0999 

7.63 

0.894 

Palladium. 

0.907 

2.53 

0.296 

Platinum. 

0.999 

2.41 

0.283 

Rhodium. ! 

1.960 

1.72 

0.202 

Silver, pure. 

6.275 

0.96 

0.113 

Silver, coin (10% Cu). 

4.960 

1.08 

0.127 

Steel, cold-rolled. 

| 

10.20 

1.193| 

Steel, cold-rolled.1 


16.00 

1.9t 

Steel, stainless. ■ 


7.00 

0.8J 

Steel, stainless. i 


10 35 

1.212 § 

0.346 

Tin/. ' 

0.654 

2.95 

Tungsten, drawn.1 

1.780 

1 .80 

0.221 

Zinc. 

1 .725 

1.84 

0.215 


* For 0.490" X 0.900" ID rectangular tubing at 3.20-rm wavelength, 
t W. A. Edson BTL, Memo 3510-W.A.E.—3/12/45. 
t Very rough estimate based on an old experiment at 10-erri wavelength. 
§ Measured at 3.20 cm wavelength at Radiation Laboratory. 










































Sec. 3-4] 


CONSTRUCTION TECHNIQUES 


121 


lium Copper 175 has the best elasticity of the three but its conductivity is 
slightly lower than that of 70-30 brass. 1 Anaconda Phosphor Bronze 356 
and Chromium Copper 999 are somewhat higher in electrical conductivity 
than 70-30 brass. 

Table 3-2 gives values of the conductivity of various metals used in the 
design of microwave transmission lines and components and the relative 
attenuation in each metal. The conductivity values for pure metals were 
assembled from data in the Handbook of Chemistry and Physics,' 1 and the 
values for alloys were taken from data in Sweet’s File for Product 
Designers. 

The attenuation of rectangular waveguide 0.400- by 0.900-in. ID at a 
free-space waveguide of 3.2 cm is also given in Table 3-2 for the various 
metals. The attenuation was calculated from equations developed in 
Chapter 2 for most of the metals. The attenuation values for magnetic 
metals were determined experimentally by direct loss measurements. 

3-4. Construction Techniques.—Special construction techniques have 
been necessary in the manufacture of microwave transmission-circuit 
components that have peculiar geometrical shapes. These special 
techniques include electroforming and several forms of precision casting. 

Electroforming is a process for producing hollow metal parts of 
irregular shape by electroplating a low-melting-point metallic alloy on wax 
molds made to reproduce the interior of the part desired. The process 
serves in some cases as an interim between model-shop specimens and 
production parts, but it has also been used successfully on a large scale 
in the production of parts. The mold is usually made of Wood’s metal, 
Cerrobend, or electrotyping wax. The electroforming metal is usually 
copper or nickel, which is deposited to the thickness required for the 
desired mechanical strength. The mold is then melted out leaving the 
part with very accurate internal dimensions. Matching windows or 
other inserts may be molded into the alloy at the correct positions so that 
they will become attached to the plated part in the plating process. 
These inserts are very easily located with accuracy and are well bonded to 
the copper or nickel during the plating process. Electroformed parts of 
nickel which are very light yet mechanically strong can be produced. 
For good electrical conductivity the nickel is usually plated with silver 
after the mold is melted out. Electroforming may be done in any labora¬ 
tory that has equipment for electroplating. Although the process is not 
limited to the use of copper and nickel, it is not practical for some metallic 
platings because of the difficulties in applying thick deposits. The thicker 
the plate becomes during plating the more porous is the surface last 

1 Sweet’s File for Product Designers. F. W. Dodge Corporation, New York, 1943. 

2 Handbook of Chemistry and Physics , 26th ed., Chemical Rubber Publishing Co., 
Cleveland, 1942. 
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deposited because the metal deposits faster on the high spots. A combi¬ 
nation of platings may also be used in electroforming. 

The production of some transmission-line components of peculiar 
geometrical shapes difficult to fabricate or otherwise produce has been 
achieved by use of precision-casting methods. In comparison with con¬ 
ventional sand casting these methods have advantages of cleaner, 
sharper definition and much closer dimensional tolerances. Precision- 
casting methods can be grouped into three general classes: die eastings, 
centrifugal castings, and "lost wax” castings. 

Die-casting techniques are of course well known and widely used. 
The molten metal is forced under pressure into steel molds of extreme 
accuracy and high finish. This method produces the finest eastings and 
is the most economical for large-scale production. It is, however, limited 
to metals and alloys with relatively low melting points because the tem¬ 
perature of the molten metal must be considerably lower than that of the 
die metal. Copper, aluminum, and zinc alloys may he easily die-cast in 
steel molds. The accuracy is determined l»v the tolerance of the mold and 
the difference in contraction of the two metals during cool ng. Toler¬ 
ances of ±0.002 in, may be held consistently in small parts. Tools must 
be replaced when worn beyond tolerances. The tool cost, limits the prac¬ 
tical use of die-easting to the production of large quantities. 

Centrifugal easting is a process intermediate between sand-easting 
and die-easting. Tins method is used when dimensional and finish 
requirements are not too exacting. Accurate molds are made of plaster 
of paris, baked sand, or special clay, and mounted off center on a revolving 
table. The molten metal is poured into a cup or hole in thp center of the 
table and forced through channels into the molds by centrifugal action. 
The resulting castings are much superior to sand castings because air 
pockets are prevented by the centrifugal action. Phis is an idea! method 
where some machining of the easting is possible to insure the accuracy of 
e ritical < 1 imensions. 

The "lost wax’’ method of casting is an ancient technique modernized 
by the dental profession. Briefly, it consists of making a wax impression 
of the part to lie molded, burying the impression in special clay, and bak¬ 
ing the clay. During the baking, the wax is lost by evaporation through 
the pores of the clay. Thus there is produced a ceramic mold that will 
withstand extremely high temperatures. Such a mold is porous enough 
to permit the escape of air and gas, so that a casting made, from it will be 
free of blow holes and bubbles. The molten met a 1 is drawn into the mold 
by vacuum action on the porous ceramic mold. 'I'liis process is highly 
technical and the many trade secrets involved are closely guarded by the 
various manufacturers. The results are excellent but sometimes expen- 
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sive. This-method is capable of producing castings that could be made by- 
no other means. 

Powder metallurgy—a process of molding powdered alloys of copper, 
aluminum, and zinc—affords an alternate for casting. This process pro¬ 
vides unusual production economy, particularly in the case of complex 
parts, the production of which normally requires a series of forming, 
working, or machining operations. The powdered metal is screened and 
compressed, or briquetted, in a mold under pressures of 50,000 to 100,- 
000 lb/in 2 to form a sustaining compact mass that will withstand the 
necessary handling during transfer to the sintering furnace. Thin wall sec¬ 
tions should be avoided because they cause die failures at pressures of this 
magnitude. In the sintering furnace the metal is heated nearly to the 
melting point, a process that fuses the powder into a hard metal compara¬ 
ble in strength to a casting. Die costs and costs of setting up production 
are so high that the process is not economical except for large quantities 
of identical parts. The finished parts are often porous and cannot be 
used where pressurization is required. Dimensional tolerances to be 
expected on the briquette as sintered are ±0.004 in. on the diameter and 
+ 0.008 in. on the length. Re-pressing or coining will improve the 
tolerance on the diameter but will not improve the tolerance in the direc¬ 
tion of pressing. Powder metallurgy has also been used for making oilless 
bearings by mixing graphite with the powdered metal. 

Many microwave transmission components must be made in two or 
more parts which are then joined by soldering. It is advisable to locate 
such joints so that minimum current flows across the joint, in which case 
radiation and reflection in poorly soldered joints are minimized. 

Two methods of soldering are used in making joints in microwave 
components: silver soldering and soft soldering. Silver soldering—some¬ 
times referred to as hard soldering—may be defined as the joining of 
metals by means of a nonferrous filler alloy containing silver, which melts 
at a temperature near but below the melting point of either metal to be 
joined. Joints properly made have strength comparable to that of the 
parent metal. Any of the commercial silver solders such as Sil-fos or 
Easy-flo give strong durable joints on copper, brass, or bronze. Gas 
brazing with a torch, using oxygen and acetylene or other suitable fuel 
gas, is the most common heating method and gives excellent results, 
especially in the hands of a skilled operator. Control of the heating, 
to bring the joint surfaces of both parts simultaneously to the proper 
temperature, is effected by application of the flame away from the joint. 
Thus the flame is not allowed to impinge directly on the solder, and the 
solder is melted by the heat of the parts. Initial cleanliness is of para¬ 
mount importance. This may be ensured by the use of a suitable flux 
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which aids in protecting metal from oxidation by dissolving oxides that 
may form and by promoting free flow of the molten solder into the joint. 
After soldering, it is desirable to clean the parts thoroughly since the flux 
may cause corrosion. Common fluxes are water-soluble and are easily 
removed by hot water or steam. Clearances between parts to be soldered 
are important and vary according to the materials. P'or joining brass, 
a clearance of 0.002 to 0.003 in. gives good results. Silver solder usually 
has a composition of copper, zinc, and 40 to 50 per cent silver. The melt¬ 
ing-point range is 1150“ to 1600°F. 

Soft solder contains tin and lead in ratios that vary according to the 
manufacturer. A common composition for electrical work is 45 per cent 
tin and 55 per cent lead. The more lead above 38 per cent, the higher 
the melting point. Soft solders melt at 350° to (i00°F depending on the 
composition. Joining of this type is not suitable for assemblies requiring 
strength or for a situation in which vibration is likely to occur. Soft 
solder is often used to solder beryllium-copper fingers where high temper¬ 
atures would ruin the temper. Other applications are the joining of 
small, light parts that do not require strength and are not subject to 
vibration. 

Resistance and spot welding are very seldom used in the fabrication of 
microwave transmission lines and components. A method of soldering 
copper and copper-plated steel in a hydrogen atmosphere using various 
high-melting-point solders lias been much used recently for the construc¬ 
tion of microwave tubes. It might well be applied to the construction of 
other components as it is easy to use and gives excellent results. The 
process cannot be used for brass. Further details are given in Chap. .14 
of Vol. 31 of this series. 

FINISHES AND ELECTROPLATING 

Metallic transmission lines and components are often subjected to 
corrosive atmospheres, to humidity, and to fungus growth. In tropical 
regions these agents may increase the attenuation in lines and components 
to such an extent that frequent replacement of parts is necessary if 
adequate protection has not been provided. The increase in loss is caused 
by the pitting of wall surfaces, the formation of lossy metallic compounds, 
and the flaking of platings. Metallic surfaces may be protected by one or 
both of two processes: (1) nonmetallic finishes, and (2) electroplating. 
These processes will be discussed in Secs. 3-5 and 3-0, respectively. Sec¬ 
tion 3-7 is a discussion of testing procedures used for determining the 
corrosion resistance of conductors by the effect of corrosion on the elec¬ 
trical loss iii the wall surfaces. 

3-5. Nonmetallic Finishes.—Corrosion may be prevented with some 
success by two nonmetallic finishing processes: a chemical surface treat- 
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merit, and a special varnish treatment. Both processes have been used 
successfully in field applications for protecting microwave transmission 
lines and components. The Ebonol process, an example of chemical sur¬ 
face treatment, consists of dipping the cleaned metallic part into a solu¬ 
tion of Ebonol salts until a black oxide coating is formed. Ebonol “C,” 
“S,” “Z,” and “A” salts are used, respectively, for blackening copper 
and its alloys, iron and steel, zinc and its alloys, and aluminum and its 
alloys. The Ebonol salts are produced and distributed by the Enthone 
Company of New Haven, Conn. The Ebonol “C” coating has proved 
satisfactory for corrosion protection of brass. However, the loss in brass 
transmission lines is increased slightly if the coating is too thick. The 
thickness of the coating can be controlled by the length of time the metal 
is submerged and can be judged by the color of the surface. Blackening 
is accomplished in from 3 to 5 min for pure copper and in from 10 to 
25 min for copper alloys ranging from 70 to 80 per cent copper. When 
copper or brass lines or parts that have been soldered together are treated, 
the solder is not affected by the solution. Therefore, it is advisable to 
copper-plate the assembly after all soldering has been done and before 
using the blackening process. The Ebonol “A” process has also been 
used successfully for blackening and protecting aluminum. Bulletins 
are available from the Enthone Company which give details on cleaning 
surfaces and preparing the solutions. 

The most satisfactory varnish coating investigated to date is a phenol 
formaldehyde varnish, developed by E. I. du Pont de Nemours and Com¬ 
pany. This varnish is prepared by mixing two parts by volume of their 
VGT-1112 varnish with one part by volume of T-8802 thinner. It is 
applied to a chemically or electrically cleaned surface by spraying or dip¬ 
ping. The coated surface is then baked for 20 min at 340°F. A smooth 
hard finish is produced which is very adherent and which provides very 
good corrosion protection. The varnish when baked too long becomes 
brittle and changes to an opaque dark color instead of a transparent yel¬ 
low. When it is baked too long or at too high temperatures the adhesion 
is poor, and cracks appear which impair the corrosion protection. 

The varnish-coating process can be applied to any metallic surface or 
combination of metallic surfaces in one component. The Ebonol process 
requires a different solution for each metal. Where silver-plating is done 
to obtain optimum conductivity, the varnish coating may be applied over 
the plating. Both finishes give protection from the corrosive action of 
fungus growth. The protection against fungus growth is due not to a 
chemical which kills fungi but to the fact that fungi cannot live on the 
contents of either finish. 

3-6. Electroplating.—Plating of waveguide, coaxial line, and other 
microwave line components has been, until recently, the accepted proce- 
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dure for corrosion protection. It has been known, however, for many 
years that under outdoor weathering conditions most electroplated 
deposits show a very high percentage of failures. Porosity of the electro¬ 
plated deposits has been one of the chief contributing factors. Plated 
deposits such as zinc, cadmium, nickel, chromium, and more recently 
antimony, have been successful in some outdoor applications. To achieve 
satisfactory results with respect to corrosion, very stringent specifications 
must be set up for the plating process. Deposits of electroplated nickel 
0.001 to 0.003 in.’thick have high corrosion resistance when carefully pre¬ 
pared. Chromium is tarnish-resistant under ordinary conditions but will 
fail rapidly in the presence of chlorides. Because chromium plating is 
also highly porous, it is necessary to protect the base metal with 0.001 to 
0.002 in. of nickel. Gold is highly corrosion-resistant but the cost of 
deposits of suitable thickness prohibits its extensive use. In general, it is 
not easy to electroplate thick deposits of the platinum metals. Their cost 
is also a factor in limiting their use. 

Silver and copper are the most desirable plating materials from the 
microwave standpoint because of their high electrical conductivity. 
Since, however, these metals corrode or tarnish under outdoor weather 
conditions, they may profitably be protected with thin coats of low-loss 
varnish or the Ebonol finish. A thin “flash” plating of a noncorroding 
metal like palladium, described later in this section, offers good protection. 

Porous electroplated deposits are objectionable not only because the 
rough surfaces increase the attenuation but also because the porosity 
greatly decreases the protection against corrosion. The pores allow 
solutions to produce, at the junction of the dissimilar metals, electrolytic 
action that may result in' highly accelerated corrosion. In general, con¬ 
tacts between metals at the extremes of the electrochemical series are 
undesirable because of the large potential differences set up between them. 

Because of its high electrical conductivity, silver plating has often 
been used on microw’ave transmission components. Copper has about 
the same electrical conductivity as silver but it corrodes very rapidly. 
Considerable success has been achieved in obtaining nonporous silver- 
plated deposits. These results have been achieved, how’ever, under ideal 
laboratory conditions. The degree of control necessary to produce non¬ 
porous silver deposits is too exacting for general commercial practice. It 
should be kept in mind that in ordinary decorative silver plating 15 or 
more individual steps are necessary to produce a smooth, adherent sur¬ 
face. To minimize porosity and maximize electrical conductivity a num¬ 
ber of additional and very exacting controls must be imposed upon the 
usual plating process. Not only is it necessary to exercise a very precise 
and elaborate control over the actual plating process, but it is also essen¬ 
tial to select and prepare carefully the metallic surfaces that are to be 
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plated, Heterogeneity in chemical composition and roughness of the 
base-metal surface are the major factors that produce low-quality electro¬ 
plated deposits. The subject of nonporous plating is treated with some 
thoroughness in the literature on electroplating; therefore only the aspects 
of the problem of porosity that influence the electrical conductivity of the 
wall surface at microwave frequencies will be mentioned here. At such 
frequencies, a plated film of the usual thickness (0.0005 to 0.001 in.) 
carries practically all of the electric current. Therefore, the effective 
electrical conductivity of a conductor plated with a metal of high con¬ 
ductivity is a maximum when the surface is perfectly smooth and non¬ 
porous (see Sec. 31). Buffing of a silver deposit by an experienced 



Wavelength in free space Xo in cm 

Fig. 3-2.—Skin depth in metallic conductors at microwave frequencies. 

operator greatly reduces the porosity and smooths the surface, but, on the 
other hand, buffing compound may be incorporated into the silver deposit 
with a resulting reduction of electrical conductivity. Ball burnishing, 
when properly controlled, produce's a smooth silver surface of low porosity, 
and it has little tendency to contaminate the plate. Both burnishing and 
buffing tend to produce a dense deposit, but, at the same time, they pro¬ 
duce some strain as the result of cold-working of the surface. Excessive 
cold-working of a silver deposit tends to reduce the electrical conduc¬ 
tivity. The strain induced by cold-working may be released by heat- 
treating the plate at approximately 200°C to induce recrystallization of 
the silver. Heat-treating may also be utilized to release crystallization 
strain in freshly electroplated deposits, and thus to increase the electrical 
conductivity. 
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Theoretically, a highly conductive plating on a low-conductivity base 
metal increases the effective conductivity of the metallic, wall in accord¬ 
ance with the curves shown in Fig. 3-3. The attenuation approximates 
that of a metallic wall made of the highly conductive metal if the plating 
thickness is equal to, or greater than, a skin depth. 1 igure 3-2 is a curve 
showing the skin depths for seven common metals, plotted against the 
free-space wavelength. The attenuation in the walls of a waveguide or 



Plating thickness in skin depths d/6 x 

Fig. 3-3.—Attenuation in plated conductors. The relative attenuation a is the ratio of the 
attenuation of the combination to the attenuation of the base metal. 


coaxial line is proportional to the real part of the impedance looking into 
the wall. This impedance, for a good conductor plated with another 
conductor, may be determined from the characteristic impedances Z 2 and 
Z i of the metals, the reflection coefficient between layers, and the propa¬ 
gation function 71 in the metallic plating. These quantities are given 
[see Eq. (2T32)j by 


Z 2 

z l 


= J^=(l+j) (a)) 

\ <r 2 \ <y 2 ( 

= = (b) 

\ CTi \ <Tl / 


( 3 ) 
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Z. — Z\ \ / a\ — vC 

zT+ z 1 ~ v'y + vW 


0) 

joi +[^-‘ = (1 + 3) V»Wi = 

1 +3 

Si ’ 

(5) 


where 6 , is the skin depth in the plating; 71 , a 1 , and 72 , a are the propaga¬ 
tion functions and electrical conductivities of the plating and the base 
metal, respectively. The wavelength in the plating is 


= 


2w 

Im ( 71 ) 



( 6 ) 


hence the phase shift in the plating metal is d/\ 1 , where d is the plating 
thickness. 

The impedance looking into the surface of a plated metallic conductor 
may be calculated from the usual impedance transformation equation 1 


Z = 


si nil 71 d + ■^- I 

22_ 7j£2 

cosh 71 d + — 

7 1^2 


cosh 71 d 


sinh 7 id 


(7) 


Figure 3-3 shows curves of relative attenuation in a plated conductor, in 
terms of the attenuation in a solid conductor of the base metal, plotted 
against the plate thickness in skin depths. The curves were calculated 
from Eq. (7) and checked by the impedance-chart method. Figure 3-2 
was calculated from Eq. (1). Both figures are based on the assumption 
that the surfaces are smooth and nonmagnetic. The theoretical curves of 
Fig. 3-3 have not been checked experimentally because of the difficulty in 
measuring plating thickness and because of the porosity of plated films. 
However, experiments at Pratt Institute in Brooklyn and at Radiation 
Laboratory, in which silver was plated on brass, indicated that' a thickness 
much greater than the skin depth is required to obtain a silver-plated 
waveguide with a loss comparable to that of a pure silver waveguide . 2 
Since all platings are somewhat porous, it is advisable to use a plating 
thickness several times greater than a skin depth if the plating has to 
form the conducting film. 

The most effective highly conductive plating combination used so far 
in the manufacture of microwave lines and components is a combination 
of palladium and silver developed by the Sperry Gyroscope Company. 

1 Kamo and Whinnery, Fields and lfVye.s' in Modern Itudio, t\ iley, Xew \ork, 
1944, p. 2! 7. 

2 M. Walker, " X-lland Waveguide Corrosion Proofing.” KL Report No. 
tt-29, Oct. 6, 1944; T. (J. Dixon, 11 Protection of ILK. Transmission Lines,” Pratt 
Institute Report P.l.-X-l, July 31, 1945. 
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A flash plating of palladium is applied to the brass or copper base metal, 
which leaves a film for protection against corrosion of the base metal. 
The palladium flash is followed by a silver plating which appears to be less 
porous than a silver plating deposited directly on brass or copper since it 
gives a lower attenuation. This silver plating is made thick enough to 
form a good conductive skin (at least 0.0006 in. at 3.0 cm) and is followed 
by another flash coating of palladium for its protection. Since the con¬ 
ductivity of palladium is about one quarter that of silver this final 
flash coating must be much thinner than a skin depth if increased loss is to 
be avoided. From Fig. 3-3 we note that a flash thickness of one-fifth skin 
depth of palladium on silver increases the attenuation by only about 7 per 
cent, whereas the attenuation is doubled by a full skin depth. 

3-7. Corrosion Tests and Measurements. —Corrosion tests are usually 
made in a test chamber into which is sprayed a fine mist containing the 
corrosive elements and compounds. The solution to be sprayed may be 
made up in the approximate proportions to simulate actual outdoor 
weather conditions in a particular locality, or it may be concentrated with 
particular compounds to speed up the corrosive action. The action in 
either case is much faster than under outdoor weather conditions because 
all parts are exposed continuously to the spray. The outdoor weather- 
corrosion rate is variable depending upon location and exposure. 


Table 3-3.— Composition of Sai.t Spray, AX-QQ-S-91 


Metal chloride 

: 

| g per 1 of H«0 j 

Percentage 

NaCl. 

28 

2.8 

KC1. 

0.8 

0.08 

CaCh. 

4.0 

0.4 

MgCl 2 . 

4.0 

0.4 

Others. 


0.8 


Ordinary rain water contains oxygen, nitrogen, carbon dioxide, oxides 
of sulfur, oxides of nitrogen, ozone, hydrogen, sulfides, and ammonia. 
In industrial areas the concentration of carbonic and sulfurous acids may 
run very high. Over the sea and in adjacent regions the concentration of 
salt may be very high. As a result of the wide range of weather condi¬ 
tions encountered in outdoor use of microwave transmission lines and 
components, corrosion testing can provide only a comparison of the cor¬ 
rosion rates of various metals under similar conditions. 

The degree of corrosion of various metals may be determined by 
measuring the loss of samples of waveguides or coaxial lines before and 
after corrosion. The salt-sprav test for corrosion of electroplated de¬ 
posits is the generally accepted method. Although salt-spray testing has 
been used for many years, the method is subject to considerable criticism 
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because of lack of reproducibility of the tests. Therefore considerable 
caution must be exercised in comparing the results of tests made in dif¬ 
ferent chambers or at different times in the same salt-spray test chamber. 
The rate of corrosion in any given chamber will vary widely depending 
upon the location and position of the test piece in the chamber. If the 
temperature of the chamber and the concentration of the salt solution are 
not controlled, even wider variations in results may occur. For best 


Table 3-4.—Corrosion- Test Data on- Plated and Surface-coated Waveguide 


Waveguide base metal anti plating 
or surface mating, mils* 

1 1,08* 
after 
plat mg 
or 

coating, 

db/m 

| Loss 
| after 
! 200-hr 
salt 

spray, 

db/m 

Where measured 

70-30 brass Ou flash, 0.1 Ni, 0.15 Ag. . 

0.16 

0.21 

Radiation Laboratory 

('u Hash, 0.1 Ni, 0.3 Ag. . . i 

0.14 

0.33 

| Pratt Institute 

0.1 Ni. 0.3 Ag, Pd Hash. . . I 

0.32 

0.36 

i Radiation Laboratory 

0.1 Ni, 0.3 Ag.i 

0.17 

0.29 

| Pratt Institute 

0.1 Ni, 0.3 Au. 

0.19 

0.26 

j Pratt Institute 

0.5 Ag. 0.2 Au. 

0.25 

0.31 

Pratt Institute 

0.3 Ag, Pd flash.1 

0.15 

0.23 

Radiation Laboratory 

P<1 Hash, 0.6 Ag, 1M flash . 

0.14 

0.28 

Pratt Institute 

Pd Hash, 0.3 Ag, Ptl flash.. j 

0.13 

0.16 

Radiation Laboratory 

0.3 Ag.! 

0 19 

0.22 

Pratt Institute 

Heavy Ag plate 

0.12 

0.18 

Pratt Institute 

0.16 Au. 

0.29 

0.40 

Pratt Institute 

0.3 Cd. 

0.21 j 

0.30 

Radiation Laboratory 

Cu flash, 0.3 Ag, 0.1 (VI . . j 

0.20 

0.25 

Radiation Laboratory 

Kbonol coating. ' 

0.26 

0.26 

Radiation Laboratory 

Kbonol mating. 

0.29 

0.30 

Pratt Institute 

Phenol forinaldehvde 1.0. 

0.26 

0.26 

Radiation Laboratory 

Phenol formaldehyde 1.0. 

0.28 

0.30 

Pratt Institute 

Aluminum 2S Anodized. 

0.15 

0.41 

Radiation Laboratory 

Silver plated. 

0.23 

7.40 

Radiation Laboratory 

* Coalings or {.dating lislrd in the order of theii 

deposit. 




results all specimens should be run at the same time and transposed at 
regular intervals. 

Various combinations of metallic platings and nonmetallic coatings 
were included in a series of tests to find a method of protecting waveguide 
from corrosion and to determine the relative resistance of the surfaces to 
corrosion and fungus growth. These tests were made at Radiation 
Laboratory anti at Pratt Institute in Brooklyn. The samples were 
pieces of tubing, by 1 in. OD, with 0.050-in. wall, 1 m long. The rela- 
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tive resistance to corrosion was determined by measuring the attenuation 
of each sample at a frequency of t)O(K) Me/sec (Xo = 3.33 cm) Indore and 
after exposure to a 200-lir salt spray. The salt-spray test chambers were 
operated according to Army-Xavv Aeronautical Specification AX-QQ- 
S-91, which requires the composition of spray given in Table 3-3. Results 
of these tests are tabulated in Table 3-4. .Most of the samples tested 
were plated by commercial establishments according to their own control. 
These methods are trade secrets in most cases; therefore the results only 
indicate what may be expected in commercially plated waveguides. 

DIELECTRIC MATERIALS 

3-8. Uses and General Requirements. Many design requirements 
for microwave transmission lines and components make dielectric ma¬ 
terials desirable for the following uses: 

1. Mechanical support of center conductors for coaxial lines. 

2. Pressure sealing of coaxial and waveguide lines, resonant cavities, 
and other components. 

3. Impedance-matching, slugs in slug tuners, etc. 

4. Power absorption in line terminations. 

5. Sealing pores in other materials. 

Design procedures for coaxial bead supports, pressure windows, and slug 
tuners are discussed in Secs. 4 3, 4• IS, and 8-5, respectively. Line 
terminations are discussed in Yol. 23 of this series. 

The requirements for electrical and mechanical characteristics of 
dielectric materials for the uses just listed are varied. Bead supports, 
pressurizing units, and impedance-matching units require dielectric 
materials w ith low dielectric constants and low-power factors as well as 
good mechanical strength and heat resistance. Thermal expansion 
coefficients are very important in the design of pressure windows. Special 
mixtures of glass and polystyrene that have expansion coefficients approxi¬ 
mately equal to the expansion coefficient of brass were developed at 
M.I.T. The material called “polyglas” 1 can be molded into intricate' 
shapes and cemented into waveguide and coaxial lines to form a pressure 
seal over wide temperature ranges. Special types ot glass are sealed to 
Ivover or Fernico for resonant-aperture pressurizing windows as men¬ 
tioned in Sec. 3 3, (see also Sec. 4-19). 

Moisture absorption, oxidation, and fungi are the chief enemies that 
destroy the good electrical properties of dielectric materials. Absorbed 
moisture even in very small quantities appreciably increases dielectric 
loss at microwave frequencies. To combat this olteet in tropical regions, 

1 A. Yon Hippol. S. M. Kingsburg, and T,. <1. Wesson, “bow Expansion Plasties,” 
VDRC Report 14-.339. Xov. 194.3. A, t on Hippol, “Tables of Dielectric 

Materials,” YDKU Report 14-42,3, M 4.1'., .bint' 194.3. 
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small amounts of paraffin or certain silicones have been incorporated into 
some materials during manufacture. It was found that 0.2 per cent of 
paraffin is effective in minimizing moisture absorption in polystyrene, but 
larger amounts of paraffin produce scarcely any further improvement. 
Paraffin alone is only mildly effective in reducing the moisture absorption 
of polystyrene-glass mixtures, presumably because water is strongly 
adsorbed on the glass surface. In this case, the addition of 0.1 per cent of 
a silicone (Dow Corning Ignition Sealing Compound No. 4), which is 
preferentially adsorbed on glass, has proved an effective remedy. The 
best results are obtained when both paraffin and the silicone are added. 
Oxidation also increases the loss of dielectric materials at microwave 
frequencies. Oxidat ion occurs most readily during the molding or casting 
operation and can be minimized by careful control of the molding 
temperature. 

(Materials with a high-power factor and low dielectric constant are 
used for line terminations. Graphite or a specially prepared form of iron 
is often used for the lossy material. Graphite is mixed with Portland 
Cement or X-pandotite Cement made by the Dixon Crucible Company of 
Jersey City, N.J.; and specially prepared iron is suspended in very fine 
particles in a ceramic or bakelite filler to form a material, polyiron, much 
used as a core material in r-f transformers. One source of this material is 
Henry L. Crowley and Company, Inc., of West- Orange, X.J. The 
resulting mixture in either case is a poorly conducting medium, which can 
be cast into a section of transmission line to absorb the electromagnetic 
power. Since both materials are quite porous, they absorb enough mois¬ 
ture to change their characteristics considerably. Therefore, it is neces¬ 
sary to seal the pores with silicone liquids or similar materials to keep out 
moisture. 

3-9. Characteristics of Dielectric Materials.—Many low-loss plastics 
were developed during World War II, but relatively few have been used 
extensively in microwave transmission-circuit design because of failure 
to meet the requirements outlined previously in this chapter. Electrical 
and mechanical characteristics of the most widely used dielectric materials 
are given in Table 3-5. The specific dielectric constant fc„ and loss factor 
tan 5 are given for each material at three wavelengths in the microwave 
region. 

The complex dielectric constant of a medium is expressed as 

< = «' - it", 

in Eq. (2-90). Tn tire table, Ay = e'/ea and tan 5 = e"/e' where is the 
permittivity of free space. The value of e"/V is often called the loss 
tangent or power factor and the loss in the dielectric material can be cal¬ 
culated from it (Sec. 2-5). 


134 


MATERIALS AND CONSTRUCTION TECHNIQUES [Sec. 3-9 


Table 3-5.—Klectrical and Much 


All values given for room temperature, 


Material 
trade name 

Manufacturer 

ke at 

30 cm 

tan 6 at 

30 cm 

k e at 
10 
cm 

tan & at 

10 cm 

k e at 

3 cm 

tan i at 

3 cm 

Glasses 








No. 705 \ 


4.70 

4.80 X 10 3 

4.72 

5.20 X 10~ 3 

4 71 

6.10 X lO- 3 

No. 7052 1 

No. 707 } 

Corning Glass 
Works 

5 05 

3 97 

5.00 

1.20 

5.04 

4.00 

5.80 

1.90 

4 93 
3.99 

8. 10 

2.10 

No. 790 | 

3 87 

0 60 

3.84 

0.68 

3.82 

0.94 

No. 774 ) 


4.92 

8 80 

4 89 

8.90 

4.821 

8.90* 

Polyglas 








pt 

Mass. Inst, of 

3.36 

0.77 

3.35 

0.78 

3.32 

0.84 

Tech. 

Mass. Inst, of 

3.55 

3 40 

3.55 

4.00 

3.53 

4.60 

St 

Tech. 

Monsanto Chem. 

3.22 

0.76 

3.22 

1.20 

3.22 

1.30 

Dt 

Co. 







Mt 

Hood Rubber Co. 

4.80 

13.00 

4.86 

33.90 

5.22 

66.00 

Polystyrene 








XMS 10023 

Bakelit.e Corp. 

2.55 

0.45 

2.55 

0.50 

2.55* 

0.70* 

Styron C-176 

Dow Chemical 

2.56 

0.30 

2.55 

0.26 

2 54 

0 30 

Co. 







L&olin 

Catalin Corp. 

2.50 

0.10 

2.49 

0.22 

2.49* 

0.30* 

Lustron D-276 

Monsanto Chem. 

2.52 

0.40 

2.51 

0 41 

2.50 J 

0.60* 


Co. 






D-334 

Monsanto Chem. 

2.55 

0.27 

2.54 

0.24 

2.54* 

0 40* 


Co. 







Poly 2-5 Dichloro- 








stvrene 

D-1385 

Monsanto Chem. 

2.59 

0.23 

2'. 62 

0.23 

2.60 

0.23 

Styramic HT 
F-1891 

! Co. 

Monsanto Chem. 

2.56 

0.34 

2.55 

0 38 

2.55 

0.40 

Co. 







Polyethylene 








Acadia Svn. Prod. 

2.26 

0.40 

2 26 

0.40 

2 26* 

0 501 

M 702-R 

Bakelite Corp. 

2.23 , 

0. ID 

2.21 

0. 19 

2.15* 

0.20* 

KLW A-3305 

E. 1. du Pont Hp 

' 2.25 

0.22 

2.25 

0.22 

2.25* 

0.22* 


Nemours and 
Co., Inc. 1 







Silicone Liquids 








No. 200 


2 80 j 

4.00 

2.79 

10.00 



Corp. 



No. 500 

2.20 

0.80 

2.20 

1.45 

Corp. 



Ignition Scaling 
Compound No. 

4 

2.78 

6.60 

2.77 

10.00 

Corp. 



Ceramics 










99 * 

1 .001 





ide 

Nemours and 
Co., Inc. 








RTL 

6.25 

0.54 


0.55 



F-66 

\ 



Crolite No. 29 

H. L. Crowley Co. 

5 85 

1 .90 

6 25 ■ 

2.40 

6.25 

3 15 

Miscellaneous 








Poly F-l 114 

E. 1. du Pont de 

2. 10 

0.20 

2. 10 

0.20 

2. 10* 

(1.20* 

Nemours and 
Co., Inc. 








No. 1421 Resin 

General Electric 

2.56 

0.45 

2.53 

0.50 

2.52 

0.56 

Q-200.5 

Co. 

Dow Chemical 

2.55 

0.45 

2.52 

0.44 

2.50* 

0.50* 

Co. 

Dow Chemical 

2.38 

3.85 

2 38 

3.30 

2.38 

2.40 

Styraloy 22 

Co. 







Ruby Mica 

General Electric 

5.40 

0.25 

5.40 

0 30 

5.40* 

0 30* 

Mycalex 1304 

General Electric 

6 92 

3.00 

6.91 

3.60 

16.90* 

4.45* 


Co. 





i_ 



* Data from “Tables of Dielectric Materials,” Vols. I and II, NDHC Reports 14-237, Feb. 1944; 
t Treated to prevent moisture absorption. 
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anical Properties of Dielectrics* 

25°C; wavelengths refer to free space 








Moisture 


Heat dis- 



Thermal ex- 



absorp- 


tortion 
tempera¬ 
ture Tdis, 
°C 

ductivity at, 
Cal/cm* Sec 
per °C/cm 

pansion co¬ 
efficient at, 
parts/°C 

Molding 

methods 

Machina- 

bility 

centage 
weight 
at- 90 % 

Remarks and uses 







humidity 


703 

20-30 X 

10-* 

0.46 X 10' 5 


No 


Seals to Kovar Mo.W. 

710 

27 


0.47 


No 


Seals to Kovar Mo.W. 

746 

27 


0.31 


No 


Seals to tungsten 

14. r >0 

20-30 


0 08 


No 


Seals to tungsten 

819 

20-30 


0.33 


No 


Seals to tungsten 

86.7 


1.6C 

Compression 

Comp. 

Comp, and inj. 

Comp. 


0.07 

Pressure windows 


2.10 





1.74 


0.06 

Pressure windows 

150.0 


1.30 

Poor 

3.67 



77-83 

1.8-2.0 


0.5-7.6 

Comp., inj., extr. 
Comp., inj. 

Comp., inj., extr. 
Cast and comp. 

Good 

0.00. 


82 

1.8-2.0 






74-88 

l.8-2.0 


06-0.8 

Good 

0.40 > 

Beads for coaxial lines 

76 

1.90 


6.0-8.0 

Good 

0.06 


76 

1.90 


6 .0-8.0 

Cast, comp., inj. 

Good 

o.ou' 


113 




Good 

0.031 



5.93 

Extr., comp., inj. 

Beads for coaxial lines 

no 

Good 

0.03/ 



95-105 

15.00 


25 

Comp, and extr. 

Good 

0.03 

Flexible cables 

95-105 

10 30 


19 

Comp., inj.. extr. 

Good 

0.03 

Flexible cables 

95-105 

10.30 


19 

Comp., inj., extr. 

Good 

0.025 

Flexible cables 



96.8 



0.1 

Sealing and lubrication 



160 



nil 

Sealing and lubrication 



63 

Light grease 


nil 

Sealing and lubrication 




1350 



Die-press and 

firing 



Delay lines 






1225 




Comp, mold 

Die-) ness 


0.1 


1000 


0.77 








66 

4.82 


9 

Machining 

Good 

0.00 

Chem. resistant 







0.1 

Suhfit. for polystyrene 

Subst. for polystyrene 

Flexible seals 





Good 


62-65- 

4.00 


5.9 

Comp., extr., irij. 

Poor 

0.04 










13.70 


0.80 

Comp. 

Fair 

0.003 

Substitute for mica 







14-425. June 1945. 

J Estimated values. 
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The dielectric, constant, of a dielectric material and the loss in it are 
produced by contributions of three molecular mechanisms, 1 namely: (1) 
electronic and atomic polarization, (2) orientation of permanent dipoles, 
(3) ionic or electronic conduction. 

1. Polarization is the response of the charge carriers in a dielectric 
medium to an applied electric field. These carriers may be locally 
bound, as electron clouds are bound by the change of a nucleus, or 
as ions are bound in crystal structures. An exterior field in this 
case displaces the positive charge carriers slightly with respect to 
the negative ones, thus producing dipole moments by “electronic ” 
or “atomic” polarization. This “induced” polarization has its 
resonance frequencies in the optical range. At high electrical 
frequencies and up to optical frequencies approaching the resonant 
value, the displacement of charge follows closely the applied field 
so that the resulting current is out of phase with the field. This 
behavior produces no loss but leads to a frequency-independent 
contribution k' ei to the dielectric constant and to a corresponding 
contribution ni = V^Ti to the index of refraction. This contribu¬ 
tion to k e depends on temperature only because the number of 
molecules per cubic centimeter varies with temperature. This 
change in k' el due to temperature is approximately given by 

^ = (Ki - 1) (*: 1 + 2 )at, (8) 

''•el 

where a is the thermal expansion coefficient given in Table 3-5. 
For most dielectrics the temperature effect is small (about .05 per 
cent per °C). 

2. In addition t.o the induced dipoles, there exist in many molecules 
permanent dipoles produced by the difference in electron affinity of 
their atoms. Such dipoles tend to produce polarization by orienta¬ 
tion of the molecules in the applied field. Gas molecules are free to 
rotate with little restraint; therefore they follow the field more or 
less instantaneously. Resonance frequencies are found in the 
infrared, but for heavy molecules they extend into the microwave 
range. In liquids and solids, however, the freedom of rotation is 
normally impeded by the interaction of the neighboring molecules. 
The resonance phenomenon degenerates into an aperiodic orienta¬ 
tion under high friction, which is very temperature-sensitive. The 
orientation of permanent dipoles appears pronounced in the fre- 

1 A. Von Hippel, “Tallies of Dielectric Materials,’’ Vols. I and II, XDRO Reports 
14-237 and 425, M.I.T., Feb. 1944, and June 1945. A. Yon Hippel and R. G. Breek- 
enridge, “The Interaction Between Fleet romngnet.ie, Fields and Dielectric .Materials,” 
\ [IRC Report 14-122, M.I.T., Jan. 1943. 
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quency characteristics of many materials. Its principal feature is 
that, with increasing frequency, the dipoles begin to lag more and 
more behind the field; that is, their contribution to the dielectric 
constant decreases, and the loss tangent or power factor increases 
to a maximum and decreases again as the dipole effect dies out. If 
only one dipole type is present, orientating itself in a viscous medium 
without mutual interaction, the electrical behavior of the dielectric 
can be represented by a simple EC-circuit. After removal of the 
field, the polarization would die down exponentially with a “relaxa¬ 
tion time” r. The dielectric constant should decrease to about 
0.2 of its maximum value in one decade of frequency increase. 
With increasing temperatures the viscosity decreases, the relaxation 
time shortens, and the whole dispersion region moves to higher 
frequencies. Most dielectrics, especially plastics, contain dipoles 
of many types; and each dipole, because of the varying location of 
neighboring molecules, finds itself in slightly different surroundings. 
Therefore, a wide distribution of relaxation times exists, and the 
k e and tan o curves are flattened out. This condition is present in 
most of the dielectrics given in Table 3-5. Plasticizers inevitably 
lower the relaxation times in polymers and thereby shift the loss 
maximum to higher frequencies. 

3. The last contribution to k e and tan 5 is the ionic or electronic con¬ 
duction, which has a small effect in the materials listed in Table 3-5. 
This effect, caused by the migration of electrons or ions through the 
material, produces a frequency-independent conductivity and a 
contribution to the loss tangent inversely proportional to the fre¬ 
quency. If the electrons or ions, after migrating over some dis¬ 
tance, are stopped—as, for instance, at the boundary of a carbon 
particle embedded in rubber—a field distortion results. To the 
observer this gives the impression of a high dielectric constant. 
Dielectric constant and loss in this case are frequency-dependent 
and influenced fundamentally by the nature and distribution of the 
conducting particles. It is, therefore, important to keep dielectric 
materials free from such particles and also to prevent carbonizing of 
their surfaces by too much heat during the molding process. Fillers 
are often polar (wood flour) or poorly conducting (carbon black) 
and thus may increase tan 5. 

3-10. Construction of Dielectric Parts.—Dielectric material for the 
construction of parts is usually furnished by the manufacturer in a powder 
form. This powdered material is (hen polymerized and formed into 
various shapes by heating the material in a mold until polymerization of 
the liquid material in the mold is complete. The temperature, curing 
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time, and pressure requirements should be obtained from the producer of 
the raw material as they are critical for some materials. Construction 
techniques for dielectric parts are divided into five general classes: (1) 
compression molding, (2) transfer molding, (3) injection molding, (4) 
extrusion molding, (5) casting. 

Compression molding is the simplest of the forms of plastic molding 
which use heat and pressure. The powdered material is poured into a 
cavity into which a closely fitted piston descends, compressing the powder 
while it is hot into the cavity. The piston is then withdrawn, leaving the 
finished part, which is pushed out by an ejection pin, and the cycle is 
repeated. The temperature and pressure used must be correct for the 
material and must be properly controlled. Only one piece in each cavity 
is made in one cycle. 

Transfer molding is a double-step compression method. The correct 
amount of powder is heated and pressed into a block of semisolid form, 
then transferred while hot to an adjoining cavity where it is further 
pressed and cured into the finished part. This method is used when the 
finished part has an irregular cross-sectional area or when it requires 
inserts that must be accurately positioned. 

Injection molding is a continuous process accomplished with an auto¬ 
matic machine in which the molding powder is heated to a semifluid state 
and injected into the mold where the finished part is formed and removed 
automatically. Such a machine is expensive and requires skilled oper¬ 
ators, but it does fast and accurate work. 

Extrusion molding is used only for tubes, rods, and bars of continuous 
cross section. The powdered material is heated to a plastic state and 
slowly forced through a die of the required shape and size. The material 
hardens as it comes out of the die. Many plastic materials cannot be 
extruded. 

Casting is the simple process of placing the material to be formed into 
a mold or container of the desired shape and curing the material, with or 
without heat, until it hardens. No pressure is used in this process. 

Ceramic materials, such as porcelain, titanium dioxide, steatite, and 
Crolite are sometimes used in the construction of microwave transmission 
components. Titanium dioxide is used in delay lines because of its high 
dielectric constant and low loss. The other materials are used for crystal 
casings and, in mixtures with graphite and other lossy materials, for line 
terminations. Ceramic parts are made by the die-press method. The 
dry powder is mixed with water or any organic binder that dries out dur¬ 
ing heating. The mixture is put in a die of the desired shape and com¬ 
pressed, at room temperature, into a compact mass strong enough to be 
transferred to a furnace for baking. The baking temperatures range from 
1000° to 1600°C depending on the density required. Ceramic parts are 
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usually porous and require glazing to produce a surface. Glazing is a 
process of sealing the surface pores in the ceramic by applying suspensions 
of essentially low-melting glass and firing at suitable temperatures to 
melt the glaze and form an impervious coating. 

The surface condition of finished dielectric parts is determined mainly 
by the surface of the mold in which it was formed. The metal used for 
the mold is very important when materials such as polvglas requiring high 
temperatures and pressures are to be molded. The polyglas materials 
are particularly difficult to mold because of the abrasive quality of the 
molding powder. In this case, the mold is made of very hard steel, 
polished and plated with chromium to prevent the molding powder from 
scratching the mold during the pressing operation of the compression- and 
transfer-molding processes. It is also advantageous to lubricate the mold 
with one of the silicone liquids or paraffin when molding materials such as 
polyglas. The lubricant not only lubricates the mold, allowing the ma¬ 
terial to be completely pressed into corners, but it also tends to fill in the 
surface pores of the part being formed, thereby making it moisture-proof. 
Pores in ceramics may also be sealed with silicone liquids or paraffin. 

In designing dielectric parts of intricate shapes it is important in most 
cases to allow rounded corners and slight tapers in dimensions so that the 
finished parts may be removed from the molds without breakage. It is 
also advisable to limit the thickness of a molded part to a small value 
because most dielectric materials have very low heat conductivity and are 
therefore heated very slowly on the inside of a thick piece. 

PRESSURIZATION PROBLEMS 

Pressurization of microwave transmission systems consists ideally of 
sealing the entire system, or separate units of the system, against air 
leakage to ensure constant pressure inside and to keep out moisture and 
water vapor. A decrease in the air pressure inside a transmission line or 
component decreases the maximum power that the unit will handle with¬ 
out voltage breakdown. Therefore, pressurization is essential, even 
under ideal weather conditions, for high-power systems at high altitudes. 
Damp weather and high-humidity conditions cause an increase in the loss 
of the system and a corrosion of metallic parts, which also increases the 
loss in the metallic Avails. Moisture and high humidity encountered in 
tropical climates also promote the growth of fungi. 

In actual practice ideal pressurization is not easy to attain. Small 
leaks are usually present, and it is difficult to design large lightweight parts 
that will stand the pressure differential encountered by high-flying air¬ 
craft. Therefore alternative methods have been used to control the 
pressure inside the system and keep out moisture. Two such methods 
have been developed: 
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1. Sealing the antenna feed and couplings as well as possible and 
leaving the small leaks to breathe very slowly. This method is 
used without a pump or relief valve on some shipborne and ground 
installations. For airborne equipment in which this method is 
used, a relief valve must be provided which operates at the 
maximum allowable pressure in the system. In this case it is 
advisable that the modulator, the receiver, and the line constitute 
one pressurized container. For a given leakage rate, a decrease 
in the rate of change of pressure in the system will, of course, 
accompany this volume increase. This method permits a large 
amount of breathing under conditions of extreme pressure and the 
temperature changes encountered in airborne application, but it 
gives adequate protection in ground and shipborne applications. 
However, protection of individual units must be provided for ship¬ 
ment and storage. 

2. Sealing the antenna feed and couplings as well as possible and using 
an automatic pump to kepp the inside pressure constant in spite of 
small leaks. The air taken in by the pump is dried by a chamber 
filled with silica gel and crystals of cobaltous chloride, which are a 
dull blue when dry but turn pink when saturated with moisture. 
This change in color is an indication that the chamber must be 
replaced or refilled. Replacement chambers are usually furnished 
as spare parts. The moisture may be removed from the saturated 
chamber by heating after the chamber is removed from the system. 
This method is very effective in both ground and airborne applica¬ 
tions, but it is objectionable in airborne applications because 
the pump and associated equipment add weight to the system. 

Pressurization of each unit or group of units by one of these two 
methods is necessary to protect the disassembled system during shipment 
and storage as well as during operation. 

The most effective method for a specific application naturally depends 
on the amount of breathing permitted in the application and the minimum 
leakage attainable in the individual components of the system. The 
remainder of this chapter deals with the methods used in pressurizing the 
individual components and suggestions for improvements using new 
materials that .show promise. Components requiring special sealing 
methods are (i) lines and couplings, and (2) rotating shafts and joints. 

3*11. Sealing of Transmission Lines and Couplings.—Transmission- 
line output terminals of units are often sealed for protection during 
shipment. For this purpose, seals known as “pressurizing windows” 
have been used. Waveguide pressurizing windows of two types are 
discussed from the standpoint of electrical design in Sec. 4-22. The slug 
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type is made of polyglas which has a coefficient of expansion approxi¬ 
mately equal to that of brass. The dielectric is molded into a solid piece 
of the correct dimensions and cemented into the waveguide to form a 
pressure seal. A very thin cement is required which will flow into a small 
clearance space of about 2 or 3 mils between the slug and the waveguide 
wall. Vinylseal cements 1 NA 28-14 and T 24-9 thinned with acetone or 
toluene respectively have given the best results so far obtained. Two or 
three applications of the cement are usually required for a good pressure 
seal because the evaporation of the solvent tends to leave air pockets. 
When properly cemented the unit makes an airtight seal over a wide 
temperature range. One application of cement is sufficient for holding 
the slug in place and keeping out moisture and dirt during shipment. 
Coaxial lines may be pressurized by dielectric beads similar in design to 
the waveguide windows of the slug type. This design is illustrated in 
Fig. 4-8. 

The resonant-aperture pressurizing window was developed and manu¬ 
factured by Westinghouse. This window, as shown in Fig. 4-76, is made 
by sealing glass into a Kovar disk to form an airtight seal. The Kovar 
disk is then soft-soldered to a choke coupling to complete the operation. 
This seal will stand extreme pressures and temperatures. 

Synthetic rubber rings are used in waveguide and coaxial couplings to 
pressure-seal the junctions. They are very simple in construction, as 
shown in Fig. 4-44. The rectangular groove that holds the doughnut¬ 
shaped rubber ring is designed so that the rubber ring practically fills the 
groove when the two metallic parts are clamped together. The rubber 
ring must retain its elasticity over the temperature ranges encountered in 
the use of the system being designed. 

3-12. Rotary-joint Pressure Seals.—Rotary-joint pressure seals have 
been the chief cause of leaks in pressurized systems. No completely 
satisfactory solution of the problem has been found because materials 
having the proper characteristics have not been developed. Several 
designs have been used, however, with a fair degree of success. 

To meet the restrictions usually encountered in the operation of a 
rotary joint, the rotary seal must: (1) operate at speeds up to 3000 rpm; 

, (2) operate over a temperature range from 70° to — 50°C; (3) impose low 
frictional torque; (4) require small space; (5) be easily reproducible; (6) 
operate continuously. 

The following types of rotary seal have been recommended: (1) the 
synthetic-rubber-lip type, (2) the Sealol type, (3) the bellows type. 

The synthetic-rubber-lip seal, developed at Radiation Laboratory and 
manufactured by Graton and Knight 2 lias proved to be the most economi- 

1 Manufactured by Carbide and Carbon Chemicals Corp., Xrw York, X.Y. 

2 Graton and Knight Co., 356 Franklin Street, Worcester, Mass. 
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cal and dependable of the three types. Figure 3-4a shows the construc¬ 
tion of the rubber-lip seal. The rubber is held firmly in the outer housing 
in such a way that pressure on the high-pressure side tends to tighten the 
seal on both the rotating shaft and the outer housing. 

This type has the advantages of extremely low cost and very small 
space requirement. The rubber rings are readily interchangeable; thus 
the unit is easily serviced. Test samples have run continuously for 

months without excessive air loss; 
a loss of 1 in. 3 in 2 hr at an inter¬ 
nal pressure of 15 lb/in. 2 is not 
considered excessive. The torque 
required is 1 to 2 lb-in. for a 1-in. 
shaft seal holding 15-lb pressure. 
The lip must be thick enough to 
ensure accurate trimming, and the 
angle of slope should be as small 
as practicable for low torque. 
The metal housing ring should 
have appreciable grooves and 
should be nickel-plated to achieve 
a satisfactory bond to the rubber. 
The housing ring should provide 
support at the rear of the seal for 
maintenance of low torque. 

The rubber used in the rubber- 
lip seal is very important. Graton 
and Knight Formula 93, a Hycar 
base preparation, is recommended. 
Results of tests on many types of 
rubber indicate a stress-deforma¬ 
tion hysteresis period inversely 
proportional to the temperature. 
Even though the rubber samples 
-70°C, the stationary sealing limit is 


ffstati 


Stationary 

member 


Carbon sealing ring 
Low pressure 
=1 


Rotating member 


High pressure 


Rubber packing 
(6) Sealol type 
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I 


Stationary 

member 

i 

Rotating member 

High pressure 




///////A 

W1 



Carbon sealing ring 
(c) Bellows type 

Fig. 3-4. —Rotary-joint pressure seals. 

themselves are flexible down to - 


about — 50°C and, with the shaft rotating, the limit is — 20°C. There-, 
fore, for very low temperatures, electric heaters are required for seals 
made of this compound. 

The Sealol type of rotary seal illustrated in Fig. 3-4 b utilizes a carbon 
cylinder sealed by a rubber packing to a stationary member running 
against a lapped steel shoulder on the rotating member to form the seal. 
The success of the design depends upon the finish of the carbon and steel 
mating surfaces—a fact that makes manufacturing tolerances critical. 
The carbon must be nonporous and the contact.surface smooth and round. 
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Morganite MM, and MMj made by the Morgan Brush Company of Long 
Island City, N.Y., or Graphitor No. 35 and No. 39, made by the U. S. 
Graphite Company of Saginaw, Mich., are recommended for Sealol 
rotary seals when used with hardened tool steel. Speed is no problem 
except for temperature rise with dry operation. At 3500 rpm this rise 
over ambient temperature is about 70°C for a 1-in. shaft. The torque 
requirement for a 1-in. shaft seal at a gauge pressure of 15 lb is 2 to 5 lb-in. 
After a 10- to 20-hr run-in period at 2000 rpm required to lap the surfaces, 
the leakage can be brought down to 1 in. 3 in 20 hr at 15 lb/in. 2 

Bellows seals as shown in Fig. 3-4c are less reliable because they have 
mechanical flexibility, require more room, and require the same precise 
manufacturing as the Sealol type. The fact that the seal utilizes a car¬ 
bon or bronze foreplate, bearing against a lapped steel shoulder, makes its 
operation independent of temperature. 

The success of either type depends on the characteristics of the sealing 
material. No material that has been tried has given a completely satis¬ 
factory seal; however, new developments in the field of plastics may offer 
solutions to the sealing problem. 

New silicone rubber developed by Dow Corning Corporation and 
General Electric appears to offer a possible solution to the low-tempera¬ 
ture problems of the rubber-lip seal. Silicone rubber retains its elasticity 
at very low temperatures. 

Another new material, developed by E. I. du Pont de Nemours and 
Company, appears to have promising possibilities for use in all types of 
seals. The new material, known as “Teflon” and designated by du Pont 
as “Poly F-1114,” is a soapy-feeling plastic that causes very little friction 
when rotated in contact with a machined metallic surface. It is not so 
pliable as rubber but has much better low-temperature characteristics. 
Teflon is also very resistant to chemical action and absorbs no moisture. 
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RIGID TRANSMISSION LINES 

By G. L. Ragan and Richard M. Walker 

COAXIAL LINES 

By G. L. Ragan 

4-1. Factors Governing Choice of Dimensions. —The primary con¬ 
siderations in choice of rigid-line dimensions are high power-carrying 
capability and low attenuation. Mention of such other characteristics 
as maximum voltage between conductors, maximum impedance of 
resonant line, and minimum impedance of resonant line is frequently 
made. These considerations, which are of importance in some types of 
work, are rarely, if ever, considered important at microwave frequencies 
and still less often are considered important in microwave transmission 
lines. The consideration of maximum voltage may be useful in case the 
frequency is so low or the line so short that it contains considerably less 
than one-half wavelength. In this case the voltage on the line is essen¬ 
tially constant along its length regardless of impedance-matching and is 
of prime importance in the transfer of power. In microwave lines, how¬ 
ever, this is almost never the situation. Such lines are usually much long¬ 
er than one half wavelength so that the load impedance must match the 
line impedance if standing waves are to be avoided. It is in this matched 
condition that a given line carries maximum power to a load; high power¬ 
carrying capability therefore is calculated on this basis. The resonant 
impedance behavior of a coaxial line enters into certain resonator prob¬ 
lems at. microwave frequencies but not into the choice of dimensions 
for a transmission line. 

In seeking the dimensions of a transmission line to obtain optimum 
performance with respect to some selected characteristic, the problem 
must be limited further in one of the following ways. One may seek 
those dimensions consistent with the restriction that only the fundamental 
TEM-mode be propagated at a given wavelength in the resulting line; 
this restriction sets an upper limit, in a certain manner, on the size of the 
line for a given wavelength. Or one may be limited for mechanical 
reasons to an even smaller line size. Usually, in this case, the limitation 
will be the diameter of the outer conductor. 

The two primary factors, high power-carrying capability and low 
attenuation, will be considered now under these two types of limitation. 
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Maximum Power-carrying Capacity for a Given Wavelength .—The 
power being transmitted by a coaxial line in the absence of standing 
waves is given b}' Eq. (2-77), 


P = 


El Vke a 2 
120 


In y, 


( 1 ) 


where y — h/a is the diameter ratio of the conductors. The critical 
dimensions lor cutoff of the second or TEm-mode are well approximated 
by the relation indicated in Fig. 2-22. 


therefore, 


\ c ~ Vk, ir (a + h ); 

7r y/k. (1 + y) 


( 2 ) 

( 3 ) 


Substituting this value for a in the above equation, one obtains 


P = 


In y 

120t 2 \/T. (1 + yY 


( 4 ) 


Normally one would operate at a wavelength slightly longer than cutoff. 
This effectively reduces a in Eq. (3) by the desired wavelength factor and 



Diameter ratio 7/ 

Fig. 4-1.—Relative power-handling capacity and loss length vs. diameter ratio for coaxial 
line, at a given wavelength. 

reduces P in Eq. (4) by the square of this factor. The form of the equa¬ 
tions is unchanged. Relative values of P are plotted as a function of y 
in Fig. 41. The maximum value of the last term, In [77/(1 + y)-], is found 
to be 0.0774. This occurs when y has the value 2.09 and means Z 0 = 44.4 
ohms for air-filled line. When numerical values are inserted, the maxi¬ 
mum power is given by 

P„,„ = 0.53 X 10- 5 % A;, 

Vke 


(5) 
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and the corresponding conductor radii are 


a = 0.097 ~=, 

V ke 

(6a) 

b - 0.215 X !_, 

Vk e 

(66) 


where k e = 1 for air, and a reasonable value for E a is 3 X 10 6 volts/m at 
breakdown. Hence, Eq. (5) becomes 

P,„« = 5.88 X 10 8 \2. (7) 

For example, X = 0.1 m gives 
P m „ = 5.88 Mw, 

2 a = 1.94 cm (0.764 in.) = center conductor OD, 

26 = 4.30 cm (1.092 in.) = outer conductor ID. 


Minimum Conductor Loss for a Given Wavelength .—The attenuation in 
coaxial conductors may be written [slightly modifying Eq. (2-82)] 

a - 0.04566 J nepers/m. (8) 


Applying the same limit as above to the size of conductors at a given 
wavelength, we find that 


b = ya = 


(ft) 


IT Vke 1+1 

If this value of b is substituted in the previous equation, the result is 

k, (1 + y) 


a = 0.1435 


V a v In ■ 


nepers/m. 


( 10 ) 


Relative values of loss length, the reciprocal of a, are plotted against y in 
Fig. 4T. The minimum value of the last term, (1 + y)-/y In y, is 4.45 and 
occurs when y = 4.68. The impedance is 92.6 ohms for air-filled line, 
and the minimum attenuation for a given wavelength is 


ttinin = 

The line dimensions are 


0.6368 -t -— 

V+ X+ 


nepers/m. 


a - 0.056 

Vh 

b = 0.262 —)-• 
\' k c 


(ID 


(12a' 

(126) 


For an air-filled copper line {a = 5.80 X 10 7 mhos/m) the result is 


I = 8.38 X 10 5 X f _1j nepers/m 

1 = 7.27 X 10 Xr’ db/m. 


(13) 
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If \ c = 0.1 m, then 

= .0232 db/m, 

2a = 1.12 cm (0.441 in.) = OD of inner conductor, 

2b = 5.24 cm (2.065 in.) = ID of outer conductor. 

Maximum Power-carrying Capacity for a Given Outer-conductor Size .— 
Equation (1) may be written in terms of b 

n _ E l VX& 2 \ny n , n 

r 120 t, 2 ‘ K ' 

Relative values of P are plotted against y in Fig. 4-2. Since b is given, the 
problem is to find the value of y which makes the last term In y/y 2 a 



Diameter ratio y 

Fig. 4-2.—Relative power-handling capacity and loss length vs. diameter ratio for coaxial 
line for a given outer-conductor radius. 

maximum. This maximum occurs for y = 1.65, giving an impedance of 
30 ohms if the line is air-filled. For this case, assuming breakdown to 
occur when E a — 3 X 10 6 volts/m, the maximum power is 

P„,„ = 1.377 X 10 10 6 2 . (15) 

Minimum Conductor Loss for a Given Outer-conductor Diameter .— 
In this case b is constant and y the variable; consequently, Eq (8) has the 
proper form. In Fig. 4-2 relative values of loss length, 1 /a, are plotted 
against y. The term (1 + ij)/'ln y is a minimum when y = 3.6, which 
makes the characteristic impedance 77 ohms for air-filled line. For air- 
filled copper line 

a.i, = 0.0215X~ J5 & -1 nepers/m. (16) 

Some Mechanical Considerations. —Aside from these r-f factors, there 
are some factors of mechanical nature. For instance, the line should be 
as rigid as possible in order to withstand shock and vibration with a 
minimum disturbance of characteristic impedance and power-carrying 
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capacity. Assuming the inner conductor to be a tube and of the same 
metal as the outer conductor, it seems that a relatively large center tube is 
desirable. This makes the two tubes approximately equal in size and 
their behavior under shock and vibration is comparable. Both the center 
and outer tubes should be large and supported at frequent intervals in 
order to keep the resonant frequency of each section of tubing above any 
vibration frequencies likely to be encountered in use. A large center 
tube and frequent supports are also an aid in preventing relative motion 



1 2 4 6 8 10 

Ratio of radii-£ 


Fig. 4-3.—Characteristic impedance of an eccentric line. 

between inner and outer tubes when the line is subjected to shock. The 
diameter ratio should not be made too small, however, since the effect of 
eccentricity is much more pronounced for low-impedance lines. Fig. 
4-3 illustrates this eccentricity effect. 

In manufacturing small lines, particularly for the short-wavelength 
end of the microwave region, it is desirable to use a relatively large center 
conductor. The upper limit upon the size of center conductor comes from 
the previously mentioned effect of eccentricity. Within the limitation 
imposed by this effect, a large center conductor makes it easier to fabricate 
such structures as stub supports, slotted center-conductor contacts 
(bullets), and center-conductor capacity couplings like those used for 
rotary joints. 

The summation of these mechanical considerations leads to a com¬ 
promise between the very low diameter ratio indicated by most of these 
considerations and the practical limitation imposed by the increased 
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sensitivity of low-impedance lines to eccentricity effects. Probably a 
diameter ratio of 1.5 to 2 is an acceptable figure. This ratio gives a 
characteristic impedance for air-filled line of 25 to 42 ohms—values that 
are about the same as those for maximum power-carrying capacity, 30 
ohms and 44.4 ohms for the two cases already discussed. 

The 50-ohm Line as a Compromise Standard .—When choosing a 
coaxial line to serve a given purpose one might choose the line impedance 
to suit the requirements peculiar to the individual application. Depend¬ 
ing on which of the five characteristics already mentioned is considered 
most important, this procedure would lead to the use of a number of 
different impedances over a threefold range, 30 to 93 ohms. Under such 
a system each transmission-line circuit element is a special design problem 
requiring its own special test equipment, such as slotted lines for imped¬ 
ance measurement. Obvious economy both in test equipment and in 
design work can be achieved if a single impedance can be chosen as a 
compromise standard. It has been found convenient to adopt 50 ohms 
as an impedance level offering a satisfactory compromise. For air-filled 
coaxial line this requires a diameter ratio of 2.3, and for polyethylene 
(, k e = 2.25) a ratio of 3.5. By reference to Figs. 4T and 4-2 the perform¬ 
ance of the 50-ohm line may be compared with that of the line whose 
diameter ratio has the optimum value for each of the four characteristics 
presented there. The results of such an examination are given in Table 
4-1. 


Table 44.—Comparison of 50-ohm Performance with That of Optimum Lines 


Characteristic 

Optimum value 

Relative values for 50-ohm line 

of TJ 

\k. = 1, v = 2.3 

1 

; k e = 2.25, tj = 3.5 

i 

For a given wavelength: 
Power handled. 

2.09 

0.99 

i 

0.80 

Loss length. 

4. f>8 

0.78 

0.96 

For a given outer conductor: 
Power handled. 

1.65 

0.86 

0.56 

Loss length. 1 

3.60 

0.91 

1.00 


Quite apart from lin e-impedance considerations, a number of different 
line sizes are required in order to meet mechanical requirements and to 
accommodate various wavelengths. A list of some air-filled lines which 
have been used, together with some of their characteristics, is given in 
Table 4-2. 

The theoretical maximum power tabulated is for a peak voltage 
gradient of 30,000 volts/cm and for coaxial cylinders in the absence of 
supports. The recommended maximum powers are based on experi- 








Table 4-2. —Some Coaxial-line Characteristics 
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ence with f-in, stub-supported lines and 
|-in. bead-supported lines in system use. 
These have shown signs of failure in care¬ 
fully made laborotory systems at powers of 
about 500 and 50 kw, respectively. A 
safety factor of 2.5 in power (1.6 in volt¬ 
age) is allowed in each case. These figures 
give a factor of 0.15 between theoretical 
maximum and design maximum for the 
stub-supported series and 0.033 for the 
bead-supported series. The low rating for 
the bead-supported lines is explainable on 
the basis of flashover along the insulator 
and high fields in air spaces between bead 
and center conductor. The attenuation 
figures given are for copper lines. For the 
i-in. line, the wavelength is 3.3 cm; in all 
others it is 10 cm. Silver-plated lines are 
some 60 per cent higher in attenuation. 
Lines made of brass tubing have about 
twice the attenuation of copper lines. In 
Table 4-2, the lowest safe wavelengths 
listed are taken as 12 per cent above the 
cutoff wavelength for the second coaxial 
mode, a criterion based on experience with 
the lf-in. line. It was found that this line 
was usable down to a wavelength of about 
9.3 cm, which is 12 per cent longer than 
that calculated as cutoff for the second 
coaxial mode. These lines have been ap¬ 
proved by the Army-Xavy Cable Coordi¬ 
nating Committee as standards for 
microwave use. It is common practice 
to refer to a line by the outer diameter of 
the outer conductor. Thus, the largest 
line listed is commonly referred to as the 
lf-in. line. 

4-2. Couplings for Coaxial Lines.— 

The principal points to consider in 
such couplings are these. First, both 
outer and inner tubes should be joined 
with a minimum of discontinuity in 
order to minimize reflection of r-f power 
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and to prevent any local concentration of fields, by sharp corners, 
which would lower the breakdown power level. Second, the con¬ 
tact resistance of both outer and inner junctions should be kept 
low in order to minimize losses and to prevent burning and consequent 
deterioration of the contacts by the high currents involved. Third, 
it is frequently desirable to provide a pressure-tight junction in the outer 
tube to prevent the entrance of moisture or of corrosive atmosphere or to 
maintain an actual pressure differential. Finally, such features as 



convenience in use and positive clamping action should be considered. 
The following types of connector have been found to satisfy these 
requirements. 

Polarized Connectors. —The coaxial connector most used in micro- 
wave lines is shown in Fig. 4-4. It is a polarized connector; that is, the 
two mating units are not identical. The junction of the outer conductors 
is made by forcing into a female taper a piece bearing a male taper of 
slightly sharper angle. This insures contact’s being made at the tip of 
the male piece and hence at the desired point, the inner wall of the 
outer conductor. The connector is drawn up by means of four screws 
passing through clearance holes in a square flange surrounding the male 
outer connector. The female outer connector is surrounded by a similar 
flange with tapped holes to receive these four screws. A neoprene gasket 
is compressed between the two outer-connector pieces to provide pres¬ 
surization. Its dimensions must be right within small tolerances; it 
must be thick enough to obtain sufficient compression to insure pressuri¬ 
zation, and yet not so thick that it will prevent a good contact between 
the male and female tapers. • 

The center-conductor junction is formed by plugging the slotted 
“bullet” of the male connector into the end of the center-conductor tube 
of the female connector. The nose of the bullet is very slightly tapered 
at the point of contact, so that contact is made to the inside of the female 
center tube at its end only. This prevents any reentrant cavity’s being 
formed between the inside of the female tube and the outside of the 
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bullet nose. The circular gap between the end of the female tube and 
the shoulder on the bullet is kept as small as mechanically feasible in 
order to minimize the impedance and field discontinuities set up thereby. 
In the case of the $-in. OD coaxial line, the gap is held to a maximum 
of 0.032 in. The standing wave introduced by this discontinuity is 
certainly less than 1.03 at a wavelength of 10 cm. It is very important 
that the bullet shoulder should not be forced against the end of the female 
tube before the outer-conductor coupling is completely sealed. If 
this should occur, the center conductor would tend to buckle under the 
longitudinal compression so introduced. For this reason the extension 
of the female center tube and the male bullet shoulder are each specified 
according to their respective outer-conductor parts in such a way that 
there is a gap (nominally, 0.0Hi in. with a tolerance of +0.010 in. in 
the case of the |-in. line) between them when the coupling is drawn 
together completely. It is very important that the slotted bullet bn 
springy enough to make good tight contact with the inner wall of the 
female tube. Normally a springy metal (see Sec. 3-1) such as heat- 
treated beryllium copper is used for the bullet. A heat-treated chrome- 
copper alloy has been found to have satisfactory mechanical properties 
and, in addition, to afford better thermal conductivity. The quality 
of conductivity is sometimes desirable as, for instance, in plugging into a 
transmitter tube. The heat generated in the contacts and in the glass 
seal is then conducted away more rapidly, reducing the temperature at the 
glass seal. In soldering this bullet into the male center tube, a low- 
melting solder must be used and care must be exercised to prevent injuring 
the temper of the bullet by overheating. In fabrication the bullet is 
sprung out so that it is under radial compression when plugged into the 
female tube. 

Several convenient features of this connector may he indicated. 
There are no loose pieces in the assembly; all the elements of the con¬ 
nector are self-contained except the four standard screws, and these 
can be made captive screws if desired. This feature prevents loss of 
parts and also makes it impossible to omit any vital part in making a 
connection, an omission which has occurred in the ease of the double- 
ended bullet of the unpolarized connector discussed later. Another 
desirable feature is that a line to which a connector is to be attached is 
prepared simply by making certain that the outer and inner tubes end 
flush with each other, because the total length of the two outer-con¬ 
ductor parts when coupled is exactly the same as the length of bullet 
plus gap allowance. A third feature is that a certain amount of angular 
misalignment of the axes of the connected lilies is permitted by the 
tapers of the outer- and inner-conductor contacts. This misalignment 
cannot, be allowed to become large, however, since the tapers arc slight 
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and since the pressurizing gasket will not be properly compressed if the 
misalignment is large. 

In the use of any polarized connector, it is advisable to establish a 
convention to be followed in assembling connectors to line sections or 
line components. It is customary to follow the same convention as in 
connecting garden hose; namely, at a connection the power (water) 
flows from transmitter (water main) through a male coupling into a 
female coupling. Thus, the male coupling always points toward the 
antenna (or hose nozzle). In case the line is also used for reception, 
or for reception alone, the male coupling still points toward the antenna. 



This convention is recommended for all transmission lines, whether of 
coaxial or waveguide type. 

f - npolarizrd Connectors .—Another type of connector which has had 
considerable use is that shown in Fig. 4-5. Since the two line ends 
joined are identical, this connector is said to be “unpolarized.” The 
unpolarized connector has certain obvious advantages in permitting the 
assembly of lines and components in any order or in the turning of any 
piece end-for-end; but it has the disadvantage of requiring two loose 
pieces—the center-contact “bullet ” and the outer union. In addition 
to the possible loss of these loose parts, there is also the possibility of 
omitting a bullet or of its falling out of place during assembly. This is 
especially serious in a line containing dielectrics — for example bead 
supports or vacuum seals, since the high standing waves resulting may 
cause permanent damage to the dielectric before the power can he shut 
off. liven it this problem dot's not exist, as in purely receiving or low- 
power transmitter lines, it is a nuisance to have to take many couplings 
apart- until the faulty connector assembly is found. 

The inner-conductor bullet is exactly like the bullet of the unpolarized 
connector on each end. A double-ended bullet is usually shorter than 
the single-ended type, although to obtain the same mechanical properties, 
such as springiness, it should he about twice as long as the latter. Since 
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it is not soldered in place, the problem of detempering by the heat of 
soldering is avoided. 

The outer contact is made between the outer tubes directly, the union 
sleeve providing the necessary alignment. In order to get good contact 
all around, the tube ends must be finished flat and in a plane perpendicular 
to the tube axis. The special trimming tool shown in Fig. 4-6 drawn to a 
larger scale does this, and at the same time it trims to the proper length 
the sleeve against which the pressurizing gasket is compressed by the 
union. 



This connector has been largely superseded by the polarized con¬ 
nector discussed before and is not recommended because of the difficulties 
just mentioned. 

Other Connectors .—Several other connectors which have been used to 
some extent are shown in Fig. 4-7. They are essentially like one or the 
other of the two connectors already discussed, or combine features of 
the two. The connector shown in Fig. 4-7a requires special care in 
soldering and in finishing the tube ends and is intended for laboratory 
test work only. The connectors shown in Figs. 4-7b and c are designed 
primarily for aluminum lines and do not require any soldering. 

Although the soldering and brazing techniques for aluminum are now 
being worked out, they are still difficult. Corrosion of aluminum in 
general, in soldered or brazed joints, and in contacts with other metals 
gives considerable trouble. Another difficulty encountered with alu¬ 
minum connectors is that the resistance of aluminum contacts is fairly 
high. Since it is presumably caused by a surface film of insulating 
aluminum oxide, the high resistance might be expected to be less trouble¬ 
some in the microwave region where the frequency is so high that the 
capacitive reactance across the insulating layer becomes small compared 
to the contact resistance. To improve the contacts, a silver layer has 
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sometimes been applied, either by electroplating or by spraying molten 
silver onto the contact surface. The 
conductors may be made of alumi¬ 
num tube clad on the inside with a 
thin silver lining in the process 
of tubing manufacture. The outer 
tube can then be flared out so that 
the silver surfaces form the contact. 

The silver lining inside the center 
tube would not serve to decrease the 
attenuation of the line as it does in 
the case of the outer conductor and 
thus would be wasted except at the 
contact. 

4-3. Bead Supports. —One of the 

major problems in connection with 
coaxial lines is that of supporting the 
center conductor. The obvious 
method of aecomp'ishing this is to 
use dielectric insulating washers, 
commonly referred to as “beads.” 

While these beads alter the charac¬ 
teristic impedance and propagation 
constant of the line throughout the 
bead thickness, the impedance dis¬ 
continuity so produced is rather 
unimportant at very low frequencies. 

In this case there are usually many 
beads per wavelength, and one sim¬ 
ply modifies the characteristic imped¬ 
ance and propagation constant of 
the air-filled line to take into ac¬ 
count the presence of a partial die¬ 
lectric filling. 1 In microwave lines, 
on the other hand, the beads are an 
appreciable fraction of a wavelength 
thick, so that the impedance dis¬ 
continuity is sizable. Furthermore, 
there are few, rather than many, 
beads per wavelength. For these 
reasons, simply modifying the line characteristics is not sufficient. A 
1 H. T. Kolilhaas, Reference Data for Radio Engineers , Federal Telephone and 
Radio Gorp., 1943, p. 116. 




Fig. 4-7. —Miscellaneous connectors, 
(a) U»pressurized laboratory connector 
(Raytheon Company), (h) Solderless 
connector for aluminum line, pressurized 
by neoprene gaskets (General Electric 
Company), (c) Solderless connector 
for aluminum line with metallic com¬ 
pression-type pressurization (Radiation 
Laboratory). 
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number of schemes have been devised to circumvent these impedance 
difficulties, as shown in Fig. 4-8. They will be discussed in detail later 
in this section. 

At low frequencies, dielectric losses in lines are usually negligible 
compared to conductor losses, but at microwave frequencies dielectric 
losses become comparable to, and in some cases greater than, conductor 
losses. The dielectric attenuation constant in a line completely filled 
with dielectric is, by Eq. (2-99), 

27.30 a yw, . ,, , n -s 

ad, = -—^— tan 5 db/m. (17) 

A 


This figure is independent of diameter ratio but assumes the dielectric- 
filled line to be matched. This equation applies directly to the undercut 
bead, Fig. 4-8c, since the bead is matched—that is, it is terminated in 
its characteristic impedance. In other arrangements the beads are not 
matched, and as a result the dielectric attenuation constant is larger. 


n 


n 


M 
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Fitj. 4-8.—Several forms of bead support, (a) Thin bead. (6) Bead grooved to 
increase surface leakage path, (c) Half-wave bead, (d) Undercut (constant impedance) 
bead. ( e ) Stepped three-quarter-wave bead. 


An effect that may be of comparable magnitude is the increase in the 
beaded section of the conductor loss caused by the introduction of 
dielectric. Fortunately, this increase does not occur for very thin 
beads, since the current flowing in the conductors is the same as that in 
the main line. 

A problem common to both low and high frequencies is that of voltage 
breakdown. This problem acquires increased importance, however, 
in lines carrying pulses of high peak power, a requirement that is fre¬ 
quently imposed in microwave applications. In this connection three 
effects are of importance. The first is flashover radially along the air- 
dielectric interface, which occurs at a lower field than that required to 
break down either material alone; the extent to which this limits the 
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power is difficult to estimate, and it depends on the character of the 
surface and on humidity effects. The bead faces are sometimes cor¬ 
rugated by concentric grooves similar to those shown in Fig. 4-8b to 
increase the leakage path for surface currents. The second consideration 
is the limitation imposed by breakdown within the insulator itself at 
microwave frequencies and is an element that 
is hard to evaluate. The dielectric strength, 
however, of practically all dielectrics is known 
to exceed that of air by a large factor at ordi¬ 
nary frequencies. This is known to be also 
true of the dielectrics used in flexible coaxial 
cables at microwave frequencies. Hence one 
does not anticipate any limitation on power 
by reason of breakdown in the body of the di¬ 
electric. The third effect is the increased field 
in the air film which is likely to exist between 
bead and conductor. If a cross section such 
as that of Fig. 4-9 is considered, it is recalled that the electric displacement 
must be constant across the boundary c 

E c (air) = k,E c (dielectric). (18) 

For very thin air films this may be written 

Ef = k e E a , tl9) 

where E t is the electric field strength in the air film and E a that in the 
dielectric at r = c = a. The air film may be thin enough to give a 
negligible contribution to line voltage, characteristic impedance, power 
transmission, and so forth, but still so thick that it contains enough gas 
to give breakdown trouble. Any thickness that is large (compared with 
mean distance through which an accelerated electron moves between 
collisions with the molecules of the gas) would be sufficient to cause 
such breakdown trouble. Since this mean distance is of the order of 
10 -5 cm at atmospheric pressure, it is clear that films of air of several 
orders of magnitude greater than this figure might easily occur. The 
critical field strength at breakdown may be assumed to be the same in 
the air film as in the main line, but there is evidence 1 to indicate that 
larger r-f fields may be tolerated in small gaps, just as in d-c breakdown. 
Therefore, any estimate of power-handling capability based on this 
assumption may be regarded as fairly conservative. 

In the case of thin beads, the total voltage across the line is the same 
in the bead as in the unbeaded line; therefore, the field in the dielectric 

1 I). Q. Posin, I. Mansur, H. F. Clarke, “Experiments in Microwave Breakdown," 
RL Report No. 731, Nov. 2S, 1945. 



Fig. 4 9.—Loose-fitting coaxial 
bead. 
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would be identical with that in the unbeaded line at any given radius. 
If a very thin air film were present, the field in it would be given by 
Eq. (19); hence, the power transmitted by the line must be reduced by 
the factor k\ to prevent breakdown in the air film. If the bead is of poly¬ 
styrene, k e — 2.56, the power-reduction factor is 6.6 (multiplying factor 
0.15). The same factor applies to the half-wavelength line, since the 
maximum voltage occurs at the ends where it is equal to that in the 
unbeaded line. 

For the undercut bead, the total voltage is again the same as that of 
the unbeaded line, but the center-conductor diameter has been decreased. 
Since the undercut section is matched, Eq. (14) is applicable, where 
E a is the field in the dielectric at r = c « a. In view of Eq. (19) E a may 
be replaced by Ej/k e . The power transmitted by a matched dielectric- 
filled line in which an air film is present is then given by 


P E * h * lnt ? 

1 120 he* V 2 ' 


( 20 ) 


Comparison with the power P 0 carried by an air-filled line of the same 
characteristic impedance and same outer-conductor radius gives the 
power-carrying factor 

ft = ki (?y =k7 '^ (v ^ - i} ’ (2i) 


where ij is the diameter ratio in the air-filled line and y that in the under¬ 
cut beaded line (In 77 — In r\'/y/kl). 



Fig. 4 10. -Bead lines. 


Thin Beads .—While bead-supported lines have largely been sup¬ 
planted by stub-supported ones, some of the early transmission lines 
were beaded. The standard |-in. OD line was used, both outer and 
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inner conductors being of copper tubes. Sections of such a. line are 
shown in Fig. 4-10. The beads were of polystyrene, and the dimensions 
were made in such a way that the beads fitted tightly onto the center tube 
but loosely into the outer. This permitted affixing the beads at the proper 
intervals onto the center tube and then pulling the assembly into place 
within the outer tube. Since the tubes were of soft copper and the beads 
gave support at frequent intervals, gentle bends in the completed line 
were permissible. With sufficient care, a bending tool could be used to 
obtain bends on a radius as small as four inches. The molded polystyrene 
beads were 0.100 in. thick, 0.254 in. in inner diameter to fit closely around 
the 0.250-in. inner tube, and 0.500 in. in outer diameter to permit a loose 
fit within the 0.555-in. ID outer tube. 



Bead thickness in wavelengths 
Fig. 4-11.—Mismatch introduced by thin beads. 

The mismatch introduced by a bead that fits tightly against both 
outer and inner conductors is easily calculated (see Fig. 4T1). Figure 
4T1 gives an enlargement of that portion pertaining to thin beads. From 
this graph it is found that a 0.100-in. (.04 wavelengths at X = 10 cm) 
polystyrene bead is expected to give a VSWR of 1.27. Since the bead 
fits loosely in the outer tube, the VSWR should be reduced, and r = 1.23 
is the experimentally determined 1 value. The figure is further reduced 
by the crimping technique used to hold the bead in place on the center 
tube, because the crimping, which consists of deforming the center tube 
on both sides of the bead by squeezing it between parallel knife edges, 
increases the characteristic impedance in the crimped portion of the line. 
These short sections of high-impedance line partly compensate for the 
section of low-impedance line formed by the bead. The crimping used 
in the f-in. line was found by Reed 2 to reduce the VSWR from 1.23 to 
1.15 at X = 10 cm. Since the crimping has a rather large effect on the 
VSWR introduced, it must be carefully controlled. 

1 J. Reed, “Broad-band Bead Spacing,” M.I.T. Bachelor’s Thesis, January 1943. 

2 Ibid. 
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A number of bead-spacing schemes have been proposed. 1 Theoretical 
analyses of the performance of some of these schemes have been made by 
Condon 2 and by Hanson. 3 The more promising schemes are based on 
the cancellation of the reflections of two beads when spaced approxi- 




Fig. 4-12.—Basic bead spacings. (a) 
Quarter-wave-spaced pair. ( b ) Uniform 
quarter-wave spacing, (c) Lawson spac¬ 
ing for four. 


mately a quarter wavelength apart, 
as in Fig. 4-12a. Figure 4T3 gives 
the performance of a pair of i-in. 
polystyrene beads spaced for can¬ 
cellation \ = 10 cm in Curve II, 
and for comparison, that of a single 
bead in Curve I. Using the nomen¬ 
clature of Fig. 4-12a, it can be 
shown that the condition for reflec¬ 
tionless spacing of a pair of beads 
is 

tan a tan /3 = (22) 

Since the right-hand member of 
this equation is approximately 
unity, one may write an approxima¬ 
tion which is extremely good for 
thin beads, 

a + 0 - iX, (23) 

where all electrical angles are ex¬ 
pressed in terms of wavelengths. 
For example, the angles of Fig. 4T3 
are /3 = 0.05, a = 0.195, and 


a + 0 = 0.245. 


Building up a bead-spacing scheme based on pairs spaced a quarter 
wavelength apart, one may use uniform spacing between beads as in 
Fig. 4T2 b keeping the total number of beads even. The spacing between 
pairs is equivalent to a half wavelength; consequently, the reflections 
from the two pairs are approximately in phase and lead to the high wave¬ 
length sensitivity of Curve III of Fig. 4T3. If the two pairs are spaced 

1 J. L. Lawson, "Design and Test of Concentric Transmission Lines,” RL Report 
No. 141, July 14, 1941; W. W. Salisbury, unreported early work using half-wave air 
line between beads; John Reed, op. cit. 

2 E. U. Condon, "Low-loss Coaxial Cables for Micro-Waves,” Research Report 
R-94293-E, Westinghouse Research Laboratories, Apr. 17, 1941. 

3 W. W. Hansen, “Notes on Microwaves,” Chap. VII of the notes prepared by 
S. Seeley and E. C. Pollard based upon Hansen’s lectures to the personnel of Radia¬ 
tion Laboratory in 1941-1942. 
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the equivalent of three-quarters wavelength apart, as in the Lawson 
system of Fig. 4-12c, the response curve is flattened as indicated by 
Curve IV of Fig. 4-13. This gives a great improvement near midband, 
but it should be noted that at about 8.3 and 12.5 cm the curves cross, 
the Lawson spacing going to much higher values than that of the uni- 

1.8 
1.7 
1.6 
1.5 
1.4 
1.3 
1.2 
1.1 
1.0 

8 9 10 11 12 8 9 10 11 12 

X in cm X in cm 

Fiu. 4'13.- VSWR for {-in. polystyrene bead as a function of wavelength. Curve I, 
single bead; Curve 11, quarter-wave-spaccd pair as in Fig. 4-12a; Curve III, uniform quarter- 
wave spacing, four beads as in lug. 4-126; Curve IV, Lawson spacing for four beads as in 
Fig. 4-12c. 

form spacing. Hansen 1 2 3 4 has analyzed, by an approximate method, the 
behavior of these curves as more and more beads are added. His 
results may be summarized in the following manner. 

1. The curve for the uniformly spaced line becomes steeper and 
steeper, whereas that for the Lawson line becomes flatter and 
flatter, in the neighborhood of midband. 

2 . The maxima on either side of midband wavelength move in closer 
and closer and secondary, tertiary, etc. maxima enter the range of 
wavelengths being considered. 

3. It can be shown that the amplitudes of the maxima in the case 
of the uniform line are limited to approximately that of Curve I 
for a single bead in the wavelength region considered in Fig. 4T3. 
On the other hand, the maxima of the Lawson line are not thus 
limited, and as a result extremely high standing waves will occur 
at a wavelength fairly close to midband if many beads are used. 

4. Hansen concludes that for short lines having few beads the Lawson 
line is best, but for long lines the quarter-wave uniform spacing 
is to be preferred. If a total bandwidth of AX at a midband wave- 




1 Hansen, op. cit. 
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length X 0 is desired, then the Lawson spacing is not bad, providing 
the number of beads is less than 


n = 



Fluctuations in bead thickness, variations in crimping, and errors 
in positioning of beads may introduce enough randomness to alter the 
predicted behavior markedly. Line losses also tend to reduce the 
cumulative effect of reflections. Reed has suggested that beads be 
assembled in groups of eight, the spacing between groups to be random. 



His system for the eight beads is as follows: the spacing between beads 
in each pair to be right for one wavelength, that between pairs in a set 
of four to be right for another, and that between the two sets of four to 
be right for a third wavelength. By choosing the three wavelengths 
properly a low VSWR may be obtained over a considerable band. 

Half-wavelength Bead .—Since the input impedance of a half-wave¬ 
length section of transmission line is equal to its output impedance 
regardless of its characteristic impedance, a bead whose thickness is 
half a wavelength (in dielectric) introduces no mismatch. If the bead 
length is chosen properly for midband the VSWR introduced will be a 
function of the deviation from half wavelength, as indicated by Fig. 
4-14. The performance of beads which are made a half wavelength long 
at 10 cm is shown in Fig. 4T5. Comparison of the curve for the half¬ 
wave polystyrene bead with those of Fig. 4T3 for thin beads reveals 
the relatively high wavelength sensitivity of the ha'f-wave bead. 

Because of its high frequency sensitivity, its high dielectric loss 
(because of the large amount of dielectric present), and because of various 
mechanical reasons, half-wavelength beads are not used for transmission- 
line supports. They have found limited use as frequency-sensitive 
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elements purposely introduced to cancel the frequency sensitivity of 
some other circuit. 

Undercut Bead .—If the size of the inner conductor is reduced by the 
proper amount, the characteristic impedance in the bead-filled line 
can be made equal to that in the air-filled line (see Fig. 4-8d). In 



8 9 10 11 12 

Xin cm 

Fig. 4*15.—Performance of half-wave beads of various dielectrics. 

order to achieve this equality the inner conductor must be reduced from a 
radius of a to a radius ft', so that 

Z„ = 60 In - = -^L In (24) 

a Vke ° 

While at first this seems an ideal solution to the problem, there are 
practical difficulties. The problem of assembling the bead onto the 
undercut section may be solved by making the beads in two halves, split 
along a diameter; or it may be preferable to make the center conductor 
in many sections, one for each bead, and to assemble the sections by 
screwing or press-fitting each section to the next with the bead in place. 

High-power breakdown may occur more readily in an undercut bead 
than in other types, because the sharp edge e shown in Fig. 4-8d naturally 
leads to a high electric-field concentration. Since this edge occurs at 
the bead surface, flashover along the dielectric surface is likely to occur. 
This tendency may be greatly reduced by rounding the edge; at the same 
time this rounding probably tends to decrease the net shunt-capacity 
effect (see below) at the junction. If such rounding is used, it is felt 
that breakdown is less likely to occur here than at the other vulnerable 
spot, namely, in the air film between the bead and the center conductor 
whose diameter has been reduced. 

As discussed in Sec. 4-5, whenever a change of diameter occurs in 
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either of the coaxial conductors, or in both, the effect of the fringing fields 
so produced is equivalent to adding a certain capacity in shunt with the 
line at that point. If an undercut bead support is designed without 
compensating for this, a certain amount of mismatch will result. In 
the case of the 0.25-in. polystyrene bead in the f-in. line of Table 4T, 
calculation shows the shunt capacity introduced by the step at each end 
separately to be 6.8 X 10 -14 f. At X = 10 cm this leads to a capacitive 
susceptance of 0.062T 0 , but the proximity effect, caused by the two 
discontinuities being relatively close together, reduces this to 0.055Fo- 
The over-all mismatch for the bead then amounts to a VSWR of 1.09. 

In discussing power-handling capacity, it was remarked that rounding 
the corner where the center conductor changes diameter would be 




Fig. 4-16.—Admittance diagrams for compensated undercut bead. 


expected to decrease the net shunt-capacity effect. This surmise is 
based on the fact that a decrease in the diameter of the center conductor 
gives rise to a short section of high-impedance line, which has an induc¬ 
tive effect. The degree of rounding required to give perfect compensation 
could be easily determined experimentally. 

A simple and effective way of compensating for the shunt-capacity 
effect, in the case of beads that are thin compared with a wavelength, 
is to reduce the characteristic admittance Yb in the beaded section. 
The rectangular-coordinate admittance diagrams of Fig. 4T6 show how 
this reduction accomplishes the desired result. The vertical lines ab and 
cd represent the shunt susceptance at the two bead surfaces, and the 
arc be represents the electrical length of the bead. The input admittance 
is represented by d, and the error in closure da is a measure of the mis¬ 
match introduced. For a given bead thickness, Yb is chosen to give 
perfect compensation near the shortest wavelength to be used. Since 
both the susceptance and the bead thickness in wavelengths arc inversely 
proportional to wavelength, a reasonably low VSWR results for any 
X > X m i„. The thinner the bead is, the better the broadband perform¬ 
ance. Unfortunately, decreasing the characteristic admittance in the 
bead means still larger steps in the conductor size and hence larger 
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shunting effects. Practically, however, this is not a serious effect. 
Figure 4-17 gives the dimensions for such a compensated bead designed 
for 10 cm and its calculated wavelength performance. 



Fig. 4-17.—Undercut bead with high- 
impedance compensation. 



5 10 20 40 


X in cm 

Fig. 4-18.—-Undercut head with quarter- 
wave compensation. 


B 


Another method of compensation is to make the bead a quarter wave¬ 
length long, leaving its characteristic admittance the same as that of the 
main line. This spacing of the two shunt-capacity effects gives cancel¬ 
lation at the design wavelength 
but does not perform especially 
well over a broad band. Figure 
4T8 gives ihe dimensions and per¬ 
formance for such a bead. 

Having designed beads in this 
way to have as low a mismatch 
as possible, it is further advisable 
to space them at odd quarter- 
wavelength intervals. This 
avoids cumulative addition of the 
reflections which, though individ¬ 
ually small, may attain very large 
values if a number combine in 
phase. The discussions given 
previously relative to quarter-wave and alternative spacing schemes apply 
here although, of course, in the present case the mismatch per bead is 
much smaller. 

Three-section Bead .—It is sometimes convenient, to have a head that 
is a complete well-matched unit. The half-wave bead is of this type, but 
it is not desirable because of its high frequency sensitivity. A broad- 



Fig. 4-19.—Three-quarter-wave beads with 
steps. 
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band bead may be made in the forms indicated by Fig. 4-19. The 
characteristic impedance Z'l of section A is easily calculated by use of 
Eq. 74. The characteristic impedance Z' 0 of sections B and C is to be 

made the geometric mean between 





Z o and Z \and the length X x is 
to be made an effective quarter 
wavelength, in order to provide 
matching transformers between Z 0 
and Zq. Since the completely 
filled section A is thereby operat¬ 
ing in the matched condition, its 
length Xi might seem to be unim- 
portant. However, if Xi is 
chosen to be a quarter wave¬ 
length, a very desirable broadband 
response is obtained. 

The impedance transforma¬ 
tions involved are shown in the 
rectangular impedance plots of 
Fig. 4-20. The source is consid¬ 
ered to be at the left in Fig. 4-19 
and the line to the right is as¬ 
sumed to be matched. 

It is desired to follow the im¬ 
pedance transformations along the 
bead from point a to b, c, and d of 
Fig. 4-19. The output end a is 
terminated in the impedance Z a = Z„, and from this point on Fig. 4-20 an 
arc is described clockwise about the impedance Z' 0 to obtain the impedance 
Zb. From b to c, the arc is about 2f' 0 ' and from c to d it is again about Z! y 


Z 6 =Z c =Z"y^ z' a 

hZa=Ze 

/ * 

(a) 


i 


\2o 


(*) 


* Xk 

X 

ItX. ^ 

/'"• r 

fcj 



Fig. 4-20.—Impedance transformations in 
three-section bead (Z'o= \/ZoZ"o). (a) 

Midband, X - Xo; Xi, X?, Xi all equal to X/4. 
(b) X > Xo; X\, Xi, Xs less than X/4. (c) 

X < Xo; Xi, Xi, Xi greater than X/4, 



Fig. 4-21.—Performance of three-section bead made of polystyrene, (a) Z\ = y/ZiZ’\. 
(6) Z'o = 0.988 \ / 'ZbZ 77 o. 

(Strictly speaking, the arcs on the diagram are not centered exactly 
at the impedances Z' 0 and Z'l, but for the purpose of qualitative argu¬ 
ment one need not worry about this discrepancy.) At midband, Fig. 
F20a, the center section be is matched at the impedance level Z”. Above 
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midband wavelength (Fig. 4-206) and below (Fig. 4-20c) the section 
be tends to compensate for the departure of the lengths of the end sec¬ 
tions from the quarter-wave value. The calculated performance of such 
a bead, made of polystyrene and designed for a midband wavelength 
of 10 cm, is given by Curve a of Fig. 4-21. Comparison reveals that this 
type of bead is considerably better than the half-wavelength bead of 
Fig. 4-15 and that it is slightly better than the Lawson spaced set of four 
beads, Curve IV of Fig. 4-13. 

A slightly broader band may 
be obtained, at the expense of in¬ 
troducing a mismatch at midband, 
by reducing the impedance Z' a . 

The effect of this reduction may be 
seen on the impedance diagrams of 
Fig. 4-22. There will be a pair of 
wavelengths, one above and one 
below midband, for which the 
modified bead will be perfectly 
matched, as indicated in the dia¬ 
grams 6 and c. of Fig. 4-22. It may 
be shown that if the impedance Z^ 
is reduced so that it is given by 



Zi = ~ VZoZ" 

then the VSWR at midband is 
r = F l . 

If the midband VSWR is to be 
kept below 1.05, F may be chosen 
equal to 1.012. The resulting per¬ 
formance for a polystyrene bead is given by Curve 6 of Fig. 4-21. The 
band within which r is below 1.05 lias been increased by this means from 
a full width of 2 per cent to one of 2.8 per cent. The shape of the curve 
is that characteristic of a double-tuned circuit. 

The design equations for the original bead, matched at a midband 
wavelength X 0 , are as follows: 


M 

Fui. 4-22. —Impedance transformations 
for broadband head (Z'a < \/ZaZ" »). (a) 

Midband, X -= Xo; Xi, X:, Xa all equal to 
A/4. (h) A > Xu; .Vi , A’;, Xu loss than A/4, 

(c) A < Ao; X i . Xi, Xz greater than A/4. 
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Relation (25a) merely expresses the fact that X 2 is a quarter of the wave¬ 
length X 0 /\/^e in a completely filled line section. Relation (255) 
comes from a consideration of the fact that both the effec.tion wavelength 
and characteristic impedance in a transmission line vary as 1 /y/C 
if L is kept constant (see Table 2T, Items 2 and 4). Since the charac¬ 
teristic impedance Z' 0 is the geometric mean of Z 0 and Z the correspond¬ 
ing effective wavelengths, X 0 ', X 0 , and X' 0 ', must bear the same relationship, 

K = 

The characteristic impedance of a partially filled section of line 
(Fig. 4-19) is 

k„ In - + In - 

-£—-?. (26) 

k. In - 
a 

This equation is derived by calculating L, the inductance per unit 
length, and C, the capacitance per unit length, and using the relation 
Z = y/L/C. When this is solved simultaneously with 

Z' = VW = 60&.-H In h ~, (27) 

the result is Eq. (25c), which may be written in the alternative form 

login c = ! 1 (y/k. logic b + log,,, a). (28) 

For the second type of bead shown in Fig. 4T9 the lengths X, and X 2 

are the same as before and are given by Ecjs. (25a) and (25 b). The 
dimension d may be shown to be given by 

login d = V / / ( , * (login b + y/k t logm a). (29) 

This type of bead recommends itself particularly at the shorter wave¬ 

lengths, where it is very difficult to make a bead thin enough to obtain 
a low VSWR. For the longer wavelengths this bead may be too long 
to be practical in many cases. The long bead-to-conductor contact 
surface (along the inner conductor of the first type of Fig. 4-19 and along 
the outer on the second) may be especially objectionable. The contacting 
surfaces may be limited to the central quarter-wavelength section by 
making the partial filling of dielectric occupy a position intermediate 
between conductors without contacting either. 

One would expect all forms of this bead to be relatively good for 
handling high power. The center section is matched, and the fields 
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in the nir gaps in the end section, while larger than those in the main 
line, are not so high as those in the air gaps of the beads discussed 
previously. 

There is some fringing of the electric fields at all points of impedance 
change, since the fields in the main line and in the completely filled section 
are purely radial and fall off radially as 1/r, while those in the partly 
filled section suffer a discontinuity at air-to-dielectric boundaries. As a 
matter of fact, some component of electric field in the Z-direction (par¬ 
allel to the axis of the line) must exist in the partly filled sections. These 
fringing fields would be expected to contribute a shunt-capacity effect 
paralleling the line at the points a, b, c, and d. Since these points are 
spaced by a quarter wavelength, some degree of cancellation results. 

An experimental model of the first type of bead of Fig. 4T9 was made 
for the^-in. coaxial line for operation at 3.33-cm midband. The dielectric 
used was Teflon (Xy = 2.1), and the dimensions were 

Xy = 0.272 in., 

X 2 = 0.226 in., 

2a = 0.1875 in., 

2b = 0.437 in., 

2c = 0.310 in. 

The voltage standing-wave ratio was measured from X = 3.02 to X = 3.65 
cm, and it was found to agree, within experimental error, with the 
predicted behavior. The experimental error caused by load, connectors, 
and slotted section was unfortunately of the order of r = 1.06, but it 
could safely be said that the VSWR was lower than approximately 1.12 
over this band. 

The possibility of the existence of a resonance, caused by the second 
coaxial mode, was not entirely eliminated. The dimensions of the coaxial 
line are such that this mode may propagate in the completely filled section 
and in all probability' it can do so in the partly' filled sections. There 
should be little tendency' to excite this mode, however, because it is an 
asymmetrical mode while the bead is supposed to be made as nearly 
symmetrical as possible. One should bear in mind the possibility' of 
encountering resonance trouble, especially if the beads themselves are not 
symmetrically made or if they' are placed near some circuit which tends 
to excite the second coaxial mode. For example, such beads should 
not be placed near a transition unit from coaxial line to waveguide, nor 
near a coaxial-line stub support. 

This same warning is applicable, to some extent, to most coaxial¬ 
line beads. It is particularly' pertinent when the line size is so large 
compared with the operating wavelength that propagation of the second 
mode becomes possible in the bead. In such large lines the second mode 
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is not attenuated very rapidly in the air-tilled part of the line; conse¬ 
quently, special care must be taken to keep beads at a safe distance from 
asymmetrical circuits. As an example of this difficulty, erratic behavior 
was noticed in an attempt to design a transition from coaxial line to 
waveguide for a wavelength of 3.3 cm, and the trouble was traced to the 
bead of the type N connector which supported the coaxial line about a 
quarter inch from the waveguide wall. When this bead was moved to a 
distance of about three-quarters of an inch, normal behavior was obtained. 




I'iu. 4-23.—Simple T-stub support for coaxial line. 

4-4. Stub Supports and Angles.—The impedance mismatch intro¬ 
duced by dielectric bead supports in coaxial lines causes increasing 
difficulty as the wavelength becomes shorter. It is fortunate that an 
alternative method of supporting the central conductor becomes practical 
at these shorter wavelengths. This method employs a branch line of 
the type illustrated in Fig. 4-23, which is commonly referred to as a 
“stub support.’’ 

Simple T-stub Supports .—The principle of operation of such a stub 
support is briefly as follows: at the junction point, the voltage between 
inner and outer conductors of the branch line is the same as that across 
the main line at that point, and the current flowing into the junction 
from the input line (for example, that in the center conductor from the 
left-hand branch) is divided between the branch line and the output 
line. On the basis of these observations it can be said that the stub line 
is a shunt circuit in parallel with the main line. 

The stub line is terminated in a metallic short circuit, so that it 
presents a purely susceptive admittance at the junction. 

F, = ~jYa cot — = jBs. (30) 

The characteristic admittance of the stub line is assumed to be equal to 
that of the main line F 0 since it will be in the usual type of stub in which 
the same size conductors are used in both the stub and the main line. 
At any given wavelength X the length l may be chosen equal to X/4, 
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in which case Eq. (30) becomes 

Yu = —jYo cot ^ = 0. (31) 

Under these conditions the stub line presents zero susceptance at the 
junction, so that it does not introduce any mismatch into the main line. 

If the stub line is made of length l = Xo/4, the susceptance introduced 
by the stub at any wavelength X is, by Eq. (30), 

B s = - F» cot (j (32) 



Fig. 4*24. —Performance curves for simple Fig. 4*25.—Stub length vs. wavelength for 
T-stub. match for stubs of Fig. 4*24, 


The voltage standing-wave ratio introduced into the input line by this 
susceptance shunting the main line is given by Item 8 of Table 2-2 and 
by the curve of Fig. 212. The theoretical-performance curve for a 
simple T-stub of this type is given by Curve a of Fig. 4-24. Measure¬ 
ments reported by Pound 1 on three experimental models are plotted as 
Curves b, c, and d. The frequency sensitivity of the actual stubs is 
seen to be in good agreement with that predicted by simple theory. 

In Fig. 4-25, the stub length giving perfect match at a wavelength X 
is plotted against X for the three stubs of Fig. 4-24. Comparison with 
calculated quarter-wave values shows marked deviation between experi¬ 
ment and simple theory. An extremely useful correlation which is 
approximately valid for many line sizes and wavelengths is presented 
in Curve II which indicates that the stub length should be approxi¬ 
mately a quarter wavelength, measured from the inner surface of the 

1 R. V. Pound, “Stub Supports in J-in. Coaxial Line,” RL Report No. 232, May 19, 
942. 
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outer conductor. The simple theory does not predict the correct stub 
length because the fields and currents in the region of the junction are 
badly distorted, and the region within which such distortions exist is an 
appreciable fraction of a wavelength. The approximate correlation 
between the quarter-wave value and the stub length measured from the 
inside surface of the outer conductor of the main line could hardly be 
other than fortuitous, but it is nevertheless a bit of information worth 
remembering. 

In view of the discussion of the preceding paragraph it might be felt 
that it is rather remarkable that any stub length may be found that 



Fro. 4-20.—Broadband T-still) support. Fro. 4 27.—Performance of broadband 

stui) ill 5-in. coaxial line. I “ theoretical 
.simple stub; II = theoretical broadband; 
III = experimental. 

yields perfect match past a T-stub. As a matter of fact, perfect match 
is not achieved by any choice of stub length in the right-angle stub 
support to be discussed presently (see Fig. 4-26). The obvious difference 
between these two types of stub supports is that the straight-through 
T has perfect output-input symmetry with respect to tire plane passing 
through the stub perpendicular to the axis of the main line, while there 
is no such plane of symmetry in the right-angle stub. 

ft can be shown in a perfectly general way that any circuit that 
possesses this property of symmetry can lie adjusted to give a perfect 
match, while those not possessing such symmetry cannot, in general, 
yield perfect match. The methods by which this general proof is given 
are discussed in another volume of this series (see Yol. 8, Chap. 9). 

Throughout the foregoing discussion the stub is assumed to he of 
perfectly conducting metal and hence loss-free. An accurate calculation 
of the loss to be expected from a stub support is extremely difficult 
mathematically, but an estimate may be easily made based on simple 
theory which should be approximately correct.. It is likely that the 
actual loss is somewhat higher than this estimate because of additional 
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currents in the junction region that are associated with the fringing 
fields existing there. According to the simple theory the maximum volt¬ 
age amplitude in the stub branch occurs at the junction and is just equal 
to that in the main line, while the maximum current amplitude occurs 
at the short-circuiting plug and is just equal to the current amplitude in 
the main line. The amplitude of the current decreases cosinusoidally 
from the short-circuiting plug to zero at the junction. Since the con¬ 
ductor losses at any point in a line are proportional to the square of 
the current amplitude at that point, the losses in a quarter-wave stub 
may be shown to be just half that in a quarter wavelength of the main 
line. 

The power-handling capacity of a stub-supported line is, of course, 
less than that of the section between supports, but the magnitude of 
this effect for a simple stub is not well known, either theoretically or 
experimentally. An indication of the magnitude is obtained from experi¬ 
ments on the standard jj-in. coaxial line, which would be expected to 
break down at about 1200 kw pulse power, assuming the critical or 
breakdown field to be 30,000 volts/cm. A short smooth section of such 
a line, held between sections tapering from a larger size line, gave break¬ 
down at about 800 kw, while a section of line supported by the broadband 
stub (to be discussed later in this section) broke down at about 600 kw. 

Broadband T-stubs .—The wavelength sensitivity of the simple stub 
support w r as higher than desirable. The first attempts to circumvent 
this difficulty followed the earlier procedure used in bead supports, 
namely, spacing two such stubs at one-quarter or three-quarters wave¬ 
length apart. By choosing individual stub lengths correct for one 
w r avelength and spacing them for cancellation at another, an acceptable 
double-tuned circuit response was achieved. 1 

An ingenious method of compensating for the frequency sensitivity 
of a single stub was proposed by Pound. 2 The view of Fig. 4-26 show's 
the structure, and the admittance charts of Fig. 4-28 illustrate the prin¬ 
ciple. The points on the admittance diagrams labeled r, s, t, and u 
correspond to the same points on Fig. 4-26. Assuming a generator 
to be located at the left of the stub and the output line at the right to 
be matched, the admittance may be traced through the stub assembly 
from right to left. At midband, Fig. 4-28a, the stub length has been 
chosen so that it will introduce no shunting effect at the point st; and 
the low'-impedance section ru is exactly half a wavelength long so that 
its input admittance is equal to its output admittance Yo- Thus the 
stub is perfectly matched at X 0 . At a particular wavelength X 2 > X r ,, 

1 W. P. Mason, “A Band Pass Metallic Support for Coaxial Transmission Lines/' 
BTL Report MM-42-160-1, Jan. 3, 1942. 

2 Pound, op. cit. 
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the line section rs is less than X 2 /4 in length; consequently, the admittance 
at s is capacitive as shown in Fig. 4-286. But the stub length is also less 
than X 2 /4; therefore, it adds a shunt inductance effect to bring the 
admittance to the point t, symmetrically below s. The other half tu 
of the broadbanding transformer then transforms this admittance back 




to the value of the output ad¬ 
mittance Y o, and results in perfect 
match at X 2 . At some particular 
wavelength Xi < X 0 the conditions 
are as depicted in Fig. 4-28c. The 
admittance at s is now inductive, 
while the stub adds capacitance to 
give the symmetrical admittance 
point t which is then transformed 
by the section tu back to F 0 . 

It can be shown by simple 
transmission-line theory that the 
design relations required to 
achieve perfect match at wave¬ 
lengths X 0 , Xi, and X», are 

tan 5 ^ 



Fig. 4-28.—Admittance diagrams for 
broadband T-stubs. (a) Stub is equal to 
Xo/4 and adds nothing. ( b ) Stub is less than 
A 2/4 and adds inductance, (c) Stub is 
greater than Ai/4 and adds capacity. 

manipulation of Eq. (33) gives 


(5 £)-"’■ < 33 > 



+, Kt )- s - 0 <«> 

Any two of the wavelengths X 0 , 
X], and X 2 may be chosen at will; 
the third and the value of p' 2 will 
then be determined by Eq. (33) 
and the impedance Z x will be 
determined by Eq. (34). A little 

(35a) 


2XiX 2 

x7+T 2 ’ 


VO — h{ v i + r 2 ), 



(356) 

(36a) 


(366) 
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On a frequency scale, midband is simply the arithmetic mean of the 
other two values, while on a wavelength scale the relation is more 
complicated. 1 

The theoretically predicted and experimentally observed performances 
of a stub of this type are given in Fig. 4-27. That of a narrow-band 
stub is given for comparison. In Table 4-4 are given the dimensions 
that have been experimentally determined for a number of stub supports 
of this type. For a given line size and wavelength band all dimensions 
except the stub length L are calculated from the design equations. The 
stub length is made the design variable and is adjusted until the desired 
performance curve is obtained. 


Table 4-4.—Dimensions for Broadband T-stubs (Fig. 4-26) 
All dimensions in inches, wavelengths in centimeters 



D 

Conductors 

Transformer 

1 

Stub 
length L 

i 

Xo 


di 1 

d* 

l 3 

i 

51 

0.187 

0.437 

0.218 



3.2 

5 

8 

48 


0.555 

0.283 

1.600 

1.113 

8.1 

1 

46 

0.375 

0.811 

0.425 

1.600 

1.238 

8.1 

l 

46 

0.375 

0.811 

0.425 

1.950 

1.450 


7* 

8 

44 

0.375 

0.785 

0.425 

1.950 

1.450 


It 

75 

0.250 

0,875 

0.327 

1.970 

1.311 


n 

50 

0.500 

1.152 

0.573 

1.600 

1.425 

8.1 

H 

53 

0.625 

1.527 

0.725 

1.950 

1.750 

9.9 


* Not a standard line. An early line used in Pound's original design, 

f Not a standard line of the 50-ohm series. Data taken from Microwave Transmission Design 
Data, Sperry Gyroscope Co., May 1944, p. 57. 


It is interesting to note the similarity between the response curve of 
Fig. 4-28 and that of a triple-tuned circuit. These stubs have been 
designed to give perfect match at three wavelengths differing by some 
10 per cent. As the wavelengths X! and X 2 are chosen closer and closer 
to X 0 , p of Eq. (33) becomes larger and larger. In the limit, when 
Xi = X 0 = X 2 , the coefficient 1/p 2 of the linear term of Eq. (34) becomes 
zero. Equation (34) then becomes 

1 This observation is in keeping with the more general principle that the behavior 
of most circuits tends to be more symmetrical when plotted on a linear frequency scale 
than when plotted on a linear wavelength scale. Specific examples of this principle, 
in which perfect symmetry in the plot of VSWR vs. frequency is given by the theory, 
are (a) the half-wave bead and three-quarter-wave beads of Sec. 4-3, (b) the simple 
T-stub of this section, and (c) the complete broadband stub assembly being discussed 
here. Usually, any simple device, matched at a frequency r 0 and involving only 
elements whose electrical angles are some multiple n, either even or odd, of w/2 at 
midband, will possess this symmetry. These observations constitute a rather strong 
argument in favor of plotting performance curves in terms of frequency. 








176 


RIGID TRANSMISSION LINES 


[Sec. 4-4 


(ft)'-©’ —»' (37) 

which has the solution 

f 1 = 0.8393. (38) 

This solution corresponds to the critically coupled triple-tuned circuit 
which is perfectly matched at midband, and at midband only, and which 
has a very flat response curve in the neighborhood of midband. As Z x 
decreases from the value Z 0 toward the value 0.8393Z 0 , the performance 
curve starts from that of a simple stub and becomes progressively flatter 
until it reaches critical coupling. Any further decrease in Z x causes 
the overcoupling response curve to appear, and the spread in the wave¬ 
lengths Xi, Xo, X 2 becomes progressively larger as Z i decreases. If 
Zi is decreased too much, rather high mismatch will begin to appear in 
the intervals between these three wavelengths. For the stubs of Table 
4-4 the VSWR remains well below 1.01 (by calculation) in these inter¬ 
mediate intervals. Incidentally, the wavelengths Xi and X 2 spread 
rapidly as Z x decreases. For Xi = O.9X 0 , one obtains Z x = O.835Z 0 , 
which is only one-half of 1 per cent lower than the critically coupled 
value, 0.8392. A variation of another half per cent to Z x = 0.831Z 0 
makes Xi = 0.87X 0 . 

There is a small phase distortion in the broadband T-stub which 
should be taken into consideration when the application demands high 
precision in this regard. Pound 1 evaluated this distortion, both theo¬ 
retically and experimentally, for the 1-in. line version. The correction 
AL to be applied to the mechanical length of line containing such a stub 
in order to obtain its equivalent electrical length was found to have the 
values given in Table 4-5. 


Table 4-5.— Phase Distortion in Broadband Stub Siuu'oht or Fig. 4-28 
Electrical length = mechanical length +AL. 

All units arc in centimeters 


X 

8.4 1 

9.0 

10.0 

11.0 

11.4 

AL 

-0.15 | 

-0.08 

0 

+0.10 j 

+0.15 


Right-angle Stubs. —Stub-supported coaxial lines are usually made 
of rigid tubing supported at fairly large intervals, so that the line it* not 
easily bent. The, necessary changes in direction required of the line are 
accomplished by means of stub angles which are modifications of the 
T-stub previously discussed. It is nearly always possible to lay out the 
transmission-line arrangement in such a way that simple 90° changes 

1 11 V. Pound, "Phase Distortion in Broad Band Stub Supports," Hi, Report No. 
53-6, Aug 17, 1942. 
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of the axial direction of the line accomplish the desired interconnections 
between circuits in a straightforward manner. 

The physical arrangement and performance of simple stub angles 
having various stub lengths are given by Fig. 4-29. These performance 
curves, unlike those of the T-stubs discussed earlier, do not present a 
perfect match to the input line at any wavelength. Each curve goes 
through a minimum VSWR at a different wavelength, and the stub 



A in cm 
( 6 ) 


Fig. 4-29.— Simple stub angln. (a) Dimensions, (h) Performance curves for a line with 
d i = 0.375" and dz — 0.785". 

length is plotted against the associated optimum wavelength as Curve 
I of Fig. 4-306. The stub length L is rather close to the quarter-wave 
value, Curve II. As the wavelength of best match becomes longer the 
minimum VSWR goes down, as clearly illustrated by Fig. 4-30a. This 
type of behavior is expected because, as the wavelengths become large 
compared with the line dimensions, junction effects should become of 
decreasing importance. Unfortunately this type of stub angle lacks the 
T-stub property of symmetry that is responsible for attaining perfect 
match. 

In order to obtain a matched stub angle it is necessary to introduce 
an impedance transformer. One such design and its performance curve 
is given in Fig. 4-31. This design is based on Pound’s work, 1 which gives 
impedance diagrams showing how the broadbanding, evident by com¬ 
parison with the dashed curve representing a theoretical stub, is achieved. 

Soon after this design was completed, the wall thickness of the outer 
; Ibid. 


VSWR 
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conductor of the £-in. line was changed from 0.045 to 0.032 in., and it 
was assumed that this slight change would not affect the performance 
enough to require a redesign. Later it was found that the stubs being 




9 10 11 12 13 8 9 10 11 12 

Xincm Xincm 

(a) (b) 

Fig. 4-30. —Minimum VSWR (a) and optimum stub lengths in inches ( b ) [or stub angles of 

Fig. 4-29. 



Fig. 4*31. —Stub angle matched by undercut transformer, (a) Dimensions. ( b ) Per¬ 
formance curve. 


made according to this design but using the thinner tubing gave a VSWR 
of about 1.10 at wavelength of 10.7 cm. It does not seem likely that 
the small change in wall thickness could have caused such a large mis¬ 
match to appear, hut no other source for the error lias appeared. 
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In some applications, the length of the side branch (over two inches 
to the end of the transformer section) is objectionable. For this reason, 
as well as that of the unexplained mismatch previously mentioned, 
alternative stub angles are preferred. One alternative is that of using 
the simple sleeve transformer of Fig. 4-32a. The sleeve transformer is 



Xin cm 
( 6 ) 

Fig. 4-32.—Stub angle matched by sleeve transformer, (a) Design. (6) Performance. 



(a) 

Fig. 4-33.—Universal stub, (a) Dimensions. ( b ) Performance curves for in. stub for 
Xo = 10 cm. Curve I, straight T-stub; Curve II, stub angle. 

fairly short, leading to an extremely compact stub. Since the response 
curves (see Fig. 4-32 b) are about like those of a theoretical stub, this 
design is not to be recommended for bands of width greater than about 
6 to 8 per cent. This design was evolved especially for operation at a 
wavelength of 9.1 cm, where none of the other stub angles was well 
matched. It was later discovered that a simple change of stub length 
gave fair results at other wavelengths. 

Universal Stubs .—A stub which may serve either as a straight-through 
T-stub or as a stub angle, depending on the way in which the parts are 
assembled, is shown in Fig. 4-33a. When the short-circuiting plug is 
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assembled as shown in solid lines at position P, a stub angle results. 
Ordinary coaxial-line connectors are then attached to the left and top 
branches for connection to other sections of line. If the plug is assembled 
at position P' (shown in phantom) and a standard connector is attached 
to the right-hand branch line, a straight-through T-stub results. The 
dimensions for three such stubs are given in Table 4-6. The performance 
curves for the universal stub in the |-in. line size are given in Fig. 4-336 
and the dimensions are those given in Table 4-6. It was found necessary 
to increase the original value of L\ by 0.070 in. in order to obtain the 
result of Curve I. It may be that some modification of T 2 would improve 
the stub-angle performance of Curve II. 


Table 4-6.—Dimensions for Universal Stubs of Fig. 4 33 
All dimensions in inches, wavelengths in centimeters 


Line 

size 

Zo 

di d> 

j 

d§ 

d\ 

to 

u 

Lz 

L\ 

Xo 

r 

48 

0.250 0.555 

0.283 

0.294 

1.181 

1.050 

1.950 

1.100' 

9.9 

7 

46 

0.375 0.811 

0.425 

0.445 

1.323 

1.094 

1.950 

1.141 

9.9 

it 

75 

0.250 0.875 

0.327 

0.342 

1.410 

1.100' 

1 970 

1.310 

10.0 


* Designed by Polytechnic Institute of Brooklyn; Report R-25-43, P1B-9, Contract OEMsr-335, 
July I, 1943. 

f Not a standard line of the 50-ohm series. Data taken from Microwave Transmission Design Data, 
Sperry Gyroscope Co., May 1944, p. 58. 

Miscellaneous Stubs.—A number of other types of stub have been 
proposed to fulfill special requirements. A few of these are illustrated 
in Fig. 4-34. Figure 4-34a is a modification of the broadband T-stub 
which has the advantages of greater rigidity and of mechanical balance. 
It is especially well suited to applications in which it is required to 
support a section of coaxial line which is rotating at high speed about 
its axis. 

The stub of Fig. 4-346 is a special type of stub angle in which symmetry 
between input and output halves has been introduced. It was pointed 
out in the discussion of ordinary T-stubs and stub angles that it is usually 
possible to obtain an impedance match with simple symmetrical circuits 
(for example, simple stub angle). It was indicated in Fig. 4-22 that this 
effect becomes more pronounced as the wavelength becomes shorter, 
and extremely poor conditions can be expected to arise as the wavelength 
approaches that corresponding to the cutoff of the second coaxial mode. 
The stub of Fig. 4-346 was designed for the largest line usable in the 10-c.m 
band, and it was very satisfactory, whereas attempts to make a stub 
angle of the usual type had proved most unsatisfactory. The enlarge¬ 
ments of the center conductor are not needed for matching but serve 
rather as broadbanding transformers. 
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Diagram 4-34c illustrates the use of a smaller coaxial line within 
the center conductor of the standard ij-in. line, the f-in. tube being 
common to both lines. In the diagram the outer line is supported by a 
broadband T-stub, while the smaller line is a simple narrowband stub 
matched for a wavelength of 9.1 cm. 





Fra. 4-34.—Miscellaneous stubs, (a) Cross stub support in standard I-in. line 
(Ao = 10 cm). (6) Cross stub angle in standard lf-in. line (Ao = 9.9 cm), (c) Stub within 
a stub in standard I-in. line (inner stub for A = 9.1 cm), (d) Internal stubs in a large line 
(dimensions comparable to A). 


A simple stub of the type shown in Fig. 4-34d might be expected to 
present an almost complete short-circuiting effect to the line. For 
wavelengths that are long compared with the line dimensions this is 
indeed the case, but for lines that are almost large enough to propagate 
the second coaxial mode the mismatch due to such a stub is surprisingly 
small. It was found that a single f-in. rod used in this manner to 
support the f-in. center conductor of the lf-in. line gave a VSWR of 
about 1.2 at 9.1 cm, increasing linearly with wavelength to a value of 
2 at about 10.7 cm. A spaced pair showed some promise (r < 1.10 
from X = 9.0 to 9.5 cm), but the problem was not pursued further as 
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there seemed little prospect of a good broadband performance in the 
10- to 11-cm wavelength region for which a stub was desired. 

It may be that the approach of the wavelength toward propagation 
of the second coaxial mode is the essential factor in giving a low VSWR, 
but it is also possible that the fact that the stub length approaches the 
quarter-wave value at about the same time is the more important. If 
the latter explanation is the true one, a better performance would be 
expected from higher-impedance lines, since the radial distance between 
outer and inner conductors is greater for a high-impedance line than for a 



Fig. 4-35.—Simple types of quarter-wave coaxial transformers. 


low-impedance line having the same cutoff wavelength for the second 
mode. 

In addition, various “trick” shapes may be tried for support. Mak¬ 
ing the supporting rod of smaller diameter may be beneficial. It has 
been reported that the Raytheon Laboratories have had success with 
shapes that introduce a “capacity-loading” effect, while the Sperry 
Laboratories have found a thin wafer-like structure with a spiral effect 
to be extremely handy as a completely internal metallic support. 

The chief limitation of the stub shown in Fig. 4-34rf and the other 
types of internal stub mentioned seems to be in their power-handling 
capacity. Experimental results are not known to the author, but it 
does not seem likely that any of these supports would be applicable 
rvhere high peak powers are transmitted. 

4-5. Coaxial Impedance Transformers. —Four simple types of coaxial- 
lino transformers are illustrated in Fig. 4-35. For a general discussion 
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of the principles underlying the use of transformers in impedance¬ 
matching the reader is referred to Sec. 2-15 and to Slater. 1 There are 
of course other ways of changing the characteristic impedance of a coaxial 
line, including combinations of those shown, and any such arrangement 
may be used as a transformer. Those shown include the more important 
ones, however. 

The most commonly used type is that of Fig. 4-35a. It is shown as a 
sleeve to be slipped over the center 
conductor, in which form it is very 
convenient to use as a trial trans¬ 
former. A narrow longitudinal slot 
may be sawed the full length of the 
sleeve in order to permit sliding it 
along the line. After the proper size 
and position of the trial transformer 
sleeve have been found, it is advisable 
to make a confirming measurement 
with the sleeve soldered in place 
because of the possibility of faulty 
contacts between sleeve and center 
conductor. In manufacturing prac¬ 
tice the transformer may be a sol¬ 
dered sleeve or it may be formed by 
machining the center conductor and 
transformer from a solid rod of larger diameter. Machining is usually 
more practical for short sections and the sleeve technique is preferred for 
longer lengths. 

The characteristic impedance of the transformers shown may be 
calculated from the usual formula 



1 v 1 1 1 I I 1 . 1 _l 1 I I I 

0 20 40 60 80 100 120 140 

Z 0 , Air filled line 
Vk^Z 0 , Dielectric filled line 


Fig. 4-36.—Characteristic impedance of 
coaxial line. 




138.2 

y/ k c 


log 


b 

10 

a 


(39) 


or read from Fig. 4-3(>. The radii b and a and the relative dielectric 
constant k„ are, of course, those in the transformer section. It is evident 
that the characteristic impedance may be decreased compared with 
that of the main line (1) by increasing a (Fig. 4-35a), (2) by decreasing 
b (Fig. 4-35c), or (3) by increasing k, (Fig. 4-35rf). The impedance may be 
increased (1) by decreasing a (Fig. 4-35h), (2) by increasing b (not shown, 
because it is little used), or (c) by decreasing k, (a possibility only if the 
main line is dielectric-filled). Various combinations of these six alterna¬ 
tives are possible, and the resulting characteristic impedance may be 
calculated by Eq. (39) or read from Fig. 4-36. 

1 J. C. Slater, Microwave Transmission, McGraw-Hill, New \ork, 1942, pp. 55-63. 
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Of the transformers shown in Fig. 4-35, only that of Fig. 4-35 d is 
free from distortions in the electric and magnetic fields at the junction 
between main line and transformer. It was mentioned in Sec. 2-12 
that a change in diameter of either or both conductors of a coaxial 
line sets up fringing fields which introduce a shunt-capacity effect, as 
indicated by the equivalent circuit of Fig. 2-41. More will be said 
about this effect in the following section. It is well to point out at this 
time that this shunting effect must be taken into consideration if extreme 
precision is required in the use of matching transformers. Fortunately, 
the two shunt capacitances are spaced a quarter wavelength apart and 
as a result tend to cancel each other to a certain extent. 

As an illustration of the magnitude of the error introduced by neglect¬ 
ing the discontinuity capacitances, a typical numerical example should 
be considered. At a wavelength of 10 cm in the standard i-in. OD 
coaxial line, a sleeve transformer is to be used (Fig. 4-35a) to match 
out a VSWR of 2.56. On the basis of simple theory, this requires a 
transformer of characteristic impedance Z 0 /1.6 and of length 2.50 cm 
placed with its output end at a voltage-minimum point. The susceptance 
that may be calculated 1 at each end of the transformer amounts to 0.04Fo, 
and experimental values are in good agreement. If the transformer is 
placed with its output end exactly at the voltage minimum, the resulting 
VSWR will be about 1.025 rather than 1.000 as expected from simple 
theory. The input admittance is slightly capacitive and is almost 
identical with that which would be predicted by simple theory for a 
transformer placed 0.004X (0.016 in.) too close to the generator. As 
one might infer from the last observation, almost perfect match may be 
achieved by displacing the transformer an equal distance toward the 
load. 

4-6. Coaxial-line Discontinuities.—Several references (Secs. 2-12, 
2.15, 4.3, 4.5) have already been made to the existence of an equivalent 
shunt capacity at the point where either conductor (or both) of a coaxial 
line undergoes an abrupt change of diameter. The purpose of this 
section is to present a very brief qualitative explanation of this effect 
and to give a few useful curves and illustrative examples. Thorough 
theoretical treatments 2 and numerical results 3 exist in the literature, and 
the reader is referred to them if additional material is desired. 

1 J. R. Whinncry and H. W. Jamieson, “Coaxial-lino Discontinuities,” Proc. 
I.R.E ., 32, (595—709 (November 1944); also See. 4 6 of this volume. 

2 Yol. 10, Radiation Laboratory Scries; J. R. Whinncry and H. W. Jamieson, 
“Equivalent Circuits for Discontinuities in Transmission Janes,” Proc. I.R.E., 32, 
98-115 (February 1944). 

3 J. R. Whinncry, H. W. Jamieson, and Thoo Eloisc Robbins, “Coaxial-Line 
Discontinuities,” Proc. I.R.E., 32, 695-709 (November 1944). 
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The field structure in the neighborhood of a step discontinuity is of 
the form shown in Fig. 4-37o. All field lines end normal to the metallic 
boundary since no tangential component of E may exist there. The 
principal- or lowest-mode field is purely radial; consequently it is obvious 
that there are some longitudinal components of field present which do 
not belong to this mode. The longitudinal components may be thought 
of as belonging to higher mode E -waves (those modes with longitudinal 
component of E but not of II, also called “ TM-waves”). If the dimen¬ 
sions of either (or both) of the 
lines are large enough to propa¬ 
gate any of these higher mode E- 
waves, a part of the power incident 
on the discontinuity will be trans¬ 
formed into such /'.’-mode waves 
traveling away from the discontin¬ 
uity in the large line (or lines). 

Usually this is undesirable, and in 
order to avoid transfer of power 
into higher-mode waves of both E 
and H types the dimensions of 
lines actually used are limited so 
that only the lowest mode may be 
propagated. 

It is shown in the theoretical 
references that the effect of the 
discontinuity is exactly repre¬ 
sented by an equivalent circuit 
of the type given in Fig. 4-37c pro¬ 
vided the lines are both capable of 
propagating only the lowest mode. 

This equivalent circuit is valid 
only for impedance measurements made at a distance from the discontin¬ 
uity which is large enough to ensure that the higher order fields have been 
attenuated to negligible values. It assumes also that no other discontin¬ 
uity occurs close enough to couple to these higher order fields. This con¬ 
sideration is sometimes termed the “proximity effect,” and methods of 
treating it are given in the references. Usually, the proximity effect low¬ 
ers the capacity of each discontinuity by an amount depending on the phys¬ 
ical arrangements of the discontinuities and on their separation. If two 
discontinuities are separated by a distance greater than the separation 
between inner and outer conductors of the line between them, little 
interaction results, and the reduction in individual capacitances is 
negligible. For certain arrangements, namely those for which the fields 



(a) 


Principal wave current, line B 
Current to be accounted 
for by Y d . 

Total current 
(principal 
and local) a 

Z-0 

Principal wave current, line A 



(c) 


Fig. 4 .37. —Step discontinuity in coaxial 
line, (a) Electric fields at the discontinuity. 
( b ) Plot of the variation of the currents 
across the discontinuity, (c) Equivalent cir¬ 
cuit of the discontinuity. 
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between the discontinuities are relatively undistorted (as in line A of Fig. 
4-37a), much closer separations may be tolerated. 

Four common types of step discontinuity are given in Fig. 4-38. 
By using the formulas given in the legend, in conjunction with the curve 




(c) Cf2rrr l (rf) C d = TtTqSee text) 

Total capacity is C c = C 2 + C 3 Ll 


Fig. 4 38.—Examples of coaxial-line step discontinuities ( C' a from Fig. 4-39). 

of Fig. 4-39, a good estimate of the junction capacity may be made. 
The equivalent circuits are all of the type given in Fig. 4-37c, where 

Y d = jCu, (40) 

and Z oa and Z 0 b are the ordinary characteristic impedances of the 
coaxial lines A and B. 

Figure 4-39 is taken from Whinnery and Jamieson (Joe. cit.) and 
applies exactly only for step discontinuities in parallel-plane transmission 
lines. It gives accurately the capacity per unit width caused by a step in 
such a line; when this value is multiplied by the appropriate circumference 
(2m-i or 2irr 2 as indicated in the legend of Fig. 4-38), a good approxima¬ 
tion to the discontinuity capacity in a coaxial line of the same step 
ratio a is obtained. It may be noted that the appropriate radius is 
that common to lines .4 and B. The error involved in the approxi¬ 
mation depends, for a given step ratio, on the diameter ratio of the 
coaxial conductors. If the largest diameter ratio of either line is below 
five, the approximation is good to within better than 20 per cent for all 
values of a plotted. Greater accuracy may be obtained by study of 
the references cited above. 
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The appearance of the dielectric constant k e in the formulas of Fig. 
4-38 requires further explanation. Referring to Fig. 4-37a it will be 
noticed that the field in line A is relatively undistorted; therefore the 
value of the dielectric constant in line A should have little effect on 
the higher mode fields. It is the dielectric constant in line B, where the 
principal distortions of field occur, that has the major influence on the 
higher-mode fields and hence on the discontinuity capacity. The values 
of C' d from Fig. 4-39 are based on 
air dielectric and thus must be 
multiplied by the appropriate die¬ 
lectric constant to obtain the ac¬ 
tual capacity. In all cases except 
C 3 of Fig. 4-38, the major field dis¬ 
tortions occur in line B. 

In the case of the double step 
of Fig. 4-38c, the total junction ca¬ 
pacity is well approximated by 
considering it to be composed of 
the two capacitances C 2 and (7 3 
added in parallel. To justify this 
statement, the outer conductor 
can be visualized as displaced 
slightly to the right creating an 
intermediate section of line of 
outer radius n and inner radius r 2 . 

In this intermediate section the 
fields are relatively free of dis¬ 
tortion; hence, there is little 
interaction between the two dis¬ 
continuities and their capacities 
may be calculated separately. In 
view of the remarks of the preced¬ 
ing paragraph, the dielectric con¬ 



i'lii. 4-39.—Approximate discontinuity 
pacitance for coaxial steps. 


stant k r A is appropriate to the capacity C'3, while k eB is used in calculating 
CY As the outer conductor is brought back to the position indicated in 
the figure these two capacities remain essentially separate, but their shunt¬ 
ing actions become located at the same point in the line. 

The situation existing in Fig. 4-38d is more complicated, since the 
fringing fields caused by the two steps are intimately associated. An 
approximate method of treating the problem, due to Whinnery, gives 
results which agree fairly well with experiment.. An intermediate 
cylindrical sheet of radius r 3 = r 2 (properly chosen) could be inserted as 
indicated in the figure and the junction capacitances C 1 and C 2 of the 
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internal and external lines that are formed by the methods outlined in 
connection with Figs. 4-38a and b could be calculated. These junction 
capacitances are treated first by placing them in series with each other and 
then by connecting the combination across the line. 

The value of r i = r 2 is chosen as that value which makes the total 
capacitance Cd a maximum. Being at a maximum, the value of Cd is not 
very sensitive to slight variations of ri = r 2 from the correct value. 




(o) (4) 

Fig. 4-40. —Some experimental results on coaxial steps, (a) Dimensions. (6) Comparison 
between theory and experiment. 

A series of measurements 1 which provides a check on the validity of 
this procedure is summarized graphically in Fig. 4-40. Unfortunately the 
experimentally measured values of VSWR are to be trusted to an accuracy 
of only about ±.03; consequently it is difficult to ascertain if the dis¬ 
crepancy between theory and experiment is real. At any rate, the 
prediction of theory is certainly close enough to be very useful in many 
applications. 

WAVEGUIDES 

By Richard M. Walker 

4-7. Factors Governing Choice of Dimensions, —The choice of dimen¬ 
sions for a waveguide to be operated at a given wavelength involves the 
following considerations: (1) mode of operation; (2) cutoff wavelength 
for the operating mode and the next higher mode; (3) attenuation in the 
wall surfaces; and (4) voltage breakdown. Waveguide dimensions are 
usually selected so that only the lowest or fundamental mode can be 
propagated at the desired wavelength. With such a choice of dimensions, 
propagation of a higher mode excited by components in the system is 
rapidly attenuated and the impedance of the system is not changed 
appreciably. Therefore, the design of components that may excite a 

1 B. P. Wasliburne, “Coaxial-Line Step Discontinuity Admittances,” HL Group 
Report No. 53, July 25, 1945. 
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higher mode, such as couplings, rotating joints, switches, transitions, and 
so forth, is simplified. This choice of dimensions also makes it possible 
to use matching elements such as capacitive and inductive irises and the 
resonant ring which excite higher modes in the waveguide. Two com¬ 
ponents or elements in the transmission line which excite a higher mode 
may form a resonant cavity, the Q of which is determined by the distance 
between them. Since the attenuation is high for the higher modes, the 
cavity Q can be made very low by moving the components far enough 
apart (see Sec. 2-3 for attenuation formulas). An exception to this con¬ 
sideration is made in some cases such as the circular-pipe section of a 
waveguide rotary joint discussed in Sec. 7-3 where the TMoi-mode is 
essential for the rotary-joint operation. The TE n-mode that may also be 
propagated in the circular waveguide is suppressed by resonant rings and 
by special design to prevent its excitation. 

Usually, waveguide transmission systems are similar to high-pass 
filters in that, for a given choice of inside dimensions, all wavelengths 
below the cutoff wavelength X„ may be propagated. However, where 
propagation is limited to one mode, the pass band has a lower wavelength 
limit, determined by the cutoff wavelength for the second waveguide 
mode. The cutoff wavelengths for any mode may be calculated from the 
inside dimensions of the waveguide. Formulas for calculating the cutoff 
wavelengths of rectangular and circular waveguides in the fundamental 
and higher modes are given in Sec. 2T0. 

So far the pass band has been discussed for a waveguide with given 
internal dimensions. This pass band is fairly wide compared with the 
operating wavelength band of a radar system. Since the waveguide- 
attenuation and voltage-breakdown characteristics change considerably 
over the pass band, a portion of the pass band that gives the best over-all 
operating characteristic may be selected. Figure 4-41 shows the varia¬ 
tion of attenuation over the pass band for rectangular waveguide oper¬ 
ating in the Tfiio-mode. The curve was calculated from the equation 1 



where a c is the conductor loss, a and b the wide and narrow inside dimen¬ 
sions, respectively, in inches, and X 0 and X c the free-space and cutoff 
wavelengths, respectively. In Fig. 4-41 a c a 3/! is plotted against X 0 /X c for 
three ratios of a/b —2.12, 2.25, and 2.47. For convenience, the dimen¬ 
sion a for Fig. 4-41 is in inches. 

1 Micro-wave Transmission Design Data, Sperry Gyroscope Co., May 1944, p. 77 
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The maximum power that can be carried by a rectangular waveguide 
operating in the TE m-mode with a > b is given by the equation 1 

£-6.63X10-** (A). (42) 

If a and b are in meters, and the electric field strength E is in volts per 
meter, the power is in watts. Since 


El. 


X 10~*(ab)yjl - (43) 


= 6.63 


Figure 4-42 shows the variation of P/abE 2 m „ with changes in X/\ c over 
the pass band. 


Table 4-7.— Some Waveguide Constants 


Guide size 

OD, in. 

Wall, 

in. 

Wave- 
1 length, 
cm 

p 

g* 

Power,* 

\Tw 

1 

Loss, f 
db/m 
(copper) 

Wave- 
lengthf 
band, cm 


A. 

Rectangular (7V? llr Modc) 



3X1.5 

0.080 

10.0 

11.7 X 10" J 

10.5 

0 0199 

7.3-13.0 

2.75 X 0.375(ID) 

0 049 

10.0 

3.08 

2.77 

0.0575 

7.0-12.6 

2 X 1 

0.064 

6.5 

5.39 

4.86 

0.0310 

4.8-8.5 

1.5 X 0.75 

0.064 

5.0 

2.54 

2 29 

0.0633 

3.6-63 

1 25 X 0.625 

0 064 

3 2 

1.97 

1.77 

0.0725 

2.9-5.1 

1.0 X 05 

0 050 

3.2 

1.10 

0 99 

0.117 

23-4.1 

0.5 X 0 25 

0.040 

i 1.25 

i 

0.248 

0.223 

0.346 

l 

1.07-1.9 

R. Round (77?n-Mode) 

3 ID 

. 

10 0 

18.4 X 10-= 

16.6 

0.0140 

10.0-11.7 

1 OD 

0.032 

3.2 

l 

17.3 

1.57 

0 0847 

3.18-3.64 


* Calculated values assuming 30,000 volts/cm. 
t Calculated values for copper. 

t Based on maximum wavelength 10% below cutoff for lowest mode and minimum wavelength 1 % 
above that allowing propagation of another waveguide inode. At 10% below' cutoff, the attenuation 
is roughly twice, and breakdown power roughly half, that for the short-wave limit. Both become very 
rapidly worse as cutoff is approached. 

As the cutoff wavelength is approached, the attenuation of a wave¬ 
guide increases rapidly and the breakdown power decreases rapidly. 
Therefore, the entire pass band as described above is not used. The use 
of a range from about 1 per cent above the cutoff wavelength for the 
second mode to 10 per cent below cutoff for the lowest mode is considered 
good practice. For narrow-band systems, it is advisable to operate 
1 Ibid., p. 73. 
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near the center of this wavelength range. At 10 per cent below cutoff for 
the dominant or TE io-mode, the attenuation is roughly twice, and the 
breakdown power roughly half, that for the short wavelength limit. 

The more important characteristics of several commonly used wave¬ 
guides are presented in Table 4-7. 

WAVEGUIDE COUPLINGS 

Two general classes of couplings are used for connecting waveguide 
sections: (1) the contact coupling, and (2) the choke-flange coupling. 
The losses and reflections from a contact joint between two sections of 
tubing are negligible if care is taken to have the sections line up and make 
good contact across the entire surface. It is considered good design 
practice to use the more complicated “ choke-flange ” coupling in service 
applications instead of the contact coupling because clean, flat, parallel 
surfaces are hard to achieve and maintain. 

4-8. Contact Couplings.—The contact coupling is usually made of 
flat flanges which are soldered to the ends of the tubing and bolted 
together as shown in Fig. 4'43. A joint of this type is often used in 
experimental impedance-measuring equipment where extreme accuracy 
is desired. This assembly is usually made by inserting into the line at the 
junction a plunger carefully machined to 
make a slip tit in the tubing. After the 
bolts are tightened, the plunger is pulled 
out of either end. Each time the coup¬ 
ling is assembled the mating surfaces are 
usually cleaned to remove corrosion and 
thereby ensure good contact. By mov¬ 
ing one flange back a few mils from the 
end of the tubing as shown in Fig. 4-43, 
a greater pressure may be applied to make good contact over the entire 
surface. This procedure reduces the mechanical strength of the joint; 
therefore, the line should have additional support. Reflections from such 
a coupling can be kept consistently below 1.01 in VSWR by use of this 
procedure. Tests have shown that a coupling of this type, when carefully 
made, is better than the average soldered guide-to-guide joint. The 
contact coupling is not frequency-sensitive. 

4-9. Circular-groove Choke-flange Couplings.—Choke-flange coup¬ 
lings consist essentially of a series-branching transmission line whose 
length is one-half wavelength, thus presenting zero scries impedance to the 
main line. The important feature of such a coupling is that it is broken 
at a low-current point IS (Fig. 411) in the branch line; thus contact 
troubles are minimized. It is common practice to make the outer 
quarter-wavelength section in the form of a circular groove. The depth 





IjKjnnng 


I’ig. 4-4.'i.— Contact, coupling. 


194 


RIGID TRANSMISSION LINES 


[Sec. 4 9 


d of this groove is chosen a quarter wavelength in order that the minimum- 
current point will occur at the contact between the choke and flange. 

For the rectangular-waveguide coupling, the outer groove may be con¬ 
sidered as a low-impedance coaxial line excited principally in the second 
TEho-mode as in Fig. 4-44a. Figure 4-44 illustrates standard choke¬ 
coupling designs for rectangular waveguide operating in the fundamental 

Y 





<M 



Fig. 4-44.—Continuous circular-groove choke coupling, (o) Rectangular-waveguide 
coupling, 7\Z?io-modc. (b) and (c) Circular-waveguide couplings, 7M/oi-niodc. 


Tfiio-mode and for circular waveguide operating in the TMoi-mode. 
From the symmetry of fields and currents about the vertical line 1’F and 
the equal but opposite (mirrored) symmetry about the horizontal line XX, 
it is obvious that the excitation of the choke section must be such that it 
will excite only coaxial modes of similar symmetry. Hence, the TEi 0 - 
mode would not be excited under normal conditions. If the choke and 
flange are not lined up perfectly, the 7’A 1 o { i-mode will be excited to some 
extent. It is quite likely that a good deal of excitation of the TE-m -mode 
is normally present. The currents flowing in the waveguide do not tend 
to excite the side portions of the circular groove (that is, the portions of 
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the groove adjacent to the narrow sides of the waveguide). This fact 
seems to indicate that the fields in the circular groove cannot be ade¬ 
quately described by the TE X o-mode alone but that a fairly large TE w-term 
plus smaller amounts of higher TE -modes are required. 

Since the currents in the side walls of the waveguide have no longi¬ 
tudinal component, it is not necessary to provide any choke action along 
the narrow sides of the waveguide. Therefore, the circular groove may 
be filled up with metal or not cut at all in this region as indicated in Fig. 



4-45. This procedure is desirable when misalignment between the choke 
and flange is contemplated as in motional joints (see Sec. 5-20). By this 
procedure the choke is broken up into two separate portions, one excited 
by the currents in the top wall and the other by the currents in the lower 
wall of the waveguide. The two portions may now be considered as 
separate waveguides. Moreover, the currents in the broad walls of the 
waveguide, being sinusoidal in their transverse variation, tend to excite 
the TFio-mode in a fairly pure manner. 

A coupling of this type is difficult to manufacture; therefore, the 
circular-groove type has been used for rigid-waveguide couplings. The 
cutoff wavelengths for the TF-modes are given with very good accuracy, 
for these low-impedance coaxial lines, by the approximate equation 


K = 


average circumference 

---j 

n 


(44) 


where n is the order of the mode (TE n0 ). By use of the usual equation 
relating guide wavelength to free-space and cutoff wavelengths, the depth 
of groove d in Fig. 4-44o can be calculated; a quarter guide-wavelength 
depth is required. Since the TF^-mode is the one chiefly excited, 
the groove is made a quarter wavelength deep for this mode. The 
average circumference of the groove is such that the TE , 0 -mode wit' 
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not propagate at the longer wavelengths for which the choke is designed. 
At the shorter wavelengths, the depth is a very small fraction of a quarter 
wavelength for the r£ 30 -mode. 

In the choke coupling for circular waveguide operating in the 
TMoi-mode, Fig. 4-446, the coaxial groove is excited uniformly over the 
circumference in the fundamental coaxial mode (assuming perfect align¬ 
ment). Therefore, the wavelength in this section is equal to the free- 
space wavelength. The groove depth must be adjusted to balance 



0 0.2 0.4 0.6 0.8 1.0 1.2 1.4 1.6 1.8 2.0 

2r, 

y-diameter at voltage node in fractions of a wavelength 

Fig. 4-46.—Voltage and current nodes in a radial-transmission line; n corresponds to a 
voltage node; ri corresponds to a current node; for n — 1, cylindrical wave. 

junction effects, which makes it deeper than X/4. An experimental 
method for determining the proper groove depth is described later in this 
section. 

To determine the average, circumference in a circular-choke groove 
that is cut in such a way that the point B on diameter D is at a current 
minimum position and also a quarter wavelength from point .4, the section 
of line between .4 and B must be considered. This section of line between 
the main line and the coaxial groove is a radial-transmission line. The 
proper groove diameter D, Fig. 4-44a, is usually determined by empirical 
methods. A method for determining this diameter, proposed by Pierce of 
Bell Telephone Laboratories, 1 is to vary the radius iq of a purely radial 

1 J. R. Pierce, “Design Procedure for Disk Choke Couplings,” BTL Report 
MM-44-120-22, Apr. 26, 1944. 



Sec. 4-9] CIRCULAR-GROOVE CHOKE-FLANGE COUPLINGS 


197 


transmission line until no discontinuity is presented in the main-wave¬ 
guide line. The width of this radial line should be the same as that used 
in the final choke design (y of Fig. 4'45). From this radius r,, the radius 
r e of a circle at the antinode or high-impedance point may be found for 
the rectangular-waveguide case from the curves of Fig. 4-46, which is 
reproduced from Pierce’s report. It should be mentioned here that in 
some instances the proper groove diameter will intersect the waveguide. 
If this is so it is impossible to make a simple circular choke which will give 
both a perfect match and very low leakage. Either match or low leakage 



0 0.2 0.4 0.6 0.8 1.0 1.2 1.4 1.6 1.8 2.0 


^■diameter at voltage node in fractions of a wavelength 

l ie. 4*47.—Voltage and current nodes in a radial-transmission line; ri = voltage node; 
r 2 = current node; n = 0, cylindrical wave. 

» 

must be sacrificed. This situation has been encountered in 0.170- by 
0.420-in. ID and 1^- by f-in. ID waveguides operating at free-space 
wavelengths of 1.25 cm and 3.3 cm, respectively. The only way to 
preserve both is to go to some other groove shape or to a discontinuous 
circular groove as illustrated in Fig. 4-45. Grooves of other shapes for 
choke couplings are discussed later in Sec. 4-9. For the circular-wave¬ 
guide choke coupling, Fig. 4-47 gives the same relations. 

Having calculated the groove depth for the correct diameter D as 
outlined, it may be desirable to check experimentally to see that this 
depth gives the expected current minimum at the choke-flange contact. 
In the same report, Pierce has proposed one such check. Figure 4-48 
illustrates the Pierce method for determining the correct groove depth. 
The method consists essentially in opening the choke-flange contact and 
inserting at this point a variable-length transmission line short-circuited 
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at its outer diameter. This transmission line may be coaxial or radial as 
shown in Fig. 4-48. With this arrangement, the main line is short- 
circuited a half wavelength beyond the choke opening to give maximum 
excitation of the choke, and the position of the minimum voltage Li is 
found for various lengths of the added line L s . Figure 4-48 shows the 

form of the Li-vs.-L 2 curves for 
good and bad choke designs. The 
curves show essentially the sharp¬ 
ness of the resonance created when 
the variable-line length L 2 is ap¬ 
proximately X/4, since the choke 
depth is also a quarter wavelength. 
Since a gap is created in place of 
the choke-flange contact, the con¬ 
ditions at this junction are not 
quite the same as those in actual 
practice; however, if the gap is 
kept small, this objection is prob¬ 
ably not very serious. 

Where choke-flange couplings 
are to be separated to eliminate 
shock mounting, it is advisable to 
limit the external diameter of the 
coupling so that the outer edge is a 
quarter wavelength from B. In 
this case the open circuit at the 
edge is transformed to a low im¬ 
pedance across the gap at B. This low impedance is in series with a much 
higher impedance so that leakage is minimized. 

So far no mention has been made of the factors affecting the perform¬ 
ance of such a coupling over a broad band of wavelengths. Obviously 
the choke groove cannot be the right depth to give zero current at the 
contact over a broad band. Hence, a certain amount of leakage and 
contact losses will occur on each side of the design wavelength. Simi¬ 
larly, the effective over-all choke length cannot be half a wavelength over 
a broad band; consequently some mismatch will occur at each side of the 
design wavelength. Such effects may be minimized by making the 
characteristic impedance Z x of the outer groove much larger than that 
of the radial section Z„ as shown in Fig. 4-44. The impedance at point 
B in Fig. 4-44 is 

Zb = jZ* tan /Si, (45) 

where di = 2ir d/\ x , and \ x is the guide wavelength in the outer groove. 



I'W. 4 48. —Pierce method for design of 
choke grooves, (a) Coaxial-plunger method. 
(b) Washer method, (c) Curves showing 
good and bad chokes. 
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Then at point A the impedance Za can be calculated from the usual line- 
theory formula using Z B as the load for the radial line. The impedance 
at point A is then 


, Zb + jZ v tan j3 e 
Z y + jZ B tan 0 ? 


(46) 


where 02 is the effective angular length of the radial-line section. The 
relation between effective and actual length of the radial line is not impor¬ 
tant. In this discussion it is assumed that V and X' are the effective 
values of length and guide wavelength for the radial section; then. 


02 = 



(47) 


Inserting the value of Z B given by Eq. (45) into Eq. (40) and simplifying, 
we have 


7 = + (Z y tan 0 t ) 

J “ Z y — Z l tan 0\ tan /J 2 


(48) 


In practice, both 0 , and 0 2 are very nearly ir/2; hence if 0, is equal to 
tt/ 2 + and 0 « is equal to t/2 + 5 2 , tan 0, and tan 02 are approxi¬ 
mately — 1/5, and — \/fa, respectively. Using these assumptions 


Za ~ —jZ„ 


82 + St 


Zy 

z: 


- 1 


and in practice (Zy/Z,)S,S 2 « 1; therefore 


2s« -jZy (§ 2 +1* 


(49) 


(50) 


This reactance appears in series with the line impedance of the main 
waveguide. 

The voltage standing-wave ratio introduced in the main line is 
very nearly 1 — Z A Z u . The important points 1o be noted from the 
above discussion are these: 


1. The mismatch is directly proportional to Z,,/Z 0 ; hence for lowest 
mismatch Z„ should be as low as practical (that is, y as small 
as practical).. 

2. If Z,» Zy, the contribution to the mismatch by <b is negligible 
compared to that by an equal 8 S , hence Zj. should be made large 
compared to Z y (that is, ,r » //). This makes the mismatch more 
sensitive to choke-groove diameter D than to the depth d. In 
general, ,r is made from two to live times as large as y. 
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4-10. Other Choke Couplings.—Two general types of grooves other 
than circular ones discussed in Sec. 4-8 have been used in the design of 
choke-flange couplings for rectangular waveguide. One is known as 
the British-type choke, Fig. 4-49a, and the other type, the Chu choke, 
is represented by the two chokes shown in Figs. 4-491) and c. Both types 
are similar in operation to the discontinuous circular-groove choke 
couplings in that no choke action is used along the narrow-waveguide 
walls. Although both types are quite good electrically, they are very 
difficult to manufacture; therefore they have only been used in special 
applications. 

The British-type choke can be designed quite successfully and easily 
by direct calculations since the guide wavelength is the same as that 
in the main-line waveguide. The path lengths l and d in Fig. 4-49a are 


1 

ii 

(51) 


(52) 


where Si and are small corrections which may he obtained from the 
equivalent circuit analysis of A’-plane T-junctions (see Yol. 10 of this 
series). 

The two types of Chu-choke couplings are illustrated in Fig. 4-49. 
Their operation may be analyzed by considering the current flow in the 
half-wavelength cavity resonator shown in Fig. 4-50. The cavity-choke 
coupling of Fig. 4-50 is not a good design because the choke-flange contact 
is at a maximum position over the entire perimeter. However, its opera¬ 
tion is the basis for the design of Chu-choke couplings. The cavity 
is excited in the TEm-mode and, since its width is a, its guide wavelength 
is the same as that in the main waveguide. The solid lines of Fig. 4-506 
show the direction of current flow in the cavity walls. The dotted lines 
show the direction of the magnetic field. When c = a, the cavity has 
several features which are utilized in the design of Chu-choke couplings. 
(1) The diagonal lines df and eg and the axes FF and XX are parallel 
to the current flow. (2) The diagonals fall at positions of minimum cur¬ 
rent density. (3) The current flow lines and field lines are symmetrical 
about the diagonals and also about the A’A"- and FF-axes. 

From the first two features, it is seen that the diagonal lines are ideal 
positions for a choke-flange contact. Choke-flange contact may be 
made along the diagonals in two ways: (a) by removing section .4 and 
folding the sections B and B' to join lines go and do to form the variable- 
groove-depth type of coupling shown in Fig. 4-496, and (6) by removing 
sections B and W and folding section .4 about the AA-axis to join 
lines go and do to fo and eo, respectively, thus forming the fold-back 
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type of coupling (Fig. 4-49c). In either case symmetry and continuous 
magnetic fields still exist. 

So far only conditions for low leakage at the contact between choke 
and flange have been discussed. For minimum mismatch in the main¬ 
line waveguide, c must be a half-guide wavelength and, since c must 
equal a for the low-leakage conditions outlined above, a must be a half¬ 
guide wavelength. Therefore, the choke may be used only when X„ = X„ 
or, in terms of free-space wavelength, when X 0 = X„/\/2 = \ c /y/2. 
For i- by 1-in. (0.050-in. wall) waveguide, the Chu chokes operate best 
at a free-space wavelength of 3.23 cm. The operation of this type of 
coupling over a wide range of wavelengths should be at least as good as 
the other types if the impedance in the outer groove is made large in 
comparison with the impedance in the section between the choke and 
flange units as discussed in Sec. 4-8. Both designs have been checked 
experimentally and have been found to give satisfactory results; however, 
manufacturing problems prevent further development. 


Table 4 8.—Choke-coui>ling Design Details 


Army-Navy type 
choke flange 

(luidc 

dimen- 

Choke dimensions, in. 

Fig. 

no. 

Design 

wave¬ 

length, 

cm 

Rand- 
width for 
r = 1.05, 

% 

sions, in. 

a ! b 

D 

z 

i , 
y d 

Rectangular-waveguide choke. 

o-mode 

UG-54/U-53/U 

2.84 11.34 

4.015 0.250l0.050 '1.120 

4.44a 

10.7 

±15 

U-200/l'-21 1/T 

2.84 1.34 

3.75 

0.250 0.030 0.865 

4.44a 

9.0 

+ 15 

UC1-tO/T-39/1' 

0.90 0.40 

1.183,0.063,0.031 |0 347 

4.44a 

3.20 

± 6 

TG-52/V-S1/V 

1.125 0 50 

1.332 0.063 0.031 j0.347 

4.44a 

3.20 


Xone 

0.900 0.40 

1. 155 

0.125 

0.010*0.355* 

4.44a 

3 30 

> + 6 

UG-117/f-116/1' 

0 420 0.170 0.501 0.029 0.008 0.137 

4.44a 

1.25 

> ± 2 

Xone 

0.4200 1700.5890 063,0.008 ,0.156 

4.44a 

1.25 

> ± 4 


C 


('ircular-waveguide c 

hokes. 7M7oi-mode 

Xonc 

0.4675 

0.7130.05(H).015 0.153 |4.44fc(l) 

1.25 

> ± 4 

None 

1.187 

1,479j0,093 0.030 0.312 4.446 (2) 

3.30 

> + 6 


* Designed for 0.115-in. separation between choke and flange (sec Sec. 5.21). 


4-11. Summary of Choke-coupling Designs.—Choke-flange couplings 
have been standardized by the Army and Navy for several sizes of 
waveguides. The continuous circular-groove type shown in Fig. 4-45 
has been favored because it is much easier to make on a large scale. 
Dimensions for choke-coupling designs are tabulated in Table 4-8 with 
the numbers of the figures in this chapter to which they refer so that any 
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of the choke couplings listed can be reproduced. The bandwidth in 
per cent on each side of the design wavelength when the voltage standing- 
wave ratio is below 1.05 is given in the table. 

Corners, Circular Bends, and Twists 

Waveguide corners and circular bends are similar to elbow's in water 
and gas pipe in that they change the direction of energy flow'. Twists 
are used to change the polarization. These units are very important 
in the design of compact assembly units. Corners and circular bends 
for rectangular w'aveguide operating in the TE iri -mode are made in the 
E- and //-planes. An /7-plane bend or corner is defined as one whose 
axis lies in a plane parallel to the electric field lines. The //-plane bend 
or corner is defined as one whose axis lies in a plane parallel to the mag¬ 
netic field lines. So far, in practice, circular waveguide has been used 
only in short lengths such as rotary-joint sections; consequently, there 
has been no need for circular-waveguide corners or bends. 

Waveguide corners, circular bends, and twists must be carefully 
designed to avoid impedance mismatch and to prevent voltage break¬ 
down. These design features are discussed in the follow'ing sections. 

4-12. Waveguide Comers.—Comers for rectangular waveguide are 
made in two types as shown in Fig. 4'51. The characteristics of the 



Fig. 4-51.—Waveguide corners, (a) Double-mitered type. (6) Single-miter, cutoff type. 












204 


RIGID TRANSMISSION LINES 


[Sec. 4 X2 


double-mitered type may be determined from the mismatch set up by 
a single-mitered corner. The equivalent circuit for an .E-plane single- 
mitered corner and its parameters for 1- by £-in. waveguide at 3.0, 
3.2, and 3.4 cm are shown 1 in Figs. 4-52 and 4-53. The dotted lines are 
the reference planes corresponding to the equivalent circuit and its 
parameters. The same characteristics for an E-plane single-mitered 
junction are shown in Figs. 4-54 and 4-55. These parameters are plotted 
as a function of wavelength and angle of bend. From these curves 
the mismatch produced by a simple junction may be determined. 




In the double-mitered corner, two of the single-mitered corners are 
spaced in such a way that their reflections cancel each other at the 
desired wavelength. The proper spacing (L in Fig. 4-51) may not be 
calculated from the equivalent circuit parameters of a single corner since 
higher mode propagation cannot be neglected. It is necessary to deter¬ 
mine L experimentally. 

The mean length L for cancellation of reflections in a double-mitered 
E-plane corner is very nearly a quarter-guide wavelength as shown by 
experimental measurements. Measurements also show that L must be 
larger than a quarter-guide wavelength for E-plane double-mitered 
corners. An experimental design curve for 90° double-mitered E-plane 
corners in waveguide 1^ by 3 in. OD, 0.080-in. wall, is shown in Fig. 

1 The curves of Figs. 4-52, 4-53, 4-54, and 4-55 were plotted from measurements 
made at California Institute of Technology, Contract OKMsr-1311, W. H. Pickering, 
Official Investigator. 
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4-56. The mean length L in terms of guide wavelengths is plotted 
against X 0 /X c , where X 0 is the free-space wavelength at which the corner 
is to be designed and X c the cutoff wavelength of the waveguide. This 
curve has been checked experimentally at a few points (Ao/Xc 0.65 to 0.75) 
for other waveguide sizes and found to be accurate within experimental 
errors in measurements. The deviation oi L from a quarter-guide wave¬ 
length for cancellation of reflections between the two junctions is theo¬ 
retically zero for 5 = 0, and it is small if 6 is small (see Figs. 4-54 and 
4-55). 



guide corner, //-plane. waveguide corners, //-plane. 

The mismatch of double-mitered corners over a given band of wave¬ 
lengths depends on the magnitude of the reflection set up at each junc¬ 
tion and the spacing between .junctions. Maximum bandwidth for a 
given mismatch is obtained when the spacing between junctions is a 
quarter-guide wavelength plus the correction already discussed. How¬ 
ever, it may be desirable in some instances to make L equal to f or -|A„. 
Since the reflection from each junction in a 90° double-mitered corner 
varies with wavelength, the bandwidth also varies with wavelength. 
This variation is shown for the lj waveguide by 3 in. OD, 0.080-in. 
wall, in Fig. 4-57 which was determined experimentally. The band¬ 
width was taken as the wavelength band in per cent over which the 
voltage standing-wave ratio was below 1.06. This curve can also be 
applied to other waveguide sizes. This type of mitered corner will 
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stand as much power before arcing as the waveguide itself if the joints 
are properly soldered. 

The cutoff type of mitered corner has not been used widely since the 
double-mitered corner was conceived, because it is more difficult to fabri- 



a 0 / ac 

Fig. 4-56.—Design curve for double-mitered 77-plane corners. 



0.50 0.55 0.60 0.65 0.70 0.75 0.80 0.85 

X 0 Ac(At midband) 

Fig. 4-57.—Bandwidth curve for double-mitered 77-plane corners. 

cate; the dimension C in Fig. 4-51 is critical; and it arcs over at much 
lower power levels than the waveguide. Arc-over problems are particu¬ 
larly bad in the .E-plane cutoff corners because the effective guide height 
b is decreased. No theoretical analysis has been worked out for the cutoff 
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type of mitered corners. Empirical curves for the design of such corners 


In these curves the percentage ampli- 



Fig 


0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9 1.0 
(cAW 

4-58.—Reflection from //-plane cutoff 
corners. 


are shown in Figs. 4-58 and 4-59. 
tude reflection is plotted as a func¬ 
tion of c/do for five angles. Data 
for these curves were taken from 
British measurements using wave¬ 
guide 7 cm by 3.25 cm ID at 10.84 
cm. The reflection coefficient is 
defined as the ratio of the ampli¬ 
tude of the reflected wave to that 
of the incident wave. The reflec¬ 
tion coefficient has been arbitrarily 
plotted in such a way that it goes 
through zero and changes its sign, 
thereby avoiding cusps that would 
occur if only positive values were 
employed. From both figures, it 
is evident that, at any bend angle, 
a design is possible which essenti¬ 
ally allows perfect transmission 
around the corner. Evidently 
the F-bend is more satisfactory in the sense that the curves are flatter 
and hence the dimension c is not so critical. 

4-13. Waveguide Bends and 
Twists.—A circular bend in wave¬ 
guide may be considered as a sec¬ 
tion of line with a characteristic 
impedance differing from that in 
the straight waveguide by an 
amount depending on the angle of 
the bend, its radius, and the me¬ 
chanical tolerances of its cross 
section. If the bend is uniform, 
it acts as a transformer, setting 
up reflections at each end, both of 
which are equal in magnitude. 
The transformation is from a 
higher to a lower impedance at one 
end and from the lower back 
to the higher at the other, or 
vice versa. Therefore, the bend 
wavelengths long, measured along its 
These reflections increase as 



0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9 1.0 

c/do 

Fig. 4*59.—Reflection from l?-plane cutoff 
corners. 

should be any number of half 
axis for cancellation of reflections. 
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the radius of curvature of the bend is decreased. The guide wave¬ 
length in the bend is almost equal to that in straight waveguide for 
smooth undistorted bends. Two alternatives are presented in design¬ 
ing circular bends for wide wavelength ranges: (1) the radius of curvature 
may be made very large so that the reflections from each end are negligi¬ 
ble; or (2) the radius may be made very short (X 0 /2) so that the deviation 
of the bend length from X„/2 is small over a wide range of wavelengths. 
Both methods have been used successfully in practice; however, the 

short radius is preferred because of space 
and weight limitations. 

Figure 4-60 illustrates the E- and H- 
plane circular bends in rectangular wave¬ 
guide. These bends may be made by 
filling a straight section of waveguide 
with cerrobend or Wood’s metal and 
bending the section by a machine or 
press, by the electroforming process dis¬ 
cussed in Sec. 3-2, or by machining. 
After bending in the first method, the 
filler is melted out. The bending method 
is the most economical and is adequate 
for bends of large radius. For bends of 
small radius, the bending process pro¬ 
duces excessive distortion in the wave¬ 
guide walls which causes impedance 
mismatch. The electroforming process 
is recommended for bends of short radius. 
The machining process is applicable to 
any size. The bend is turned on a 
lathe in the form of two U-shaped cir¬ 
cular troughs in such a way that the seam 
is in the center of the wide side wall. The two halves are then soldered 
together and the unit is cut into bends of any desired angle. 

Twists in rectangular waveguide are very similar to circular bends 
since they are best matched when their length is any number of half¬ 
guide wavelengths. The guide wavelength in the twisted section is 
nearly equal to that in the straight waveguide if the cross-sectional 
dimensions of the twist at any point are the same. Twists are made by 
filling a waveguide section with cerrobend or Wood’s metal and twisting 
the section in a vice or machine to the desired angle. 

The results of tests on several waveguide circular bends and twists 
are given in Table 4-9. The dimensions for circular bends are illustrated 
in Fig. 4 60. 




Fig. 4-60.—-Waveguide bends, 
(a) //-plane bend. ( b ) A’-plane 
bend. 
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Table 4-9.— Performance of Waveguide Circular Bends and Twists 


Type 

Waveguide 
size ID, in. i 

Inside 

radius R, in. 

0 

' Design wave- 
j length, cm 

Bandwidth 
for r below 
1.05, per cent 

#-plane bend 

1.34 X 2.84 

! 6 

45° 

10 

> ±20 


1.34 X 2.84 

6 

90° 

10 

> ±20 


1.125 X 0.50 

2 

90° 

3.3 

±9 


0.90 X 0.40 

0.50 

180° 

3.3 

> ±9 


0.90 X 0.40 

0.25 

90° 

3.3 

> +9 


0.90 X 0.40 

3.00 

90° 

3.3 

> +9 


0.420 X 0.170 

0.50 

90° 

1.25 

> ±4 

//-plane bend 

1.34 X 2.84 

G 

45° 

10 

±10 


1.34 X 2.84 

6 

90° 

10 

> ±20 


1.125 X 0.50 

2 

90° 

3.3 

> ±9 


0.90 X 0.40 

0.192 

90° 

3.3.5 

±4 


0.90 X 0.40 

1.1875 

90° 

3.30 

±9 


0.420 +0.170 

0.50 

90° 

1.25 

! > ±4 

1 


Type 

Waveguide size 
ID, in. 

Length, in. 

Design 

wavelength, 

cm 

Bandwidth 
for r below 
1.05, per cent 

Twists 

0.900 X 0.400 

2 

3 4 

±6 


0.900 X 0 400 

3 

3,4 

±3.7 


1.125 X 0.500 

4 

3.3 

> ±9 


0.420 X 0.170 

'I 

l. 25 

> ±4 


0.420 X 0.170 

21 

1.25 

> ±4 


Impedance-matching 

Impedance-matching devices in waveguide are sometimes necessary 
to correct for the mismatch of a component or assembly of components 
in the line. The matching consists of introducing into the line a reflect¬ 
ing element that sets up a reflection equal in magnitude but 180° out of 
phase with the existing reflection. If the reflecting element is a perfect 
conductor, its action is equivalent to some combination of series and 
shunting reactors in an ordinary transmission line which absorb no power. 
Many reflecting elements whose dimensions along the guide axis are small 
compared with a wavelength are equivalent to simple shunting reactances 
in the line. The equivalent reactance for elements discussed in the 
following sections have been determined theoretically and verified experi¬ 
mentally. This equivalent reactance is given as the normalized suscept- 
ance B. The normalized input admittance F to such reflecting elements 
when introduced into a matched waveguide is 

y = i +jb. 


(53) 
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The voltage standing-wave ratio set up in a matched line by an element 
of normalized susceptance B is 1 


•%/ 4 + B 2 +TS 

VT+I^s' 


(54) 


The susceptance B required to correct a given voltage standing-wave 
ratio r may be written as 

B = (55) 

V r 


The location of the reflecting element for correction of the mismatch r 
is determined by 


d = 


90° - tan- 1 


B 

2 


720° 


^£?J 


(56) 


where d is the distance between the reflecting element and a voltage 
minimum. If the reflecting element is inductive (B is negative), it 
should be placed at a distance d on the load side of a minimum; and if 



Normalized susceptance B/Y 0 

Fig. 4-61.—Distance between voltage minimum and position of matching susceptance. 

capacitive, it should be at a distance d on the generator side of a minimum. 
For best operation over a broad band, the minimum position mentioned 
above should be the first one on the generator side of the component or 
discontinuity causing the reflection. 

Curves of r vs. B and d/\„ vs. B are given in Figs. 2T2 and 4-61. 
The effect of higher modes (fringing fields) is neglected in the calculation 
of the curves. This higher mode effect has been troublesome only in 
1 Microwave Transmission Design Data, Sperry Gyroscope Co., May ?944, p. 97. 
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cases where large susceptances were used in waveguides operated at a 
wavelength just above their cutoff wavelength. 

The simple shunting reactance elements which have been used exten¬ 
sively in microwave-transmission systems and which will be discussed 
here are (1) inductive diaphragms, (2) capacitive diaphragms, (3) capaci¬ 
tive buttons and dents, and (4) quarter-wavelength transformers. 

4-14. Inductive Matching Diaphragms.—A diaphragm in waveguide 
is an aperture in a thin metal diaphragm that extends transversely across 
the guide. In the inductive diaphragm, the aperture extends completely 
across the guide, the edges being parallel to the electric-field vector for 
the lowest mode. Inductive dia¬ 
phragms are made in two types, 
symmetrical and asymmetrical, 
which are illustrated in Fig. 4-62a. 

In the symmetrical type the 
aperture of width d is centered be¬ 
tween the guide walls. The shunt 
susceptance for this type has the 
theoretical value 1 

« - - 4 "*■ (£} ‘ 57) 

where X„ is the guide wavelength 
of the lowest mode and a is the 
longer of the cross-section inside 
dimensions of the guide. Figure 
4-63 shows the theoretical varia¬ 
tion of B with d/a computed by a more accurate expression than Eq. 
(57). 

In the asymmetrical type, the center line of the aperture is displaced 
from the half-way position between the guide walls. If A^o is the center- 
line position measured from the nearest side wall of the guide ( X 0 = a/2 
for the centered diaphragm), the theoretical susceptance is 

B = — — cot 2 (1 + sec 2 ^ cot' 2 ^?Y (58) 

The approximation in deriving this formula is the same as for the sym¬ 
metrical type but is not so good here because of the asymmetry. The 
special case for which one edge of the diaphragm coincides with the guide 

1 X. H. Frank, Report T-9, Sen. Ill, p. 14. This formula was derived by assuming 
that, the cutoff wavelengths for all the higher modes that are excited are so large com¬ 
pared with the free-space wavelength that these may be neglected relative to the cutoff 
wavelength. 



Fig. 4-62. —Inductive and capacitive 
diaphragms in rectangular waveguide. (a) 
Inductive diaphragms. (6) Capacitive dia¬ 
phragms. 





Fig. 4-63.—Normalized susceptance of symmetrical inductive diaphragm. 
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Fig. 4-64. Normalized susceptance of asymmetrical inductive diaohragm. 
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wall is contained in this equation, if one sets X n = d/2. For this special 
case, the shunt susceptance is given by 

B - i ( 1 + '“'£)• < 59 > 

Figure 4-64 is a plot of the variation of B(a/\ 0 ) with d/a for this special 
case for an accurate theoretical formula. 

A circular aperture centered in a waveguide of circular cross section 
as shown in Fig. 4-65 is inductive. Measurements have been made at 



4-G5.-—Inductive window for circular 
waveguide. 


0.20 0.30 0.40 0.50 0.60 0.70 0.80 

d in inches 

Fig. 4-66. —Normalized susceptance of 
inductive diaphragm in circular waveguide, 
X = 3.20 cm. 
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-Experimental points 


15 

16 
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d in inches 

Fig. 4-67. —Normalized susceptance of 


0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9 

d in inches 

Fig. 4-68.—Series reactance of inductive 


inductive diaphragm in circular waveguide; diaphragm in circular waveguide; X =3.20 
X = 3.20 cm. cm. 
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X 0 = 3.20 cm (X„ = 2.026 in.) for a waveguide xf-in. ID (T’En-mode). 
The equivalent circuit parameter B, plotted against d, is given in Figs. 
4-66 and 4-67 for a ^j-in. diaphragm. Figure 4-66 also gives a theoretical 
curve, the theory assuming small holes in an infinitely thin barrier. 

Figure 4-68 gives a plot of X/Z 0 
vs. d for the same case; and Fig. 
4-09 is a plot of B/Y 0 and X/Z 0 
vs. t for d = in. 

4-15. Capacitive Matching 
Diaphragms. —The aperture in a 
capacitive diaphragm extends 
across the guide, as shown in Fig. 
4-621), the edges being parallel to 
the longer cross-section dimension 
a of the guide. The theoretical 
shunt susceptanee of such a dia¬ 
phragm centered between the 
guide walls is, for infinitely thin 
diaphragms, 

B = ^ In esc (60) 

X f , 26 

where X 0 is the guide wavelength 
of the lowest mode, b is the shorter 
cross-section inside dimension of 
the guide, and d is the width of the aperture. For an asymmetrical dia¬ 
phragm (see Fig. 4-626), 

B = l < 61 > 

Figure 4-70 shows the theoretical and observed variations of B with d/b 
for waveguide 3.44 cm by 7.21 cm ID at a wavelength of 9.8 cm. The 
theoretical value is derived to the same degree of approximation as in 
the inductive case. The experimental observations were made at the 
Research Laboratory of the General Electric Company. 

The thickness of the diaphragm has a large effect on the susceptanee 
of capacitive diaphragms. For small but finite diaphragm thickness, 
the following theoretical formulas have been derived. 





Fig. 4 09.—Variation of equivalent circuit 
parameters with thickness of diaphragm; 
X = 3.20 cm. 
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where B and G are the shunt susceptanee and shunt conductance of the 
diaphragm of thickness t, B 0 being the value given by Eq. (61). These 
values refer to the entrance planes of the diaphragm. 

The use of the capacitive diaphragm is limited to relatively low- 
power systems because of the danger of voltage breakdown. 



Fig. 4-70.—Normalized susceptanee of asymmetrical capacitive diaphragm. 



Fig. 4-71.—Capacitive post or button; (a) section view, (b) top view, (c) equivalent circuit 
at the reference plane (shown dotted in b). 

4-16. Capacitive Buttons and Dents.—Capacitive buttons are some¬ 
times used for matching of components and transmission systems. The 
capacitive button consists of a metallic cylindrical rod of finite length 
inserted into the center of the wide side of the waveguide so that its axis 
is parallel to the electric field. Such a device is shown (for rectangular 
waveguide, TEm-mode) in Fig. 4-71. The cylindrical post of length l 
and diameter d is joined to the wide side of the waveguide. An equiva¬ 
lent circuit referred to the reference plane in Fig. 4-71 is a 7’-net\vork 
whose series and shunt arms are capacitive elements for small lengths of 
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obstacle (and d/X « 1). For lengths approximately one-quarter of 
free-space wavelength, the shunt element becomes series resonant. When 
used as a matching element such buttons are slightly rounded on the 
end to reduce field concentration on the edges and thus to increase the 
breakdown power level in the guide in which the matching button is 
installed. Even with rounded edges, buttons decrease the breakdown 
power level of the waveguide. 

A plot of experimental data for the relative reactances of the series 
and shunt arms as a function of the obstacle length for the case d = 0.25 
in., a = 0.90 in., b = 0.40 in., and X = 3.2 cm, is given in Fig. 4-72. 

The data were taken on a tuning 
screw with slightly rounded edges. 
The choke on the tuning screw 
introduced a small reactance 
( ~ 0.05) even for zero length; this 
reactance has been subtracted 
from the X„/Z tl plot. 

Dents may be used in match¬ 
ing components after assembly to 
correct for manufacturing toler¬ 
ances. Dents arc very similar to 
the capacitive button since a dent 
in the center of the wide side of 
a waveguide is capacitive, and it 
reduces the breakdown power 
level of the waveguide. Dents 
0 t 3 can easily be made at any desired 

Length oi screw in mm position along the line for final 

l-'iu. 4-72.- • Heart .WOK of a capacitive timing matching of a component or svs- 
screw; X — 3.20 cm. , r P r i ,, , 

tern. 1 o nnd the correct position, 
a clamp may be placed on the waveguide at different points to squeeze 
the waveguide just, enough to sec if a dent at that point would decrease 
the reflection. After removing the clamp, the waveguide springs hack 
almost to its original position if the dent is not deep. \\ hen the correct 
position is reached, the dent is made deep enough so that when the damp 
is removed the depth of the penetration is correct for matching. This 
procedure is quite satisfactory when a directional coupler is used to 
indicate the reflected power. When a slotted section of waveguide is 
used to measure the reflected power, it is more convenient, to calculate 
the proper location for the dent. The proper distance from a voltage 
minimum position is shown in Fig. Hil where the distance il is plotted 
against the voltage standing-wave ratio. For a capacitive element 
such as the dent, the proper distance between the voltage minimum 
and the element measured toward the load is X/2 — d. 
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The reflection from a dent measured in r 2 increases linearly with the 
depth of the dent. Experimental results on waveguide 0.500 by 1.125 in. 
ID show an increase in r 2 of 0.08 per depth. 

4-17. Quarter-wavelength Transformer.—A transformer in a wave¬ 
guide is made by an abrupt change of either or both cross-sectional inside 
dimensions of the guide. The quarter-wavelength transformer is equiva¬ 
lent to a matching diaphragm with a thickness of one-quarter guide 
wavelength. If the original dimensions are called a and b and the 
reduced dimensions a’ and b', the ratio of the impedance of the smaller 
to the larger may be calculated from Eq. (2-160) for changes in either 
or both dimensions. The ratio is 


Zi = ^ a X' 

Z o b a' 


(03) 


In addition to this change in characteristic impedance, a shunt sus- 
ceptance is introduced at each junction. Higher modes are also set up 
at such junctions especially when the change is asymmetrical (guide axis 
shifted in transformer section). These higher modes are damped out 



Fig. 4-73.—Asymmetrical quarter-wavelength transformer. 

rapidly by a transformer of smaller dimensions than the waveguide 
and therefore cause little trouble in quarter-wavelength transformers. 
Since the quarter-wavelength transformer is essentially a matching 
diaphragm which is one-quarter wavelength in thickness, the junction 
susceptance may be estimated from the preceding formulas and curves 
for matching diaphragms. Since asymmetrical transformers involving a 
change in only one guide dimension are more practical from the manu¬ 
facturing standpoint, they are frequently used. The asymmetrical 
capacitive transformer shown in Fig. 4-73 is usually used because in this 
type the cutoff characteristics of the guide for the 77? 10 -mode are not 
changed and the construction is very simple. For small changes in the 
characteristic impedance, the junction effects are small. The input 
admittance seen at the generator side when the load end is matched is 
given by 



The transformer may be designed to cancel a given mismatch by the 
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above formula. To avoid difficulty in locating the transformer at the 
correct position, it may be made to slide in the guide after being tinned 
with solder on the bottom and sides. A small hole in the center of the 
broad face of the guide will enable the operator to move the transformer 
until a match is obtained; then the transformer is soldered in place by 
heating the outside of the guide. 


Pressurizing Windows 

Pressurizing windows are structures sealed in the line for protection 
of an entire transmission system or of individual components from 



l'i(3- 4-74.—Thin-sheot, nonrcsonant windows. 

moisture, fungus growth, and corrosion during shipment, storage periods, 
and operation. Pressurizing windows also increase the voltage break¬ 
down limit of a microwave transmission system, if the system is sealed 
under pressure as discussed in Chap. 3. 

Four types of pressurizing windows are known for sealing waveguide 
systems: (1) thin sheets, nonrcsonant; (2) thin sheets in resonant mount; 
(3) half-wavelength dielectric plugs; and (4) T-shaped dielectric plugs 
three-quarters wavelength long. All types make use of low-loss dielectric 
materials for transmission of power without attenuation. The material 
must be low loss to prevent r-f heating and consequent destruction of the 
dielectric material as well as undesirable results in matching. The 
electrical and mechanical characteristics of these materials and techniques 
for handling them are discussed in Chap. 3. Therefore, the following 
sections are discussions of each type principally from the standpoint of 
electrical design. 

4-18. Thin Sheets, Nonresonant.—Pressurizing windows of this 
type make use of a transverse sheet of nonporous dielectric material 
sealed into the waveguide. The seal is made by supporting the sheet 
between a choke and flange with glue on each side or by clamping with a 
gasket on each side as shown in Fig. 4-74. In Fig. 4-74a the impedance 
added in series with the line at .1 by the dielectric-filled radial line and the 
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circular-choke groove is made small by the same methods used for the 
design of choke couplings (see Sec. 4-9). Radiation at B may be elimi¬ 
nated by the metal contact and by using a lossy rubber for the gaskets. 
The choke-groove diameter D for minimum current at B will be smaller 
in this case than in the ordinary choke coupling because the dielectric 
sheet increases the effective length of the gap. Sheets of mica or Teflon 
0.010 in. thick have been used between standard choke-flange couplings 
in waveguide 1 by 1 in. with 0.050-in. wall at 3.2 cm without excessive 
reflection. Some method of preventing radiation should be used in such 
a case, however, if a receiver is located near the coupling. Figure 4-746 
shows another method using a half-wavelength radial line filled for a 
quarter wavelength with the rubber gaskets to seal the dielectric sheet 
on either side (d ~ A/4). The high dielectric constant of the rubber 
makes the guide wavelength in this section very short. Leakage at B 
may be prevented by a thin ring of soft copper clamped around the two 
gaskets as shown in the insert. The copper ring makes a good short 
circuit at B and provides a method for making a unit for easy replacement. 
The considerations for making the impedance at A small over a broad 
band of wavelengths are the same as those discussed in Sec. 4 9 for choke 
couplings; namely, the characteristic impedance in the outer A/4 section 
should be high compared to that in the inner section (.r J>> y), and y should 
be as small as practical from the standpoint of strength of the dielectric 
sheet. The edges of the waveguide at A should be rounded slight]., to 
prevent cutting of the dielectric sheet -when pressure is applied on one 
side. 

The reflection from the sheet across the waveguide can be calculated 
assuming a section of dielectric material of thickness t fitted into a section 
of waveguide in a plane perpendicular to the guide axis. If the guide is 
viewed from the generator side with a matched load beyond the window, 
a normalized impedance Z s is seen at the face of the dielectric sheet which 
is 


7 r,n 1 + i 2 " tan 9 
3 0 Z” + j tan 8 ’ 


(05) 


where Z’J is the normalized impedance of the dielectric-filled guide 
[Eq. (2-168)], and 6 is 2ir< divided by the guide wavelength in the dielec¬ 
tric-filled guide A" given by Eq. (2-147). By dividing out the right-hand 
side of Eq. (65) to form a power series, the following equation is obtained. 


Z, = 1 + j tan 6 


(5 - -k) 


T- tan 2 8 


— j tan 3 8 


1 


wy J 

i 


{Z" 0 y 


+ 


( 06 ) 
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Since 6 is small for thin sheets, the squared term is negligible and 
tan 8 = 9 = 2wt /\' a '; consequently, 


Z, 



(67) 


The guide wavelength in the dielectric-tilled section is equal to the 
product of X„ (air-filled) and Z". Equation (67) therefore reduces to 


Z, 


i i ■ 

l+3 X 




( 68 ) 


From Eq. (2-147) this may be expressed in terms of the dielectric constant 
A'„ of the sheet, 


. 2irfX) . . 

3 X„(X? - XJ) (k ° 1} - 


(69) 


Equation ((>0) shows that the thin sheet of dielectric material acts like a 
series capacitive reactance in the waveguide. At a given wavelength, 

this reactance is directly propor¬ 
tional to the thickness and to the 
dielectric constant minus one. 
Figure 4-75 shows the value of 
this normalized reactance per mil 
thickness plotted against the die¬ 
lectric constant k c for three com¬ 
mon waveguide sizes. This 
reactance is nearly equal to r — 1 
for thin sheets. 

A pressurizing window of this 
type is practical at the lower mi¬ 
crowave frequencies where a thick 
sheet strong enough to stand at¬ 
mospheric pressure variations may 
be used without causing large re¬ 
flections. The reactance caused 
by the dielectric sheet changes 
very little over the wavelength 
band of a given waveguide operating in a single mode (see Sec. 4-7). 
A pressurizing window of this type may be matched with an induc¬ 
tive matching diaphragm at the front face of the dielectric sheet. A 
symmetrical matching diaphragm is preferable because asymmetry would 
cause higher mode excitation in the choke. 

4-19. Thin Sheets in Resonant Mount.—A pressurizing window of this 
type consists of a resonant aperture in a thin metallic sheet filled with 



1 2 3 4 5 6 7 8 

Dielectric constant k e 


Km. 4-75.—Reflections from thin-sheet, 
nonresonant windows, (a) Waveguide \ by 
i in. by 0.040-in. wall at Xo = 1.25 cm. (b) 
Waveguide 1 by 2 in. by 0.050-in. wall at 
Xo = 3.3 cm. (c) Waveguide 3 by 1§ in. by 
0.080-in. wall at Xo = 10 cm. 
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glass. Two such designs have been developed as shown in Figs. 4-76a 
and b. These developments were carried out at the General Electric 
Company and the Westinghouse Electric and Manufacturing Company, 
respectively. Both units consist of a Kovar (or Fernico) disk or plate 



Fig. 4-76.—Resonant window in rectangular waveguide, (a) Rectangular aperture 
window, (fo) Circular aperture window. 


with a resonant opening into which glass with the same thermal properties 
as the metal is sealed. 

The first design may be soft-soldered into the waveguide directly 
as shown in Fig. 4-76a. A structure of this kind is known as a “trans¬ 
mitting screen” or “resonant aper¬ 
ture.” It has been found experi¬ 
mentally that the appropriate 
dimensions for a rectangular reso¬ 
nant opening is given approximately 
by the relation 

(70) 

This empirical rule is extremely use- F ^ G - 4-77.—Resonant rectangular aper- 
ful in obtaining approximate dimen¬ 
sions of the opening for resonance; and information contained in it can 
be represented by the following geometrical construction. In a cross 
section of the waveguide as shown in Fig. 4-77, a line AB, of length 
X 0 /2 (X 0 is the free-space wavelength), may be drawn with its center 
at the waveguide axis. Two hyperbolas may then be constructed with 
their vertices at A and B, respectively, which pass through the corners 
of the guide cross section, as shown. Then the corners of a resonant 
opening lie on these tw r o hyperbolas, as, for example, those of the opening 
of dimensions a' and b ’. A resonant diaphragm with such an opening 
will be matched if the diaphragm is very thin. This condition is changed 
somewhat in the pressurizing window because of the dielectric filling 
and because the thickness must be appreciable for mechanical support. 
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The effective thickness of the resonant diaphragm is increased and the 
characteristic impedance in the aperture is reduced by the dielectric 
material. Both the thickness of the diaphragm and the presence of the 
dielectric material have the effect of adding capacitance at the input 
side of the opening. To correct for this added capacitance, the dimen¬ 
sion o' may be made smaller. The amount of the decrease in o' for com¬ 
plete correction is directly proportional to the thickness, as seen in the 

analysis of Sec. 4-18. In practice, 
this decrease may be made larger 
than necessary and the thickness of 
the finished diaphragm reduced on 
a grinding wheel until resonance 
occurs at the desired wavelength. 
This procedure corrects for toler¬ 
ances and variations in the charac¬ 
teristics of the dielectric material 
used. The dimensions of a reso- 


3.0 3.2 3.4 

X 0 (cm) 

Fig. 4-78. ■—Mismatch of resonant win- Fig. 4-79. —Half-wavelength dielectric plug 
dows. Curves a and b are for corresponding in a section of waveguide, 

designs of Fig. 4-76. 

nant window for 1- by £-in. (0.050-in. wall) waveguide are shown in Fig. 
4-76a. Curve a of Fig. 4-78 shows the mismatch 1 caused by such a design 
over a 12 per cent wavelength band. 

The second design is much the same as the first except that the 
aperture is circular. The correct diameter for resonance in such a design 
is larger than the narrow inside dimension of the waveguide a. For this 
reason the resonant diaphragm is supported in the line between two choke 
couplings as shown in Fig. 4-766. Dimensions are given for a resonant 
window of this type for use between two standard choke couplings (see 
Table 4-7) designed for 1- by |-in. (0.050-in. wall) waveguide as shown 
in the figure. The mismatch caused by such a design over a 12 per cent 
wavelength band is also shown in Fig. 4-78, Curve 6. 

4-20. Half-wavelength Dielectric Plugs.—A simple pressurizing 
window for narrow-band operation may be made by inserting a half¬ 
wavelength dielectric plug into waveguide as shown in Fig. 4-79. The 
guide wavelength in the dielectric-filled section is given by the formula 

1 R. M. Walker, RL Report No. 587, June 29, 1944. 
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(71) 


where k e is the dielectric constant of the medium. The normalized 
impedance looking into the face of the plug from the generator side with a 
matched line on the other side is given by Eq. (65). From this equation 



it can be seen that, when 8 is 180° or X"/2, the normalized input imped¬ 
ance is unity and the line is matched. The frequency sensitivity of the 
half-wavelength dielectric plug depends upon the dielectric constant of 
the material used. The mismatch in voltage standing-wave ratio intro¬ 
duced into a 1- by j-in. (0.050-in. wall) waveguide by a dielectric plug 
which is a half wavelength long at X 0 = 3.3 cm is plotted against Xo 
for three values of the dielectric constant k t in Fig. 4-80. 

4-21. T-shaped Plugs Three-quarters Wavelength Long. —A pres¬ 
surizing window of this type is a modification of the type discussed in 
Sec. 4-20, which is much less frequency-sensitive. Referring to Fig. 
4-81, the center section A completely fills the waveguide and provides 
the pressure seal. In sections B and C, the waveguide is only partly 
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filled with dielectric and the characteristic impedance is the geometric 
mean between that in section A and that in the air-filled guide. Sections 
B and C thus serve as quarter-wavelength matching sections from air- 
filled guide to dielectric-filled and back to air-filled. As will be seen 
later, this leads to a broadband impedance match. Other shapes were 
tried but they failed to give the desired bandpass characteristics—prob¬ 
ably because of higher mode excita¬ 
tion in the dielectric-filled section. 

From the transmission-line 
equation, Eq. (65), the impedance 
seen looking into aline of character¬ 
istic impedance Z c that is one- 
quarter wave-length long and is 
terminated in an impedance Z R is 
Z\jZ t j. Applying this formula to 
each of the three sections of the window in Fig. 4-81 from right to left, 
assuming a matched line to the right of the window, it is found that the 
impedance at the left face of section C is 

7 = (z' 0 y 

Zo{Z’’y-’ 



Fig. 4-81.—T-shaped plug three-quarters 
wavelength long. 


(72) 


where Z 0 , Z' 0 ', and Z' 0 are the characteristic impedances of the air-filled 
guide, section A, and sections B and C, respectively. From Eq. (72) 
it is seen that no mismatch occurs when ZJ is equal to the square root of 
ZoZ' 0 '. From Eq. (2-168) it appears that this condition is also satisfied 
when X' is equal to the square root of X"X„. The equation for determining 
the quantities X" and X, is Eq. (2-147). Referring to Fig. 4-81, aq and x« 
are made one-quarter \' a and X", respectively. 

Now except for dimension d/b, all the dimensions of the three-quart.er- 
wavelength T-shaped pressurizing window have been determined (see 
Fig. 4-81). Theoretical considerations of the boundary conditions at 
the air-dielectric surface lead to the following equation relating the 
guide wavelength in the partly filled line to that in air-filled line (see 
Vol. 8, Chap. 11): 

tan .4 (b — d) — tan 27r.4 'd (73) 

where 



1 , 1 
X' 2 ^ 4a 2 ’ 

X' 2 4a 2 


Figure 4-82 shows a curve of d/b for a = 0.900 in., b = 0.400 in., and 
X 0 = 3.3 cm when X' is the square root of the product of X„ in air and X„ 
in completely filled guide. The curve gives the theoretical percentage 
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filling for the outer sections of the three-quarter-wavelength T-shaped 
windows in the given waveguide at 3.30-cm free-space wavelength. An 
experimental curve is also drawn in dotted lines for the same conditions. 
The experimental curve is consistently above the theoretical curve, the 
deviation becoming greater as k e increases. This deviation is partially 
caused by the junction effects that would be shunt capacitive reactances 
across the line. The junction ef¬ 
fects could have been corrected 
by lengthening the outer sections, 
the center section, or both. In¬ 
creasing the dimension d effec¬ 
tively increases the length of the 
outer sections by decreasing the 
guide wavelength in the partly 
filled guide and in addition makes 
a double-tuned circuit which in¬ 
creases the bandwidth of the win¬ 
dow. Experiments show that the 
maximum bandwidth is obtained 
by a combination of the above ef¬ 
fects, increasing d and thereby cor¬ 
recting for junction capacitance in the outer sections and forming a double- 
tuned circuit and also increasing the length of the center section. 

The reason that a construction of this type leads to a broadband 
window is indicated by the impedance charts of Fig. 4-83. In the figure 
the three-quarter-wavelength T-shaped plug is compared to the half¬ 
wavelength plug. At midband where the dimensions arc correct both 
types are matched as shown in Fig. 4-83a. At a longer wavelength 
(Fig. 4-836) the half-wavelength plug transforms the impedance Z' a — Z n 
along the dashed circle about the center Z’ n ' to the impedance Z' d . At 
this longer wavelength, the length x 3 is shorter than a half wavelength 
by 2(3. Hence, Z' d is rather poorly matched to Zo. The three-quarter- 
wavelength T-shaped window is better matched, and the following 
transformations occur. The section B transforms Z v (along the circle 
of radius r 3 ) about its characteristic impedance Z' a . This fails to match 
into the impedance Z" of the next section, as indicated, since the length 
ah is now shorter than a quarter-guide wavelength. This impedance 
Zb is then transformed by the center section be to a point Z r which 
is almost symmetrically above Zb) consequently, the section cd trans¬ 
forms it along the arc Z, to Z,/ almost symmetrically abeve the arc 
Z a to Z,u This leads to an impedance X,, which is quite well matched 
to Z 0 . A similar line of reasoning shows that below midband Z d is also 
well matched. 

The bandwidth for this type may be further increased by making 



Fig. 4-82.—Design curve for T-shaped plug 
in rectangular waveguide. 
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Z„ slightly less than the square root of Z a Z' 0 . The window then acts like 
a double-tuned circuit which is matched to the characteristic impedance 
of the guide at two wavelengths, one on each side of the original design 

wavelength; and a slight mis¬ 
match occurs at the design wave¬ 
length. This mismatch is about 
1.03 in voltage standing-wave ra¬ 
tio for a change of 2 per cent in Z' 0 . 

4-22. Summary of Pressuriz- 
ing-window Designs. —The vari¬ 
ous types of pressurizing windows 
already discussed have been used 
in microwave transmission circuits 
extensively except for the half- 
wavelength dielectric plug which is 
too frequency-sensitive for sys¬ 
tems covering a wide wavelength 
range. Each type has its limita¬ 
tions, however, with regard to 
ruggedness, sealing difficulties, 
breakdown characteristics, atten¬ 
uation, and mismatch as a func¬ 
tion of wavelength. The 
resonant sheet window made of 
glass sealed in a Kovar disk is con¬ 
sidered the most rugged design 
and makes a permanent seal. For 
this reason it is used in applica¬ 
tions where replacements cannot 
be made in the field such as cavity 
magnetron and TR switch output 
seals. The other types have bet¬ 
ter breakdown characteristics and 
introduce lower mismatch over a 
wide band of wavelengths. A 
summary of these characteristics 
for the window types discussed is given in Table 4T0. Dimensions are 
given for each type as well as the free-space wavelength for which they were 
designed. The mismatch characteristics are given as the wavelength band 
obtained in the particular design for a voltage standing-wave ratio less than 
1.10. This wavelength band is given as percentage of the design wave¬ 
length, the design wavelength being midband. The breakdown power 
level is given in kilowatts at an altitude of 50,000 ft («* 12 cm Hg). 



Fig. 4-83.—Waveguide impedance curves 
for dielectric plugs, (a) At midhand; 
x\ = X' ff /4; X 2 = X" 0 /4; x* =\\"g/2. ( b ) Above 

midband; zi < \ r X 2 < X" 0 /4;3- 3 < X"„/2. 
(c) Below inidband;xi > X ' 0 /4 ; X 2 > 

X 3 > g / 2 . The dashed circle, z'd< and 

refer to a half-wave bead (see Fig. 4-70). 
Full circles, Zd, x\ and X 2 refer to T-shaped 
plug (see Fig. 4-81). 
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Table 4T0.—Pressurizing Windows in Rectangular Waveguide 


Type 

Fig. 

No. 

Dielectric* 

Window 

dimensions, 

in. 

Waveguide 
dimen- | 
sions,tin. ' 

Loss, 

db 

! 

Wave¬ 
length 
band for 
r < 1.10, 

cm 

Breakdown 
power at 
50,000 ft, 
kw 

Xl 

Xi | 

d 

a 

b 

Three-quarter- 

4.81 

Polystyrene 

0.315 

0.225 

0.180 

0.900 

0.400 

0.005 

3.3 + 6% 

60 

wavelength 

4.81 

Polyglas pt 

0.300 

0.220 

0. 160 

0.900' 

0.400! 

<0.040 

3.3 ± 6 

65 

plug 

4.81 

Polyglas pt 

0.285 

0.225 

0.310 

1.122 

0.500 


3.3 ± 5 



4.81 

Polyglas pt ; 

0.104| 

0.072! 

0.068 

0.420 

0.170 


1.25 ± 3 



4.81 

Polyglas pt 1 

! 0.940 

0.6081 

0. 503 

2.84 

0.134 


10.00 ± 15 


Sheet in reso- 

4.7 6a 

Glass} 

!0.315j 

0.590 

O.O 35 ! 

0.900 

0.400 

0.200 

3.2 ± 1.5 

36 

nant mount 

4.766 

Glassij 

0.590 


0.050| 

0.900 

0.400 

0.060 

3.2 ± 5 

50 


4.74 

Mien II 

0 002! 



0.900 

0.400 

0.010 

3.3 + 6 

65 

sheet 

4.74 

Teflon j[ 

o.oiol 



0.900 

0.400 

0.015 

3.3 ± 6 

65 


* See Table 3.5 for characteristics. 

t Column <2 is the wide and b the narrow cross-sectional inside dimension. 

X Treated to prevent moisture absorption. 

§ Test on a single sample, may not be representative. 

|! Mounted between two choke-flange couplings. 

VOLTAGE BREAKDOWN AT MICROWAVE FREQUENCIES 

By G. L. Ragan 

With the introduction of the technique of using short pulses of r-f 
energy at a high-power level, the problem of voltage breakdown in the 
transmission lines and waveguides becomes a serious one. In order 
to gain a better understanding of the factors that influence the power 
level at which microwave breakdown occurs, a series of experiments was 
performed. 1 An attempt was made to obtain quantitative data regard¬ 
ing those factors which were found to be relatively important. 

4-23. Apparatus and Methods. —In these experiments the r-f power 
sources used were microwave magnetrons energized by high-voltage 
d-c pulses of short duration supplied by a pulse-generating power supply 
usually referred to as a “modulator.” The maximum power available 
at the three wavelengths used is given in Table 4T1, the lower values 
being the powers regularly available in most of the experiments, the higher 
values being available for only a small fraction of them. An attempt was 
made to obtain a combination of magnetron and modulator that would 

1 D. Q. Posin, Ina Mansur, H. Clarke, “Experiments in Microwave Breakdown,” 
RL Report No. 731, Nov. 28, 1945. Unless otherwise stated, all figures and conclu¬ 
sions given in the text are based on these experiments. 

H. F. Clarke, G. L. Ragan, R. M. Walker, I. Mansur, “Summary of High Power 
Breakdown Tests on Microwave Components,” RL Report No. 1071, Jan. 10, 1946. 
This article contains a thorough treatment of methods and techniques, including 
magnetron type numbers, modulator model numbers, water-circulating system, 
and so forth. 
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furnish the highest powers provided by contemporary design in these 
fields. Wherever possible a modulator was used that was capable of 
furnishing a number of different pulse lengths and repetition rates. 


Table 4-11 


Nominal 
wavelength, cm 

Maximum power 
available, k\v 

Usually 

; Sometimes 

10.o 

1000 

1500 

3.2 

125 

250 

1.25 

50 

125 


It was decided to use rectangular waveguides exclusively in these 
experiments, since they provide an electric field that is uniform in the 
direction of the field. In order to provide increased fields, waveguide 

Smaller dimension of 



T 

a 

.1 


Eio. 4-84.—Experimental waveguide section. 

sections of the type shown in Fig. 4-84 were used. The long tapered 
sections provide impedance-matching between the normal-size waveguide 
and the constricted portion. Dimensions of the various test sections 
used are given in Table 4-12. The relation between electric field and 
power transmitted in a matched waveguide of width a and height d 
(sometimes referred to as "gap" in the following discussion) is 

= G.63 X 10-*«/(£)■ (74) 

In order to determine the electric field strength, it is necessary to 
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measure the power being transmitted. This is done by the use of a 
directional coupler that transmits a known fraction of the power in the 
incident wave to a power-measuring thermistor bridge (see Vol. 11, 
Chap. 3). An alternative method is that of absorbing the r-f power in a 


Tabj.e 4 12 


Nominal wave 
length, cm 

Guide width 
a, in. 

I Guide height 
d, in. 

Reference symbol 
on curves 

10.5 

2.840 

0.110 

S 110 



0.040 

S 40 

3.2 

0.900 

0.006 

X 6 



0.017 

X 17 



0.038 

X 38 

1.25 

0.420 1 

0.006 

K 6 


1 

0.016 

K 16 



0.036 

K 36 



0.059 

K 59 


“water load.” In this device the r-f power is absorbed in a flowing 
stream of water, and the average power is computed from the heating 
of the water by ordinary calorimetric methods. With careful use, the 



Fig, 4 85. —-Arrangement of apparatus for calibration. 


water load is felt to be the most accurate power-measuring instrument 
available, but it is too slow in response to be very useful in general 
breakdown measurements. In practice, the combination of directional 
coupler and thermistor bridge was calibrated by comparison with a 
water load, with the apparatus arranged as indicated in Fig. 4-85. The 
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thermistor combination was then used in the actual measurements, the 
arrangement being that indicated in Fig. 4-86. 

The pulse length and repetition rate were measured by the use of a 
synchroscope (Vol. 5, Sec. 16-5). This instrument is basically a cathode- 
ray tube provided with a circuit for generating pulses that are used to 
trigger the modulator which applies power to the magnetron and simul¬ 
taneously to start the horizontal sweep of the cathode-ray tube. The 



Fig. 4-86.— Arrangement of apparatus used in experiments. 


magnetron current or voltage is indicated by the vertical deflection on the 
cathode ray screen. From the data on pulse length, repetition rate, 
and average power it is a simple matter to obtain the pulse power, 
that is, the average power during the time interval in which the mag¬ 
netron is oscillating. 

An analysis of sources and estimate of the magnitudes of the errors 
encountered in the present experiments may be useful, both in evaluating 
the data given and in suggesting improvements in future experiments. 
The largest single source of error is felt to be that caused by the existence 
of standing waves in the test section. In practically all cases the VSWR 
was below 1.10, averaging about 1.05. Since the constricted portion of 
the waveguide test sections was half a guide wavelength long, a maximum 
of the standing-wave voltage pattern always occurred within the con¬ 
stricted section. As indicated in Table 2-2, the breakdown field in the 
presence of a standing wave occurs at a power that is lower by the factor 
r (the value of the VSWR) than the power that would be required to 
achieve breakdown if the line were perfectly matched. On this basis 
it is estimated that the data on power, quoted without correction, in the 
following pages are subject to a systematic error which gives powers, 
on the average, about 5 per cent low. 
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Other sources of error are usually random rather than systematic. 
The errors in pulse length t and gap height d are estimated at about ± 5 
per cent, on the average. Both r and d are cons derably less accurate 
than this for small values and more accurate for large values since 
their errors tend to be constant in absolute magnitude rather than on a 
relative basis. 

A number of other sources of error, each averaging about ±0.5 per 
cent in magnitude, are as follows: (1) thermal leakage in water-load 
measurements; (2) thermocouple and galvanometer errors in using a 
water load; (3) errors in thermistor bridge; (4) errors in measuring repeti¬ 
tion rate; (5) attenuation in waveguide between measuring section and 
test section. There is, in addition, a rather large error in any given 
measurement, caused perhaps by statistical fluctuations in the ionization 
existing in the gap just before and during the pulse. A method of reduc¬ 
ing this uncertainty by the use of ionizing radiations is discussed in the 
following section. 

It is believed that each individual measurement of power made in 
these experiments is subject to about 5 per cent systematic error (the 
measured values being too low) and about ± 10 per cent random error 
from all causes. Since each point is the average of a number of observa¬ 
tions, it is felt that the powers indicated are accurate to about —5 per 
cent (systematic error) and ±5 per cent (random error); thus half the 
observations of power fall within the range of errors between 0 and —10 
per cent of the true values. Since the field strength E is proportional 
to the square root of the power, the probable error in E is only about 
half as large, namely, —2.5 per cent ±2.5 per cent (ranging from 0 to —5 
per cent). 

4-24. Preliminary Considerations. —One of the problems confronted 
at the outset of the experiments was that of obtaining consistent and 
repeatable data. It was noticed in earlier work that rather large dis¬ 
crepancies exist between measurements made at different times, and 
smaller but still bothersome discrepancies occur even between successive 
measurements. 

It was felt that these discrepancies were caused in part, by a failure 
to control certain parameters, and it was planned to investigate these 
sources. The discrepancies between successive measurements were 
thought to be due, however, to causes of a statistical nature, and it was 
felt that some improvement might result from irradiating the test gap 
to provide a source of ions. This is a technique familiar in low-frequency 
breakdown studies where the presence of additional ions, while providing 
much more consistent performance, is found to have little effect on the 
average breakdown figures. 

To provide the ionization desired within the waveguide gap, a strong 
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source of gamma-radiation in the form of radioactive cobalt chloride 
was obtained from the Cyclotron Laboratory of the Massachusetts 
Institute of Technology. A very intense source was required (3 milli- 
curies radium equivalent) and it was placed in the form of a small capsule 
directly in contact with the broad surface of the waveguide. Although 
this amount was barely sufficient to cause a noticeable improvement in 

the repeatability, it had a large effect 
on breakdown measurements. This 
is in marked contrast to the experi¬ 
ence at lower frequencies where it is 
found that statistical reliability may 
be achieved without increasing the 
ionization to such an extent that the 
measurements are affected. 

The degree of lowering of break¬ 
down power for a typical waveguide 
section is shown, as a function of 
pressure, in Fig. 4-87. Curves of 
similar form were obtained for other 
sections. In general, the irradiation 
has its greatest effect at pressures of 
about one-sixth to one-third of an 
atmosphere, and the effect appears to be somewhat larger in magnitude for 
waveguide sections of smaller gap dimension d. 

It is interesting to obtain a crude estimate of the ionization caused by 
the radioactive Co 60 . The gamma rays emitted have an energy of 1.3 
Mev and decay with a half life of 5.3 yr. Since one millicurie gives, by 
definition, 3.7 X 10 7 disintegrations per second, the 3.2-millicurie source 
used emits roughly 10 H quanta per second or 100 per microsecond. From 
the geometry of the experiment it is estimated that roughly one-tenth 
of the quanta, that is, 10 7 per second, are emitted in such a direction 
that they might cause ionization in a part of the gap where the fields 
are large. The absorption of the gamma rays in the gas furnishes 
negligible ionization compared with that furnished by secondary electrons 
knocked out of the brass walls of the waveguide. The range of an 
electron whose energy is 1.3 Mev, which is the maximum energy available, 
is about 0.06 cm (0.024 in.). Only those gamma rays absorbed in the 
waveguide wall within this distance of the inner surface may be effective 
in causing ionization in the gap. Since it requires 1.5 cm of copper 
to absorb half the gamma radiation, only about 3 per cent will be absorbed 
in a 0.00-cm layer. These observations lead to a final estimate, crude 
but probably right as to order of magnitude, of 3 X 10 5 ionizing events 
per second. On the average, it would be expected that one such event 
would occur every three microseconds. 
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Fro. 4-87. -Effect of radioactive co¬ 
halt on breakdown power. P* is the 
breakdown power when Co* is used. P 
is tile breakdown power without radio¬ 
active irradiation, r is pulse width, v T is 
repetition frequency, d is gap (see Fig. 
4-84), \ is wavelength. 
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It may be assumed that ions formed within the first 10 per cent of 
the pulse time are almost completely effective. 1 For l-,asec pulses, the 
probability of occurrence of an ionizing event within the first 10 per cent 
is seen to be about 1 in 30. For the shortest pulse width used in the 
experiments, 0.2 jusec, it would be 1 in 150. 

Each secondary electron passing through the air in the gap causes 
the formation of a number of ion pairs along its path. While the number 
of pairs per unit length is dependent on the energy of the secondary 
electron, it may be taken as about 100, on the average, at atmospheric 
pressure. Multiplying this figure by the 3 X 10 s events per second, an 
estimate of 3 X 10 7 ion pairs per second per centimeter of path is obtained. 
From the geometry of the apparatus it is estimated that the effective 
secondary electrons are emitted from a wall surface of roughly 3 cm 2 so 
that the number of ion pairs formed per cubic centimeter of gas volume 
is estimated to be 10 7 per second. 

A comparison of the frequency of ionizing events with the number 
normally present as a result of cosmic rays and natural radioactivity is 
enlightening. The latter figure is usually taken as about two per minute 
per square centimeter of wall area or six per minute for the 3-cm 2 area 
being considered. From the comparison of this small number with the 
3 X 10 5 events per second estimated above, a vast improvement in 
statistical reliability when using the radioactive cobalt is expected. 

The improvement, while noticeable, is not so great as it is desirable 
to obtain. A series of 28 trials with the Co* in place was alternated with 
an equal number without artificial ionization. This number of trials 
is not sufficient to justify a thorough analysis of the statistics involved, 
but the following behavior seemed to be indicated: (1) There were con¬ 
siderably fewer large departures from the mean value when Co* was used. 
(2) Half the values fell within a + 5 per cent range when Co* was used, 
whereas the corresponding range was +6 per cent without it. (3) The 
breakdown power was about half as high when Co* was used as when it 
was not. 

Perhaps the best indication of the improvement in repeatability 
which was provided by the Co* is to be found in the data obtained in a 
series of breakdown measurements in which the pressure is varied. It 
was found that if a single observation is made at each pressure, the 
resulting curve of breakdown power vs. pressure was much smoother when 
Co* was used. In order to obtain satisfactory curves without Co*, the 
average of a number of observations was required. One such pair of 
curves is given in Fig. 4-88, from which Fig. 4-87 is derived. 

1 This assumption is rather well justified by data presented in the next section that 
show that a 10 per cent change in pulse duration (which is for practical purposes 
equivalent to an equal change in the time of introduction of a burst of ions) leads to a 
change in breakdown power of only about 3 per cent. 
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In addition to the problem of achieving the repeatability, a cursory 
investigation of two other factors that might be expected to influence 
breakdown was made. The first of these factors was the effect of 
humidity, and the second was that of sharp points on the metal walls. 

Tests were made using approximately saturated air (relative humidity 
conservatively estimated to be greater than 80 per cent) provided by 
circulating air that had been bubbled through water at room temperature. 
These results were compared with those obtained using dry air (conserva¬ 
tively estimated to have a relative humidity of less than 10 per cent) 



provided by circulating air which had been drawn through a trap cooled 
by dry ice. In a series of measurements using alternately dry and wet 
air, the average of breakdown values of seven trials with dry air was 5 
per cent higher than that of the six interspersed trials using wet air. 
These experiments were not intended to afford a precise measurement 
of the effect of humidity but rather to serve as a guide in judging whether 
or not special precautions as to the control of humidity in conducting 
subsequent experiments were necessary. It was felt that since only a 
5 per cent change was indicated under these extreme conditions of 
humidity, it would not be necessary to take special precautions. 

In order to study the effect of sharp points, a quantity of fine brass 
chips whose average size was from 2 to 5 mils was introduced into a 
waveguide section of 40-mil gap and tested at a wavelength of 1.25 cm. 
Breakdown with a large quantity of these “shop dust” particles present 
was about one-third of that observed before their introduction. The 
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same low figure was observed even after the particles were poured 
out of the waveguide section. The few remaining particles adhering 
to the walls were sufficient to maintain the low breakdown power. When 
these were removed by blowing out the waveguide section with a strong 
stream of compressed air, the original high breakdown power was again 
observed. Although these experiments are quite crude, they serve to 
indicate the importance of carefully removing all foreign particles from 
transmission-line components and serve to emphasize the desirability 
of removing burrs and rounding sharp corners. In all subsequent 
experiments, care was taken to observe these precautions in the waveguide 
test sections. 

4-26. Effect of Duration and Repetition Rate of Pulses. —An investi¬ 
gation of breakdown phenomena at microwave frequencies is complicated 
by the necessity of using short pulses of r-f power. The use of short 
pulses in such investigations is required both by the fact that pulses are 
commonly used in microwave applications and also by the fact that it is 
in this way that the extremely high electric fields desired may best be 
produced. 

It is to be expected that the fields required- to produce breakdown 
within the short time interval represented by the pulse would exceed 
those corresponding to continuous 
wave conditions. It has been ob¬ 
served that the delay between the 
time of application of a d-c voltage 
and the resulting breakdown is a 
rather strong function of the “ over 
voltage.” That is, a rather long 
time will be required for the forma¬ 
tion of a spark if the voltage is just 
sufficient to cause breakdown, 
whereas the time becomes increas¬ 
ingly shorter as the voltage is in¬ 
creased above this critical value. This is to be expected since the rate of 
multiplication of ions is increased when the voltage is made greater. 

A careful study of the dependence of breakdown power on the pulse 
width was made, and the resulting data are plotted in Fig. 4-89. From 
the average of the slopes of the three lines of Fig. 4-89, the empirical 
relation P cc t~° 23 is obtained. Other data have been taken which 
indicate a considerably stronger dependence on pulse length, and there 
are indications that under some conditions the data are better represented 
by P « r "A It is suggested that P « t - - 4 represents a rather good 
approximation under average conditions. 

The method of measuring the pulse power in taking the data of Fig. 



Fig. 4-89. —Dependence of breakdown 
power on pulse width, at three different 
repetition rates. Average result: P T -0 - 23 . 
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4-89 deserves mention, since it is entirely different from that usually 
employed. The magnetron current was passed through a noninductive 
1-ohm resistor, and the voltage drop across the resistor was applied to 
the vertically deflecting plates of the synchroscope. If the performance 
chart of the 4J53 magnetron used is consulted, it will be found that the 
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Fig. 4-00.—Dependence of breakdown power on repetition rate. Average result: 

P oc Pr -o.ia, 


efficiency of the tube does not vary appreciably over the range of currents 
used. The voltage applied to the input terminals of the magnetron 
is almost constant over the same range of currents; consequently, the 
magnitude of the current is closely proportional to the power supplied 
to the tube and, by virtue of the constancy of efficiency, to the r-f power 
delivered by the tube. The power scale of Fig. 4-89 represents the height 
of the deflection on the synchroscope, which is proportional to the current 
through the magnetron. 

This method of measurement of pulse power was especially needed 
for the single pulse breakdown work, denoted by v r = 0. The method 

also is advantageous for general 
use since the measurement of pulse 
power is not dependent on the ac¬ 
curacy of measuring pulse length 
and repetition rate. 

In contrast to the expecta¬ 
tion that the breakdown power 
would depend strongly on pulse 
length, it is hardly to be ex¬ 
pected on theoretical grounds 
that any appreciable dependence on repetition rate should be observed. 
The shortest interval between pulses, about 500 /isec for v r = 2000 
per second, is so long that the ionization held over from one pulse to 
the next would be expected not to be very important. Nevertheless, a 
very definite dependence is observed as indicated by Fig. 4-90. The data 
plotted represent averages for a number of different conditions in which 
r, d, and X are varied. The effect may be represented empirically as P 
oc j-y 0 - 13 or simply P oc 
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Since the dependence of breakdown power on pulse length is stronger 
than its dependence on repetition rate, it is to be expected that breakdown 
power will increase with decreasing pulse length if the product r X v n 
sometimes called the “duty factor,” is kept constant. Figure 4-91 
illustrates this. Combining the empirical relations suggested above, one 
would expect to obtain 

P cc v~ X/i 

The slope of Fig. 4-91 corresponds to a somewhat stronger dependence 
on pulse length but is in qualitative agreement with expectations. 

4-26. Effect of Pressure, Gap, and Wavelength. —In d-c measure¬ 
ments on breakdown the two variables ordinarily considered are pressure 
and gap. A third, which is inevitable in a-c work, is that of frequency 



p in mm Hg 

Fig. 4-92.—Relation between breakdown field strength and pressure for the gap 
heights, and wavelengths indicated on curves. The meaning of the symbols on the curves 
is given in Table 4T2. 

or wavelength, and the additional parameters, pulse length and repetition 
rate, enter whenever pulsed operation is considered. Now that the 
effect of these latter parameters has been described, the study of the 
dependence of breakdown fields on pressure, gap, and wavelength, 
keeping fixed the parameters associated with the pulse, is to be considered. 

The data to be presented in connection with this study were taken at 
wavelengths of 1.25 and 3.20 cm. The gaps used at the shorter wave¬ 
length were 6, 16, 36, and 59 mils and, at the longer wavelength, 6, 17, 
and 38 mils. In all cases the pulse length was 0.25 Msec, the repetition 
rate 500 per second; and the radioactive-cobalt capsule was used. The 
data are presented in a number of different ways in Figs. 4-92 through 
4-96. 
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In all cases it was found that for pressures of about one-half to one 
atmosphere, the electric field at breakdown was essentially the same for 
all gaps and for both wavelengths, as illustrated by Fig. 4-92. In addi¬ 
tion, the electric field became more or less proportional to the pressure 
at these high pressures. This fact is demonstrated graphically in Fig. 
4-93 where the ratio E/p is plotted as the ordinate and the constancy of 
this ratio at high pressures indicates linearity of the relationship. 

In d-c work it is found that the product pd of the two variables, 
pressure and gap width, is a significant quantity. A relation known 
as Paschen’s law is verified both experimentally and theoretically in 
the case of d-c breakdown. One formulation of the law states that 
the breakdown voltage Ed is a function of the product pd, and when the 
breakdown voltage is plotted against pd a unique curve results. The 
law may be stated in several other forms but is not to be misinterpreted 
as asserting that breakdown voltage is proportional to pd. An alterna¬ 
tive formulation of the law, easily derived from that just given, is that 
E/p is a function of pd. It has been shown, 1 providing certain assump¬ 
tions are made regarding the processes involved in the discharge and 
certain restrictions imposed on the values of u, p, and d, that E/p should 
be a function of pd in high-frequency discharges. In order to see whether 
or not Paschen’s law has significance for these microwave breakdown 
data, the quantity E/p is replotted against pd in Fig. 4-94. For the 
higher values of pd, it appears that all the curves approach constancy 
of E/p and the value approached seems to be about the same as the d-c 
figure of 40. The agreement with the d-c value is probably fortuitous 
since there are several complicating factors in the microwave data. 
Chief among these factors are the tendency of the Co* to cause a reduc¬ 
tion in breakdown field and the counterbalancing tendency of short 
pulses tending to raise the breakdown fields. It can hardly be said that 
the Paschen plot Fig. 4-94 represents an appreciable improvement on 
the simple pressure plot of Fig. 4-93, except at the higher values of pd. 

A general principle of similarity for a-c discharges has been pointed 
out by Margenau. 2 The principle is strictly valid only for steady-state 
discharges in which the a-c field is continuously applied and in which the 
effect of metal walls is negligible, as it is in the so-called “electrodeless” 
discharge. Within these limitations the principle states that no changes 
in the properties of the discharge should occur so long as the ratios E/p 
and oi/p are both constant, provided that the changed conditions do not 
activate additional sources of ionization or destroy active ones. While 

1 T. Holstein, “Initiation of High Frequency Gas Discharges," Phys. Rev., 69 , 50-51 
(Jan. 1 and 15, 1946). 

2 Henry Margenau, “Theory of Alternating Current Discharges in Gases," IiL 
Report No. 967, Jan. 10, 1946. 
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the present experiments do not fulfill the requirements on which this 
principle is based, it was felt that its application might lead to some 
improvement in presentation. Accordingly, thedataon E/p were plotted 
against pX, a quantity proportional to the reciprocal of u/p, with the 
result shown in Fig. 4-95. It may be seen that the data at the two wave¬ 
lengths for a given gap dimension are brought into fairly good agreement 
by a plot of this type. This correlation is encouraging, and it would be 
desirable to check it by performing further experiments. Two additional 
curves, K16 and X17, which were omitted in the previous graphs to 
avoid confusing them, are included in order to give added evidence of the 
correlation indicated. 

In an attempt to obtain a better correlation between the various gap 
widths of Fig. 4-95, the gap width d was introduced as a multiplying 
factor in the abscissa, with the result shown in Fig. 4-90. With the 
exception of the 6-mil curves, a considerable improvement in the presenta¬ 
tion results. If instead of the multiplier d its square root is introduced, 
the 6-mil curves are in better agreement with the others, while the 
59-mil curve is then detached from the others. While the plot of Fig. 
4-96 is not so good as one might hope to obtain, it seems to represent one 
of the most significant ways of presenting the data. The justification 
for such a plot is largely empirical, although it may be argued that if X is 
kept constant it makes E/p a function of pd, as suggested by Holstein, 
and if d is kept constant it makes E/p a function of pX, as suggested by 
Margenau. 

4-27. Summary and Discussion of Breakdown Results.—The data 
discussed in the preceding sections lead to some very definite conclusions 
but certain inconsistencies in the data presented indicate the desirability 
of obtaining additional da ta. Certain changes in experimental technique 
and the desirability of investigating effects not definitely established are 
also suggested by a survey of the data. Both a resume of these results 
and recommendations in regard to future experiments are presented in 
this section. 

1. The repeatability of the data was definitely improved by the 
use of radioactive cobalt, but the breakdown power was decreased 
by a rather large factor, and this factor appeared to be dependent 
on such parameters as pressure and gap. It is suggested that 
the use of an ionizing agent such as ultraviolet illumination that 
would produce a more continuous supply of low-energy electrons 
would be preferable. The fact that the C’o* ionizes in large 
bursts at irregular intervals may I>e undesirable when the electrical 
field is applied in pulses. 

2. The data indicate that humidity is rather unimportant. The 
fact that no more than 5 per cent difference occurred between 
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breakdown powers with “wet” and “dry” air was definitely 
indicated. 

3. The effect of sharp corners was found to be very large. This 
emphasizes the desirability of removing machining burrs and 
of rounding sharp corners. 

4. It was definitely shown that breakdown power increases as the 
pulse length is reduced. While certain quantitative variations 
were observed from one set of data to another, an average of all 
the data indicates the empirical isolation P <* t~'*. An investiga¬ 
tion of the factors that cause the discrepancy between different 
sets of data might be profitable. 

5. The breakdown power was found to decrease, as the repetition 
rate was raised. The empirical relation indicated was P a ryf*. 

G. When the product v,t, frequently referred to as the “duty factor,” 
is kept constant, the effect of pulse length predominates. Com¬ 
bining the two empirical relations discussed under Paragraphs 
(4) and (5) gives 

P « 

More data are needed to verify this relation. 

7. At higher pressures, namely, above about one-half atmosphere, 
all data tend to show that the electric field E is proportional to 
the pressure p; that is, E/p is approximately constant. 

8. For a given value of pulse length r and repetition rate v r , there 
appears to be good evidence to support the relation 
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Fro. 4-97.—Altitude at which air density equals that at the indicated pressure and 

temperature. 




242 


RIGID TRANSMISSION LINES 


[Sec. 4-27 


9. There is less definite indication that the relation E/p = f(pd) 
is valid; however, a combination in which E/p is plotted against 
\pd represents the data fairly well, 

10. A summary of the above empirical relations will tend to indicate 
that for values of \pd (cm X mm Hg X cm) exceeding about 50, 
the following empirical relation is fairly good: 

- = 42r—'-vpMa 
P 

where r is in microseconds, v, is in thousands of pulses per second, 
E is in volts per centimeter, and p is in millimeters of mercury. 

11. The dependence of breakdown field strength or power on altitude 
may be determined by using these results in conjunction with 
Fig. 4-97. 






CHAPTER 5 

FLEXIBLE COUPLING UNITS AND LINES 


By F. E. Ehlers and F. T. Worrell 

Although the transmission of power at microwave frequencies is 
most effectively accomplished by means of rigid coaxial lines or wave¬ 
guides, certain applications demand the use of flexible units. Such 
units are necessary when allowance must be made for the relative motion 
of two components, either because of vibration, or because such motion 
is an essential part of the function of the device. Flexible coupling units 
fall naturally into two classes: those employing coaxial lines, and those 
in which waveguide techniques are used. 

FLEXIBLE COAXIAL CABLES 

By F. E. Ehlers 

Two types of coaxial cables have been used for r-f transmission: 
beaded cables and solid dielectric cables. A beaded cable is made by 
slipping “fish spine’’"beads over a copper wire used as a center conductor, 
and braiding a wire shield over the beads as an outer conductor. The 
construction is shown in Fig. 5T. This type of cable has been largely 
replaced by the solid dielectric cable which is made by extruding a dielec¬ 
tric (usually polyethylene) over a conductor, either solid or stranded, 
and by braiding a shield over the dielectric. On some cables two braids 
are used in order to obtain better shielding. Over the outer braid, a 
jacket, usually of some vinylite plastic, is either extruded or tubed. For 
naval installations, in addition to the plastic jacket sometimes a steel 
braided armor is woven over the cable. Solid dielectric cables are much 
more rugged than the beaded cables since polystyrene beads, being 
brittle, are easily broken, and thereby introduce losses by reflection and 
possible short-circuiting of the cable. 

For the purpose of facilitating the production of r-f cables, rigid lines, 
and connectors for radio and radar equipments for the Army and Navy, 
a joint Army-Navy R-f Cable Coordinating Committee has been set up 
with headquarters in Washington, D. C. This committee, with the aid 
of the services, laboratories, and manufacturers, has determined standards 
for rigid lines, coaxial cables, connectors, and adapters. A numbering 
system to facilitate the description and ordering of transmission lines 
and fittings has also been established. For r-f transmission lines, the 
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number system RG-/U was designated. This includes flexible cables, 
rigid coaxial lines, and waveguides. The UG-/U numbering system was 
assigned to connectors and adapters used with these transmission lines. 
These systems may be remembered more easily by means of the following 
interpretation: “RG” means “radio guide,” and “UG” means “union 
guide.” The final “U” means “universal.” As this committee is a 



Fig. 5*1.—Construction of beaded and solid-core cables, showing braid, core, center 

conductor, and jacket. 

wartime agency, it will soon cease to function; but a new committee will 
be formed to carry on a similar work for the postwar period. 

The Army-Navy R-f Cable Coordinating Committee has from time to 
time published specifications of all cables, lines, and fittings recommended 
for Army and Navy equipment. These particulars were not meant to 
be restrictive in any way, and when improvements were made they were 
described in detail. The latest specifications on coaxial cables are those 
of JAN-O-17 which were publ shed July 31, 1945. A complete index 
of r-f transmission lines and fittings was published by the same committee 
on June 15, 1945. Some of the material in this chapter is taken from 
these two publications. Although the present discussion is not intended 
to be exhaustive, it covers rather completely the cables, connectors, and 
adapters that are suitable for microwave frequencies. The discussion is 
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limited to flexible cables having a nominal characteristic impedance of 
52 ohms since such cables match approximately the rigid lines used at 
microwave frequencies. With the tolerances that cable manufacturers 
can now hold, the characteristic impedance of these cables is within ± 2 
ohms of this nominal value. 

5-1. Attenuation in Flexible Cables.—The attenuation in a flexible 
coaxial cable is made up of two kinds of losses: series losses in the center 
and outer conductors, and shunt losses in the dielectric. The series 
losses are proportional to the square root of the frequency and may be 
calculated from the following formula' for the series attenuation A , in 
decibels per meter: 

, 27.37 1 /y/pcKc. , \/pn Kii\ 

A,= Z, v,A « b / (1) 

Here, Z 0 equals the characteristic impedance of the cable; p c and p„ 
are the resistivities of the center and outer conductors, respectively; 
and K c and K o are the factors of attenuation of the stranded and braided 
conductors as compared with that of perfect cylinders of the same 
material. 

Shunt losses are caused by the conductivity of the insulating material. 
The dielectric constant of an imperfect dielectric may be expressed as a 
complex quantity, the imaginary component designating the conducting 
or dissipating property of the material. For example, a lossless coaxial 
line may be said to have a shunt capacitive susceptance per unit length, 
which will be called juck r , where w is the angular frequency, c is the capac¬ 
ity per unit length with air as the dielectric, and k, is the relative dielectric 
constant of the insulator. If we substitute an imperfect dielectric so 
that k, = k' c — jk”, wc have the following shunt admittances: 

juc(k' e — jk”) = juck[ + oick” = g + juc. 

From the above equation it can be seen that tack" is the shunt conductance 
of a coaxial line and is directly proportional to frequency. The power 
factor for a low-loss dielectric is well approximated by the formula 



For polyethylene, which is used in all cables at microwave frequencies, 
the power factor is about 0.0004. The shunt losses .4,, of a coaxial line 
may be calculated from the equation 

A p = 0.091 X 10- 5 \ r k[Pv db/m. (2) 

An examination of Eqs. (1) and (2) reveals that shunt losses are inde- 

1 J. C. Slater, Microwave Transmission , MrGraw-IIill, Xow York, 1942, p. 162; 
Yol. 8, Sec. 219, Radiation Laboratory Series. 
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pendent of the size of the cable but that the series losses in each conductor 
are inversely proportional to its radius. 

To illustrate the effect on the attenuation of braid, as compared with 
the attenuation of a solid cylindrical conductor of the same metal, let 
us take the RG-14/U cable which has the following characteristics: 

a = 0.101 in. = 0.00258 m total attenuation = 0.14 db/ft 

b = 0.370 in. = 0.00940 m k' t = 2.25 

p = 1.724 X 1(R 8 ohm-meters Z 0 = 52 ohms 

for copper P = 0.0004 

X = 10 cm = 0.1 m 

From Eq. (2), the attenuation caused by the polyethylene dielectric is 
0.05 db/ft. Substituting proper values in the first term of Eq. (1), after 
letting K c = 1 since the conductor is not stranded, gives 0.052 db/ft 
for the loss in the center conductor and hence leaves another 0.038 db/ft 
for the attenuation of the braid. Assuming a perfect cylinder of copper, 
from Eq. (1), we calculate the loss in the outer conductor and obtain a 
value of 0.014 db/ft. Thus the “braid factor” is 

0.014A/, = 0.038, 

K b = 2.7. 

Nominal values for well-woven braids vary from 2.5 to 3. 

A brief explanation of braid construction will serve to point out some 
of the aspects of the design of flexible cables for a minimum braid factor. 
The first step in the design of a braid is the choice of the wire that will 
produce a braid rugged enough to minimize the contact resistance between 
individual wires. A number of thin wires are combined to form a carrier 
that we might compare to a single flat reed in a woven basket; a number 
of these carriers are woven in and out to form the braid. Around 99 
per cent coverage is required for a braided conductor in order to avoid 
excessive loss by radiation and to ensure proper shielding. This coverage 
is determined by the number of ends per carrier, the number of carriers, 
and the number of “picks” per inch which make up the braid. The 
number of picks per inch is the number of times that, a single, carrier 
crosses over or under another carrier in an inch of cable. Another term 
applied to this characteristic of the braid is the word “lay”; this is 
the length of cable required for the carrier to make one complete revolu¬ 
tion around it. Since the currents in a coaxial conductor are always in 
the direction of propagation, a braid having a long lay will have less 
attenuation than one having a short lay since less energy is dissipated 
in contact resistance. Mechanical considerations, however, limit, the 
lay of the braid, and greater stability with flexing can be attained with a 
shorter lay. The tightness with which the braid is woven is also impor- 
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tant in eliminating instability under flexing and in decreasing the contact 
resistance between braid wires. It is also important that the individual 
braid wires should not be embedded in the dielectric and that jacketing 
material should not penetrate between them. 

6’2. Jacketing Materials. —The two jacketing materials most widely 
used on flexible cables are regular vinyl and noncontaminating vinyl. 
The development of the noncontaminating type was undertaken because 
the plasticizer from the old type of vinyl jacket leached out, was absorbed 
in the polyethylene, and increased the power factor. The use of cables 
with the new type of jacket is especially important where the cables 
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1 in, 52.—Contamination of polyethylene by vinyl jacket. The attenuations were 
measured at room temperature, X = 10 cm. The first 9 days of heating were at 68°C. 

will be subjected to high temperatures. Figure 5-2 gives a comparison 
of attenuation, as a function of the number of days at a temperature of 
92°C,' of two samples of RG-9/U cable, one having the old vinyl jacket 
and the other, the new noncontaminating vinyl jacket. After 200 days, 
the total attenuation of the cable with the regular vinyl jacket had 
increased by a factor of almost 4 whereas the attenuation of the cable 
with the noncontaminating vinyl jacket had increased only 0.01 db/ft 
or about 6 per cent. 

An examination of the copper braids of both cables indicated con¬ 
siderable tarnishing and corrosion and the formation of a coating of green 
waxy material. Although the plasticizer from the new jacket attacked 
the copper more vigorously than did the old material, its effect on the 
dielectric power factor was considerably smaller. 

Both types of jacketing materials are flexible within the temperature 
range from —25° to +90°C hilt are, of course, stiffer at the lower tem¬ 
peratures. For temperatures below — 25°C, however, the jacket is very 
brittle and is likely to crack if the cable is bent. The regular vinyl 
jacket is slightly more flexible than the noncontaminating vinyl jacket at 

1 G. .1. Schaible, "S-band Attenuation and Capacity Stability of RG-9/U Cable,” 
BTL Report Xo. G.1S-3710, June 1945. 
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temperatures lower than — 25°C; it reaches a brittle state at about 
—35°C 

These jackets are thermoplastic; that is, they may be deformed or 
softened by excessive heat or pressure. In general, they can be cut easily 
but do not tear readily; they also have good abrasion resistance. These 
materials have practically no permeability to gasoline or water. 

6-3. Cables for Low-power Levels. —For low-power levels, the three 
cables most frequently used at microwave frequencies are the types 
RG-9/U, RG-21/U, and the RG-5/U. The RG-9/U cable is a double- 
braided cable containing a polyethylene dielectric core with a stranded 



20 30 40 50 60 70 80 90 

Temperature in °C 


Fig. 5-3.—Variation of attenuation with temperature for an RG-9/U cable. The 
ordinates are the change in attenuation from the value at 20°C. X = 10 cm. Circles, 
temperature increasing; triangles, temperature decreasing. 


center conductor that is made of seven strands of 21 AWG silver-clad 
wire. The inner braid is made of silver-clad copper in order to obtain 
lower contact resistance between the wires at high frequencies than would 
be attained with the use of pure copper. The diameter over the dielectric 
is 0.285 in.; and the total diameter over the jacket, which is the non¬ 
contaminating type, is about 0.440 in. 

The attenuation of this cable at a wavelength of 10 cm is about 0.16 
db/ft, and there is little or no variation of attenuation with flexing or 
with changes in temperature. Some recent, measurements have been 
made at Bell Telephone Laboratories on the effect of heat on the attenua¬ 
tion of RG-9/U cable at 10 cm, between 20° and 94°C. A maximum 
increase of 6 per cent in the attenuation occurred at 60°C during the 
period of increasing temperature (see Fig. 5-3). However, during the 
cooling period a maximum increase of 9 per cent occurred at the same 
temperature. This represents a maximum deviation of about 0.014 
db/ft from the 20°C value and agrees very closely with results on a similar 
type of cable obtained some time ago at the Radiation Laboratory. 
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The stability of transmission for wavelengths smaller than 3.53 cm, 
however, is much worse. Variations of about 0.4 db in the r-f trans¬ 
mission through the cable were encountered by flexing a 20-ft length; 
the measured attenuation of long lengths of cable varied as much as 
0.02 db/ft depending on how tightly they were coiled. In the tempera¬ 
ture range of — 40° to + 70°C, at a wavelength of 3.30 cm, the attenuation 
varied erratically between 0.30 and 0.40 db/ft (see Fig. 5-4). 

Each successive heating cycle caused a permanent increase of about 
0.01 db/ft in the attenuation until, after about nine cycles of heating 
to a temperature of G0°C or more and cooling to room temperature, the 



Fig. 5-4.—Attenuation of RG-9/U cable vs. temperature. X = 3.3 cm. 


attenuation stabilized near 0.40 db/ft. This random variation of 
attenuation with temperature cycling is undoubtedly caused by the 
expanding polyethylene disturbing the contacts between the braid wires. 
To lessen this variation, or possibly to eliminate it entirely, a new cable, 
which is designated as RG-9A/U, has been designed with the silver 
inner braid having a shorter lay to give better stability. This special 
high-frequency cable will have slightly larger attenuation because of 
the shorter lay. 

Measurements of the frequency sensitivity of the attenuation of 
RG-9/U cable have been made in the wavelength range from 3.15 to 
3.55 cm. Because of the effect of flexing upon the attenuation, the cable 
was fastened to a board while the attenuation was measured, to ensure 
reproducible results. Over this wavelength range, the attenuation 
varied from 0.303 db/ft at 3.55 cm to 0.341 db/ft at 3.1G2 cm, a variation 
of about 12 per cent. The results are shown in Fig. 5-5. 

The RG-21/U cable is an attenuating cable that is used when one 
piece of equipment must be isolated from another to eliminate interaction 
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between them; it is used, too, when a given amount of attenuation is 
needed to decrease the sensitivity of some piece of test equipment. 
This cable, like the RG-9/U cable, has a double braid: an inner one 
of silver-clad copper and an outer one of copper with a noncontaminat¬ 
ing vinyl jacket. In order to achieve the desired attenuation, a high- 
resistance No. 16 AWG Nichrome center wire is used. As most of the 



Wavelength In cm 

Fig. 5*5.—Attenuation of RG-9/U cable vs. wavelength. 

dissipation is in the center conductor, the attenuation in decibels is 
nearly proportional to the square root of the frequency. This cable 
was designed to replace the RG-38/U cable which uses “lossy” rubber 
dielectric with a power factor of about 0.006 as the dissipating element. 
In the RG-38/U cable, the attenuation is nearly proportional to fre¬ 



quency, and in addition the power factor of the rubber has a high tem¬ 
perature coefficient, about 0.008 db/ft per °C. The RG-21/U cable was 
developed to have a low temperature coefficient of attenuation. I rom 
-40° to +60°C the attenuation at a wavelength of 10 cm has a maximum 
value of 0.84 db/ft at +10°C; and it decreases to 0.82 db/ft at each end 
of the temperature range, a total change of only 2.5 per cent (see Fig. 
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5-6). In the wavelength range from 8.6 to 12.6 cm, the attenuation 
varies from 0.74 to 0.90 db/ft as shown in Fig. 5-7. 

Like the RG-9/U cable, the RG-21/U cable has a very good stability 
of transmission with flexing and temperature cycling, in the region from 



Fig. 5-7.—Attenuation of 11G-21/U cable vs. wavelength (10-crn band). 


8 to 12 cm. However, at wavelengths of 3.53 cm and below, bending 
and flexing cause considerable variation. When a cable carrying r-f 
power at these high frequencies is bent or flexed, the attenuation increases, 
and several minutes are required for the transmission to return to the 
original level. Since most of the 
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Wavelength in cm 

-Attenuation of HG-21/U cable vs. 
wavelength (3-cm band). 


loss is in the center conductor, the 
effect of temperature on attenu¬ 
ation is less than in the RG-9/U 
cable and is in the opposite direc¬ 
tion; that is, the attenuation 
decreases with increasing temper¬ 
atures, as does the resistivity of 
Nichrome. Over the range from 
— 46° to +61°C, the attenuation 
varies from 1.68 to 1.56 db/ft. The variation is illustrated in Fig. 5-9. 
Over the wavelength range from 3.13 to 3.53 cm, the attenuation varies 
from 1.70 to 1.52 db/ft, as shown in Fig. 5-8. 

The RG-5/U cable is the same size as the RG-21/U cable. Instead 
of the Nichrome wire, No. 16 copper wire is used as the center conductor. 
The shield consists of two copper braids, and the jacket is a regular vinyl 
jacket instead of the noncontaminating type. This cable has not had 
as widespread usage for microwaves as the RG-9/U cable since there is 
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little gain in flexibility and the electrical properties are not so good. 
The attenuation of RG-5/U cable at 10 cm is about 0.22 db/ft. It has 
been used principally for a flexible coupling from Sperry Klystrons since 

e 1.80 
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C 

<u 

§ 1.20 

-40 -20 0 +20 +40 +60 +80 

Temperature in °C 

X'"ig. 5-9.—Attenuation of RG-21/U cable vs. temperature (3-cm band). 

the SKL fittings used on these Klystrons will fit the RG-5/U cable but 
not the RG-9/U. These SKL fittings are shown in Figs. 5-37 and 5-38 
at the end of Sec. 5-11. 

6-4. High-power Cables. —For high-power transmission, there are 
two cables that have been most widely used. These are the RG-14/U 

cable, its armored equivalent 
RG-74/U, and the RG-17/U cable 
with its armored equivalent 
RG-18/U. The RG-14/U cable 
has a polyethylene dielectric core 
of 0.375 in. diameter, with a No. 
10 AWG copper wire for the center 
conductor. There are two copper 
braids over the core covered by a 
noncontaminating vinyl jacket. 
The resulting over-all diameter is 
about 0.550 in. The attenuation 
of this cable at 10 cm is 0.14 db/ft. 
Since the diameter is slightly 
larger than that of the RG-9/U 
cable, the series conductor losses 
and therefore the total attenua¬ 
tion are somewhat less. 

100 200 400 1000 2000 The RQ-17/U cable has a 

Frequency in megacycles/sec 

„ . ... , polyethvlene core which has a 

Fig. 510. —Average power transmitted , . “ . 

by cables of various sizes. R.G-/U numbers 0.680 in. di£imct6r &.nd COntfLlIlS 3/ 
on curves refer to Table 5 5. center conductor of copper rod or 

tubing of 0.188 in. diameter. A single copper shield is braided over the 
core, and a noncontaminating jacket of 0.700 in. diameter is tubed or 
extruded over the braid. The attenuation is 0.090 db/ft at a wavelength 
of 5.00 cm where the cable begins to transmit the TK-mode. 
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The power breakdown for the dielectric-filled cables is of two kinds: 
thermal breakdown, and voltage breakdown. Thermal breakdown 
occurs when the dielectric softens because of the heating under high 
average power and allows the center conductor to move with respect to 
the outeT conductor. Voltage breakdown occurs when the r-f voltage 
exceeds the dielectric strength of the insulation. Figure 5-10 shows a 
graph giving the average power rating of the cables of various sizes, includ¬ 
ing the RG-14/U and RG-17/U cables. These curves are calculated 
on the basis of a center-conductor temperature of 175°F and an ambient 
temperature of 104°F. As the frequency of the r-f current is increased, 
the power rating of the cable is decreased. This is because the amount 
of heat to be dissipated per unit length increases with the attenuation. 

The RG-14/U cable has been tested under pulsed r-f power, at a 
wavelength of 10 cm, with a 1-jusec pulse and a repetition rate of 1000 
pps. True voltage breakdown was not attained in this way, but just 
above a pulse power of 300 kw failures usually occurred in the r-f con¬ 
nectors. This cable certainly should not be run at peak powers greater 
than 300 kw at microwave frequencies, although the maximum operating 
voltage as recommended by the Army-Navy R-f Cable Coordinating 
Committee is 5500 volts rms, which corresponds approximately to 500 
kw pulse. This pulse power rating, of course, is limited by the amount of 
average power which the cable will transmit safely. 

The RG-17/U cable was run for an hour at 1.2 Mw pulse power with a 
duty ratio of 1/1000 without any noticeable change. The voltage rating 
on this cable is 11,000 volts rms. 

6-6. Resonances in Coaxial Cables. —Some flexible coaxial cables 
have been found to exhibit bad resonances at certain frequencies. These 
resonances are caused by certain periodic variations in the characteristic 
impedance of the cable which result from the periodic fluctuations of 
the diameter of the dielectric, the centering of the center conductor, or the 
ellipticity of the core. These resonances are characterized by a rapid 
change, with wavelength, in the standing-wave ratio looking into the 
cable and by an increase in the attenuation. They have been observed, 
at the Radiation Laboratory, in the RG-8/U and RG-9/U cables in the 
region of wavelengths from 8 to 10 cm. The standing-wave ratio changed 
from 1.1 to about 2 in voltage and dropped back to 1.1 in about 0.3 
per cent change in wavelength, or in about 10 Mc/see. At the resonance 
frequency, the transmission decreased by about 20 to 50 per cent of the 
transmission off resonance. In six samples, resonances were found at 
8.4, 9.2, 9.4 cm (see Fig. 5T1). It is apparent that these resonances are 
caused by periodic variations because, if a cable that resonates is cut in 
half, each half will resonate at the same frequency as the original length. 

The Naval Research Laboratory has reported finding resonances in 
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the RG-17/U, the RG-18/U, and the RG-9/U cables in the wavelength 
range from 46 to 22 cm. Nearly all the samples tested exhibited reson¬ 
ances with maximum voltage standing-wave ratios varying from 1.4 
to 8. Measurements on the diameters revealed a definite periodicity 
(see Fig. 5-12). Cables in which abrupt changes occurred in the diameter 
showed much higher standing-wave ratios at resonance. One cable 
sample in which the resonance was small did not have very abrupt changes 
in the diameter but had a more gradual periodic variation. From the 
standpoint of transmission-line theory, gradual changes, even if periodic 
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would cause little reflection. However, abrupt discontinuities that are 
repeated periodically will add up to a very large mismatch at the input 
end of a long cable at those frequencies for which these abrupt dis¬ 
continuities are spaced by an integral number of half cycles. 

The RG-8, 9, 17, 18/U cables are the only cables that have been 
tested for resonances, but it is presumed that, since the extrusion is done 
in a similar way for other types of cables, they too may exhibit resonance 
effects. In very short lengths of cable, the effect of resonance is less 
noticeable; but in long lengths, the standing-wave ratio may become very 
high. As refinements are made in the techniques of manufacture these 
resonances may be eliminated or considerably lessened. 

6-6. Flexibility and Durability of Coaxial Cables. —Tests of the 
flexibility and durability of coaxial cables are inadequate, but some 
results on the RG-14/U cable will give an indication of what may be 
expected of a cable under flexing. Table 51 gives the results and a 





Core diameter in inches Core diameter in inches 
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description of tests on three samples of RG-14/U cable flexed at the rate 
of 90 cycles per minute. 




Fig. 5-12.—Periodicity in core diameter of RG-17/U cable. 


Table 51.— Effects of Repeated Flexing of C'oaxiai. Cables 


Samplel 

No. 

Description 
of tests 

Time 

flexed 

Number of 
flexings 

Condition after flexing 

1 

From straight to a 
3^-in. radius ! 

2 hr 

1080 

Ragged copper braid, broken 
center conductor, dielectric 
and jacket unharmed. 

2 

From straight to a 
5-in. radius 

12 hr, 18 min 

71,820 

Inner braid slightly dis¬ 
turbed, center conductor 
broken, dielectric and jacket 
unharmed. 

3 

From straight to 
6-in. radius 

25 hr, 37 min 

138,330 

i 

Center conductor broken in 
three places. Braid, dielec¬ 
tric, and jacket unharmed. 


These cables are early samples of RG-14/U and contain a center 
conductor of copper-weld wire, which is copper drawn over a steel center 
core. With this construction, the wire is brittle and inclined to break 
from metal fatigue under flexing. The present RG-14/U cable uses solid 
copper wire, and therefore, under the same conditions, will probably 
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last longer than the samples described above. The RG-9/U cable is 
much more flexible than the RG-14/U. A 4-oz force is required to 
bend a straight 1-ft length of RG-9/U cable to a radius of curvature of 
about 8 in., whereas a 10-oz force is required to bend a straight 1-ft 
length of RG-14/U cable to a radius of curvature of about 16 in. In 
permanent installations, the Navy recommends that bends having radii 
of curvature not less than ten times the diameter of the cable be used. 
This certainly ought to be the lowest limit in the radius of curvature of a 
cable under repeated flexing. 




Fig. 5136.—Type N connectors, UG-21b/U, UG-22b/'U. 


6-7. Connectors for Cables for Low Power.—The connector that is 
used most prevalently on low-power cables is the type X. Cross-sec¬ 
tional drawings for two types of X connectors are shown in Figs. 5T3. 
The first type uses a polystyrene bead 0.254 in. long. The second is a. 
modification of the polystyrene connectors and uses Teflon, a material 
with a low dielectric constant, for the insulating bead. In this new 
design, an improvement was made in the technique of coupling the 
braid and jacket to the body of the connector. The original type N 
connector, shown in the drawing on the left side of Fig. 5T3, was some¬ 
what unsatisfactory because the cable core worked away from the bead of 
the connector, and the braid was stretched from bending and flexing 
with use. In the new design, shown in the drawing on the right-hand 
side of Fig. 5T3, a rubber washer is compressed by a nut and grips the 
jacket, braid, and cable core to the main body of the connector. In this 
construction, there is less likelihood of the braid stretching to allow 
the dielectric and center conductor to pull away from the connector 
bead. An additional advantage in the new design is the step in the outer 
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conductor of the plug; this step reduces the mismatch caused by a gap 
between the plug pin and jack center contact. This allows an adjust¬ 
ment in the tolerances so that there is always a gap that will prevent the 
spreading of the jack fingers by the shoulder against the plug pin. An 
interim design embodying these mechanical properties, but using poly- 
dichlorostyrene dielectric instead of Teflon, has been made. These three 
types are designated in the following way: the original connector has an 
ordinary UG-/U number; the mechanically improved design with the 



Fig. 5-14. —Theoretical performance of type N connectors. The circles represent the 
improved type with a Teflon bead, the squares the original type with a polystyrene bead. 

polydichlorostyrene dielectric bead is designated by a UG-A/U number; 
the Teflon-dielectric connectors are designated by a UG-B/'U number. 
A complete listing of the connectors designed for each cable is found in 
the table at the end of the section on flexible cables. 

Figure 5-I4‘ shows a graph of the performance of the type X con¬ 
nectors with the 0.254-in. polystyrene or polydichlorostyrene beads and 
the modified connectors using Teflon dielectric beads. The dielectric 
constant for Teflon is low (2.1) compared with that for polystyrene 
(2.50). This low dielectric constant reduces considerably the maximum 
mismatch that can occur in a pair of connectors because of the shunt 
capacities at the steps that result from the introduction of the beads. 
For the Teflon connectors at a. wavelength of 5 cm, the maximum stand¬ 
ing-wave ratio is 1.2 in voltage whereas the ratio for the polystyrene 

] Tim development of Teflon-dicleel nV connectors was carried out at the. Poly¬ 
technic Institute of Brooklyn, under contract from OSH I). The calculations 
embodied in this figure were taken from a progress report of work on this contract. 
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connectors is i.3 at the same wavelength. Most of the improvement in 
match was made in the wavelength range from 3.0 to 3.5 cm. The 
length of the Teflon was made nearly a quarter wavelength at 3.3 cm 
in order to cancel out the shunt capacity of the step in the outer and 
inner conductors which was caused by the introduction of the bead. 
In this way each bead is compensated to be well matched from 3.0 to 
3.5 cm. The two beads are spaced so that the reflections from them 
cancel each other at a wavelength of 9.3 cm. This spacing was made in 
order to have a single connector design that would be good from 8 to 12 



Fig. 5-15. —Histogram of voltage standing-wave ratios observed on commercial type N 
connectors; (o) is for KG-9/U cable, (6) is for HG-21/U and RG-5/U cables. 


cm as well as from 3.0 to 3.5 cm in wavelength and that ultimately would 
replace the original polystyrene type of connector. 

The curve in Fig. 5T4 indicates only relatively what may be found 
in actual cables and connectors. The plug-and-jack center contacts 
introduce reflections that are erratic and unpredictable. In the 3-cm 
band, the center contacts alone have been found to produce standing- 
wave ratios as high as 1.1 in voltage. For best match, the extreme ends 
of the fingers of the jack center conductor should make contact with the 
plug. Since the characteristic impedance of the cable varies +4 per 
cent and may not be uniform along the whole length, the magnitude and 
phase of input impedance of the cable may vary over a considerable 
range. Data on voltage standing-wave ratio have been obtained from 
1775 UG-21/U and UG-22/U connectors attached to RG-9/U cables by 
technicians during the last two and a half years at the Radiation Labora¬ 
tory. Seventy-seven per cent of these connectors had a voltage standing- 
wave ratio of 1.15 or less around 10-cm wavelength, and 40 per cent had a 
VSWR of 1.10 or less (see Fig. 5T5). The results on the RG-5/U and 
RG-21/U cables were not so good. Only 23 per cent of the connectors 
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had a VSWR of 1.15 or less, and 61 per cent of the connectors had a 
VSWR between 1.16 and 1.25. Since these cables are smaller than the 
RG-9/U, the shunt reactance at the junction between the cable and the 
connector is greater and undoubtedly causes the higher standing-wave 
ratio. 

In the range of wavelengths from 3.1 to 3.5 cm, the UG-21/U and 
UG-22/U connectors on the RG-9/U cable are badly mismatched. Four 
pairs of connectors were tested with the following average results: 


Wavelength. 3.1 rm 3.3 cm 3.5 cm 

VSWR.... 1.58 1.32 1.25 


This cable connector has been used at these frequencies but only in 
conjunction with a transition from coaxial line to waveguide, or in some 
r-f component for which the connector mismatch has been compensated 
in the design. Results for the Teflon-dielectric connector in the 3-cm 
wavelength range are somewhat comparable to those for the polystyrene 
connectors for RG-9/U cable at 10 cm. The following are data taken at 
the Polytechnic Institute of Brooklyn. 

Table 5-2.—Teflon Connectors 


i 


Number of pairs 

Average VSWR 

tested 





3 1 rm 

3.3 cm 

3.a cm 

14 

1.12 

1.18 

1.10 

12 

1.13 

1.13 

1 .11 

5 

111 

1.06 

1 .08 

6 

1.07 

1.15 

1.11 

Average. 

1.11 

1.10 

1.10 


9 cm 

10 cm 

11 cm 

14 

1.09 

1.10 

1 13 

12 

1.13 

1.12 

1.14 

5 

1.07 

1 06 

1.06 

Average. 

1.10 

1.10 

1.12 


Type N Adapters .—Since type X connectors are very widely used, a 
series of adapters has been designed. These include not only couplers 
to the various rigid lines but also such adapters as shunt T’s and pres¬ 
surizing fittings. In Table 5-3, these adapters are listed, information 
concerning the match at wavelengths of 3.2 and 10 cm being given where 
it is known. Figures 516 give cross-sectional sketches of some of these 
adapters. 
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6-8. HN Connectors.—The type HN connectors (UG-59, 60, 61/U) 
have been designed for applications using the RG-8/U cable, which 
require higher voltages than the type N connectors will safely transmit. 
These connectors, which are shown in Figs. 5T7, are designed so that 
the path length in air between the dielectric surfaces is as long as possible. 
This air path is increased by trimming the polyethylene core of the cable 



Fig. 5-16,— Tvpe N adapters; (a) UG- l'ui. 5-17.—HN connectors; (at UG-59A/U, 
30/U; (b) UG-29 L r ; (c) UG-27A U, (d) (M UG-(i()A, T, (c) UG-61A/U. 

UG-202/U; («) UG-107/U. 


in the shape of a cone which fits into the polystyrene bead. The tool 
required for this is like a simple hand pencil sharpener and is designated 
by the Army and Navy number MX-103/U. Also, the bead of the jack 
is cut so that, it will fit into the polystyrene bead of the plug. The 
Army-Navy R-f Cable Coordinating Committee rates this connector for 
4000 volts peak at an altitude of 50,000 ft, 

5-9. High-power Connectors to Rigid Lines.—The Army-Navy R-f 
Cable Coordinating Committee has designed a field-assembly connector 
for joining the RG-14/U cable to |-in. stub-supported line. In this cable 
connector, designated UG-207/U, the center contact is forced under the 
dielectric for about in. and is soldered to the center wire at the end of 
the dielectric. Then the cable core is pushed into the polydichlorostyrene 
bead, the outer diameter of which is such that the characteristic imped- 
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ance is 52 ohms (see Fig. 5-18). This feature gives a long path length, 
so that the possibility of breakdown through the air between the cable 
dielectric and the bead is considerably lessened. A butyl-rubber washer 


Table 5-3.— Tvph X Adapters 


Armv-Navy 

number 

Description 

Figure 

number 

Voltage standing-wave 
ratio 


10 cm 

3.2 cm 

UG-30/U 

Adaptor from X plug to N plug 
for pressurizing a unit. 

516 

1.10-1.15 

1.20-1.30 

UG-29/U 

Adapter from X plug to X' plug, 
not pressurized. 

5-16 

1.15-1.20 


UG-27/U 

Right angle, fits between N plug 
and jack. 


1.15-1.25 


UG-27A/U 

Right angle, fits between X' plug 
and jack, better matched than 
UC-27/U. 

516 

1.10-1.15 


UG-202/U 

Right angle from X plug to X 
plug. 

5-16 



UG-28/U 

Branched T, coupling to X' plugs 
on all arms. 

516 

1.5 


UG-107/U 

Branched T, one branch couples 
to plug; other two to jacks. 

5IGf 

1.5 



* Appears as very high reactance since braided section propagates coaxial TE- mode, 
t Same except plug on verticaL arm. 



is compressed between the two polydiehlorostyrene beads in order to 
seal hermetically the line to which the connector is coupled. To reduce 
the possibility of corona in the air gaps, Dow Corning Ignition Sealing 
Compound is applied liberally to the cable core and center contact 
before inserting them into the bead at assembly. 

One bad feature of this connector is that the center contact is not 
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soldered to the center wire of the cable at the end that is forced under 
the dielectric. Should the diameter of the hole in the center contact 
which fits over the cable center wire be large, and should some dielectric 
be forced into it between the center conductor and the center contact, 
at this point a reentrant section of line would be formed in series with the 
main coaxial line. At microwave frequencies, this section could be an 
appreciable part of a wavelength and might therefore introduce con¬ 
siderable reflection. In assembling a connector of this type care must 
be exercised to ensure a good contact at this tip. 

Electrical tests have been made on the UG-207/U connector in which 
290 ft of RG-14/U cable were used as a termination. The following 
results were obtained. 

Table 5-4. —Reflection fkoii the 1'0-207/U C'onnectoh 


Wavelength, 

Voltage standing-wave 

centimeters 

ratio 

9.25 

1.25 

9.43 

1.11 

9.60 

1.23 

9.79 

1.31 

9.99 

1.15 

10.16 

1.08 

10.33 

1.09 

10.48 

1.14 


The Radiation Laboratory design of the connector between RG-14/U 
cable and |-in. line, Figs. 5T9, 5-20, utilizes a taper from the size of the 
cable to the outer diameter of the 1-in. line. There is a step in the inner 



Fig. 519. — Connector for 1-in. line to RG-14/U cable. 


conductor to compensate for the change in dielectric from polyethylene 
to air and to maintain constant impedance. The dielectric for the taper 
must be extruded into the connectors, and, if a good bond is made to 
the cable dielectric, the connector will stand nearly as much power as 
the cable. The most frequent incidence of breakdown is across the 
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dielectric face of the junction, between the dielectric and the air line. 
The path across this dielectric face may be made longer by a series of 
circular grooves in the dielectric surface. Two such connectors with 
extruded polyethylene dielectric were tested at a wavelength of 10.4 cm 
with a pulse length of 1.04 n sec and a repetition rate of 500 pps. Break¬ 
down across the dielectric face occurred at 575 kw pulse power for one 
connector and 662 kw pulse power for the other. With a safety factor 
of 2, a connector of this type may be rated at 300 kw pulse power, subject 
of course to the average-power limitation. 

The voltage standing-wave ratio that can be expected to be set up 
by a single connector is bet ween 1.1 and 1.2 for wavelengths greater than 



9 cm. Considerable variation is found among connectors. This is 
undoubtedly caused by differences in the characteristic impedance of the 
cable and in the manner in which the dielectric is extruded. 

In the design of connectors for the microwave region, the maintenance 
of constant impedance throughout is not the only requirement for obtain¬ 
ing a well-matched connector. At these frequencies, abrupt changes in 
the diameter of the line, which are caused by introducing a bead with a 
fairly large dielectric constant, result in a large capacitive susceptanee. 
Such a mismatch may be canceled by another susceptanee of the same 
value spaced about a quarter wavelength from the first, as explained in 
the preceding chapters in this book. Another method for eliminating 
this capacitive susceptanee is to use a short section of high-impedance 
line at the step, as shown in the sketch in Fig. 5-21. The .explanation of 
this technique follows. If we assume that Z , is terminated in its charac¬ 
teristic impedance, the capacitive susceptanee introduces a mismatch 
shown on the admittance chart by .1. If we normalize the admittance 
to the characteristic admittance of the high-impedance line Z 2 , we move 
our admittance to point P. Next, we transform the admittance P 
through a length 1 of the high-impedance line to point C. Then by 
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normalizing the admittance C to the characteristic admittance of the 
line Z 3 we arrive at D, and by adding the capacitive susceptance at this 
step, we obtain a perfect match. A modification of the Radiation 
Laboratory design of the connector between RG-14/U cable and 1-in. 
line has been made, using this principle for matching the capacity step 
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(see Fig. 5-20). The undercuts were introduced to hold the dielectric 
core and center conductor firmly in place. 

The Army-Navy R-f Cable Coordinating Committee has designed 
for the RG-17/U cable a connector, the UG-154/U, which is suitable for 
field assembly and is shown in Fig. 5 22. This connector utilizes the 



I'k;. 5-23.—UG-2;i7/U adapter. 


center wire of the cable as the center contact. This center wire fits 
into the center tube of the mating connector and contact is secured by 
slotting and compressing this tube. For low-voltage use (less than 
200 kw pulse power), the cable dielectric is cut off flush as in Fig. 5-22. 
Dow Corning Ignition Sealing Compound is used to fill up the air gaps. 
Couplings to various rigid lines are made by means of adapters; for the 



I ici. 5-24,-—UG-150/U plug. 


pin. stub line, the adapter is the UG-237/U shown in Fig. 5-23. The 
bead section in this adapter is a quarter wavelength long at about 10 cm; 
its characteristic impedance is 40.2 ohms. Thus the connector acts as a 
matching transformer from the 52-ohm cable to the 40-ohm -pin. line 
for a wavelength of 10 cm, and the quarter-wavelength spacing helps 
to cancel the shunt capacity caused by the step in the diameter of the 
line. 

For high-voltage use, the RG-17/U cable dielectric is trimmed as 
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shown in Fig. 5-24. This trimming enables the cable dielectric to fit 
into the bead of the connector, and thus to increase the path length for 
the voltage breakdown from the center conductor to the outer conductor. 
Dow Corning Ignition Sealing Compound is used to fill the air gap around 

the center conductor and between 
the dielectric surfaces and to de¬ 
crease corona and the possibility of 
breakdown. This connector, if used 
with the UG-155/U connector, Fig. 
5-25, to couple two sections of cable 
together, will withstand nearly as 
much voltage as the cable. 

To increase the length of the air 
, . . .... ..... , pathacrossthesurfaceofthedielec- 

l i<;. 5-25.—LG-loo, U adapter. r , 

trie, the connector may be tapered as 
shown in Fig. 5-26. The characteristic impedance of any cross section in 
this taper may be calculated from the equation 



This equation assumes that the capacity per unit length of a coaxial 
line made up of two dielectrics whose common boundary is the surface of a 
cylinder of diameter d 2 (Fig. 5-27) consists of two capacities in series, 




Fig. 5 26.—AN-type adapter from RG-14/U cable to f-in. rigid line. 


calculated from the two coaxial lines which would be formed if a thin 
metal tube were at this boundary. The inductance per unit length of 
the coaxial line is assumed to be unchanged since the magnetic per¬ 
meability of most low-loss dielectrics is nearly the same as that of air. 
If the tapers of the conductors are straight lines, then Eq. (3) may be 
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used to calculate the shape of the dielectric in this section to ensure a 
taper with a gradually changing characteristic impedance. For a 
taper longer than a half wavelength, however, straight tapers of both 
conductors and dielectric will give a fairly good match since the change 
in the characteristic impedance will be gradual. 

6-10. Polyglas Connectors. —In certain applications where a con¬ 
nector must maintain the pressure in the air-filled line to which it is 


coupled, it is possible to obtain 
a seal by means of an extruded 
polyglas bead in the connector. 
Polyglas has the property of 
adhering to the metal of the 
center and outer conductors and 
thus of securing a seal. It has, 
further, a coefficient of expansion 
equal to that of brass; this enables 



the connector to seal the line Fig. 5-27.—Coaxial line with two dielectric 


hermetically over a range of tem¬ 


peratures greater than would be obtained with the use of a butyl-rubber 
washer squeezed between two polydichlorostyrene beads. The dielectric 


constant of polyglas D, the material which is most satisfactory at present. 



is rather high: 3.22, as compared with 2.25 and 2.56 for polyethylene and 
polydichlorostyrene, respectively. This high dielectric constant makes 
it necessary to introduce a large step in the conductors, and therefore 
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causes high capacitive mismatches at the steps. The mismatch may be 
lessened if the conductors are stepped in opposite directions from those of 
the conductors of the connecting line; that is, if the center-conductor 
diameter is decreased while the outer conductor is increased in diameter. 



Fig. 5 30,—Adapter from UG-154/U connector to 1 f-in. line. 


By using the formulas from Sec. 4*6, which give the capacity of a step 
in terms of the dimensions of the line, the length of the bead may be 
selected so that a matched connector can be obtained. Figures 5-28 



Fig. 5-31.—Attenuation of standard cables 
vs. frequency. 


through 5-30 show several such con¬ 
nectors designed to fit various lines 
and fittings. These connectors are 
matched at a wavelength of 30 cm. 

The adapter shown in Fig. 5-28 
shows the insertion of a polyethyl¬ 
ene bead into the polyglas. In this 
way a more elastic, dielectric is used 
over the fingers of the slotted center 
conductors of the adapter so that 
these fingers will be able to expand 
when the plug center contact is 
forced into them. The character¬ 
istic impedance of this two-dielec¬ 
tric, section may be calculated on 
the basis of Eq. (3). The termina¬ 
tion of the Radiation Laboratory 
prevented the completion of tests 
on this sort of adapter. It is not 
known how satisfactory it might be 
to manufacture. Other polyglas 
materials that have similar proper¬ 
ties, but with a lower dielectric 


constant, are being developed. 

5-11. Summary. —In the preceding sections of this chapter a some¬ 
what detailed but not exhaustive description of a few of the most widely 




Table 5-5. —Army-Navy Standard List of R-f Cables 
15 October 1944 





Nominal 


i 



Inner 

diameter 

Shielding 

Protective 

cables 

1 type 

number 

conductor 

of dielec¬ 
tric, in. 

braid 

covering 

l 

i RG-58/U 

20 AWG 
Copper 

0.110 

Tinned copper 

Vinyl 


1KI-8/U 

7/21 AWG 
Copper 

0.285 

f opper 

Vinyl 

\ 

RG-10/U 

7/21 AWG 
Copper 

0. 285 

Copper 

Vinyl (noncon- 
taininating) and 
armor 

Single y 

' UC. 17/1 

0.188 

Copper 

0.080 

C opper 

vinyl (noncon- 

t,animating) 

. 

| HC-18/i: 

0.188 

Copper 

0.080 

(. upper 

Vinyl (non con¬ 
taminating) and 
armor 

1 

RG-19/U 

1 0.250 
Copper 

0.910 

Copper 

Vinyl (noncon- 
taniinating) 


RG-20/U 

0 250 
Copper 

0.910 

Copper 

Vinyl (noncon¬ 
taminating) and 
armor 


i 

ar,/c 

20 AWG 
Copper 

0.110 

Tinned copper 

Polycth ylene 

( 

| ll(i- 

:,/r 

If. AWG 

Copper 
7/21 AWG 

1 Silvered 

1 (’upper 

0.185 

Copper 

Vinyl 

Double 
braid' 

J 1 RG-9/U* 

\| 

0.280 

Inner, silver- 
coated copper; 
outer, copper 

Vinyl (noncon- 
taminat.ing) 


) RG-U/U 

10 AWG 

Copper 

o 

( opper 

Vinyl (noneon- 
taminating) 

I 

f ; UG-74/U 

10 AWG 

Copper 

| 0.370 

l 

( upper 

Vinyl (noneon- 
taminating) ami 
armor 


Nominal 

over-all 

diam., 

in. 

Weight, 

lb/ft 

Nominal 

imped¬ 

ance, 

ohms 

Nominal 

capaci¬ 

tance, 

Max. 
operating 
voltage, 
volts rms 

Remarks 

0 195 

0.025 

53.5 

28.5 

1900 

General-purpose, small-size flexi¬ 
ble cable 

0.405 

0.106 

52 0 

29.5 

400 

General-purpose, medium-size, 
flexible cable 

(Max.) 

0.475 

0.146 

52.0 

29.5 

4000 

Same as RG-8/IJ armored for 
Naval equipment 

0 870 

0.460 

52.0 

27.5 

11,000 

Large, high-power, low-attenua¬ 
tion, transmission cable 

(Max.) 

0.945 

0.585 

52.0 

29.5 

11,000 

Same as RG-17/U armored for 
Naval equipment 

1 . 120 

0.740 

52.0 

29.5 

14,000 

Very large, high-power, low-at¬ 
tenuation, transmission cable 

(Max.) 

1 . 195 

0.925 

52.0 

29.5 

14,000 

Same as RG-19/U armored for 
Naval equipment 

(Max.) 

0 206 

0.034 

53.5 

28.5 

1900 

Small-size, flexible cable 

0.332 

0 087 

53.5 

28.5 

2000 

Small microwave cable 

0.420 

0. 150 

51 0 

30.0 

4000 

Medium-size, low-level circuit 
cable 

0.545 

0.216 

52.0 

29.5 

5500 

General-purpose, somiflexible, 

power-transmission cable 

0.615 

0.310 

1 

52.0 

29.5 

5500 

Same as RG-14/U armored for 
Naval equipment 


' RG-9A/U is identical with RG-9/U except tliat the inner braid is woven with a shorter lay. This should result in a greater stability under flexing. 
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Table 5-6.—R-r Cable Connectors 


Cable 

No. 

|-in. stub-line 
coupling 

Type N 
(polystyrene 
equivalent) 

Type N modified 
(Teflon 
dielectric) 

Other 

couplings 

RG-58/U 1 
RG-58A/U / 


’'UG-188/U plug 
Fig. 5-32 

| 


BNC connectors 
UG-88/U plug 
Fig. 5-35 
UG-89/U jack 
Fig. 5-36 
UG-90/U panel 
jack 

(VSWR < 1.16 
for wave-lengths 
< 7.5 cm) 

RG-5/U 1 
RG-21/U J 


UG-18/U plug 
UG-18A/U plug 
UG-19/U panel 
jack 

UG-19A/U pan¬ 
el jack 

Ug-20/U jack 
UG-20A/U jack 
Fig. 5 13 

j UG-18B/U plug 

1 UG-19B/F panel 
! jack Fig. 513 

UG-20B/U jack 

*SKL fittings-— 
Fig. 5-37 UG- 
275/U straight 

UG-276/U right 
angle (not con¬ 
stant imped¬ 

ance) Fig. 5-38 

RG-8,9/U] 
RG-9A/U !• 
RG-10/U j 

Similar to Fig. 
5-19 

re.-207/c field ! 

UG-21/C plug 
UG-21A/U plug 
UG-22/U panel 
jack 

CG-22A/C pan¬ 
el jack 

FG-23/U jack 
UG-23A/U jack 
Fig. 5-13 

UG-21B/U plug 
17G-22B/U pan¬ 
el jack 

UG-23B/U jack 
Fig. 5T3 

HN connectors 
Fig. 5-17 

UG-59/U plug 
Fig. 5-17 

UG-60/U jack 
Fig. 5-17 

UG-61/U jack 

Fig. 5-17 

KG-11 ! j 
RG-72/U 
RG-74/U j 

assembly Fig. 
518 

Fig. 5 19 

UG-204/U plug 
Fig. 5-33 


LN connectors 
Figs. 5.39, 5-40 
1JG-100/U plug 
UG-101/U panel 
jack 

UG-279/U jack 

RG-17/IT 1 
RG-18/U \ 

fUG-237/U Fig.; 
o-23 | 

Had. Lab. De- J 

sign Fig. 5-26 | 

UG-167/U plug 
Fig. 5-34 


UG-192/U cou¬ 
ples to lf-in. 
line. Fig. 5-41 


* Not weatherproof, 
t Couples to UG-154/U. 
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used cables, connectors, and adapters has been given. The various types 
of connectors which have been discussed in detail were chosen not only 
on the basis of their general use but also to suggest to the reader various 
ways in which other connectors for new cables and lines for microwave 
frequencies may be designed. In order to give a more comprehensive list 




Fig. 5-33.— UG-204/U plug. 


.22 
' 32 


// 

approx.-► 



Fig. 5-36.—UG-89/U jack. 


n approx- 
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of the cables and connectors, Table 5-5 has been prepared. The physical 
and electrical properties of all the 52-ohm cables on the standard list of 
cables published by the AXRFCCC are given in this table. Figure 
5-31 shows the variation of attenuation with frequency for these cables. 
The corresponding connectors and adapters which are designed to be used 
with them are shown in Table 5 0 and various figures illustrate these 
connectors. Included also is a list, Table 5-7, of various adapters used to 
couple one connector to another. These adapters are not necessarily 
matched at microwave frequencies and therefore are recommended only 
where a good match is not needed. 


Table 5-7.— Partial List of Adapters for Coaxial Connectors 
Number Description 

UG-97/U Right angle: fits between LN plug and jack. 

UG-108/U Fits between LN and N plugs. 

UG-109/U Adapts from LN plug to LN plug. 

UG-110/N Adapts from type N jack to SKL male fitting. 

UG-131/U Adapts from type N plug to female SKL fitting. 

UG-201/U Adapts from type N jack to BNC plug. 

UG-212/U Right angle: fits between HN plug and jack. 

UG-213/LT Adapts from type N plug to LN jack. 

UG-217/U Adapts from LN plug to L1G-154/U connector 
UG-252/1' Adapts from UG-215/U connector to LN plug. 

UG-274/U T containing one male BNC connector and two female BNC ends. 
UG-306/U flight-angle adapter; fits between BNC plug and jack. 


WAVEGUIDE UNITS 
By F. T. Worrell 

Flexible waveguide units can be divided into two main classes: 
nonresonant and resonant. The first includes varieties which are essen¬ 
tially continuous waveguides made of some special flexible conductor; 
the second includes varieties which consist of a flexible choke-to-flange 
junction, or a number of flexible choke junctions in cascade. 

Before discussing these flexible waveguides in detail, the various 
applications in which a flexible waveguide may be used should be con¬ 
sidered. These are listed below. 

1. General Service Unit. This unit is used for connecting two pieces 
of equipment, or for connecting test equipment to a system, and 
for any sort of “patch cord” service. This application generally 
requires long sections of flexible waveguide. 

2. Alignment Section. This is a section, generally short, which is 
used to connect two rigidly mounted units that are expected to bo 
misaligned, relative to the nominal alignment, by an amount 
sufficient to prohibit the use of a piece of rigid waveguide. 
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3. Vibration Section. This section can be used to connect two pieces 
of equipment that vibrate with respect to each other. 

4. Flexure Section. One of these sections can be flexed continually 
through fairly large amplitudes at a relatively slow rate, that is, 
slow compared with variation rates. 

5. Flexible Waveguide for Emergency Repair. This flexible waveguide 
may be used to replace damaged sections of rigid waveguide for 
temporary service until more permanent repairs can be made. An 
emergency-repair waveguide must be of such a design that it can 
be cut to arbitrary lengths. 

In general, no given kind of waveguide will fall into only one of the 
classes listed above, but will have properties putting it in several of the 
classes. The combination of properties needed for a given application 
will determine the type of waveguide to be selected. 

Nonresonant Flexible Waveguide 

The flexible waveguides that come under this heading are wound 
metal hose, Titeflex, seamless corrugated waveguide, plastic and plastic- 
filled waveguides, and wire-screen waveguides. 

6-12. Wound Metal Hose.—At Radiation Laboratory the first piece 
of flexible waveguide was -made by forcing a piece of breeze cable, which 



Fig, 5-42. —Wound-metal-hose waveguide. 


is similar to ordinary BX armor, into approximately the cross section of 
the rigid waveguide with which it was to be used. It was, of course; 
lossy (about 1.5 db/m) but showed enough promise to warrant develop¬ 
ment of a more elegant version. This version is the wound-metal-hose 
flexible waveguide. 

The construction of wound-metal-hose 1 waveguide is illustrated in Fig. 
5'42. The waveguide is formed by winding a narrow strip of silver-clad 
brass in a spiral on a rectangular form and crimping the edges of the strip 

1 Manufactured by American Metal Hose Branch, American Brais Co., Water- 
bury, Conn. 
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as it is wound so that the adjacent turns are linked together. Since the 
crimping is quite tight, there is good electrical contact between the 
turns. When the waveguide is flexed, the successive convolutions in 
the winding slide over one another without breaking the contact. It is 
evident that such waveguides can be supplied in rather long pieces; these 
pieces can be cut to the desired length, and connectors can be soldered to 
them. The sizes in which wound-metal-hose waveguides are made are 
listed in Table 5-8. 


Table 5-8.—Sizes of Wound-metal-hose Waveguide 


Wave¬ 

length 

region, 

cm 

Type 

No. 

Inside dimen¬ 
sions,* in. 

i 

Mating rigid j 
waveguide 

OD, in. 

Mating rigid 
waveguide,! 
type No. 

Rubber- 
covered 
assembly, 
type No. 

i 

CG-162/U 

0.170 X 0.420 

1 X i 

RG-53/U, 

CG-163/U 





RG-66/U 


3 

CG-179/U 

0.400 X 0.925 

1X1 

RG-52/U, 

CG-164/U 





RG-67/U 


3 

CG-165/U 

0.497 X 1.122 

fxn 

RG-51/U, 

CG-165/U 





RG-68/U 


5 


1X1! 

i x n 

RG-50/U 

. t 



i x U 

? 



6.5 

CG-167/T 

i X Is 

1 X 2 

RG-49/U 

CG-168/U 

6.5 


l x ifi 

? 


.t 

10 

CG-169/U 

1.338 X 2.838 

11X3 

RG-48/U, 

CG-170/U 





RG-75/U 


10 


1 X 2! 

.473 X 2.848 
(| X 21 ID .049 
wall) 



30 


3i X 6! 

3.41 X 6.66 (3! 
X 6J ID 0.080 
wall) 

RG-69/U 



* All sizes have a radius on the corners of the order of £ in. Exact values are not quoted here, 
t When two numbers are listed, the first is the more commonly used (brass) waveguide, the second 
the less common (aluminum) waveguide. Exception; KG-66/U is silver. 

t Rubber-covered assemblies have been made in these sizes, but no type numbers have been assigned. 

This type of waveguide is suitable for essentially the same fre¬ 
quency range as is the corresponding rigid waveguide. Since the 
irregularities in the inner wall of the waveguide are small and frequently 
spaced, and since the contact loss in the windings is small, the mismatch 
introduced by the flexible waveguide is mainly that caused by the dis¬ 
continuity at the connection between the rigid and the flexible wave¬ 
guides. Such a discontinuity does exist, since the corners of the flexible 
sections must be rounded. The effect of this discontinuity can be 
minimized by making the nominal inside dimensions of the flexible 
waveguide different from those of the rigid waveguide. To date only 
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the dimensions of the CG-179/U waveguide have been changed in this 
way. Flexible waveguides for the longer wavelengths are not badly 
enough mismatched by this discontinuity to warrant making a change 
in the cross section. The smaller CG-162/U waveguide needs a con¬ 
siderable change in cross section. 

A certain amount of mismatch may be introduced at the point where 
the metal hose is soldered to the connector. This mismatch is random 
in character and can be detected by standing-wave measurements. It 
should be noted here that the effect of any changes in design of this wave¬ 
guide can be found only by testing many samples and making a statistical 
analysis since the scattering in impedance among the various samples is 
appreciable. 

Metal hose that has no covering material is fairly flexible. Samples 
of various sizes have been tested, at the American Brass Company, for 
minimum bending radius by bending them over uniform drums of differ¬ 
ent radii. Recommended minimum radii for bending in the E- and 
//-planes are listed in Table 5-9. If the waveguide is bent to a smaller 
radius, the loss will increase. The waveguide is wound to such a tightness 
that when the recommended minimum radius has been reached, the 
difficulty of further bending of the waveguide makes this fact apparent. 

Table 5-9.— Minimum Bending Radii of Metal-hose Waveguides 


Inside dimensions, ; 
in. 

Minimum bending radius, 

.E-plane 

#-plane, 

in. 

0.170 X 0.420 

20 


0.400 X 0.925 

9 

18 

0.500 X 1.125 

9 

18 

I X If 

10 

20 

5 X 11 

20 

30 

T X 1ft 

20 

30 

1.338 X 2.838 

24 

36 


The large bending radius specified for the 0.170- by 0.420-in. size 
should be noted. It has been found that any bending sharper than that 
specified causes considerable distortion of the cross section of the wave¬ 
guide and a large increase in the loss. 

Standing-wave-ratio specifications for the different sizes vary but, 
in general, one can expect that the voltage standing-wave ratio will be 
between 1.00 and 1.05 per end for any size the design of which has passed 
beyond the experimental stage. This means that a given length of 
waveguide may have an over-all voltage standing-wave ratio between 
1.00 and 1.10, depending on the reflection from each end and on the 
electrical length of the line. In a long line the loss may be large enough 
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to affect the over-all standing-wave ratio. Further properties will be 
discussed in the section on the rubber-covered version, which in general 
has the same electrical characteristics. 

The uncovered wound-metal-hose waveguide has several disadvan¬ 
tages. It deteriorates fairly rapidly with use since the flexing, by 
tending to open the convolutions, makes the contacts poorer and the 
waveguide more lossy and allows sparking between the convolutions. 
If exposed to salt spray, or even to ordinary atmospheric corrosion, this 
waveguide deteriorates because it is unprotected on the outside. Since 
it is not jacketed, it cannot be used in a pressurized system. However, 
it is useful in laboratory systems where there is no appreciable trouble 
with atmospheric corrosion, and in hastily assembled equipment where 
the extra losses are not important. Its chief importance in complete 
systems is for emergency patching of a damaged piece of rigid waveguide. 
In such a case the damaged section can be removed, and a piece of the 
flexible waveguide, cut to the proper length, can be soldered in place as a 
temporary expedient. 

6-13. Wound Metal Hose, Rubber-covered. —This construction is a 
refinement of that described in the previous section. The flexible section 
has connectors soldered to each end and a rubber jacket molded around 
the entire unit. The sizes of waveguide for which a rubber-covered 
version has been made are listed in Table 5-8. A typical CG-164/U 
assembly is shown in Fig. 5-43. Because of the construction, units of 
this kind are supplied only in standard lengths. At present, it is made 
in lengths up to 48 in., in 6-in. steps, and also in GO- and 72-in. lengths. 
Although any type of connector may be used on this waveguide, the 
standard assembly is fitted on each end with a flange, mating with the 
standard rigid-line choke coupling. The exception is the CG-163/U 
waveguide, which has a choke at one end and a flange at tile other, mating 
with the UG-116/U and the UG-117/U connectors, respectively. The 
rubber jacket makes the waveguide inherently less flexible, but since it 
prevents the convolutions from opening, the functional life of the wave¬ 
guide is much longer. The jacket seals the waveguide so that it may be 
used in a pressurized system and affords protection against corrosion. 

Power-breakdown troubles may be of two kinds: arcing across the 
waveguide in the direction of the .E-vector, and arcing in the convolu¬ 
tions. Ixo breakdown across the waveguide was observed, when the 
following powers were applied to the various sizes of waveguide: 
CG-170/U waveguide at a wavelength of 10.3 cm, 800 kw; CG-164/U 
at 3.2 cm, 200 kw; CG-1G3/U at 1.25 cm, 150 kw. The determination 
of the power level at which arcing occurs in the convolutions is difficult, 
for considerable arcing may occur without being visible to an observer 
looking down the inside of the waveguide. It is possible to detect such 
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arcing by measuring the loss in a piece of waveguide under high-power 
conditions and comparing this loss with that which is measured at low 
powers. This has been done on an 8-ft section of CG-164/U at 3.2 cm 
for powers ranging from 50 to 200 kw. The power loss was, within 
experimental error, constant over this range, a fact which leads to the 
belief that no appreciable sparking occurs up to 200 kw. 



Fig. 5-43.—Rubber-covered wound-metal-hose assembly. 


Waveguide of this type is moderately flexible. Permissible distor¬ 
tions of various sizes are listed in Table 5T0. These figures are obviously 

Table 510. —Flexibility or Various Rubber-covered Metal-hose Waveguides 


Type 

No. 

Allowable E-bend 
radius, in. 

Length required for 
90° twist, in. 

CG-170/C 

45 


CG-166/U 

8 

24 

CG-164/U 

8 

18 

CG-163/U 

6 

9 


only approximate. The variation in flexibility with dimensions of the 
waveguide does not appear, from the table, to be as smooth as one would 
expect. The units are “preflexed” in the factory before being tested. 
It should be noted that these figures are, in general, smaller than those 
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for the uncovered waveguides (Table 5-9). At first glance this seems 
inconsistent since the rubber jacket tends to stiffen the waveguide. How¬ 
ever, it has been found that, even though the covered waveguides are 
inherently stiffer than the uncovered ones, the former can be flexed 
until they are more pliable than the latter without deterioration of 
electrical properties. This apparently is because the rubber jacket holds 
the convolutions in place and keeps the contacts good. In the case of 
the smallest size, the rubber also holds the cross section uniform. 

No figures have been given for //-plane bending because the flexibility 
of the waveguide in the //-plane is so small that it is almost impossible 
to distort the guide without breaking it. An //-plane bend and a 90° 
twist should be used instead of an //-plane bend. 

Vibration-table tests indicat e that rubber-covered metal hose is satisfac¬ 
tory for vibration service. Data have been accumulated at the American 
Brass Company on the life expectancy of units of types CG-IOO/U and 
CG-164/U. A number of assemblies, each 12 in. long, of both types, 
were mounted in a machine that displaced one end of the assembly by 
4- in. on either side of the neutral postion, in the //-plane, at a rate of 
1400 cycles per minute. Under these conditions almost all the samples 
lasted at least one million cycles, and about 25 per cent of them lasted 
more than ten million cycles; two were still good after 00 million cycles. 
Some caution must be used in interpreting these data since it is suspected 
that the vibration table may not have given the simple type of motion 
described above but may have put addit onal stresses on the waveguide 
which would tend to shorten its life. However, the tests did show 
improvement in both strength and flexibility over an earlier model 
tested in the same way. 

Flexure tests have been run at the American Brass Company on 
the CG-l(j()/U unit. Six 12-in. samples have been flexed in the //-plane, 
10° on either side of the neutral position in a continuous arc at a rate of 
20 cycles per minute. All but one, which broke early in the test, were 
flexed 3.5 to 4.0 million cycles before breaking. In both the vibration 
and flexing tests, loss and standing-wave measurements were made at 
frequent intervals. In general, during the test the samples showed no 
marked change in either loss or standing-wave ratio until they were 
actually broken. 

The effect of temperature on the rubber jacket is not definitely known; 
however, jackets occasionally crack when flexed at extremely low tem¬ 
peratures. This type of waveguide has proved satisfactory in general 
and is particularly suitable for vibration and flexure service. 

6-14. Titeflex. —The construction of Titeflex 1 is shown in Fig. 5 44. 
J.ike the metal-hose waveguide, it is made by winding a narrow metal 
strip spirally on a rectangular form. In this case, however, the strip is 

1 It w41 be seen that this type is also a wound metal hose. To distinguish it from 
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considerably thinner, and the adjacent turns are crimped only a small 
amount over each other. The crimped edges are soft-soldered after 



the winding is finished. Thus, when the waveguide is flexed, there is no 
sliding of adjacent convolutions over each other, but rather a flexing of 
each convolution. The sizes in which Titeflex is made are listed in Table 
5-11. 


Table 5-11.—Sizes of Titefi.ex 


Wave¬ 

length 

region, 

cm 

Type 

No. 

Inside 

dimensions,* 

in. 

Mating rigid 
waveguide 
OD, in. 

Mating rigid 
waveguide,! 
type No. 

Rubber- 
covered 
assembly, 
type No. 

1 

CG-162/U 

0,170 X 0.420 

I V 1 
j 4 2 

RG-53/U, 

RG-66/U 

CG-162A/U 

3 

OG-179/T 

0.400 X 0.900 

I X 1 

RG-52/U, 

RG-67/U 

CG-179A/U 

3 

CG-165/U 

0.497 X 1.122 

i X 11 

RG-51/T, 

RG-68/U 

CG-165A/U 

5 


l x IS 

-4 x i; 

HG-50, i; 


6.5 

CG-167/U 

6 X 1 "g 

1X2 

RG-49/U 


10 

10 

CG-169/U 

1 

1.338 X 2.838 

1 X 2f 

U x 3 

.473 X 2.848 
(I X 2J ID, 

.049-in. wall) 

RG-48/U, 

RG-75/U 

GG-169A/U 


* All sizes have a radius on the corners of the order of 5 in. Exact, values are not quoted here, 
t When two numbers are listed, the first is the more commonly used (brass) waveguide, the second 
the less common (aluminum) waveguide. Exception: RG-G6/U is silver. 


Compared with the metal hose, Titeflex is considerably more flexible 
in some respects, less in others. Being made of a thinner strip, it can be 
bent to a small radius. It breaks, however, if flexed repeatedly after 


other types, this is referred to by its convenient trade name. Titeflex is manufac¬ 
tured by Titeflex, Inc., 500 Frelinghuysen Avenue, Newark, N. J. 
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bending to the limiting radius, because large localized deformations then 
occur. Its great flexibility for a single bending makes Titeflex useful for 
alignment sections. It can be said, in general, that Titeflex is more 
flexible but more fragile than its metal-hose counterpart. It differs 
further from the metal hose in that its construction allows the waveguide 
to stretch or compress slightly; however, it cannot twist. Furthermore, 
it is airtight and can therefore be used in a pressurized system without 
need for a rubber jacket. Only one difficulty arises here; namely, that the 
waveguide will tend to stretch slightly when in a pressurized system. 
This stretching is noticeable only in the larger sizes, and can be made 
negligible in many cases bv having the rigid r-f components associated 
with the flexible waveguide mounted strongly enough to take the stress. 
Like the metal hose, Titeflex is available in long sections and can be used 
for repairing damaged rigid waveguide. Jt is more likely to be damaged 
in use than the metal hose is, but it is less subject to deterioration from 
atmospheric corrosion. 

No systematic program of testing has been undertaken, but a number 
of miscellaneous tests have been made to determine the flexibility of this 
type of waveguide. Some 24-in. samples of uncovered Titeflex in the 
1.340- by 2.840-in. size have been tested to find the effect of distortions 
on the standing-wave ratio. The test samples were distorted, without 
any mechanical troubles or appreciable changes in the standing-wave 
ratio, by these amounts: 90°//-bend, 120°//-bend. 5-in. //-plane shear, 9-in. 
//-plane shear, 1-in. stretch, and f-in. compression. The waveguides 
tended to take a set at the extreme values of distortion listed; therefore, 
such distortions could not be recommended for flexing service. 

5-15. Titeflex, Rubber-covered.—Titeflex of this type is made in 
standard lengths with connectors soldered to the ends. A rubber jacket 
is molded around the outside of each unit. The jacket has the effect 
of stiffening the waveguide somewhat and making it considerably more 
sturdy. The standard lengths available and the specifications on their 
electrical properties are the same as those for the rubber-covered metal 
hose. 

The only life-test data available are those made on a few samples of 
(’G-164A/U waveguide, 12 in. long. These samples were run through a 
flexing test in which they were flexed 15° each side of the neutral position. 
The test was discontinued after a half-million cycles, at which time all 
the samples were still good. 

The power-handling capacity of Titeflex has not been measured 
systematically. It is believed that this guide can handle at least those 
powers at which the metal hose has been tested (see Sec. 5-13). Its 
breakdown power may be lower than that of the metal hose because the 
ridges in the wall of the waveguide are higher and narrower. 
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5-16. Seamless Corrugated Waveguide.—The construction of seam¬ 
less corrugated waveguide 1 is shown in Fig. 5-45. Like the common 
circular bellows or Sylphon bellows, this waveguide is made from thin- 
walled rectangular tubing that has corrugations formed in its walls. 

The design problems here are not so straightforward as in the previ¬ 
ously mentioned types. In the original design the inside dimensions 
of the flexible section were made equal to those of the rigid waveguide, 



Fig. 5-45.—Seamless corrugated waveguide. 


the impedance of which it was supposed to match. The depth of the 
corrugations was made small compared with the wavelength in the hope 
that the discontinuities introduced would be small, and yet large enough 
to provide a reasonable flexibility. Also, the corners of the waveguide 
had to be rounded to ensure flexibility. The units made according to 
this design do not match the rigid waveguide in impedance. Theoretical 
analyses 2 have been made of waveguide with corrugations in one or both 
of the broad faces. The analyses show that these waveguides transmit 
electromagnetic radiation in modes that do not have the same geometry 
as those in the smooth-walled rectangular waveguide. No analysis has 
been made of waveguides with corrugations in all four walls, but it seems 
logical to assume that the same theory of transmission is true in these 

1 Manufactured by American Metal Hose Branch, American Brass Co., Water- 
bury, Conn. 

2 C. C. Cutler, '‘Electromagnetic Waves Guided by Corrugated Conducting 
Surfaces,” BTL Report No. MM-44-160-218, Oct. 25, 1944; H. Goldstein, “The 
Theory of Corrugated Transmission Lines and Waveguides,” RL Report No. 494, 
Apr. 6, 1944. 
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waveguides. Therefore, one would expect that a smooth-walled rec¬ 
tangular waveguide and a corrugated waveguide of the same inner 
dimensions would not have the same impedance. As a matter of fact, 
experimental data indicate that the corrugated waveguide has the same 
impedance as a smooth rectangular waveguide the inside dimensions of 
which are approximately the mean of the inner dimensions of the cor¬ 
rugated waveguide and the dimensions at the bottom of the corrugations. 




Fig. 5-4G.—Seamless-corrugated-waveguide assembly for connecting two pieces of UG-52/U 

waveguide. 

At the time of writing, waveguide of this type is available in two 
sizes: 0.400 by 0.940 in. ID, ^-in.-radius corners, corrugations 0.100 in. 
deep, to be used with RG-52/U waveguide (0.400 by 0.900 in. ID); and 
0.500 by 1.125 in. ID, ^-in.-radius corners, corrugations 0.100 in. deep, 
to be used with RG-51/U waveguide. It can be seen from the previous 
remarks that these waveguides will not match the rigid waveguides 
with which they are used. As a matter of fact, the voltage standing- 
wave ratio, observed when one looks from a piece of UG-52/U waveguide 
into the smaller of the above-mentioned sizes of corrugated waveguide 
terminated at the far end, is about 1.10 to 1.15. The conclusion stated 
in the previous paragraph would indicate that the proper inside dimen¬ 
sions of the two guides, each having corrugations 0.100 in. deep, would 
be 0.300 by 0.800 in. and 0.400 by 1.025 in., respectively. In early 
developmental work, there was no time to perfect the design of this 
waveguide; consequently, until the proper dimensions could be found, 
a makeshift had to be constructed for the small size since usable 
units were urgently required. The small size was needed for two appli- 
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cations; namely, as an alignment section between two sections of RG- 
52/U waveguide and as an alignment section between a piece of RG-51/U 
waveguide and a piece of RG-52/U waveguide. In each case an optimum 



Mates with UG-40/u 



t'lu. 5-47.—Seamless-corrugated-wuveguide assembly for connecting RG-51/U to UG-52/U 

waveguide. 



1'ig. 5-48.—Finished assemblies of seamless-corrugated-waveguide connectors. 

length was determined experimentally, so that the flexible unit was well 
matched over the wavelength band from 3.1 to 3.5 cm. Drawings of 
these two units are shown in Figs. 54(> and 547. Finished assemblies are 
shown in Fig. 548. 

This type of waveguide is about the most flexible that is available; 
it lacks only the ability to twist. Its flexibility is approximately the 
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same as that of uncovered Titeflex, but it rates higher in compression and 
extension. The small size can be bent on a f-in. radius in the .E-plane, 
or on a 1^-in. radius in the //-plane, or stretched or compressed 10 per 
cent, without appreciably changing the standing-wave ratio. A unit 
with ten corrugations can be sheared in. in the //-plane and \ in. in 
the E-plane without changing the standing-wave ratio. 

One assembly in this same size with nine corrugations has been 
tested at a wavelength of 3.2 cm at a power of 250 kw, pulse length of 
0.8 gsec, 1300 pps. No breakdown occurred for the following distortions: 
30° H- bend, 45° E-bend, j-in. stretch, and j-in. compression. Appar¬ 
ently the distortion is limited by the standing-wave ratio and by the 
mechanical limitations of the waveguide. 

Corrugated waveguide is airtight, but it cannot be pressurized, 
except vdthin certain limitations. A 3-cm small waveguide assembly 
was tested at 20 lb/in 2 , and was found to stretch 15 per cent. It did 
not bulge radially at pressures up to 30 lb/in 2 . Therefore, a guide of 
this size can be used in a pressurized system at a pressure of 20 lb/in-’ 
if the rigid waveguide sections to which the flexible section is connected 
can stand a stress of about 10 to 12 lb. 

At present, the corrugated waveguide is made of soft annealed 
copper to give it maximum flexibility as an alignment section. There¬ 
fore, it is not suitable for repeated flexing or for vibration service. By 
the use of different materials, units satisfactory for such service may be 
developed eventually, but since rubber-covered Titeflex is already 
available for these uses, there is no urgent need for such development. 

5-17. Plastic and Plastic-filled Waveguides.—It is w ell known that 
light can be conducted down a dielectric rod without appreciable loss 
of light through the w alls, even if there is no metallic reflecting surface 
on the w'alls. In the optical case, if one uses a rod of appreciable cross 
section the light will be carried in numerous modes, perhaps thousands. 
In microwave work, carrying the power in only one mode is of interest; 
consequently, the problem is somew-hat different. Some theoretical 
work has been done on this problem. 1 Two cases v'ere considered: 
that of a rod of uniform dielectric constant; and that of a rod whose 
dielectric constant varied from a large value at the center to 1.0 at the 
surface. For simplicity, the calculations were made for the TEoi-mode. 
In each case it w^as found that the electric field at the surface w r as about 
40 per cent of the maximum field in the interior of the rod, and that 
55 to 60 per cent of the radiation was transmitted along the outside of 
the rod. This means that any external supports wmuld cause large 
reflections of power. Ways of making slight improvements have been 

1 R. M. Whitmer, “Waveguides Without Metal Walls,” HI, Report No. 726, 
May 10, 1945. 
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suggested, but on the whole, it is believed that this system of trans¬ 
mitting power is impractical. 

Although a simple plastic-rod waveguide will not work, a metal 
waveguide filled with plastic should be satisfactory. A plastic-filled 
waveguide would have the following advantages over a hollow waveguide. 

1. The width of the waveguide would be l/\/2 k e times the width 
of air-filled waveguide for the same cutoff frequency. 

2. The height of the guide, which is kept close to A/2 in air-filled 
waveguides in order to get maximum power-handling capacity, 
could be proportionately much less since the breakdown strength 
of a solid dielectric is much higher than that of air. 

3. The walls of the waveguide could be thin because the dielectric 
provides support and holds the shape. 

4. The waveguide would he flexible since the thin metal wall could 
he distorted. 


The dielectric-filled waveguide would have these disadvantages. 

1. Voids in the dielectric would cause large reflections. 

2. Transitions to the air-filled rigid waveguide would be required. 

3. The attenuation would be higher, even if the dielectric wore 
lossless. 

To explain the higher attenuation an example may be considered. 
At a wavelength of 10.0 cm, a standard 1.5- by 3-in. copper waveguide 
will have a loss of 0.0199 db/m. If this waveguide is filled with poly¬ 
ethylene, k’ e = 2.25, and if the width is then reduced by %/ki to keep 
A c the same as before, and the height is reduced by the same factor, the 
copper loss will be increased by the factor k<■ to a value of 0.0448 db/m. 
In addition, polyethylene, for which vA? — 0.0009, will cause a loss 
of 0.184 db/m. The total loss is, therefore, 0.229 db/m. 

Attempts have been made to develop flexible dielectric-filled wave¬ 
guides for the 1-cm region. 1 In one variety a thin lead sleeve was used 
over a polyethylene core. This waveguide had a loss of 4 or 5 db/m, 
which could have been reduced by silver-plating the inside of the lead 
sleeve. In another version that was tried, du Pont conducting silver 
paint 2 was applied to the outside of a polyethylene rod. The lowest 
loss obtained in this case was about 7 db/m. Moreover, after drying, 
the paint flaked off when the rod was flexed. These results, it must 
be admitted, are not encouraging, but it seems reasonable to assume that 

1 FT. E. Kallman, “Rudiments of Flexible Waveguides,” RL Group Report No. 
41—9/26/45. 

! Made by E. T. du Pont de Nemours, Arlington, N. .T. 
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a successful version could be developed. It has been suggested that a 
more flexible binder be used, and that a flexible sheath be put over the 
paint to prevent the cracking. If such a waveguide were perfected, it 
would still have a loss about three times that of the rigid waveguide 
and would thus be used only in special applications. One advantage is 
that it would not radiate small amounts of power as do metal hose and 
vertebrae. For use with signal generators, the high loss would not be 
objectionable. 

648. Wire-screen Flexible Waveguides. —The British have devel¬ 
oped waveguides having copper screen walls. Two different varieties have 



(o) ( b) 

Fig. 5-49.—British flexible waveguide; (a) wires parallel to waveguide axis, (6) wires on 

the bias. 


been used, as shown in Fig. 5-49. One has the wires in the screen 
running parallel and perpendicular to the axis of the waveguide; the 
other has the wires on the bias. Both varieties have rubber jackets 
molded over the screen. The first kind can be twisted but is stiff in 
bending; the second cannot be twisted but is fairly flexible in bending. 
Each has a loss of roughly 0.4 db/m and voltage standing-wave ratio 
of 1.03. 

Some life tests were made of this type of waveguide. A flexure 
test was accomplished by mounting one end of a sample eccentrically 
on a rotating table while holding the other end in a fixed position. The 
table rotated at 110 rpm. Two samples were tested: a 15-in. sample was 
sheared 3 in., and a 6-in. sample was sheared in. After about 500,000 
flexures, the loss had increased about 50 per cent, presumably as a 
result of loosening of the braid. One sample was vibrated at an ampli¬ 
tude of 0.013 in. at 2000 rpm for 12 hr with no change in loss. Samples 
have also been held at a temperature of 60°C for 76 hr with no change, 
particularly with regard to adhesion of the rubber to the metal braid. 



288 FLEXIBLE COUPLING UNITS AND LINES [Sec. 5-19 

This is important, since, without the rubber jacket, the braid would 
collapse when the waveguide was bent. 

Resonant Flexible Waveguide and Coupling Units 

6-19. Flexible Bellows. —A flexible-bellows section consists of a radial 
choke made of flexible material. For round waveguide carrying the 
TF'ii-mode, the design is quite straightforward. The choke consists 
of a section of radial transmission line one-half wavelength long, with a 
short circuit at the end, as shown in Fig. 5-50. The theory of operation 
of radial chokes has been treated in Sec. 4-9 and will not be discussed 
here. For greater flexibility than is provided by one of these sections, a 

Radial choke 




Fig. 5-50.—Flexible bellows for 7’lfii-waveguide. 

series of sections can be stacked, one on the other, forming, in essence, 
a flexible waveguide. Not much use has been made of this type because 
the round waveguide is used infrequently. Bellows can, however, 
also be used in rectangular waveguide. The design of a single section 
is practically the same as that of the round waveguide. When a number 
of these are stacked together, however, they must be separated by 
partitions having rectangular holes the same size as the waveguide. 

Two different kinds of bellows have been made. In one, 1 a complete 
section is spun in one piece, in much the same way as in the manufacture 
of circular Sylphon bellows. This spun type is shown in Fig. 5-51. 
In Fig. 5-52 is shown an individual bellows. The method of assembly 
is shown in Fig. 5-53. It should be noted that the dimension .4 is 
bigger than the dimension B. Consequently the impedance of the inner 
section of the radial choke, which corresponds roughly to the first quarter- 
wave section, is larger than the impedance of the outer section, which 
corresponds to the second quarter-wave section. This situation is 

1 Manufactured by Fulton Sylphon Co,, Knoxville, Tenn, 
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opposite to the low-impedance-high-impedance design that is charac¬ 
teristic of a broadband choke. Therefore, this bellows is satisfactory 
only over a narrow band. It also has other disadvantages: it is subject 
to high-power breakdown across the rectangular hole; and its life under 



Fig. 5-51.—Spun bellows 



constant flexure or vibration is short. However, it has good flexibility 
and is airtight, although it cannot be pressurized unless the connecting 
rigid waveguide can stand the stresses introduced by having air inside 
the bellows at a pressure above atmospheric. 

Detailed data are not available on this kind of bellows. Power- 
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handling tests have been made from time to time, and the results are 
variable. The breakdown seems to depend upon the thickness of the 
edge of the rectangular hole and upon the tolerance in the diameter 
of the radial choke. Some standing-wave measurements taken on an 



I 4 

Fig. 5-55.—Typical design of a Cook bellows for rectangular waveguide. 


early model are plotted in Fig. 5'54. These are only generally indicative 
of the performance of bellows of this variety. 

The bellows of the second variety 1 consists of two pieces of thin, 
flexible stock and a partition with a rectangular hole, all of which are 
assembled as shown in Fig. 5-55. Although the ('ook bellows is generally 
less flexible than the spun bellows, it has several advantages, most of 
which result from the proper design of the. partition. If the partition is 
1 Manufactured by Cook tileclric Co., Chicago, 111. 
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fairly thick, the breakdown power is higher because of the thicker 
edge on the rectangular hole. Also, the design of the choke more nearly 
fulfills the ideal low-impedance-high-impedance condition since the 
effect of a thick partition is to narrow the first quarter-wavelength 
section of the choke. Another advantage of this bellows is that they 
are more rugged than those of the previously mentioned variety. 

The Cook bellows are good over a broader band than are the spun 
bellows, as can be seen from the curve in Fig. 5-56 which shows the 
voltage standing-wave ratio as a function of wavelength for a recent 
model of bellows for rectangular 
waveguide. Tests with a fre¬ 
quency-modulated oscillator 
indicate that there are serious 
resonances in one part of the 
pass band. Bellows of this 
recent model have not been test¬ 
ed at high power, but tests on 
earlier models indicated that 
they could handle a higher pulse 
power than the spun bellows. 

In general, it can be said that 
bellows are not particularly sat¬ 
isfactory. They are not so flexible as some other types of waveguide, 
and their pass band is relatively small, not exceeding 6 per cent. 

5-20. Open Choke-flange Junctions. —It is sometimes convenient 
when assembling a system to allow for possible small misalignments in 
the r-f line components by leaving one of the choke-to-flange junctions 
open a bit. Although this expediency has been used for some time, it is 
only recently that detailed measurements have been made to determine 
exactly what happens in such an open joint. The work was done on 
chokes of two designs, one for use at a wavelength of 10.7 cm, and the 
second for a wavelength of about 9 cm. In each case it was found that 
when the choke and flange were slightly displaced sidewise, relative to 
each other, and at the same time separated by a small amount, bad 
resonances occurred. Typical performance is shown in Fig. 5-57 where 
transmission loss is plotted as a function of the separation As of choke 
and flange for a displacement Ay of 0.125 in. in the direction of the 
small dimension of the cross section, and a displacement Ax of 0.100 in. 
in the perpendicular direction. These measurements were made on the 
first-mentioned choke at a wavelength of 10.4 cm. Similar data were 
taken for several other values of Ay and Ax, and standing-wave measure¬ 
ments were made under all these conditions. The curves obtained 
were all similar to the one shown, differing in the magnitude of the peak, 
and in the position of the peak relative to Az. 



X 0 in cm 

Fig. 5 50.—Performance of Cook bellows for 
rectangular waveguide. 
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Some information as to what is happening when these resonances 
occur can be found by comparing VSWR and transmission curves for a 
given pair of values of Ax and Ay. One particular pair of curves indi¬ 
cates that where the resonance occurs the voltage standing-wave ratio 
is about 2.0, and the transmission is about 50 per cent. The power 
reflection corresponding to a standing-wave ratio of 2.0 is -J-, or 11 per 
cent. Therefore, the other 39 per cent must be either radiation loss 
or resistive loss in the walls of the resonant cavity which exists between 
the choke and flange, or, more likely, a combination of the two. 



Fig. 5-57.—Transmission loss of 10.7-cm choke-flange junction as a function of separation. 

Further information on this effect was found in the process of check¬ 
ing the design of a special open choke junction by the use of Pierce’s 
method. 1 There were a number of positions of the variable short- 
circuiting plunger where the customary phase shift was observed. 
These positions were separated in such a way that there seemed to be 
two sets of positions, one corresponding to radiation in the TEio-mode, 
the other to radiation in the TjEdn-mode. When the depth of the choke 
groove was correct, the TEio-radiation was not noticeable, but the other 
was still present. The existence of this radiation in the TE% o-mode is, 
of course, to be expected. 

If the ordinary choke for rectangular waveguide is now examined, 
it is found that the choke ditch is actually a section of coaxial line. 
Because of the symmetry of the electromagnetic field in the rectangular 
waveguide, the radiation excited in the section of radial transmission line 
1 Specifically, the jnethod using a coaxial-line short-circuiting plunger, as described 
in Sec. 4-9. 
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between the waveguide and the choke ditch is predominantly in the 
TFio-mode; therefore the excitation of the choke ditch is also in this 
mode, as shown in Fig. 5-58. The depth of the ditch is therefore made 
a quarter-guide wavelength for the TE 10 -mode at the design wavelength. 
If there were no other modes present, no trouble would occur. However, 
the TiE^o-mode is also excited in the waveguide. The circumference 
of the choke ditch is large enough to allow the ditch to propagate radia¬ 
tion in this higher mode. Since the ditch, however, is not far from 
cutoff for this higher mode, the guide wavelength in this mode is long; 
therefore, the depth of the ditch is consid¬ 
erably less than |A„ for this mode. Conse¬ 
quently, the ditch, instead of presenting an 
infinite impedance at the top, presents a 
fairly small impedance, which may be of 
the order of jZ 0 or less. In series with 
this impedance, there is the impedance, 
reflected back to the choke ditch, of the 
outer edge of the choke-flange joint. The 
distance from the ditch to the edge of 
the choke joint is generally something 
between and JA 0 . Since the imped¬ 
ance at the outer edge of the joint looking 
out into free space is high, the impedance 
seen at the edge of the choke ditch will be 
low, with the imaginary part capacitive. 

This capacitance in series with the inductance of the choke ditch forms a 
series-resonant circuit. It would, therefore, be quite possible to have the 
resonant condition that has been found. To remedy this trouble, the sec¬ 
tions of the choke ditch adjacent to the narrow edge of the wavegpide were 
plugged, as illustrated in Fig. 5-59, which made the remaining arcs of the 
ditch short enough to prevent propagation of the TE 30 -mode. This 
method has been used successfully in every device where trouble had previ¬ 
ously been experienced. The performance of a 10.7-cm joint with plugged 
ditches is shown in Fig. 5-57. The plugged chokes showed no resonances 
for displacements up to ^ in. in x and y directions. Similar tests have been 
made of 3-cm chokes. The standard choke coupling showed resonances 
which were not completely removed by plugging. It is believed that 
these were caused by reflections from the outer edge of the coupling, 
which is square, since a round choke having the same internal dimensions 
showed no resonances after plugging, for displacements of at least 
Ax = 0.100 in, and Ay = 0.003 in. 

Since the choke ditch of one of these plugged choke joints is beyond 
cutoff for the TE 30 -mode, it presents a very low reactance to radiation 



Fig. 5-58.—Excitation of typical 
choke. The vectors represent elec¬ 
tric fields. 
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waves with great accuracy, and the single-screw tuner has proved ade¬ 
quate for most low-power work. 

8-12. Waveguide Double-slug Tuners. —Since a dielectric slug is 
limited in the amount of reflection that it can introduce, such elements 



may be used in pairs, as shown in Fig. 8-30, to increase the tuning range. 
The maximum reflection from two slugs X„/4 in length occurs when the 

separation C is X„/4 where X„ is the 
guide wavelength. The normal¬ 
ized impedances at different points 
in the tuner section are given in 
Fig. 8-31. These impedances are 
obtained by application of the 
usual transmission-line equation as 
discussed in See. 8-11. If z\ is the 
normalized characteristic imped¬ 
ance in the region of the dielectric, 
then the combination, when 
followed by a matched line, has 
an input impedance z\ as 
compared with z| for a single element. 

Tuning is accomplished in either of two ways: (1) by varying the 
depth of insertion B and the position along the line A of the two slugs 
together without changing their separation C, or (2) by varying the sepa- 



Fig. 8-31.—Normalized impedances in 
waveguide double-slug tuner, z 1 = 1, z" = 
Zl 2 , z"’ = 1/zi*, z = Zj 4 . 
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The chief problem in designing the 3-cm vertebrae is to design a 
choke that can be moved about freely in the immediate vicinity of the 
flange without producing high standing waves or large losses. The 
dimensions of the choke ditch are therefore slightly different from those 
of the ditch in the rigid-line couplings. Jn the first place, the choke 
is designed for a separation from the flange of y e in.; therefore, the 
ditch is shallower than for a contact joint. Second, since the separation 
of choke and flange is greater here than in the contact joint, the choke 
ditch must be made wider in an at¬ 
tempt to preserve the desirable low- 
impedance-high-impedance condi¬ 
tion. If this is done, variations 
of impedance of the choke-flange 
junction with wavelength and with 
distortions, that is, relative motion 
of the choke and flange, will he 
minimized. Finally, the sections 
of the choke ditch adjacent to the 
narrow edges of the rectangular 
waveguide are plugged, as described 
in Sec. 5-20. An example of the 
improvement of performance result¬ 
ing from the plugging is shown in 
Fig. 5 00, in w hich is shown the loss 
in a 3-cm vertebral assembly at a 
wavelength of 3.2 cm, before and 
after plugging, as a function of the 
amount of bending in the //-plane; 

It should be noted here that the 
resonance trouble is more likely to 
appear at the shorter wavelengths, 

In fact, tlie unplugged vertebrae 
gave no trouble in the region from 3.3 to 3.5 cm. 

The general construction of a 3-cm vertebral assembly is shown in 
Fig. 5-01. In Fig. 5-02 are shown details of construction of the disk 
inserts. The choke-to-flange junctions consist of a series of disks 
separated re in. In each disk is a rectangular hole 0.100 in. by 0.900 
in., forming the waveguide. In one lace of the disk is the choke ditch. 
The opposite face of the disk is plane and forms the flange for the next 
choke-flange joint. The thickness of each disk is such that the distance 
between successive choke-flange joints is a quarter of the guide wave¬ 
length in the undistorteil position of the vertebral assembly. Vertebral 
assemblies are designed to have even numbers of joints so that small 
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mismatches in the individual junctions are canceled out. The disks 
are assembled in a neoprene jacket that serves to hold them in the proper 
relationship, one to another. This is accomplished by having ribs in the 
rubber jacket which fit into grooves in the disks. 

The vertebral assemblies have end pieces with choke couplings that 
mate with standard rigid-line flange couplings. Around the outside 
of the rubber jacket is a flexible metal hose that helps pressurize the 
assembly by preventing radial expansion of the jacket. Longitudinal 
expansion must be restrained by the waveguide sections to which the 
unit is attached. The metal hose restricts the flexibility of the wave¬ 
guide to a certain extent, but the units can be used without the sheath 
if extra flexibility is needed and pressurization is not. The 3-cm verte¬ 
brae are supplied, at present, in 5- and 9-choke units. 



The loss and standing-wax e ratio caused by various distortions of a 
9-clioke unit at various wavelengths are shown graphically in Fig. 
5-G3. These data may be summarized as follows: in the range from 
X = 3.10 cm to X = 3.50 cm, the waveguide assembly can be (1) twisted 
45°, (2) stretched at least 1 in., (3) compressed \ in., (4) bent in the 
A’-plane 00°, (5) bent in the //-plane GO 0 , (G) sheared in either plane 
1 in.; all this can be done without introduction of a loss greater than 
0.5 db or a VS Wit greater than 1.10. 

The power-handling capacity of the 3-cm vertebrae is adequate for 
powers in use at the present time. At 250 kw pulse power, 0.8-jusec 
pulses, 1300 pps, the same 9-choke unit mentioned above could be 
distorted at least the following amounts without breakdown: -j-in. 
compression. £-in. stretch. 1-in. //-plane shear, 45° E- and //-bend. 45° 
twist. The maximum /(-plane shear is ^ in. At 100 kw pulse power 
this last figure increases to at least 1 in. 
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Vertebrae suffer from one disadvantage that is sometimes serious: 
they have an appreciable amount of r-f leakage. It should be noted 
that this leakage is small compared with the power transmitted by the 
vertebrae and is noticeable only when the vertebrae are in an enclosed 
space or near a sensitive detector or receiver. 




Fig. 5-64.—1-cm vertebral assembly; (a) choke disk, (6) flexible cover, (c) assembly. 


The problems involved in the design of the 1-cm vertebrae differ 
from those of the 3-cm version. In the first place, since only a 4 per 
cent wavelength band needs to be covered, it is not necessary to plug the 
choke groove to avoid resonances. In the second place, the ideal 
diameter of the choke ditch for a choke coupling on the standard 1-cm 
waveguide would be such that the ditch would cut across the corners 
of the waveguide. When the ditch is made large enough in diameter to 
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avoid this trouble, the choke coupling is not well matched. In rigid- 
line couplings, this mismatch is minimized by making the separation 
between the choke and the flange small, thus achieving an alternating 
low-impedance-high-impedance condition. With vertebrae, however, 




Fig. 5-66.—Typical 3- and 1-cm vertebral assemblies. 


this cannot be done; therefore, the design of the choke ditch must be 
better. The design was improved to a great extent by reduction of the 
size of the rectangular waveguide within the vertebrae to the point 
where a choke ditch of nearly the correct diameter could be used. The 
use of undersized waveguide gave rise to a further problem of match¬ 
ing the vertebrae to standard waveguide. The matching was accom¬ 
plished by the use of a choke groove of a special size in the connectors on 
the ends of the assembly; this, of course, required that the end connectors 
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on the vertebral assembly be chokes and not flanges. A typical vertebral 
assembly for 1 cm is shown in Fig. 5-64. In Fig. 5-65 are shown details 
of the disk inserts and the end piece of the vertebral assembly. In Fig. 
5-66 are shown typical 3- and 1-cm vertebral assemblies. 

Assemblies of 1-cm vertebrae sheathed with flexible metal hose are 
available. In the 1-cm size the extension force is much smaller than 
in the larger 3-cm size when used in a pressurized system; therefore, the 
rubber jacket keeps the extension of the unit down to fairly small values. 
This size can be considered for pressurizing, if it has the metal jacket 
to prevent radial expansion. At present 1-cm vertebrae are assembled 
in units containing 11, 21, and 41 chokes with standard end connectors. 



Fig. 5-68.—A possible assembly of 7\£oi-vertebrac. 


Also, a small 5-choke unit for a particular alignment application has 
been made, as well as a 41-choke unit with a special adapter on one end to 
mate with a standard rigid-line choke. 

The voltage standing-wave ratio and loss of an 11-choke unit, under 
various conditions of distortion, are shown in Figs. 5-67. 1 Experiments 
on the power-handling capacity of these vertebrae indicate that operation 
is possible at levels around 100 kw for any distortion that is possible 
from the standpoint of loss and standing-wave ratio. 

This discussion has been concerned only with vertebrae designed 
for use with rectangular waveguide carrying power in the TEio-mode. 
Vertebrae can be made also for round waveguide carrying power in the 
TEn-mode. Vertebrae can also be constructed for use in waveguide in 
the TEoi-mode. In waveguide carrying this mode, the currents in the 
wall are circulaj in a plane perpendicular to the axis of the waveguide; 
therefore, if the waveguide is cut in this plane, no power will leak out 
of the waveguide, and no choke will be needed. One might expect that a 
vertebral assembly could be made that uses a series of rings supported 
in some sort of flexible jacket as shown in Fig. 5-68. This arrangement 

1 E. L. Younker, “An Improved K Band Vertebrae Waveguide,” RL Report No. 
776, Aug. 25, 1945. 
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has two faults: first, it requires transitions to rectangular waveguide 
at the ends if it is to be used in the conventional type of system; and 
second, as soon as the assembly is bent in any way the asymmetry 
introduced will allow lower waveguide modes to be generated. As 
soon as the lower modes, namely, the TEn- and TM 01 -modes, are present, 
the circular slots in the waveguide wall will cause large reflections of 
power and will allow large amounts of power to radiate. 

5-22. Summary. —The previous discussion can best be summarized 
by a brief listing of the various types of flexible waveguide according to 
the applications to which they are suited. 

General Service Unit .—The rubber-covered wound metal hose and 
rubber-covered Titeflex are to be preferred. In case of emergency, 
if these are not available, the uncovered varieties of wound metal hose 
and Titeflex may be used. Their use is not recommended because they 
are not so strong mechanically, and they deteriorate more rapidly in 
service, especially when exposed to salt spray or corrosive vapors. 

Alignment Section .—For the 1-cm band, the vertebrae are to be 
preferred at present, partly because of availability. Seamless corrugated 
waveguide and Titeflex, when they are developed, may be more satis¬ 
factory from certain standpoints. For the 3-cm band, the seamless 
corrugated waveguide is preferable. Uncovered Titeflex is slightly less 
flexible. Vertebral sections, which are bulkier, may be considered 
when the bulk does not matter since they have more degrees of freedom 
than the others. For the 10-cm band, uncovered Titeflex is to be 
preferred because of its flexibility and general availability. Vertebrae 
at these Avavelengths do not seem to be practical. Seamless corrugated 
waveguide is under development, and it is not known whether it will be 
practical in this size. In addition to these, an open choke-flange junction 
is suitable, if the choke ditch is plugged. 

Vibration Section .—At 1 cm, for lengths greater than 8 in., the rubber- 
covered wound metal hose is preferable. For shorter lengths, the verte¬ 
brae are best. At 3 cm, the rubber-covered Titeflex or wound metal 
hose in the long lengths are good. For short lengths, the vertebrae are 
satisfactory. Other considerations, such as r-f leakage, will determine 
which is to be used. On the 10-cm band, about the only type available 
at present is the rubber-covered wound metal hose. Rubber-covered 
Titeflex, when it is available, may be preferable because of greater flexi¬ 
bility. An open choke-flange junction with the choke plugged is suitable 
for small amplitudes of vibration. 

Flexure Section .—Any of the types except corrugated waveguide can 
be recommended at present, the choice depending, among other things, 
on the sharpness of bending required. The corrugated waveguide may 
some day be developed to the state where it, too, can be used. The 
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uncovered varieties of the wound metal hose and Titeflex are, of course 
excluded. 

Pressurized Unit .—On all bands, the rubber-covered wound metal, 
hose, rubber-covered Titeflex and the uncovered Titeflex can be used. 
In addition, for the 3-cm band and, it is expected, for the 1-cm band, the 
corrugated waveguide will be suitable, if certain limitations that have 
already been mentioned are taken into account. With the same restric¬ 
tions, vertebrae will be suitable at 1 cm, and perhaps at 3 cm. 

j Emergency Repair Type .—For emergency repairs of damaged wave¬ 
guide, where, for instance, a piece of flexible waveguide is to be soldered 
in the place of a damaged section of rigid waveguide which has been 
removed, uncovered metal hose or Titeflex can be recommended. Nei¬ 
ther is to be considered permanent since each deteriorates rapidly. 
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TRANSITIONS FROM ONE COAXIAL LINE TO ANOTHER 

By G. L. Ragan 

It is frequently desirable to pass from one coaxial line to another 
without setting up reflections resulting in standing waves. Some of 
the variations most commonly encountered are these: (1) change of line 
size with little or no change of diameter ratio or characteristic imped¬ 
ance; (2) change of dielectric (for example, air-filled line to flexible cable), 
usually with a change of diameter ratio to preserve approximately con¬ 
stant impedance; (3) change of dimension of one conductor only with 
consequent change of characteristic impedance; (4) combinations of 
these variations. A discussion of some of the variations associated with 
the use of coaxial cables was given in Sec. 5-6. A general treatment 
of the problem will be given in the following sections. 

6>1. Tapers in Coaxial Lines. One of the simplest ways of joining 
two dissimilar coaxial lines is by means of an intermediate taper section 
which introduces the change in 
line characteristics gradually. A 
simple example of such a taper is 
given in Fig. 6-1. If the change 
occurs gradually enough only 
negligible reflected waves should 
be generated. To a first approxi¬ 
mation this expectation is realized, 
and indeed the reflected wave 
approaches zero as the taper length approaches infinity. Frank 1 has 
shown that the reflection coefficient for a taper of length d within which 
the line constants are slowly varying is approximately 



1 

d(ln Z) 

1 

~d (In Z) 

4yo 

dz 

o 4 y d 

dz 


(1) 


where y is the propagation constant, Z is the characteristic impedance, 
and the subscripts 0 and d denote values at the points z = 0 and z = d. 

1 N. H. Frank, “ Reflections from Sections of Tapered Transmission Lines and 
Wave Guides,” RL Report No. 189, Jan. 6, 1943. 
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Usually the value of the logarithmic derivatives will be discontinuous 
at the ends of the taper; the values to be used are those just inside the 
tapered portion. 

In applying Eq. (1) it is necessary to obtain expressions for 7 and 
Z in terms of z and then perform the indicated operations. This was 
done by Frank for the parallel-plate transmission line indicated in 
Fig. 6-2. An ideal dielectric for which k„ — 2.56 fills the output line, 
and a linear physical taper of the dielectric is used. The over-all \SWR 
is given as a function of the length by the graph of Fig. 6-2. It is apparent 
that certain optimum lengths exist. These lengths--0.8X ( ,, 1.2X U , and 



tUX 

Ft«. 0*2.— Voltage standing-wave ratio produced by reflections from a tapered dielectric 
plug in a parallel-plate transmission line. 

so on—are electrically equivalent to integral numbers of half wavelengths, 
the average wavelength in the taper being reduced, because of the dielec¬ 
tric, to about 80 per cent of that in free space. Lengths equivalent to 
odd numbers of quarter wavelengths lead to maximum values of VSWR. 
As the taper becomes longer and longer, the magnitude of the oscillations 
of the curve decreases and both maxima and minima approach perfect 
match. 

Since the problem just discussed deals with a transmission-line 
or TEM-mode, it applies in the limiting case of a coaxial line whose 
diameter ratio approaches unity. It would be expected to represent 
fairly accurately the situation for low-impedance coaxial lines, becoming 
less accurate as the diameter ratio departs appreciably from unity. 
The problem of dielectric tapers in coaxial line of higher diameter ratios 
may be worked out in a straightforward, though somewhat laborious, 
manner by the application of Eq. (1). 
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A problem which is much more frequently encountered is that of a 
taper between coaxial lines both of which are air-filled. In this problem 
Xo = Xd = « (2 jt/X), so that Eq. (1) becomes 



It has been pointed out 1 that if the taper is made in such a way that 
the function In Z varies linearly over the length of the taper, Eq. (2) 
gives 


r = 


J 8 ird 



And 

(l - J *■). 


(3) 


It follows that 1' has the magnitude 


U’l 


_ 1 , n Zi I sin e\ 

~ r n zl~e-’ 


(4) 


where 8 — 2ird/X 
and the relation 


is the electrical length of the taper. 


r 


= i + |r| 
l - |r| 


Equation (4) 


(5) 


may be used to determine the VSWR introduced by a given taper. The 
curve of Fig. 6-3 gives the values of r 2 , the square of the usual VSWR, as a 



ha. 6-3, —Standing-wave ratio introduced by tapered section of coaxial line, 75 to 46 ohms. 
Ordinate is the square of the VSWR. 


function of taper length for a logarithmic taper between 46- and 75-ohm 
lines. The existence of the best taper lengths (integral numbers of half 
wavelengths) and worst lengths (odd numbers of quarter wavelengths) 
is evident. The decreasing amplitude of the oscillations of the function 
1 Microwuve Transmission Design Data, Sperry Gyroscope Co., May 1944, p. 35. 
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sin 8/8 is also brought out. The “exact limiting value” indicatedis not 
strictly accurate, since there will be a shunt capacity effect at the step 
in the conductors. This effect is quite important for the usual micro- 
wave lines (see Sec. 4-6). 

For small values of |r|, Eq. (5) becomes 


r ~ 1 + 2|r|. 


(6) 


As a matter of fact, Frank points out that the accuracy of Eq. (6) is 
about the same as that of Eq. (1), both being based on the assumption 
that only small reflections are present. Substitution of |T| from Eq. 
(4) into Eq. (6) gives 


r ~ 1 + In 


Z\ |sin d\ 
Z 0 6 


(7) 


It should be recalled that Eqs. (3), (4), and (7) and Fig. 6-3 apply 
only to tapers for which the function In Z varies linearly. This may be 
quite different from the usual taper in which one or both conductors 
are given a physically linear taper. For tapers involving little change 
of diameter ratio, the difference between linear logarithmic and linear 
physical taper is not great, therefore the preceding discussion represents 
either situation fairly well. 

It can be shown that for a linear physical taper, whose dimensions 
are indicated in Fig. 6T, the logarithmic derivatives appearing in Eq. (2) 
are 

d (In Z 
dz 

d (In Z) 
dz 


_ 60 /t>i dll 

Zod \b o do/ 

_ (In Z) 1 a„boZ 0 

dz o d\b\Z\ 


V’ 


( 8 ) 

(9) 


Both derivatives are identically zero if 

foi _ bp 

&i do 


( 10 ) 


This relation implies, of course, a taper of the constant-impedance type. 
It is evident from Eq. (2) that for such tapers, F is identically zero regard¬ 
less of taper length. For tapers whose length is an integral number 
of half wavelengths, the exponential factor in Eq. (2) becomes unity, 
so that T is proportional to the difference between the logarithmic 
derivatives, Eqs. (8) and (9). An inspection of Eq. (9) indicates that 
equality of the two derivatives results if 


aoboZc — axbiZi. ( 11 ) 

This relation furnishes a criterion for making reflectionless half-wave¬ 
length tapers by giving the proper linear physical tapers to the con- 
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ductors. To be sure, all the quantities appearing in Eq. (11), involving 
the dimensions and impedance of the two lines to be joined, are usually 
specified in a given problem and rarely would they be consistent with 
Eq. (11). The difficulty is to design reflectionless linear tapers to 
solve practical problems. It has been suggested 1 that the general 
problem be solved by using a double taper. The procedure would be: 
(1) to design an integral half-wavelength taper whose actual dimen¬ 
sions are uniquely fixed by Eq. (11), from one of the given lines to an 
intermediate line of the same impedance as the second; and (2) to pass 
directly, by means of a constant-impedance taper whose length is not 
important, from this intermediate line to the second of the given lines. 

It will usually be found more convenient to solve Eq. (11) explicitly 
for a dimension of the intermediate line, assuming a 0 , bo, Z 0 , and Z\ 
to be given. The radius b i of the outer conductor is 



where no — bo/a 0 and ni = bi/ffli. It is convenient to choose as a refer¬ 
ence line, a line of unit outer-conductor radius b 0 and of diameter ratio 
t; 0 = e = 2.72. For any other diameter ratio n i the outer-conductor 
radius b\ is easily determined from Eq. (12) and the corresponding radius 
a, = bi/ni computed. The result for values of ni between 1.5 and 6 is 
given graphically in Fig. 6-4. It is easily shown that, for any two values 
of n which may be chosen, the corresponding values of b and a read from 
these curves satisfy Eqs. (11) and (12). Hence these curves may 
be considered as giving, on a relative scale, values of b and a to be used 
in the design of reflectionless half-wavelength tapers between lines of 
specified diameter ratio (or impedance). 

An important fact is at once apparent in Fig. 6-4; namely, that for a 
taper between lines whose diameter ratios are in the neighborhood of 
n = e = 2.72, little change of outer-conductor size is indicated. Fortu¬ 
nately, the lines in common use at microwave frequencies have diameter 
ratios of about this value; consequently, tapers in which thq outer- 
conductor diameter remains unchanged should be good. Less than 
3 per cent change in outer-conductor size is required for any two lines 
with diameter ratios lying between 2 and 4 (impedances between 42 
and 83 ohms). 

1 A. W. Gent and P. J. Wallin, “Impedance Matching by Tapered Transmission 
Lines,” Valve Laboratory Report No. G 78, July' 1944. These authors, using a 
different mathematical method, obtained Eq. (10) and the following modified relation 
in place of Eq. (11): aobo = a,bi. A critical comparison of their derivation with that 
of Frank which led to Eq. (1) seems desirable. Both methods involve certain approxi¬ 
mations, and it is not known which analysis leads to the more accurate result. 
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The frequency sensitivity of coaxial tapers is a matter of considerable 
importance in some applications. It is convenient to introduce this 
subject by a consideration of the logarithmic taper to which Eq. (7) 
applies. If d is chosen equal to an integer n times half the midband 



n = b/a 

Fro. 0-4.—Design curves for reflectionless half-wave tapers. The vertical scale gives 
values of b and o on an arbitrary scale. 

wavelength X 0 , it follows from Eq. (7) that the mismatch, defined as 
r — 1, is 



For small departures of the electrical length iiir \ 0/ X from’the value nir 
which it has at midband, Eq. (13) is well approximated by 


(r - 1) 



(14) 


This approximation to the mismatch is good to about 10 per cent for 
departures up to about 7r/4 in electrical length. In other words, it is 
this good for values of AX/X less than l/(4n). For half-wavelength 
tapers (n = 1) this amounts to a band of about +25 per cent, for one- 
wavelength tapers +12 per cent, and so forth. This result implies, of 
course, that the full-wavelength taper presents little advantage over a 
half-wavelength taper for bands narrower than + 12 per cent. For bands 
appreciably broader than this, however, the longer taper offers a material 
reduction in mismatch. 
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The reflection coefficient for a linear physical taper designed according 
to Eq. (11) varies in exactly the same way with wavelength as that for a 
logarithmic taper, since both are determined by Eq. (2) and in both 
instances the logarithmic derivatives at z = 0 and z = d are equal— 
although the actual value of the derivative for the linear physical taper 
may be different from that for the logarithmic taper. As a matter of 
fact, the values will probably be found almost identical in the two types 
of tapers for most practical problems; this is true at least for the 46- to 
75-ohm taper. It does not seem profitable, therefore, to discuss the 
frequency sensitivity of the linear physical taper. It is possible, how¬ 
ever, to state that the discussion of the frequency sensitivity of the loga¬ 
rithmic taper applies here accurately. 

6-2. Transformer Sections between Coaxial Lines. —Some general 
aspects of transformers in coaxial lines have been discussed in Sec. 4-5. 
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1' HJ. 6-5,—-C -oaxiiil-liiic transformers. 

lii the present section specific application of these principles to the 
problem of joining two coaxial lines will be treated, in addition, the 
merits of this method of joining coaxial lines as compared with that 
of using tapers will be considered. 

In discussing the use of coaxial-line transformers it is customary to 
neglect the effect of the discontinuity capacitance arising from the fringing 
fields in the neighborhood of an abrupt change in the diameter of one or 
both conductors. It has been pointed out in Secs. 4-5 and 4-6 that 
this junction effect may be rather large; therefore, it should be taken 
into consideration if large changes in conductor size occur. 

If two lines are joined directly as illustrated by Fig. (>-5o there will 
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be introduced a YSWR equal to the ratio of the two characteristic imped¬ 
ances, if the junction susceptance Bn between Lines 1 and 2 is negligible. 
If Z i = Z 2 the only mismatch arising will be that due to i> 12 , but if the 
steps in conductor diameter are large this mismatch may not be negligible. 
Furthermore, the restricted space between inner and outer conductors is 
undesirable and in extreme cases would lead to a complete short circuit. 
In order to (1) provide impedance-matching, (2) reduce the effect of 
discontinuity capacitances, and (3) reduce the restriction of the inner- 
conductor gap, an impedance transformer section or sections such as 
those shown in Figs. 6-56 and c may be inserted. 

It has been shown in Sec. 2-14 that the condition for matching by 
means of a transformer of the type illustrated by Fig. 6-56 is 

z 2 = VZiZ 3 . (15) 

It is easily shown, by means of the transmission-line equation, Eq. 
(241), that if junction susoeptanecs B, s and B n exist at the junction 
of the lines indicated by the double subscripts, exact cancellation of the 
two susceptanees will occur at the design frequency, provided that 


Ordinarily the values of B n and B n will be found to be so small that 
they may be safely neglected, but it is advisable to make the steps in 
conductor size at the ends of the transformer section of comparable 
magnitude in order to take advantage of a certain amount of cancellation. 

The frequency sensitivity of a single quarter-wavelength transformer 
may be determined rather easily by applying the transmission-line 
equation. Neglecting /I, 2 and the mismatch, defined as r — 1, 
introduced at a wavelength, is approximately 


7T 3^3 
' 2 \ / /■ 



(17) 


where AX is the difference between X and the wavelength for which the 
transformer is designed. For values of r — 1 below about 0.2 and values 
of AX/X below about 0.2, Eq. (17) gives r — 1 to about 10 per cent 
accuracy. 

It is of interest to compare the frequency sensitivity indicated by 
Eq. (17) with that given by Eq. (14) for a taper. For small changes in 
impedance between input and output line, Eq. (17) may be written 


o- 


1)» 


ir NZ AX 

2 X X ’ 


(18) 
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while, with the same restriction, Eq. (14) for a taper becomes 

, n AZ AX 

(r ' 1)== -z xT 


(19) 


It is readily seen that the mismatch introduced by the transformer is 
larger by the factor ir/2. 

A greatly decreased frequency sensitivity may be achieved by using 
a two-section transformer of the type represented by Fig. 0-5c. This 
design also presents another desirable feature, which is especially impor¬ 
tant if large changes of line size or impedance are required; namely, the 
diameter changes are divided among three steps rather than two. Slater’ 
gives a good explanation of the decreased frequency sensitivity afforded 
by multiple-section transformers. He points out that in order to obtain 
this low frequency sensitivity the impedances should be chosen to satisfy 
the relation 

m - © - (t)' 


If the junction susooptances are sizable, it seems advisable to arrange the 
conductor steps in such a way that the susceptances will satisfy the 
relation 


B VI B 23 Bu 

>’i _ wTO “ y * 


( 21 ) 


This arrangement gives cancellation at the design wavelength, and a line 
of reasoning similar to that of Slater concerning frequency sensitivity 
leads one to favor such a relation. 

It may be shown by a tedious calculation using the transmission-line 
equation that the mismatch in the input line is given, for the two-section 
transformer, by 


(r 


7 T~ Z I — Z 4 

1 \ y.y\ W ' 


( 22 ) 


The accuracy of the approximation is about the same as that of Eq. (17) 
under the same restrictions. 

A comparison of the frequency sensitivity of a taper, single-section 
transformer, and two-section transformer is given by Fig. 6-C. The 
quadratic behavior of Eq. (22) makes the two-section transformer superior 
over the wavelength range presented. It is, of course, expected that the 
taper would give the best results for very broad wavelength ranges. 

In the event that the two lines joined have the same impedance but 
different diameters, a short transformer section of the type indicated in 
Fig. (i-5 d is sometimes useful. The conductors are displaced axially 

1 J. ('. Sluter, M icrawav? Tcans miss ion, McGraw-Hill, New York, 1942, p. 57. 
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by a distance l which is chosen in order that the susceptanees B 12 and B 23 
may be compensated for by the transforming action of the short section of 
line of high impedance Z 2 . It is well known that the insertion of a 
section of high-impedance line, the length of which is short compared to a 
wavelength, gives an inductive effect. The two capacitive junction 
susceptanees and inductive-line section are spaced so closely together 
in terms of wavelengths that they cancel in a manner approximating 
lumped-circuit behavior. The length l may be easily determined 
experimentally; it would be rather difficult to calculate accurately because 
of the large interaction between the junctions. It is sometimes found 

desirable to fill the line Z 2 with a 
dielectric supporting material that 
decreases the impedance Z 2 , thus 
rendering it less inductive for a 
given length. 

There are of course endless 
variations of the transformers that 
have been presented here. In par¬ 
ticular, there are special cases in 
which either inner or outer con¬ 
ductors are the same size in the 
two lines to be joined. The use of dielectrics in one or more of the lines 
or transformer may be required or may be found desirable. 

In neither this section nor in the preceding section on tapers were 
experimental results or actual designs presented. It did not seem profit¬ 
able to do so, since the principles of design, the dimensions required, and 
the equations giving performance characteristics are quite reliable and 
complete. 

TRANSITIONS FROM COAXIAL LINE TO WAVEGUIDE 

By F. L. NTkmaxx 

6-3. The Transition Problem.—In microwave transmission lines it is 
frequently desirable and often necessary to change from waveguide to 
coaxial line. Many components, such as duplexers, bridge circuits, and 
antenna feed horns, are more easily constructed in waveguide. However, 
many microwave oscillators have coaxial output terminals; also, it is 
frequently more convenient (at longer wavelengths, for example) to 
produce a symmetrical field for application to rotary joints by the use of 
the coaxial mode. Except in special applications, not to be treated 
here, the problem is to provide for a transition between the principal 
coaxial TEM-mode and the dominant TTi’io-mode in the rectangular 
guide. The field configurations for these modes are shown in Figs. 6-7a 
and b. The basic methods for exciting this waveguide mode with a 
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coaxial line can be used in different arrangements to excite one of the 
modes of higher order, if desired. 

The fundamental way of establishing a desired mode in a waveguide 
is the excitation of either the electric or the magnetic field identified with 



Fit*. 6-7. -Field configurations for lowest coaxial-line and waveguide modes; (a) the 
principal or TE\I = coaxial mode; ( b) the dominant or 7\fcTo-waveguide mode. The 
E-lines are solid; the //-lines are dashed. The direction of propagation is into the page. 


that mode. This is done either by means of an “antenna” element 
parallel to the electric field, or by means of a loop, the plane of which is 
normal to the magnetic field. An example of each of these methods for 
the TEu>-mode in waveguide is shown in Fig. fi-8. Although each type 
has had some application, transitions based on the waveguide antenna for 
electric coupling are much more widely used at present. 



E-plane 
of guide 


Coaxial 

line 


Si 


E-plane 
\ of guide 


( 6 ) 


Fig. 0-8.—Basic methods of coupling from coaxial line to waveguide for the lowest 
modes; (a) crossed transition for excitation of the electric field; (ft) loop transition for 
coupling to the magnetic field. 


The crossed transition from coaxial line to waveguide is treated 
theoretically by Slater, 1 who has shown that a transition of this type can 
be matched by variation of the end-plate and coaxial-plunger positions, 
dimensions D and iS of Fig. 0-8. In particular, the coaxial stub con¬ 
stitutes a variable reactance in series with the waveguide antenna (that 

1 J. C. Slater, Microwave Transmission, McGraw-Hill, New York, 1942, Chap. 
VII. 
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portion of the coaxial center conductor which extends across the guide); 
and, by means of variations in the length of the short-circuited section 
of guide, it is possible to adjust the radiation resistance of this antenna. 
It is possible, therefore, to make the reactance of the antenna zero and 
its resistance equal to the characteristic impedance of the coaxial line 
whenever this is less than twice the characteristic impedance of the wave¬ 
guide. This limit holds for transitions in which the coaxial line is 
centered on the wide side of the guide. 

Other theoretical treatments 1 give methods for calculating the 
dimensions which will match the transition. These are, however, much 
more easily obtained experimentally as will be shown later. 

A modified version of this transition, in which the center conductor of 
the coaxial line extends only part way into the guide (the probe transi¬ 
tion), has also been treated theoretically, and to some extent experi¬ 
mentally, by Slater. 2 Since this has proved one of the more successful 
types of transition, it will be treated in detail later. Both the crossed 
coaxial-line-to-waveguide transition and the probe transition have been 
used for the excitation of the TE u-mode in round waveguide. 3 

Heretofore, the magnetic coupling has been given little theoretical 
study and the types of electric coupling used in modern practice are differ¬ 
ent from the crossed coaxial-line-to-waveguide transition which has been 
treated theoretically. Therefore, the purpose here is to describe the 
transitions most used today and to present, in terms of transmission¬ 
line concepts, the experimental techniques used in designing them and in 
matching them over comparatively broad wavelength bands. 

In practice it has usually been necessary to provide a transition from 
one of the standard coaxial lines, having an impedance of about 50 ohms, 
to one of the standard rectangular waveguides used at 3 or 10 cm. Thus, 
the impedance of the line or guide itself is seldom used as a factor in 
impedance-matching. In all standard transitions the characteristic 
impedance of the coaxial line is well within the limit required for match¬ 
ing; that is, it is considerably less than twice that of the rectangular 
guide. 

The transitions to be described are as follows: 

1. Transitions from waveguide by 3 in. OD at a wavelength of 
10 cm to coaxial lines of sizes 

1 S. Kuhn, "The Coupling between a Rectangular Waveguide Carrying an Hoi- 
Wave and a Concentric Line," Admiralty Research Establishment Report, M 139, 
Haslemere, Surrey, England, September 1942. 

2 J. C. Slater, “Properties of the Coaxial-Waveguide Junction in the 725-4 and 
2J51 Output,” RTL Memorandum 44-180-4, November 1944. 

3 “The Coaxial to Wave Guide Transformer,” British Royal Society Report 
G8/102/W. D. Allen, January 1942. 
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a. in. OD 

b. I in. OD 

c. 1-t in. OD 

d. If in. OD. 

2. Transitions from waveguide f by 1 in. OD and waveguide f by 

If in. OD at a wavelength of 3 cm to coaxial lines of sizes 

a. f in. OD 

b. tV in- OD. 

A discussion of these transmission-line dimensions and the factors govern¬ 
ing their choice is to he found in Chap. 4. 

6-4. Matching Techniques.—Since the techniques for matching 
transitions from coaxial line to waveguide are applicable to all types, 
they will be discussed separately, with examples for which detailed 
development data are available. The theory of impedance-matching 
at microwave frequencies is discussed in Chap. 2. The necessary experi¬ 
ments consist of measuring the magnitude and phase of the standing 
waves set up by reflections from the transition as an element in a trans¬ 
mission line terminated in a matched load. Measurements may be 
made either in the coaxial line or in the waveguide. However, measure¬ 
ments in the waveguide are preferable because the final matching may 
then be done by means of an iris which affects the power-handling 
capacity of the unit less than does a coaxial transformer. From measure¬ 
ments in the guide, the sizes and positions of these irises may be calculated 
very accurately. Measurements in the coaxial line necessitate the experi¬ 
mental determination of the iris dimensions or the use of a coaxial trans¬ 
former which further limits the breakdown power of the coaxial line. 

By the use of the Smith impedance (or admittance) chart, the data 
from these standing-wave measurements may be plotted in terms of the 
associated reflection coefficients and their phase angles. This chart also 
presents the real and imaginary components of the normalized imped¬ 
ance of the discontinuity represented by the transition. Contours of 
constant resistance (or conductance), and contours of constant reactance 
(or susceptance) appear as arcs of circles on such a chart. So it is pos¬ 
sible, by the measurement of the voltage standing-wave ratio and the 
position of a voltage minimum and by the performance of the proper 
transformations on the Smith chart, to obtain the impedance at any 
desired reference plane between the point of measurement and the transi¬ 
tion. Usually impedances are referred to the plane of the coaxial line 
(for example, in right-angle transitions) for measurements in the wave¬ 
guide and to the end of the coaxial line at the inside surface of the wave¬ 
guide wall for measurements in the coaxial line. Plots of the impedances 
or, more often, the admittances as functions of the transition dimensions 
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and as functions of wavelength, show how the dimensions must be varied 
to produce a match and how the impedance will vary with the wavelength. 

6-6. Narrowband Matching.—The matching of these transitions, 
when the sizes of the coaxial line and the waveguide are fixed, is accom¬ 
plished in one of two ways. The dimensions within the transition may 
be varied, such as the position of the waveguide short circuit (end plate), 
the coaxial stub length, or the loop size or probe depth, depending upon 
the type of transition to be used. Thus, it is usually possible to obtain 
sufficient variation of both conductance and suscoptance to match the 
transition at nearly any wavelenath for which both the coaxial line and 

the waveguide support their lowest 
modes. This is called “narrow- 
band” matching in contradistinc¬ 
tion to the second method; in the 
latter, the transition is adjusted to 
have a certain type of variation of 
admittance with wavelength (gen¬ 
erally not matched), which may 
then be matched over a consider¬ 
ably wider band by means of a 
transformer or, more often, a waveguide iris. This is called “broadband” 
matching and will be discussed in detail later. 

In microwave systems, the application for which a component is 
intended determines the wavelength band over which the component 
must operate and the quality of impedance match which is required over 
this band. In receiving systems, the primary consideration is that of 
power loss. In transmitting systems the requirements are more stringent 
because reflections from an impedance mismatch which produce negligible 
power loss may seriously affect the operation of the oscillator or some 
other r-f component. Since the components described here are used 
either for transmitting alone or for transmitting and receiving, only small 
reflections can be tolerated. The usable bandwidth of a component is 
therefore defined as the wavelength range over which the voltage stand¬ 
ing-wave ratio caused by reflections from that component is 1.10 or less. 
The limit of 1.10 is imposed for design purposes; it is usually necessary 
to allow voltage standing-wave ratios as high as 1.15 on production 
models. 

The development of the probe transition from lf-in. coaxial line to 
waveguide, 1 shown diagrammatically in Fig. 6-9, provides an example 
of the narrowband matching technique. Figure 6-10 is an enlarged 
section of a Smith chart on which is plotted the admittance of this 

1 M. Clark, Jr., “Coupling between lf-in. Coaxial Transmission Line and lf-in. 
X 3-in. Waveguide,” BS Thesis, M.I.T., January 1943. 





E- plane of 
I l| x 3 x 0.080" 
wall wave¬ 
guide 


Fig. 6-9.—Probe transition for lf-in. coaxial 
line to waveguide. 
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transition, at a wavelength of 10.92 cm, for different end-plate positions 
and probe depths. Measurements were made in the waveguide and 
admittances are referred to the center of the coaxia 1 line. At. this point, 
variations in the end-plate distance appear as almost purely susceptive 
changes in the admittance. Variations in probe depth change both the 
conductance and susceptance at roughly the same rate. 



coaxial line to waveguide, measured in guide, plotted at tlie renter of the coaxial line. 
1 ) — end-plate distance, 1 1 =- probe depth, X *= 10.92 cm. 


These measurements show that the dimensions for best match, at a 
wavelength of 10.92 cm, are 2.55 cm for the end-plate distance measured 
to the center of the coaxial line, and 1.91 cm for the probe depth measured 
from the inside of the guide to the end of the probe. It is also possible 
to estimate from these data the tolerances necessary to keep the mismatch 
below a certain limit; for example, the unit will have a voltage standing- 
wave ratio of less than 1.05 for a variation in the end-plate distance of 
+ 0.093 cm (0.037 in.). However, since several dimensions may vary 
in any unit, design tolerances should he considerably smaller than this. 
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Figure 6-11 is a Smith-chart plot which shows the variation of the 
admittance with the wavelength for this transition when it has the 
dimensions for best match at the 10.92-cm wavelength. The resulting 
voltage standing-wave ratios at the different wavelengths are plotted in 
Fig. 6-12. By measurements over a range of wavelengths, the dimen¬ 
sions for the best match at any particular wavelength in the 10- to 11-cm 
region can be determined. Figure 6T3 gives the end-plate distance for 
best match as a function of the wavelength for which the match occurs. 



Fig. 6-11.—Admittance as a function of wavelength for the probe transition from 
lf-in. coaxial line to waveguide matched at 10.92 cm; measured in guide, plotted at center 
of coaxial line. 

Practically no variation of probe depth is required to obtain best match 
in this wavelength range. The value of 1.87 cm given for this dimension 
is the average of values having variations less than ±0.05 cm which are 
hardly significant. 

In this method, which utilizes variations of two dimensions to produce 
an impedance match at a single wavelength, the resulting bandwidth 
is determined by the characteristics of the transition at that wavelength. 
For the case in which the end plate is less than a half guide wavelength 
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from the probe, there is but one combination of end-plate distance and 
probe insertion which will match the transition at a given wavelength. 
The impedance of the short-circuited section of waveguide is, of course, 
the same, if the length of the section is increased by some integral multiple 
of half guide wavelengths. However, such an increase in the end-plate 
distance serves only to increase the frequency sensitivity of the transition. 
Additional parameters must be used, therefore, to increase the bandwidth. 



Wavelength in cm 

l-’K;. G* 1 ti.- — Voltsire standing-wave initio vs. wavelength for probe transition from ljj-iu. 
coaxial line to waveguide. 



Freespace wavelength in cm 


Via. (M3.— End-plate distance for best match as a function of wavelength for the probe 
transition from l$-in. coaxial line to waveguide; probe depth 1.87 cm. 


An investigation has been made of the effect upon frequency sensi¬ 
tivity of terminating the probe in a sphere. Spheres of different diam¬ 
eters were attached to the end of the probe and the frequency sensitivity 
of the transition as a function of sphere diameter was measured. The 
transition becomes more frequency-sensitive as the diameter is increased, 
although the effect is small for spheres of diameters up to about 1.2 times 
that of the coaxial center conductor. From this resul . together with 
results obtained with other transitions to be discussed, it appears that 
the larger the object in the region of the transition, the greater is the 
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frequency sensitivity when the transition is matched by varying only 
two parameters. For this reason, at a given midband wavelength, the 
probe transition inherently covers a broader band than do other types of 
transitions having the same impedance discontinuity between the coaxial 
line and the guide. However, this type of transition has certain dis¬ 
advantages; it has been replaced in many applications by other types 
which, although having inherently a smaller bandwidth when matched 
b}' the two-parameter method, can be matched over wide bands by the 
method to be described next. 

6-6. Broadband Matching with Waveguide Irises.—There are several 
ways in which the impedance characteristics of a transition may be 
altered by the variation of more than two parameters: for example, by 
placing the coaxial line off-center, by using dielectrics, by changing the 
shape of the short-circuited waveguide section, and by matching with 
coaxial stubs. Nearly all of these methods have been developed experi¬ 
mentally for special applications. The broadband matching described 
here is a systematic method which has been applied successfully to several 
types of transitions and is, therefore, of more general interest. 

This method utilizes several important impedance properties of 
these transitions and of waveguide obstacles in general. In discussing 
these properties, it should be recalled that the use of a Smith chart 
involves a polar plot of the magnitude and phase of the reflection coeffi¬ 
cient associated with a given admittance or impedance. These two 
quantities are uniquely specified by that admittance or impedance. On 
the Smith chart they are plotted in terms of the voltage standing-wave 
ratio and the distance in wavelengths from a voltage minimum (admit¬ 
tance maximum or impedance minimum) to the desired reference plane. 
The chart also gives the values of conductance and susceptance compo¬ 
nents of any admittance. Admittance plots are used exclusively in this 
discussion because the broadband matching techniques presented involve 
the application of shunt susceptances. 

The procedure in this method is applicable to a transition which has 
been, or can be, matched by the two-parameter variation method 
described in the last section. The admit tance as a function of wavelength 
over the desired band is determined for different values of these two 
parameters. This permits the adjustment of the transition admittance to 
have certain desired characteristics. The transition is then mismatched 
to a voltage standing-wave ratio between 1.5 and 2.0 and to an admit¬ 
tance function having the proper distribution in phase, to be described 
later. By performing transformations on the Smith chart, of this 
admittance-vs.-wavelength function, it will be possible to find a point 
some distance along the line from the transition toward the generator at 
which the admittance is nearly constant over the desired wavelength 
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range. If this point occurs near the circle of unity conductance on the 
chart, as can be arranged by a proper initial mismatch of the transition, 
a waveguide iris or other susceptance can be used at this point to match 
the transition over the entire band. Further, it is sometimes possible, 
with the proper initial spread of voltage standing-wave ratios with wave¬ 
length, to secure a reduction in this spread by making use of the variation 
with wavelength of the susceptance of the matching element. 

To illustrate the application of this technique, the development of 
the crossbar transition from f-in. coaxial line to waveguide shown 
diagrammatically in Fig. 6-14, will be presented in some detail. This is 
essentially a modification of the probe transition, but it can be built more 
accurately and will carry more power than one of the probe type. Since 



crossbar depth are indicated. 

it has been matched by both the narrowband and the broadband 
methods, it provides a comparison of the results obtained by these two 
techniques. **■ ■•■****■• 

In Fig. 6T5 is plotted the admittance as a function of wavelength, for 
this transition, for different combinations of end-plate and crossbar 
positions. These dimensions are first adjusted roughly to give a voltage 
standing-wave ratio of less than 2.0 over the band desired (10.3 to 11.1 
cm) and Curve 1 is plotted. Increasing the end-plate distance by 0.080 
in. produces the admittance function, Curve 2. Next, increasing the 
crossbar insertion 0.030 in. gives Curve 3. By a slight further adjust¬ 
ment of both of these parameters the properly centered narrowband 
match plotted in Fig. 6-1(1 results. This design has a VSWR of less than 
1.05 for a 2 per cent band centered at 10.7 cm. In matching over a 
broad band, of course, this intermediate step, used as an illustration of the 
narrowband method, is not necessary. It is presented for the purpose 
of comparing the methods. The transition can be adjusted directly to 
have the admittance function represented by Curve 5, Fig. 6-15. 

In mismatching the transition so that the admittance-vs.-wavelength 
function moves from Curve 3 to Curve 5, Fig. 0-15, an important property 
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of these transitions is seen. A comparison of these curves shows that, 
although there is considerable change of admittance with changes in 
the dimensions of the transition, the general distribution and relative 
orientation of points on the curves is little changed by these variations in 
dimensions. This is true, at least, when the admittance function lies 
in the region near match as obtained by the two-parameter variation 
method. In other words, to a first approximation, for comparatively 



Fig. 6-15.—Admittance of crossbar transition from 1-ill. coaxial line to waveguide as a 
function of wavelength and dimensions; admittance measured in guide and referred to 
center of coaxial line; Xt = 10.3 cm, Xz = 10.7 cm, X 3 = 11.1 cm. 

small changes in dimensions, the dispersion of admittance with wave¬ 
length is relatively independent of the dimensions. This means, how¬ 
ever, that the dispersion with wavelength of the standing-wave ratio 
and reflection phase angle as plotted on the Smith chart can be greatly 
reduced, simply by mismatching the transition as shown. This may be 
seen by comparing the spread of these two quantities with the wavelength 
in Curves 3 and 5. 

When the characteristic is that given by Curve 5, the transition is 
no longer matched, but the variation with wavelength of both the magni- 
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tude and phase of the reflection is considerably reduced. The curve for 
the admittance as a function of wavelength does not change appreciably 
in either size or shape in going from the matched to the mismatched 
condition. Thus, it is possible to obtain a reduction in the variation with 
wavelength of either the voltage standing-wave ratio or the reflection 
phase angle or both, depending upon the orientation of the admittance 
function and the direction on the Smith chart in which the mismatch 



Fig. fj'lG.—Admittance of narrowband l-in. coaxial-line crossbar transition measured in 
guide and referred to center of coaxial line. 

occurs. However, it will appear in the following discussion that there 
are only certain ways in which the transition may be mismatched to 
permit broadband matching by the addition of a properly placed shunt 
susceptanee. 

The second property utilized in this method is quite familiar and is 
characteristic of all transmission lines with reflecting discontinuities. 
It is essentially true that in transforming impedances along the line by 
rotation about the center of a Smith chart, a given physical length of line 
represents more rotation on the chart at short wavelengths than it does 
at longer ones. If the transition is mismatched in the proper manner 
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for broadband matching, it will have an admittance-vs.-wavelength 
characteristic similar to that represented by Curves 5 in Figs. 615 and 
6-17. Since these admittances are referred to the plane of the junction 
from measurements in the waveguide, they may be transformed along 
the guide toward the generator in the usual way (by rotation of the points 
clockwise about the center of the chart), the differences in guide wave¬ 
length being taken into account. If the admittance at midband (10.7 



Fig. 0-17. —Broadband matching of J-iri. coaxial-lino crossbar transition. Curve 5: 
admittance at center of coaxial line measured in guide. Curve 0: calculated admittance 
in guide at position for iris 0.339 at 10.7 cm toward generator from coaxial line. Curve 7: 
calculated admittance at same point with inductive window of B ~ 0,45 at 10.7 cm. 

cm) is transformed as shown on Curve 6, Fig. 6-17, until it falls near the 
curve of unity conductance on the positive (capacitive) susceptance side 
of the chart, a shunt inductive susceptance such as a waveguide iris may 
be added at this point to match the transition for this wavelength. 
However, the physical distance corresponding to this electrical trans¬ 
formation represents a larger fraction of a guide wavelength (more 
rotation) at 10.3 cm, and a smaller fraction (less rotation) at 11.1 cm, 
than at midband. Consequently, the variation with wavelength of the 
admittance function is considerably less at this point than it is at the 
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junction, as is seen by comparing Curves 5 and G, Fig. (i-17. With an 
inductive iris at this point, therefore, it is possible to match the transition 
to a small VSWR over the entire wavelength range shown. This effect 
can be utilized, of course, only if the admittance function at the junction 
of the mismatched transition has the proper variation of reflection phase 
angle with wavelength. Specifically, the admittances for the. shorter 
wavelengths must have larger phase angles than those for the longer 
wavelengths. 



Fro. 0-1S.—Admittance at matching iris of broadband crossbar transition. The* 
full curve and open circles arc experimental; the dashed curve and filled circles are pre¬ 
dicted by 1 ig. 0 17. 

As mentioned previously, the variation with wavelength of the 
susceptance of the waveguide iris can bo used in this method of matching 
in such a manner as to reduce the spread in the VSWR of the transition 
with wavelength. In the example given, an inductive iris is used. The 
suseeptanee added by such an iris is proportional to the wavelength. 
The longer the wavelength then, the greater is the suseeptanee added by 
an iris of given physical dimensions. If the transition, as mismatched 
for matching over a broad band, has a VSWR which increases with wave¬ 
length, more suseeptanee is required to match it at longer wavelengths. 
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Therefore the spread in standing-wave ratio with wavelength can be 
reduced further by adjusting the transition so that it will have such a 
characteristic, and by using an iris in this manner. This effect is better 
understood by comparing Curves 6 and 7, Fig .GT7, which show that the 
admittance function at the iris is not only centered on the chart but is 
also somewhat reduced in its spread. 



10.3 10.4 10.5 10.6 10.7 10.8 10.9 11.0 11.1 


Wavelength In cm 

1’ig. 6-19.—Voltage standing-wave ratio for crossbar transition from 1-in. coaxial line 
to waveguide under different conditions of match. (1) Matched with end-plate and 
crossbar dimensions only. (2) Mismatched for broadband matching with iris. (3) 
Predicted results with matching iris. (4) Experimental results with matching iris. 

Curves G and 7 in Fig. GT7 are calculated from the initial admittance 
function of the mismatched transition, Curve 5, which was measured 
experimentally. Figure 6T8 shows the accuracy with which these 
calculated results may lie duplicated experimentally. A comparison 
of Figs. GTG and GTS shows the difference in the results obtained by the 
narrowband and broadband methods of matching this transition over the 
same wavelength range. The voltage standing-wave ratios as functions 
of wavelength for this transition under different conditions of match are 
plotted in Fig. GT9. This makes the same comparison in terms of 
VS\VR-vs.-wavelength functions for the two methods. Also shown are 
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the amount of .mismatch necessary and the type of YSWR function with 
which an inductive iris can be used to obtain this bandwidth. 

It sometimes happens, when this matching technique is used, that 
the proper reduction in the spread of the reflection phase angle with 
wavelength must be obtained by transformation of the junction admit¬ 
tance to the circle of unity conductance on the negative (inductive) 
susceptanee side of the Smith chart. Matching is then accomplished 
by the use of a capacitive iris. For this, the YSWR-vs.-wavelength 
characteristic of the transition in the mismatched condition should be 
the opposite of that shown in Fig. 0-15; that is, the smaller ratios should 
occur at the longer wavelengths since the susceptanee of a capacitive iris 
is inversely proportional to the guide wavelength. In practice, however, 
the use of the capacitive iris is avoided whenever possible, since this 
decreases the dimension of the guide parallel to the electric field and, 
therefore, decreases the voltage at which breakdown occurs. 

There are several general considerations in the use of this broadband 
matching method. It will be noted that a reduction in the spread with 
wavelength of the reflection phase angle is accomplished in two ways. 
First, considering what an admittanoe-vs.-wavelength plot represents on a 
vSmith chart, a simple mismatch of the transition constitutes such a 
reduction. Second, because of the different rates at which the various 
wavelength-vs.-admittance points rotate on the Smith chart, the junction 
admittance may be transformed along the line to some point nearer the 
generator where this spread is less. In obtaining maximum bandwidth 
these two operations are interdependent. The form of junction admit¬ 
tance as a function of frequency when the device is matched at a given 
frequency is determined by the type of junction. If a desired reduction 
in the spread of the reflection phase angle is specified, then neither the 
extent of the mismatch nor the transformation distance (rotation) neces¬ 
sary is uniquely determined; that is, the same reduction may be accom¬ 
plished by a large mismatch and a small rotation or vice versa. In this 
connection a “large mismatch ” implies a YSWR of from 1.5 to 2.0. A 
“large rotation” is, arbitrarily, one greater than a half wavelength or 
360° on the Smith chart. For example, compare Curves 4 and 5 of Fig. 
G’15. By the proper transformation along the line, the spread in phase 
of the points on either of these curves can be reduced to about the same 
amount. The transformation necessary to produce the effect, however, 
differs in the two cases. (in Curve 4, to group the points on the circle of 
unity conductance in the capacitive side of the chart, so that an inductive 
iris may bo used, a rotation of nearly 0.9 guide wavelengths is required. 
In the case of Curve 5, a rotation of less than 0.4 guide wavelengths 
produces the same result. Further, the average standing-wave ratio is 
less for Curve 4, but its variation of YSWR with wavelength is consider- 
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ably greater than that for Curve 5. Both these conditions are undesir¬ 
able. The first implies that only a small susceptance is required to 
center the rotated Curve 4 about the point of match on the chart. The 
second means that a larger total variation with wavelength of the match¬ 
ing susceptance is required to cancel this spread of YSWR with wave¬ 
length in Curve 4 which appears as a spread in susceptance at the point 
where the iris is added. However, the total variation, with wavelength, 
of the iris susceptance is proportional to the size of the iris. Hence the 
small iris does not appreciably reduce the spread of YSWR with wave¬ 
length in Curve 4 which was larger than that of Curve 5 in the beginning. 

These alternative procedures may be compared in general for a given 
transition admittance function. If the initial mismatch is small, the 
rotation required will be large. This means that the iris will be some 
distance from the transition which makes the unit larger. The iris will 
be small and less critical as to position; but, because only a small amount 
of susceptance is required for matching, it will not take advantage effec¬ 
tively of the variation in susceptance with wavelength of the iris which, 
as has been shown, can be used to reduce the spread in the YSWR with 
wavelength. If the initial mismatch is large, the rotation required will 
be small. A large matching iris will be necessary, and its position will be 
more critical. Further, if the initial mismatch is increased too much, the 
form of the admittance-vs.-wavelength function may no longer be inde¬ 
pendent of the dimensions; and the maximum bandwidth obtainable in 
this method may be decreased rather than increased. In addition, there 
will be larger standing waves in the region between the transition and its 
matching iris. This condition may decrease the power-handling capac¬ 
ity, though tests show that the effect is very small for standing waves of 
the order occurring in the transition described in this section. All these 
properties must be considered, when the transition is initially mismatched, 
for matching over the maximum wavelength range by this method. In 
practice it has been found that the use of a comparatively' large initial 
mismatch gives the best results. 

Because of the importance of the use of susceptive elements in this 
method of broadband matching, a note on their use for impedance 
matching is in order. The required susceptance may be introduced in 
the proper phase by the use of either a waveguide iris (or diaphragm) or a 
coaxial transformer. The general technique of this use of susceptance 
elements is described in Sec. 2-7. There are several reasons, however, 
for the fact that the waveguide iris has been used almost exclusively in the 
matching of transitions from coaxial line to waveguide. First, in the 
experimental development of these transitions, it is much more con¬ 
venient to insert such an iris after the transition is built when the size 
and position of the matching susceptance must be determined from 
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measurements on the transition. (second, the power-handling capacity 
of the transition must be considered. In an ideal transition, this will be 
limited only by the breakdown power of the coaxial line. In certain 
improved versions of the transitions already described this is, in fact, the 
ease. High-power tests have shown that there is considerable asymme¬ 
try of the electric field for a short distance into the coaxial line from these 
transitions. Almost any discontinuity in the coaxial-line center con¬ 
ductor in this region is likely to decrease the power required to cause the 
unit to arc at. high powers. Third, there is no particular advantage of the 
coaxial transformer over the waveguide iris for the measuring techniques 
required in this impedance matching. In the design of components as 
critical as these transitions, it is generally necessary to make standing- 
wave measurements on both sides of the transition to be certain that the 
line is terminated with a perfectly matched load, as well as to obtain 
measurements of the transition characteristics. For these reasons the 
impedance matching is almost never done from the coaxial side of the 
transition. 

Both symmetrical and asymmetrical irises have been used success¬ 
fully in this matching. The asymmetrical iris is, of course, much simpler 
to use than the symmetrical iris, and its size and position can be calcu¬ 
lated just as accurately. However, because of the amount of the next 
higher waveguide mode—the TJ^o-mode—which it excites, it should be 
avoided whenever the iris is placed too close to the transition or any other 
waveguide discontinuity such as a choke-flange coupling. The “safe” 
distance depends upon both the suseeptance of the iris and the wave¬ 
length. The field strength of the second waveguide mode excited by such 
an iris increases with the size of the iris; and the rate of its attenuation 
decreases with the wavelength. For example, the amount of the TE 20 - 
mode set up by an asymmetrical iris having a suseeptance of 0.70 (equiva¬ 
lent to a VSWR of 2.0) is attenuated to 1 per cent (40 db) of that for 
the TFio-modc incident upon the iris in O.GO tree-space wavelengths at 
10.0 cm. At 9.0 cm the corresponding distance for the same conditions 
is 0.82 wavelengths, and at 8.0 cm it is 1.29 wavelengths. These figures 
are given for the standard rectangular tubing 11 by 3 in. by 0.080-in. wall 
used as a waveguide at 10 cm. This has a cutoff wavelength of 7.22 cm 
for the TE 2 o-mode. At the 3-cm wavelengths now used for radar, and 
with the standard rectangular tubing 5 by 1 in. by 0.050-in. wall having a 
cutoff wavelength for the second mode of 2.29 cm, the effect is not so 
critical since those wavelengths are proportionately farther from cutoff. 
An asymmetrical iris used to match a voltage standing-wave ratio of 
1.5 to 2.0 should not be placed closer than a quarter guide wavelength to a 
discontinuity, when the free-space wavelength is greater than the cutoff 
wavelength of the TEbo-waveguide mode by 15 per cent or less. The 
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theory of (and data for) the use of the asymmetrical waveguide iris is 
developed elsewhere. 1 

6'7. Broadband Matching with Coaxial Stubs.—It is possible by 
means of a properly placed narrowband coaxial stub support to improve 
considerably the match of a transition, from coaxial line to waveguide 
over a given band. By narrowband stub support is meant one not 
having a broadband coaxial matching transformer such as that described 
in Sec. 4-4. The reason for the use of the narrowband stub will appear 
in this discussion. Although used in only one specific application, this 



method should be applicable to all transitions having the proper junction 
admittance function. However it is neither so simple and convenient 
mechanically, nor so effective electrically, as the method described in the 
last section. 

This method is particularly applicable to high-power transitions, 
which, operated at powers too high for beads, require a stub support on the 
center conductor whether or not this stub is used in the matching of the 
transition. It consists of reducing the variation of susceptance with 
wavelength of the probe transition by means of a quarter-wavelength, 
coaxial, short-circuited section (stub support) properly placed in shunt 
with coaxial line. The susceptance function of such an element is 

1 A. E. Heins, “The Susceptance of Asymmetrically Located Windows in Rec¬ 
tangular Wave Guides,” RL Report Xo. 183, October 1942; X. H. Frank, Wave Guide 
Handbook , Sec. Ill, RL Report T-9, Xovember 1942; W. Sichak, “One Sided Inductive 
Irises and Quarter-wave Capacitive Transformers in Waveguide,” RL Report Xo. 
426, November 1943. 
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nearly the same form as that of the probe transition alone; but it has the 
opposite sign with respect to wavelength. 

The method was used in the broadband matching of a transition 
beween f-in. coaxial line (with f-in. center conductor) and the standard 
i- by 3-in. rectangular waveguide in the region of 9 cm. The construction 
of this unit is shown in Fig. 6-20. The design was developed in the follow¬ 
ing manner. The probe transition, without the coaxial stub support, 



1'iu. 0-21.—Admittance as a function of wavelength for Tin. coaxial-line transition, 
measured in coaxial line. Curve I: admittance at junction (see I r ig. 0-20). Curve II: 
admittance approximately |X away from junction in coaxial line. 

was matched at 9.1 cm by variation of the probe and end-plate positions, 
dimensions P and D in Fig. 6-20. (The probe was supported from the 
input end of the coaxial slotted section used for measuring standing 
waves.) The admittance of this transition, measured from the coaxial 
side and plotted at the reference plane indicated in Fig. 6-20, has the 
characteristics shown as Curve I on the Smith chart, Fig. C-21. Approxi¬ 
mately three-eighths of a wavelength back in the coaxial line (rotation 
toward the generator on the chart) this transforms into the admittance 
function shown as Curve II. This is almost a purely susceptive variation 
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with wavelength, having negative (inductive) susceptances for wave¬ 
lengths shorter than 9.1 cm and positive (capacitive) susceptances for 
those longer. A quarter-wavelength short-circuited section of line added 
in shunt at this point will have a similar variation in susceptance but 
one of opposite sign with respect to wavelength. This is seen from the 



Fig. 6’22.—Calculated admittance as a function of wavelength at center of in. coaxial 
stub. Admittance is that of stub alone. 


formula for the admittance of short-circuited section of lossless trans¬ 
mission line. 


Y_ 

To 



The calculated admittance as a function of wavelength for such a 
stub is plotted in Fig. 6-22 for the same wavelength range over which 
the transition was measured. A broadband stub support does not have 
this characteristic, and therefore it cannot be used for matching in this 
way. When the stub and probe susceptance functions are combined in 
the proper phase, the variation of match of the combination is consider¬ 
ably reduced over that of either unit alone, as shown in Fig. 6-23. The 
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0-23.—Admittance an a function of wavelength for |-in. coaxial stub-supported 
probe transition measured in coaxial line and referred to center of stub. Admittance is for 
combination of transition and stub. 


maximum voltage standing-wave ri 
reduced from 1.13 to 1.07. This 
effect in terms of VSWR as a func¬ 
tion of wavelength is shown in Fig. 
0-24. Further improvement 
could probably be effected by 
using a stub of characteristic im¬ 
pedance different from that of the 
line and by redetermining the stub 
position and the transition dimen¬ 
sions for proper centering of the 
match in the range measured. 
However, since this result was 
adequate for the requirement at 
the time, no further improvement 
was attempted. Further, it is poss 


over the range measured has been 



Fiti. 6-24.—Voltage standing-wave ratio 
as a function of wavelength for probe 
transition from £-in. coaxial line, stub-sup¬ 
ported, to waveguide. 

ble to match this transition over wider 
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wavelength bands, or to adapt it to other bands by the use of the wave¬ 
guide matching iris in the manner described in the last section. A sum¬ 
mary of these results will be given later. 

6-8. Tuning Adjustments.—The earliest transitions from coaxial line 
to waveguide, which were usually of the crossed coaxial-line-to-waveguide 
type shown in Fig. 6 - 8 , were quite frequency-sensitive and were, therefore, 
built with adjustable plungers in the waveguide and coaxial short- 
circuited sections so that the transition could be tuned to the desired 
frequency. These were soon replaced by fixed-tuned transitions of 
somewhat different types, which are better matched over a broad band. 
It has been found that when bandwidths of about 10 to 20 per cent are 
desired, the dimensions of such transitions are critical; and it is difficult 
to duplicate the impedance characteristics of the original design. This 
realization led to the development of a method for adjusting the match 
of subsequent experimental and production units to obtain maximum 
bandwidth and optimum match. 

Since the amount of tuning required is generally small, and because 
they are easily constructed and have a smaller effect than other tuners 
on the power-handling capacity of the units, waveguide tuning screws 
are used as the final matching adjustment on some of these transitions. 
The general use of screws as tuning elements is discussed in Sec. 8T4. 
Application to transitions from coaxial line to waveguide will be pre¬ 
sented here. 

In building a number of 10-cm broadband transitions to the same 
design, it has been found that the matching iris dimensions required to 
give the maximum bandwidth or the optimum match over a given broad 
band vary as much as ±0.040 in. in both position and aperture, indicating 
that the transition characteristics are not identical with those of the 
original design. However, in most instances it is possible, by the calcula¬ 
tion of new iris dimensions from measurements on the transition without 
the matching iris, to obtain bandwidths and degrees of match quite 
comparable with those of the original design model. By a slight adjust¬ 
ment, then, of the amount and phase of the matching susceptance, it 
would be possible to match, over a broad band, transitions which do not 
duplicate exactly the characteristics of the original design. This match¬ 
ing can be done much more easily with tuning screws than by the calcula¬ 
tion of new matching iris dimensions from standing-wave measurements 
on the transition. Further, when so tuned, the screw tuners can be 
locked or soldered and no further adjustment is necessary. This tech¬ 
nique has proved very useful in the laboratory; it also expedites the 
production of satisfactory units using these transitions, such as mag¬ 
netron couplings, antennas, and rotary joints. This technique should 
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not be used, however, as a substitute for the development of accurate 
production assembly methods. 

One arrangement which has been used effectively is that shown in 
Fig. 6-25. With screws of fairly large diameter (about 1 in. at 
10 cm), it is possible to obtain quite large capacitive susceptances and 
inductive susceptances of the order of 0.15 (normalized) or slightly 
larger. In the arrangement shown, these screws are in the center of the 
wide side of the guide, one centered on the matching iris, and the other 
one-eighth guide wavelength away toward the transition. Each screw 
can be moved from about 0.2 in. projection into the guide to about 1 in. 
back into its housing. This gives a continuous variation in susccptance 



from about +0.3 capacitive to about —0.15 inductive. Jn the figure, 
one screw is shown in the position which gives maximum inductive 
susceptance and the other in the position for a capacitive suseeptance. 
Capacitive susceptances which are considerably larger than the value 
given are obtainable with such a screw. However, the value given for 
the inductive susceptance is about the maximum that may be obtained 
from a screw of this diameter at 10 cm. This limits the magnitude of 
admittance variation which may be produced in any phase by two screws 
used in this manner. 

The screw centered on the iris produces at this point a variation of 
susceptance which is effectively an adjustment of the iris aperture. The 
other screw gives a variation of susceptance one-eighth guide wavelength 
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away. This appears at the iris as a change in conductance which effec¬ 
tively adjusts the iris position. 

Since the mismatch which is to be canceled may occur in any phase, 
the limiting factor of this device is the maximum inductive susceptance 
obtainable with a given size screw. With the 10-cm screw tuner described 
above, a reflection of any phase may be reduced by a factor of about 
1.15 in terms of the voltage standing-wave ratio. Similar results are 
obtained at 3 cm when the dimensions are sealed according to the guide 
wavelengths. Screws of larger diameter have been used to obtain a 
greater inductive susceptance, but these do not give purely susceptive 
tuning when used to introduce capacitance; sometimes, they actually 
produce a shunt resonance. Screws of the size discussed above are about 
the optimum for applications in which the same diameter screw is used 
for capacitive and inductive tuning. Other type's of screws for general 
application are discussed in Chap. 8. 

This type of tuning adjustment can, of course, be applied equally 
well to other devices, particularly to transitions matched by the narrow- 
band method. In each type this amount of corrective tuning on produc¬ 
tion units has proved sufficient to bring the voltage standing-wave ratios 
well within the desired limits which are usually 1.10 and 1.15. 

This method of adjusting the final match of these transitions is 
particularly simple and convenient for narrowband matching. The 
reflection from the transition is measured at the proper frequency and 
the screws are adjusted to give a minimum standing-wave ratio and then 
soldered in position. This is a feasible production technique. Broad¬ 
band matching however, which is more often necessary, is more difficult 
to accomplish by this method. In this case, it is necessary to make a 
plot of admittance vs. wavelength, or to obtain the equivalent informa¬ 
tion by means of a microwave impedance bridge, an instrument which 
measures the voltage standing-wave ratio simultaneously at several 
different frequencies in the desired band. The reason for this procedure 
may be seen by reference to Fig. 6-17 or to Fig. 6-18. The transition 
can be adjusted, by means of the screw tuner, to have a standing-wave 
ratio of unity at midband (10.7 cm). This would occur, however, through 
the addition of capacitive susceptance which would shift the entire curve 
upward and cause the mismatch at the ends of the band to increase. 
Therefore the screw tuner must be used to center the admittance curve 
for a broadband transition about the point of match on the chart, rather 
than to match it at a specific wavelength. 

6-9. Examples of Transition Construction.—Many mechanical 
arrangements have been employed in the construction of coaxial-line-to- 
waveguide transitions with differences depending upon the application 
and the conditions under which the unit is to be operated. A number 
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of these are diagrammed in Fig. 6-26 for easy reference and in order to 
facilitate comparisons between different designs. By adjustment of 
the proper dimensions, it is possible to obtain an impedance match for 
nearly any geometrical shape of transition region, at nearly any wave¬ 
length in the range for which the waveguide and coaxial line support only 
their lowest modes. However, the impedance characteristics of different 
types of transitions differ considerably for wavelengths, in the region of 
that for which the transition is best matched. Since the transition 
dimensions are usually critical, and since there are few instances in which 
a desired type of electrical characteristic cannot be obtained with one 
of the geometrically simple constructions shown, the practice has been 
to use the simplest possible arrangement by which a given impedance 
characteristic can be obtained. Most of the transitions shown in Fig. 
6-26 are based on the waveguide antenna or electric-coupling method 
described in Sec. 6-3. However, the distinction between this and the 
magnetic or loop-coupling method is hardly significant in some of the 
more complicated constructions. 

6-10. Crossed Transitions from Coaxial Line to Waveguide. —The 

earliest method of providing a transition from the principal coaxial mode 
to the lowest rectangular (or round) waveguide mode is the crossed line 
and guide transition shown in Fig. 6-.20n. As discussed in Sec. 6-3, 
matching is accomplished by adjusting the lengths of the waveguide and 
coaxial-line short-circuited sections, dimensions D and S in the figure. 
In the region of match, this transition hasalways proved very frequency- 
sensitive and, therefore, has been used either as a tunable device or as 
a narrowband fixed-tuned transition. Figure 6-27 shows the detailed 
construction and electrical characteristics for this type of transition 
between iV-in. coaxial line and rectangular waveguide i by 1 in. by 
0.050-in. wall in the 3-cm region. Measurements for its development 
are made in the waveguide; and a long length of RG-9/C/ cable (see 
Sec. 5-1) is coupled to the coaxial line with a type N connector, UG-58/T/ 
(see Sec. 4-2), used as the coaxial load. The mismatch of the cable 
section was about 1.14 in voltage at 3.2 cm. This design met require¬ 
ments for a rugged, easily constructed transition matched reasonably 
well for a narrow band. It has been used in microwave test equipment 
as a low-power, type N connector to 3-cm waveguide adapter. 

Another type of crossed coaxial-line-and-waveguide transition, tuned 
in another way, is that shown in Fig. 0-265. In this unit the outer con¬ 
ductor of the coaxial line extends into the waveguide from both sides, 
forming a tunable coupling gap. It is used as a tuning device to match 
power into a coaxial crystal mount in a 3-cm standing-wave detector. 
Tuning is accomplished by varying the coaxial stub length S and the gap 
in the coaxial line G. It is a narrowband tunable device; its charac- 
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teristics are, of course, also determined by the position of the waveguide 
short circuit which is fixed in this unit. By making all three dimensions 
variable, it should be possible to adjust the bandwidth to some extent, 
as well as to match the transition at a given wavelength. This, however, 
is an unnecessary complication in a tunable device. 




Probe transitions 


Dimensions used in matching 
A- Iris aperture 
D -End plate distance 
G -Coupling gap 
H- Contour height 
L-Loop size 
P -Probe insertion 
/f - Iris position 
S-Coaxial stub length 


1'iG. G-20. -Transitions from coaxial line to waveguide, (a) Crossed transitions from 
coaxial line to waveguide; (h) crossed transition with adjustable gapt?; (e) probe transition 
with broadband stub support; (d) broadband probe transition with matching stub support 
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6-11. Probe Transitions.— In terms of the impedance match and the 
bandwidth obtainable without special matching techniques, the probe 
transition is the most desirable type and has had considerable application 
in microwave systems and test equipment. Some of the possible differ- 



(*) « 


(e) bead-supported probe; (/) dielectric-supported probe; (g) crossbar transitions; (h) 
wine glass or Grecian urn; (i) hemisphere; (./) /7-plnno loop coupling; (k) //-plane loop 
coupling; (l) resonant-slot coupling. 
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ent constructions of this transition are shown in Figs. 6-26c to /. The 
chief problem involved in the design of such a transition is the support 
of the coaxial center conductor which should not limit the power-handling 
capacity of the unit to less than that of the transition itself. 

Figure 6-26c shows a method of supporting the center conductor of 
the coaxial line by means of a quarter-wavelength coaxial stub having a 
half-wavelength coaxial transformer for broadband matching of the stub 
only. Such a stub is very well matched (VSWR less than 1.05) over as 



Fig. 6-27.—Voltage standing-wave ratio characteristics of adapter from type N connector 

to waveguide. 

much as a 30 per cent band and is the basis of the broadband stub- 
supported coaxial line discussed in Chap. 4. The characteristics of the 
transition are very little affected by the presence of the stub, and the 
coaxial line is broken in the figure to indicate that the position of the stub 
along the line is unimportant. However, in order to support the probe 
accurately, the stub should be placed as close to the waveguide as possible. 
On the other hand, it probably should not be designed to come less than 
a half wavelength from the transition in order that the higher modes set 
up in the region of such discontinuities are damped sufficiently to prevent 
interference with the functions of either the stub or the transition. The 
development of this transition and its electrical characteristics have been 
discussed in detail in Secs. 6-5 and G-7. Typical plots of voltage 
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standing-wave ratio vs. wavelength for probe transitions from lf-in. 
and |-in. coaxial lines are to be found in Figs. 612 and 6-24, respectively; 
such a plot is shown in Fig. 6-24 by the curve labeled “probe transition 
only.” This type of transition has been used successfully in units requir¬ 
ing transitions from coaxial line to waveguide at both 10- and 3-cm 
wavelengths. 

The effect obtained in using a narrow-band coaxial stub support to 
reduce the frequency sensitivity of a probe transition has been discussed 



Fig. 6-28.—Probe transition from J-in. roaxial line to waveguide with simple stub 
support. Curve I: original design. Curve II: average for two production units of original 
design. Curve III: transition matched with iris for 9.9 to 11.1 cm (average of three 
individually matched units). Curve IV: transition matched with iris for 8 to 12 cm 
(average of two individually matched units). 


in Sec. 6-7. The basic construction of this transition is shown in Figs. 
6-20 and 6-26 d. The application of this technique to the probe transition 
from 5-in. coaxial line to waveguide, described previously, has resulted 
in a particularly useful transition in the 10-cm region. Its properties 
are given in the VSWR-vs.-wavelength plot in Fig. 6-24 and by Curve I, 
Fig. 6-28. By the use of matching irises in the manner described in 
Sec. 6-6, it has been possible to adjust the frequency of best match and, 
to some extent, the bandwidth of this transition over a considerable 
range. This has been done without variation of the transition-matching 
dimensions (end-plate distance, probe insertion, and stub position) from 
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those of the original design. Results of these further modifications an 
given in Fig. 6-28. Curve II is voltage standing-wave ratio as a function 
of wavelength, averaged from two production units made to the original 
design, but measured over a considerably wider wavelength range than 
that for which the transition was intended. To meet requirements for 
transitions handling appreciable power and being sufficiently well 
matched, in the 9.9- to 11.1-cm band, to be used for measuring equip¬ 
ment, three production models were individually matched with waveguide 
irises. Each transition was measured over this band, and separate 
matching irises were calculated for each one. The results for these three 
transitions are averaged in Curve III. A similar type of experimental 




Wavelength in cm 

Fli;. fl20.—Bead-supported probe transition in re-in. coaxial line. 

development is shown in Curve IV. In this instance an attempt was 
made to secure the best possible match over the entire 8- to 12-em wave¬ 
length range by the use of matching irises. This was done with two 
production units built to the original design for the stub-matched probe 
transition. 

Although the coaxial-stub method of supporting the center conductor 
does not limit the power-handling capacity of the probe transition 
(which is generally less than that of the coaxial line itself), it has another 
disadvantage. The electrical characteristics of these transitions are 
sensitive to the centering and insertion of the probe. These dimensions 
are particularly difficult to hold accurately in assembly since the sup¬ 
porting stub is some distance from the transition region. Because of 
,his fact and because the probe transition has a lower breakdown power 
han the coaxial line, this transition has been replaced by other types in 
pplications where high power is used and a very good match is required. 
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In instances where power limitations and sizable reflections are net 
serious considerations, such as in certain test equipment, the probe may 
very conveniently be supported by a dielectric (usually polystyrene) as 
shown in Figs. C-2fie and /. The bead shown in Fig. 6-26e is frequently 
part of a type N coaxial connector in ry-in. line. The outer-conductor 
diameter is increased at the bead in order to maintain a 50-ohm charac¬ 
teristic impedance in the dielectric-filled region. The length of the 



Fig. G-30.—Adapter from type N connector to 3-cm waveguide (dielectric-supported 

probe transition). 

bead is a quarter wavelength in the dielectric so that the capacitive mis¬ 
match occurring at one end cancels that at the other. This transition has 
been used extensively in test equipment and other low-power microwave 
applications at both 10- and 3-cm wavelengths. Figure G-29 shows the 
detailed construction of a typical adapter from type N coaxial connector 
to waveguide with a representative plot of the VSWR as a function of 
wavelength for the design matched at about 9.5 cm. Table 6 T gives 
the dimensions for matching at other wavelengths. Relative to other 
types of transitions these adapters are limited by the inconsistencies 
and frequency sensitivity of the type N connectors, but they have been 

Tabi.e 61. —Dimensions for Adapter from Type N Coaxiai, Connector to 


Waveguide* for Best Match at Various Wavelengths 


X 

Coaxial line, 
in. 

Waveguide, 

in. 

B, 

in. 

D, 

in. 

P, 

in. 

Band 

VSWR < 1.10, 

% 

3.3 

0.296 0.125 

1 2 x 1 X 0.050 

0.500 

0.310 

0.250 

+ 1 

9.5 

0.296 0.125 

1 1 2 X 3 X 0.080 

0.143 

0.707 

0.765 

+ 3 

11.0 

0.296 0.125 

\H X 3 X 0.080 

1 

0.143 

0.725 

0.862 | 

+ 3 


* >Se« Fig. 0-20. 
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widely used in low-power microwave systems. A bead-supported 3-cm 
adapter of this type and one having a crossed coaxial-line-and-waveguide 
transition are pictured in Fig. 6-30. 

A somewhat more rugged and accurate method of supporting the 
probe by means of dielectric is that shown in Fig. 6-26/. The detailed 
construction and electrical characteristics of this type of transition used 
as a type N coaxial-connector-to-waveguide adapter are shown in Fig. 

6-31; those dimensions which are 
more important in matching are 
indicated. In this design the size 
of the coaxial line varies for struc¬ 
tural reasons, but a 50-ohm 
characteristic impedance is] main¬ 
tained in both the air- and dielec¬ 
tric-filled regions. Matching was 
accomplished by varying the end- 
plate distance, the probe insertion, 
and the length of the dielectric 
support. This adapter has proved 
to be a superior type at 3-cm 
wavelengths; the same construc¬ 
tion has not yet been used for 
10-cm applications. It is consis¬ 
tently better, matched for a 
broader band in production than 
the types discussed above, prob¬ 
ably because of the more accurate 
method of positioning the probe. 

6-12. Crossbar Transitions.— 
In order to simplify the construc¬ 
tion of coaxial-line-to-waveguide transitions and to permit a more accurate 
support of the center conductor, the “crossbar” transition, 1 shown in 
Fig. 6-2%, was developed for use in a 3-cm coaxial rotary joint of 
70-ohm characteristic impedance with transitions to waveguide on either 
end. Dimensions and voltage standing-wave ratio characteristics for this 
transition are given in Fig. 6 32. In this development it was possible to 
achieve an adequate impedance match and bandwidth without resorting 
to additional matching elements such as waveguide irises or coaxial trans¬ 
formers. This same type of transition, for wavelengths near 10 cm using 
standard waveguide and £-in. coaxial line having a characteristic imped¬ 
ance of 50 ohms, has proved considerably more frequency-sensitive. 

1 C. F. Edwards, “Preliminary Report on a Waveguide Rotary Joint,” BTL 
Memorandum 43-160-120, July 1943. 



Fig. 6-31.—Type N coaxial connector to 
3-cm waveguide probe transition. 
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3.0 3.1 3.2 3.3 3.4 3.5 3.6 3.7 

Wavelength in cm 

Fig. 6-32.—Crossbar transition from 3-cm coaxial line to waveguide (data from Kef. 6) 
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Table 6-2.—Dimensions fob Curves Shown in Fig. 6-33 


Curve 

X), in. 

P, in. 

R, in. 

A, in. 

Band, cm 
(VSWR < 1.10) 

i 

0.696 

0.509 



9.25 + 4% 

ii 

1.670 

0.653 



10.7 + 2% 

hi 

0.530 

0.705 

2.200 

2.120 

10.2 to 11.2 


One method of matching this transition over a broad band by means of a 


waveguide iris has been described 



in Sec. 6-6. A summary of the 
different design dimensions for 
crossbar transitions in the 8- to 11- 
cm wavelength region may be 
found in Fig. 6 33 and in Table 
6 2. The broadband model is 
pictured in Fig. 6-34. 

The differences in the proper¬ 
ties of the transitions shown in 
Figs. 6-32 and 6-33 is easily under¬ 
stood in terms of the relative guide 
wavelengths. First, the formula 
for the guide wavelength is 



Fig. 6-34.—Broadband crossbar transition where Xo is the free-space wave- 
8 length, and X c is the cutoff wave- 

length (equal to twice the inside wide dimension of the guide). Now, as X 0 
approaches X r , the rate of change of X„ with X 0 will increase; that is, the 
nearer the waveguide component is operated to the cutoff wavelength, 
the more frequency-sensitive it becomes. The ratio of free-space to 
cutoff wavelength for the three different transitions is as follows: 


Xo (midband), cm X/X.- 

3.3 0.579 

9.2 0.637 

10.7 0.741 


If all dimensions of the different transitions were scaled according 
to the wavelength, the electrical properties, of course, would remain 
unchanged. This method has been used to great advantage in special 
applications where a component of the desired characteristics has been 
developed for another wavelength. However, the waveguide anil 
coaxial-line sizes for the different wavelength bands are predetermined 
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and usually are not in the correct ratio for “scaling,” in terms of guide 
wavelengths. In comparing these crossbar transitions, the effect is 
complicated even further by the difference in the characteristic impedance 
of the coaxial line which is 70 ohms for the 3.3-cm transition and 50 ohms 
for the other two. 

6-13. “Doorknob” Transitions. —The only limit on the power which 
may be safely transmitted by a coaxial-line-to-waveguide transition under 
given conditions should be that imposed by the breakdown voltage of 
the coaxial line alone. Although the crossbar transition can carry 
more than twice the power of which the stub-supported probe transitions 
are capable, this desired maximum power limit was not obtained with 
either design. In order to achieve this, a transition 1 was developed 
in which the center conductor of the coaxial line terminates on the oppo¬ 
site side of the guide (for an U-plane, right-angle transition) in a knob of 
the proper size to permit impedance-matching and of a “streamlined” 
shape to increase the power required for breakdown. This general type of 
transition, two versions of which are shown in Figs. 6-26h and i, is 
widely known as the “doorknob” transition and occasionally by more 
colorful names which identify different shapes of doorknobs. 

The doorknob may be thought of as an “inverted” stub in a crossed 
coaxial-line-and-waveguide transition. The purpose of this stub is to 
match the susceptance (as measured in the coaxial line) of the “antenna” 
(that portion of the coaxial center-conductor extending across the guide) 
which excites the waveguide, as discussed in Sec. 6-3. The proper shunt 
susceptance for this matching can be added by “building up” the inside 
of the guide in this region as well as by using a short-circuited section 
of coaxial line having the proper input susceptance. Further, as might 
be expected, this arrangement proves slightly less frequency-sensitive 
than one in which the susceptance matching the waveguide antenna 
depends upon the electrical characteristics of an appreciable length of 
coaxial line. 

This type of construction has very successfully improved the power¬ 
carrying capability of the coaxial-line-to-waveguide transition to the 
point where it is limited only by the breakdown power of the coaxial 
line. An extensive series of high-power tests on different types of door¬ 
knob transitions has been made under a number of different conditions of 
pressure, standing waves, and ionizing radiation. These have shown 
that a well-made transition of this type, operating in a reasonably 
well-matched transmission line, will break down only at powers necessary 
to cause arcing in the coaxial line. These transitions have had wide 

1 N. A. Schuster and G. L. Hollingsworth, "Development of an Improved Con¬ 
version Unit for Coaxial Line to Waveguide Feed,” General Electric Co. Engineering 
Memorandum EMT-521, January 1943. 




350 


TRANSITION UNITS 


[Sec. 6-13 


application in 10-cm waveguide systems using magnetrons with coaxial- 
output or coaxial-mode rotary joints. This construction also has been 
used in 3-cm rotary j oints and in certain test equipment. It has been used 
in 1-cm applications, chiefly as a means of matching power into a crystal. 
Some of these applications are largely experimental, and such transitions 
generally have adjustable dimensions to permit tuning. 

When matched only by adjustment of the transition dimensions (end- 
plate distance, and doorknob size and shape), these transitions are 
comparatively narrow band; that is, they have a VSWR of less than 1.10 
for a bandwidth of only a few per cent. By mismatching the transition 
and matching over a broad band with a waveguide iris, in the manner 



narrowband model (data from Ref, 7). Curve II: average of four design models for 
broadband transition, 

described in Sec. 6 6, bandwidths of the order of 10 to 20 per cent are 
obtainable. This has been done for a number of different 10-cm transi¬ 
tions; it has not been done, to any extent, for the 3-cm transitions 
since coaxial line is seldom used in high-power applications at this 
wavelength. Requirements for the match are not so stringent for low- 
power transitions. 

Although the doorknob transition is quite satisfactory in terms of 
its power-handling capacity and bandwidth (if properly “ broadbanded ” 
with an iris), it is extremely critical as to dimensions. Since the specifica¬ 
tions for its construction are detailed, they cannot be included here. 
However, some representative electrical characteristics for different 
designs will be presented with references from which more detailed 
design information may be obtained. 

Figure 6-35 shows the voltage standing-wave ratio as a function of 
wavelength for two designs of doorknob transitions from li-in. coaxial 
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line to standard 10-cm waveguide. Both have the same general con¬ 
struction shown in Fig. 6-26 h. The characteristic of the narrowband 
model is plotted as Curve I. This design differs from that for the 
broadband model in that it has no matching iris and has a flat end plate 
some distance farther from the doorknob than is the semicircular end 
plate in the broadband model. These curves show the frequency 
sensitivity of the basic design of doorknob transition in this wavelength 
range as well as the improvement which may be obtained by broad¬ 
band matching with an inductive waveguide iris. Curve II for the 
broadband model is the average of the data taken from measurements on 
four units for which individual matching irises had been calculated. 



Fig. 6-36.—Doorknob transitions from f-in. and lj-in. coaxial line to waveguide. 
Curve I: average for four preproduction models individually matched for maximum 
bandwidth, 3 -in. coaxial line. Curve II: average for 10 preproduction models of same 
design as for Curve I, but with different iris for longer wavelengths, f-in. coaxial line. 
Curve III: design model li-in. coaxial transition hemispherical doorknob. 

Some results for doorknob transitions with different sizes of coaxial 
line at different wavelengths in the 10-cm region are shown in Fig. 6-36. 
Curve I represents the characteristics of the broadband £-in. coaxial- 
line-to-waveguide doorknob transition which has the same general 
design in the transition region as that discussed above and shown in Fig. 
6-26 h. This result was obtained in the usual way, by varying the 
transition dimensions to give the proper mismatch and by matching with 
a waveguide iris calculated to give the maximum bandwidth. Curve II 
is the characteristic curve of the same transition design with a slightly 
different position of matching iris to improve the match in the region of 
11 cm. It should be noted that this can be done only at the expense of a 
standing-wave ratio with a slightly higher average over the band and a 
somewhat decreased bandwidth. Curve III is the VSWR as a function 
of wavelength for a hemispherical doorknob transition from 1-j-in. 
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coaxial line to waveguide for use in the 8- to 9-cm band. This has the 
construction shown in Fig. G-26I. 

Similar transitions have been built for 3-cm wavelengths, though 
they have had far less application than those for 10 cm. So far, little 
work has been done in attempting to increase the bandwidth of these 
transitions by means of a waveguide iris. Figure 0-37 shows the voltage 
standing-wave ratio as a function of wavelength for two experimental 
models of doorknob transitions matched in the region of 3.2 cm. Both 
of these were matched by adjustment of the end-plate position and shape 
and the doorknob size and shape. One form was used 1 at the Tele- 



1.00 L —i->4-rrrrrr_j-u 

3.10 3.15 3.20 3.25 3.30 


Wavelength in cm 

Fig. 6-37.—Doorknob transition from 3-cm coaxial line to waveguide. Curve A : British 
(TRE) hemispherical doorknob transition similar to Fig. 6'26t except that a semicircular 
end plate and no matching iris are used. Curve B: General Electric transition similar to 
Fig. 6'26/t without matching iris. 

communications Research Establishment in matching power from 
3-cm waveguide into a thermistor for low-level power measurements. 
It has a hemispherically shaped doorknob similar to that shown in 
Fig. 6-26f, and a semicircular end plate very close to the doorknob, similar 
to the arrangement shown in Fig. 6'26/t. An improved design has been 
developed, but the details are not yet available. The transition as 
developed at the General Electric Company 2 has the same general con¬ 
struction as that shown in Fig. G-26/i but with no matching iris. This 
was an experimental development intended for use in a 3-cm coaxial-mode 
rotary joint. 

1 P. R. Tunnicliffe, “An RF Wattmeter for Low-Level Power Measurements at 
3 cm,” TRE Report T 1663, May 1944. 

2 K. M. Uglow, General Electric Co., Transmitter Engineering Division, Letter of 
Feb. 19, 1944, to G. L. Ragan, Radiation Laboratory, M.I.T. 
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In terms of its power-handling capabilities, bandwidth, and degree 
of match attainable, the doorknob transition has proved the most 
satisfactory type for high-power work. Furthermore, it has the advan¬ 
tage in applications to rotary joints that, since the center conductor 
terminates on the bottom of the guide, a second low-power coaxial 
rotary joint may be built within the center conductor. This is a great 
advantage in certain types of installations. However, the doorknob 
transition is very difficult to build because its dimensions are quite critical. 
This is to be expected for the broadband models in which the transition 
is actually adjusted to have a considerable mismatch of the proper 
distribution with wavelength in magnitude and phase so that it may be 
matched over a broad band by means of a waveguide iris. There has 
been considerable difficulty in securing consistent production units. 
The machining tolerances required by most designs are not unduly 
small and can be met, with care. It appears, however, to be much more 
difficult to maintain the assembly dimensions because of the distortion 
and movement of the parts at the temperatures required forsilver soldering. 

Calculations of new matching irises from measurements on individual 
transitions can compensate for these deviations. This, however, is 
laborious; the same result can be accomplished by the use of tuning 
screws to adjust the iris impedance slightly in the manner described in 
Sec. G'8. But, since the calculation of matching irises for individual 
units is not practical and tuning adjustments are undesirable as produc¬ 
tion techniques, several different methods of manufacturing these transi¬ 
tions have been tried. The doorknob contour itself can be machined 
with a sufficient accuracy; and it is not likely to distort in assembly if 
properly designed. The chief problem arises in maintaining accurate 
dimensions in the waveguide section. Ordinary rectangular tubing is not 
sufficiently accurate; and it is subject to considerable distortion. 
Attempts to cast waveguide sections have not, so far, proved satis¬ 
factory. Elect.roformed sections are slightly more accurate, but they 
lack mechanical strength at the junction between the coaxial outer 
conductor and the waveguide wall. Machined sections are, usually, 
unnecessarily heavy and too expensive for practicability. The best 
results have been obtained by using a well-annealed precision wave¬ 
guide that is very carefully handled during the assembly process. Fur¬ 
nace-assembly soldering of the parts, accurately held in position with 
soldering jigs, is required to minimize variations in production units. 
Since considerable work has been done on the problem of manufacturing 
well-matched doorknob transitions, all the results cannot be given here. 
Further information and design details may be obtained from previous 
references and elsewhere. 1 

1 F. L. Niemann, “10-Cm Coaxial bine-to-Rcctangular Waveguide Transitions,” 
KL Report No. 802, December 1945. 
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6-14. Magnetic and Resonant-slot Couplings. —The transitions 
described thus far have been of the electric-coupling type in which 
various means of supporting a waveguide-exciting antenna are employed. 
As discussed in Sec. 6-3, there is also the magnetic-coupling transition 
which is formed by terminating the coaxial line in a loop, the plane of 
which is orthogonal in the waveguide to the magnetic field associated 
with the T Em-mode. Several different versions of this transition have 
been developed, and a few have had limited application. They are, 
in general, difficult to match, quite frequency-sensitive, and critical as 



Wavelength in cm 

Fig. 6-38.-—St-raight-through transition from g-in. coaxial line to waveguide. 


to dimensions, so that they have a number of disadvantages when 
compared with the electric-coupling type of transition. In one instance 
in which a straight-through A-plane transition at 9.4 cm was required, 
the construction shown in Tig. 6-267 was used with limited success. The 
dimensions and electrical characteristics of this transition are given in 
Fig. 6-38. It was matched by variation of the loop size L and the probe 
depth P (Fig. 6-26 j). A particularly long probe was necessary to obtain 
the proper susceptance. The supporting post was arbitrarily chosen 
fairly large in order to minimize high-power breakdown to the opposite 
side of the guide. 

Figures 6-26A and / show two right-angle //-plane transitions for the 
10-cm region used by the Raytheon Manufacturing Company. The 
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first is a straightforward loop coupling which could be matched by 
variation of the loop size and end-plate distance, but which proved too 
frequency-sensitive to be of much use. The second is based on the idea 
that the distribution of electric field in a resonant slot in the coaxial 
line is similar to that required to excite the TEw-mode in rectangular 
waveguide. The slot region is excited by magnetic coupling from the 
loop formed by grounding the center conductor to the outer conductor 
in the region of the slot. This transition proves somewhat broader band 
than the other with a VSWR of less than 1.10 for a ±3 per cent band 
when the unit is well made. Matching of this transition is accomplished 
by variation of the slot width and length, the end-plate distance, the loop 
size, and the guide height which provides the proper susceptance. As in 
the case of any transition of complicated geometry most of these dimen¬ 
sions prove rather critical, and the desired characteristics are difficult to 
reproduce. This transition was used in one model of a production radar 
system but was replaced in later models by a probe-type transition. 

6-15. Applications and Special Transitions. —In addition to providing 
transitions between the different standard coaxial lines and waveguides, 
some of the units described have been combined with other devices for 
specific applications. The most frequently used examples are the 
magnetron-to-waveguide input couplings, and the coaxial rotary joints 
between waveguide sections. The applications to rotary joints will be 
discussed in Chap. 7. Two different kinds of magnetron couplings will 
be described here. 

One type of waveguide coupling for a high-power 10-cm magnetron 
having coaxial output section is shown in Pig. 6-39. In this design the 
magnetron may be removed from the coupling unit. The outer conduc¬ 
tors are coupled by means of the conventional half-wavelength coaxial 
choke (see Chaps. 2 and 7). The center conductors are connected by a 
double-ended “bullet” designed to maintain spring contact at each end. 
It is made of beryllium copper and is heat-treated after machining for 
maintenance of its properties while operating at a fairly high tempera¬ 
ture. A pressurizing gasket seals the outer case of the magnetron 
output section to the coupling unit so that the r-f line may be operated 
under pressure to reduce the possibility of breakdown. The unit shown 
is a doorknob transition for lf-in. coaxial line with a f-in.-diameter 
center conductor. Its characteristics are those given by Curve II, 
Fig. 6-35. It is used with the 4J31-35, 43-47, and 74-77 types of mag¬ 
netrons. A second magnetron-to-waveguide coupling is that shown jn 
Fig. 6-40. To ensure the proper positioning of the probe, the coupling 
is designed to be a permanent part of the tube. When this construction 
is used, the probe may be contained within the tube seal, an arrangement 
which greatly increases the power-handling capacity of the unit. The 
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Magnetron 



Fig. 6-39.—Waveguide input coupling for high-power 10-cm magnetron. 





3.0 8.5 9.0 9.5 

Wavelength in cm 

Fig. 6-40.—Coupling from coaxial line to w T aveguide for high-power tunable magnetron 
(sealed-in-glass probe transition). 
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enlarged waveguide section in the region of the probe also aids in this 
respect. Matching is accomplished in the usual way, by variation of 
the end-plate distance and the probe depth. The results, shown in the 
curve of voltage standing-wave ratio 
as a function of wavelength, were 
obtained without the use of a match¬ 
ing iris. This is the type of con¬ 
struction used on the 4J70-73 tunable 
magnetron. It has given no evi¬ 
dence of breakdown at the maximum 
powers (about one megawatt) pres¬ 
ently available. 

A special application, in which a 
combination of transitions is used to 
advantage, is shown in Fig. 6-41. 

This arrangement reduces the com¬ 
plexity in construction of r-f com¬ 
ponents in a radar system that uses 
separate antennas for transmitting 
and receiving. 1 Two adjacent 
collinear coaxial antennas were 
designed to be operated in a vertical position and to have symmetrical field 
patterns in a horizontal plane. The two concentric coaxial-line-to-wave- 
guide transitions, one a crossbar-supported probe and the other essentially 



Fig. 6*41.—Concentric transitions for 
double antenna. 



Fig. 6-42.— Field configurations in large coaxial line of double-coaxial coupler; (a) 
shows the electric field configuration in the !Ti?io-mode; (6) that in the 7\EAf-mode; (c) 
shows the orientation of the conducting partition for symmetrical excitation of the coaxial 
line. 


a cylindrical doorknob transition, allow coupling to both antennas in such 
a manner that neither field pattern is distorted by the presence of the trans¬ 
mission line to the other antenna. This device was used in a "system 

1 It. M. Fano, “Double Coaxial Coupler for BUPX Antenna,” RL Report No. 
736, May 28, 1945. 
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operating in the 3-cm region. At these wavelengths, in order for the inner 
coaxial line not to become too small, the larger coaxial line is of a size such 
that it allows the transmission of the undesirable 7 , £’n-coaxial mode illus¬ 
trated in Fig. 6-42a. This mode cannot be used because of the require¬ 
ment of azimuthal symmetry on the field of the antenna. The desired 
symmetrical TEAZ-coaxia mode is shown in Fig. 6-425. The elimination 
of the 7’Fu-mode from the large coaxial line was accomplished in the follow¬ 
ing manner It is evident from the field configuration of this mode, shown 
in Fig 6-42a, that the plane a-a' constitutes an equipotential surface to 
which the components of the field are orthogonal, so that it may be replaced 
by a thin conducting partition without disturbing the field configuration. 



Single ridge Double ridge 

Fig. 6*43. —Electric field configurations for TJ^io-mode in single- and double-ridged wave¬ 
guide. 

If this is done, the only orientation for which the 7’J?n-niode may be 
propagated in such a transmission line is that for which the field is as 
shown in (a) or (c). If this partition is oriented in the transition as 
shown in Fig. 6-42c, then the coaxial line following the partition will be 
symmetrically excited. Any other fields are rapidly attenuated. This 
is particularly important since there is known to be considerable distortion 
of field in right-angle transitions of this sort. The length of this strip is 
that which is necessary for the desired amount of attenuation of the 
unwanted modes. 

These transitions were matched by the usual techniques already 
discussed. The transition to the larger coaxial line proved to be some¬ 
what critical as to dimensions and for that reason tuning screws were 
provided to permit factory adjustment of the transition after assembly. 
Both transitions when properly made and tuned have a voltage standing- 
wave ratio of less than 1.1 for a bandwidth of about 9 to 10 per cent. 

In developing a very wideband transition from coaxial line to wave¬ 
guide considerable work has been done by the Radio Research Laboratory 
at Harvard University on the properties of “ridge” waveguide 1 and its 
application to the transition problem. 2 This type of waveguide is 

1 S. B. Cohn, “Properties of Ridge Waveguide,” RRL Report No. 411-211, 
August 1945. 

2 S. B. Cohn, "Design of Simple Broad-band Waveguide-to-Co.-.xir.l Lino Junc¬ 
tions,” RRL Report No. 411-186, July 1945. 
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also discussed in Sec. 2-9. The electrical field configurations for single- 
and double-(“H-shaped”) ridge waveguide are shown in Fig. 6-43. 
The approximate distribution in intensity is suggested by the density of 
the lines of force. 

This type of waveguide has several properties which make it applicable 
to broadband components in general, and to coaxial-line-to-waveguide 
transitions in particular. For given over-all dimensions it has a longer 
cutoff wavelength (lower cutoff frequency) than the same size of rec¬ 
tangular guide. Its characteristic impedance can be made considerably 
lower than that of ordinary guide; and in particular, it can be made equal 



Fig. 6-44.—Adapter for type N connector (UG-58/U) to waveguide with single-tapered 

ridged waveguide. 


to that of the standard coaxial lines. Further, the range between the 
cutoff wavelengths of the various modes is considerably increased, making 
it useful for very broadband requirements. However, it has certain 
disadvantages. In addition to being somewhat more complicated to 
construct accurately, its attenuation is several times that of ordinary 
waveguide, and its breakdown is obviously less than that of the standard 
guide. This limits its use to those receiving or low-power transmitting 
systems which employ a fairly short length of this guide. 

In using ridged waveguide in a transition from coaxial line to standard 
waveguide, the coaxial line is terminated in a ridged waveguide section 
with an input characteristic impedance equal to that of the coaxial line. 
The "ridge” then is tapered gradually into the standard guide. Since 
the ridged waveguide is symmetrical, the asymmetrical TE^o-mode is 
not excited in the rectangular guide; and, since in the ridged guide the 
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7\E 30 -mode has a much shorter cutoff wavelength than in the standard 
guide, most of the field of this mode excited by the transition is damped 
out before it reaches the rectangular guide. It is sometimes possible to 
use such a transition over almost the entire region between the cutoff 
wavelengths of the TEia- and the TEw-modes in the standard guide. 

Figures 6-44 and 6-45 show, respectively, the use of single and double- 
tapered ridged waveguide sections in the construction of a broadband 
coaxial-line-towavegui.de transition. These units, designed by the 



Fig. 6-47.—Transition from 1-in. coaxial line to ridged waveguide horn (see Fig. 6-46). 


Radio Research Laboratory, are for the standard type N (UG-58/U) 
connector in bead-supported -^g-in. coaxial line. An example of a 
similar application to a broadband antenna “feed” horn, with a transi¬ 
tion from standard |~in. coaxial line to a special size of guide developed 
at the Radiation Laboratory, is shown in Figs. 6-46 and 6-47. The 
flared horn provides an approximate match to free space. The results, 
plotted in terms of voltage standing-wave ratio as a function of wave¬ 
length, were measured in the coaxial line. 


LOWEST MODE IN THE WAVEGUIDE TRANSITIONS 
By F. E. Ehlers 

6-16. The Transition between Rectangular Waveguides of Different 
Sizes. —It is often desirable to transform from rectangular waveguide of 
one size, carrying the TEio-mode, to that of another size in which the 
same mode is propagated. This may be done by means of a quarter- 
wavelength matching transformer, or by a taper from one set of dimen¬ 
sions to the other. 
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Although the concept of characteristic impedance in waveguide is 
not so well defined as it is in coaxial line, it is convenient to use regular 
transmission-line theory in determining the dimensions of a quarter- 
wavelength transformer. Consequently, the following formula for 
the equivalent impedance of rectangular waveguide in the TE \ 0 -mode 
may be taken from Slater. 1 



If this formula is assumed, the equivalent circuit of the discontinuity 

between the different waveguides 
is that shown in Fig. 6-48 provided 
that the change from Z\ to Zi is 
not too great and that neither 
waveguide will transmit higher 
modes. 

To find the condition between 

Fig. 6-48. —Equivalent circuit of discon- two waveguides when their im- 
tinuity between different waveguides. pedances are equal> Eq . (23 ) ma y 

be rewritten in the following form: 

b 2 = -Zl aa a 2 - 

This is the equation of an hyperbola, connecting a and b if Z eau is kept 
constant. For a given choice of a greater than a half wavelength, a 
value of 6 for the waveguide is determined which will match the imped¬ 
ance of another waveguide of the same equivalent impedance. 

If the two waveguides differ only in the narrow dimension, the calcula¬ 
tion of a quarter-wavelength trans¬ 
former becomes very simple since 
the characteristic impedance is 
proportional to the narrow dimen¬ 
sion only. Thus, the narrow 
dimension of the transformer sec¬ 
tion is .. . , 

_ Fig. 649.— !s arrow dimensions ol a trans- 

bt = \rb 1 b 2 , former section. 

where b 1, b 2 , and b t are shown in Fig. 6-49. 

At each junction between the waveguide and the transformer, there 
will be a shunt capacitive susceptance. If the discontinuities are not 
too large, however, the shunt suseeptances, having about the same 
1 J. C. Slater, Microwave Transmission, McGraw-Hill, New 4ork, 1942. 
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magnitude, will nearly cancel each other because of the quarter-wave¬ 
length spacing. If the two waveguides differ in the wide dimensions 
only, the problem is a little more difficult since the guide wavelength 
must be taken into account. For this sort of change, the shunt suscept- 
ance at the steps will be inductive instead of capacitive. If two wave¬ 
guides differ in both dimensions b and a, the transformer section may be 
chosen to make the shunt susceptance of 
the ends approach equality or vanish 
altogether. Such a quarter-wavelength 
transformer has been designed for the junc¬ 
tion between 1^- by |~in. rectangular wave¬ 
guide with 0.064-in. wall, and 1- by i-in. 
waveguide with 0.050-in. wall. The di¬ 
mensions of this transformer are shown in 
Fig. 6-50. The voltage standing-wave 
ratio introduced by the transformer is less 
than 1.03 over the wavelength band from 
3.13 to 3.53 cm. 

A simple way to transform from a wave¬ 
guide of one size to one of another size is 
to taper the dimensions linearly. In 
Frank’s report, 1 the ratio of incident to 
reflected waves from a tapered section of 
transmission line, if the second waveguide 
is terminated in its characteristic imped¬ 
ance, is shown to be (see Eq. 1) 

**> 

If the two terms of Eq. (24) representing the magnitude of the dis¬ 
continuities at both ends of the taper are equal, and if the length of the 
taper is equal to an integral number of half wavelengths, the reflection 
from the taper will be zero, according to the formula above. If these 
two terms are different, the mismatch of the taper will be at a minimum 
for length of the taper equal to an integral number of half wavelengths. 
For a taper in which the dimensions change linearly, no may be defined 
as the wide dimension of the smaller waveguide and d as the length of 
the taper. Then the corresponding dimension of any cross section in the 
taper is 

. ix 

Cl — Go 1 

1 N. H. Frank, “Reflections from Sections of Tapered Transmission Lines and 
Waveguides,” RL Report No. 189, Jan. 6, 1943. 



transformer from 1- by £-in. rec¬ 
tangular waveguide (0.059-in. wall) 
to lj- by f-in. rectangular wave¬ 
guide (0.064-in. wall). Army- 
Navy designation UG-80/T/. 
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where 5 is the difference between the wide dimensions of the two wave¬ 
guides. For calculating the length of an integral number of half wave¬ 
lengths, the following formula may be used: 


f ^ dx = 2t [ 
Jo K Jo 

/" 


Vl — (A/2a) 2 


dx, 


2ird 


Integrating and simplifying, 
d = 


V(2a)' 2 - A 3 

2 a 


n\& 


da. 


y/ (2ai)-’ — A'-’ — yj (2a 0 ) 2 — A 2 — A 


2a i 


2a 0 


This formula may be rewritten for convenience in the parameters of 
waveguide wavelengths and the wide dimensions for the two terminating 
waveguides. 



Two such tapers, 0.817 in. and 1.635 in. long, were constructed and 
tested. The first was calculated from the above formula to be a half 
wavelength long and the other, a full wavelength, at 3.22 cm. The 
voltage standing-wave ratios of both transitions were 1.05 or less over a 
wavelength range from 3.14 to 3.52 cm. 

6-17. Transition from Rectangular to Cylindrical Waveguide. —As the 
primary modes in both the round and rectangular waveguides are similar, 
being TE- modes, the cylindrical waveguide may be excited directly from 
the end, utilizing a gradual taper or a quarter-wavelength transformer. 
If the rectangular waveguide is terminated abruptly in the cylindrical 
waveguide, the voltage standing-wave ratio is about 2. The admittance 
of such a transition from £- by i-in. waveguide with 0.040-in. wall to 
0.350-in. ID tubing at a wavelength of 1.25 cm is Y = 0.45 — y'0.15 
referred to the junction point between the two waveguides. Thus, to 
match such a transition with a quarter-wavelength transformer the 
equivalent characteristic admittance of the transformer section relative 
to the rectangular waveguide must be 0.67; and the susceptance of the 
two junctions of the transformer must be equal. Since the transition is 
from rectangular to round waveguide, this condition will be more easily 
obtained by a waveguide that has a cross section intermediate between 
round and rectangular. As the guide wavelength and the characteristic 
admittance cannot be calculated in a waveguide with round corners, both 
the length and the size of the transformer must be determined experi¬ 
mentally. The admittance that would be obtained with a transformer 
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whose characteristic admittance is correct for matching the two wave¬ 
guides may be calculated on the basis of transmission-line theory as a 
function of its length. The resulting curve passes through the center 
of the Smith chart in Fig. 6-51. There are two other curves in Fig. 6-51 
which show the variation of admittance with length for transformers with 
too large and too small a characteristic admittance. These curves have 



Fig. 6*51.—Curves for correct and incorrect transformer characteristic admittance; 
(A) transformer characteristic admittance too small; ( B ) correct transformer characteristic 
admittance; (C) transformer characteristic admittance too large. The admittance chart 
has been rotated 180° from the usual position (see Sec. 2*12). Some users prefer this 
position since it gives positional correspondence with impedance chart. 

been calculated with the assumption that no shunt susceptance exists at 
the junctions of the transformers. With such susceptances present there 
would be some rotation and shifting of these curves. However, wdien 
these curves are taken as indicative of the general trend of admittances 
that would be encountered, the dimensions of the transformer may be 
determined empirically by a series of approximations. It should be 
remembered, however, that the characteristic admittance is proportional 
to a/X„, which increases with the wide dimension of the guide and is 
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inversely proportional to the narrow dimension [see Eq. (23)]. Such a 
transformer from by |-in. waveguide with 0.040-in. walls to round wave¬ 
guide 0.350 in. ID was designed for 1.25-cm wavelength and is shown in 

Fig. 6-52. 

Another way to construct a 
quarter-wavelength transformer is to 
fill in a section of the round wave¬ 
guide as shown in Fig. 6-53. This 
has been tried in transforming from 
i- by [-in. waveguide with 0.040-in. 
wall to round waveguide 0.350 in. ID, 
with less success than the design of 
Fig. 6-52. This design is also not so 
easy to make as the transformer 
described in the preceding paragraph. 

A taper from rectangular to round 
waveguide may be constructed as 
shown by the sketch in Fig. 6-54. In 
this construction, the cross section 
changes gradually from a rectangular 
shape to a circular one. If this transition section is made longer than a 
wavelength, the match will, in general, be quite satisfactory. One is 
assured of a good match if this transition is made very long, for the change 
will be gradual enough to cause little mismatch. Figure 6-54 gives the 



Fig. 6-53.—Quarter-wavelength transformer. 


dimension of such a taper from 1- by j-in. rectangular waveguide with 
0.050-in. wall to 1-in. round waveguide with 0.032-in. wall. This taper is 
between one, and one and a half wavelengths long and the voltage stand¬ 
ing-wave ratio is 1.10 or less from 3.14 to 3.47 cm. 

It is also possible to transform from rectangular waveguide to round 



Fig. 6-52.—Transformer from by 
J-in. waveguide with 0.040-in. wall to 
round waveguide 0.350 in. ID. 
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waveguide with the two waveguides at right angles. There are two types 
of coupling, series and shunt. In the series coupling, the wide dimension 
of the waveguide is transverse to the axis of the round guide. This is 
not so easy to match as the shunt coupling since there is a greater dis¬ 
tortion of the magnetic and electric fields at the junction between the 


\0 


Fig. 6-54.—Taper from rectangular to round waveguide. 

rectangular and round waveguides. However, if a wedge is placed 
extending from one wide side of the rectangular waveguide to the opposite 
wall of the round waveguide as in Fig. 6-55, a match may be obtained. 
This wedge helps to bend the wave around the corner. Data of voltage 
standing-wave ratio vs. wave¬ 
length for wedges of three sizes are 
shown in the graph Fig. 6-56 for 1 - 
by |-in. waveguide with 0.050-in. 
wall and round waveguide xf in. 

ID. Better results may possibly 
be obtained if some matching 

device, such as inductive window, 
is used in conjunction with the 
wedge. 

A transition, using shunt cou¬ 
pling from 5 - by i-in. waveguide 
with 0.040-in. wall to round wave¬ 
guide 0.350 in. ID, may be 

matched at 1.25-cm wavelength by 
adjusting a short-circuiting 

plunger in One arm of the round I'm. 6-55.—Right-angle transition from 

. , rp,. , . c rectangular to round waveguide. The wave- 

waveguide. Ihis combination or gmde width is 0 900 in ID> 
waveguide dimensions is such that 

at this wavelength no matching irises or transformers are needed. For 
waveguides of different relative sizes, some additional means of matching 
must be employed. 

In designing such a transition, one must avoid using a waveguide too 
near cutoff for the TAfci-mode. Since the rectangular waveguide opening 
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increases the cutoff wavelength of this mode in this short section of round 
waveguide, resonances may occur which would introduce serious reflec¬ 
tion. In case the diameter of the round waveguide cannot be reduced 
in a particular application, these resonances may be eliminated by 
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Fig. 6-5G.—Voltage standing-wave ratio for different size wedges from rectangular to 

round waveguide. 

placing across the opening narrow bars which are parallel to the wide 
dimension of the rectangular waveguide. These bars, being perpendicu¬ 
lar to the electric field in the rectangular waveguide, have little effect 
upon the match but, by closing the opening, they reduce the cutoff 

wavelength of the Til/oi-mode to a 
safe value. 

With a single rectangular-wave¬ 
guide input wave, one polarization will 
be excited, of which the maximum 
radial electric-field component will be 
transverse to the wide dimension of the 
rectangular waveguide. It is possible 
to couple another waveguide the same 
distance from the short-circuiting plug 
about 90° in azimuth from the location of the first rectangular waveguide 
(see Fig. 6-57). In this way, another polarization may be fed into, or 
coupled out of, the round waveguide. However, the waveguides are not 
strictly independent for there will be some coupling from one to the other. 



gular waveguides. 
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This coupling to the second arm of r-f power from the first will reflect from 
the second opening some TEn-power, with the polarization 90° to the wave 
set up by the first arm. The phase of this reflected wave may be different 
from that of the input wave so that, in adding with the input wave, it will 
cause some of the energy to be circularly polarized. 

Another means of coupling the other polarization is by feeding the 
round waveguide end-on with a quarter-wavelength transformer, as 
in Fig. 6-53. The quarter-wavelength transformer will act as a short- 
circuiting plug in the round waveguide, for the wave from shunt arm 
providing the narrow dimension of the transformer is beyond cutoff 
for the incident frequency. Fig¬ 
ure 6-58 gives the details of this 
transition. The distance from the 
edge of the quarter-wavelength 
transformer to the inside dimen¬ 
sion of the rectangular waveguide, 
as shown, is somewhat less than 
the distance for a short-circuiting 
plug. The effective short circuit 
is slightly beyond the face because 
the transformer waveguide is 
beyond cutoff for this polarization. 

6-18. Circular Polarization of 
the TEn-mode. —The radial com¬ 
ponent of the electric field of a single polarization of the TEn-mode at a 
fixed radial distance r < a is of the general form 

E r = E sin 

Now this single wave may be broken up into the sum of two waves 
whose maximum amplitude is 90° apart in azimuth; thus, 

E r = Ei sin + E 2 cos (25) 

where <£ has undergone some angle of rotation from 4>', depending upon 
the relative magnitude of Ei and E 2 . 

If the second wave had undergone a shift in phase of O’ radians, it 
would be designated for conveniences which will become clear later in 
the discussion as 9’ = 8 + (ir/ 2), where 6 is now the phase shift greater 
(or less) than a quarter wavelength. Equation (25) now becomes 

E t — Ei sin -|- E 2 cos <pe^ + ^ + 3 ) 

E r = Ei sin + Ei cos <f> ( — sin 0 + i cos (26) 

If, to the right-hand member of this equation, we add 

E 2 sin 4> cos — E 2 sin <t> cos = 0 



Fig. G-58.—Transition from rectangular 
waveguide to two polarizations in round wave¬ 
guide. 
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and regroup the terras, the equation for the electric field becomes 
E r = [El sin 4 , - El sin O + + E 2 cos 0 /(“ i ~* + 2 ~‘ Sl ). (27) 

The first term represents a plane-polarized wave. The second terra, 
however, has an amplitude which is independent of angle and therefore 
is symmetric. This symmetry is, however, false since, at any instant 
t', the electric field has the same pattern as a single plane-polarized wave. 
To determine the angular position of the maximum electric field, the 
exponent must be set equal to zero. 

ut — <f> -\r ^ — /3x — 0 
4 = \ - fa. 


At any cross section in the waveguide, therefore, the maximum ampli¬ 
tude rotates with an angular velocity of ait. Hence, the resultant of 
any two plane-polarized waves which differ in phase consists of the sum 
of a single plane-polarized wave and a circularly polarized wave. The 
E 4 , component of the TEu- mode, which for constant r < a has the form 
E ~ E cos 4 e’ ( “‘~ fiz> , can thus be represented in a manner similar to 
Eq. (27). The derivation of the E * component then, will be omitted 
from this discussion. 

If the amplitudes Ey and E 2 of the two waves were equal, then 

E r = E\ [sin <p — sin (4 + 0)+ Ei cos Be(“‘ 

E r = — 2Ei sin ^ cos ^ 4 + 0 + Ey cos Be S (28) 

The angle B is the difference in phase shift from ir/2 radians, or a quarter 
wavelength; thus, if 9 = 0, all the energy from two waves of equal 
amplitude whose polarizations differ by 90° is transmitted into the cir¬ 
cularly polarized mode, when a phase shift of ir/2 radians or a quarter 
wavelength is introduced into one of the two waves. If the phase shift 
is greater or less than *•/2, the ratio between the amplitudes of the plane- 
polarized wave and the circularly polarized wave from Eq. (28) is 


E_p 

E c 


| 2 sin | ' 
cos B ’ 


and the ratio of the powers in the two waves is 


(29) 


1‘p 

I\ 


, ■ „ 9 
4 sm- - 

cos- 6 


( 30 ) 
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If a probe is inserted into a waveguide which is matched to all polariza¬ 
tions and which carries two such waves, and the probe is rotated around 
the tube, the symmetry of the resulting wave can be determined. From 
Eq. (26), the magnitude of the square of the electric field as a function 
of <j> and 0 , after setting E 2 equal to E i, may be calculated. 

El = E\ (1 + sin 2<f> sin 8), (31) 

which has maxima at 4> = ir/4, 5ir/4 and minima at <t> = 3tt/4, 7t/ 4 for 
tt > 9 > 0. The maximum to minimum voltage ratio is 

/I + sin ~0 ± /9 , t\ ,„„ n 

r = Vr^ihr 9 = cot \2+ 1 ) 

Combining Eqs. (29) and (32), and (30) and (32), we get 

F 2 si 

Hi p 

T c = ' 

cos 

and 

P p _ 1 — sin 2(cot~ x r) 

P c sin 2 2 cot -1 r 

With the above relations there is sufficient information to design 
a quarter-wave plate in the TE n -mode in order to obtain a circular 
polarization. Various schemes for obtaining it have been tried. Usu¬ 
ally, these schemes consist of inserting a metal fin or a dielectric slab at a 
45° angle to the incident wave. At this fin the incident wave can be 
resolved into two waves of equal amplitude at 45°. If the fin is very 
narrow, its effect on the polarization, of which the radial vector is maxi¬ 
mum 90° in azimuth away from the fin, is very small; this is true since 
the electric field E r is perpendicular to its surface and the radial compo¬ 
nent E r is equal to zero. For fins that are rather thick, however, there 
is some phase shift in one polarization, and considerable phase shift in 
the polarization that has a maximum electric field at the fin. For a 
0.062-in. fin in round waveguide of 0.350 in. ID at 1.25 cm, the guide wave¬ 
length, as a function of the amount of insertion of the fin into the wave¬ 
guide, is plotted in Fig. 6-59 for the two polarizations. Another way of 
obtaining a quarter-wave plate is by filling in part of the waveguide 
with a metal plate as shown in the cross-section sketch in Fig. 6-60. In 
this figure also is a plot of guide wavelength as a function of the thickness 
of this metal plate. 

The quarter-wave plate must be matched to both polarizations and 
particularly to the polarization in which it causes the greater phase shift. 
This matching is accomplished by using a quarter-wavelength step in 
the plate which must be determined experimentally after the dimensions 


r ^cot -1 r — ^ 2 sin ^cot -1 r — ^ 

(2cot- 1 r-|) 


sin (2 cot -1 r) 
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0.000 0.020 0.040 0.060 0.080 

h in inches 

Fig. 6-59.-—Guide wavelength in two polarizations of T27n-mode for metal fin in round 

waveguide. 



0 0.020 0.040 0.060 0.080 

t in inches 

Fig. 6*60.—Waveguide wavelength for two polarizations of TTiii-mode. 
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of the matching transformers are determined. The length of the quarter- 
wave plate may be calculated as follows: 




where l 1 is the length of the quarter-wave transformer, X (1 and X,, are 
the guide wavelengths of the quarter-wavelength transformer for the 
two polarizations, and l is the remaining length of the quarter-wave 
plate with \i and X 2 the corresponding guide wavelengths of the two 
polarizations as shown in Figs. 6-59 and 6-60. Dimensions for two 
quarter-wave plates are shown in Figs. 6-61 and 6‘62 for 1.25-cm wave¬ 
length in round waveguide 0.350 in. ID. 

A quarter-wave plate may be obtained by means of a number of 
lumped susceptances spaced in the round waveguide. These lumped 
susceptances may be in the form of rods, as in Fig. 6-63, which protrude 



Fig. G-63.—Quarter-wave plate with lumped susceptance. 

into the waveguide. These rods act like shunt capacities; and if the 
values of their susceptances are known, the spacing between them may be 
determined by means of the Smith chart so that a perfect match is 
obtained. If the shunt capacity of these elements is not too large, a 
match over a broad band may be obtained by spacing several of these 
elements about a quarter wavelength if the relative magnitudes of these 
susceptances follow the values of the binomial coefficients. For example, 
if two susceptances are used, their magnitudes are equal; if three suscept¬ 
ances are used, then their magnitudes should have the relative values of 
u>e, 2coc, and uc, respectively. Several typical values are as follows: 

Number of elements Value of capacities 

2 cue w c 

3 a >c 2o)C ojc 

4 . cuC 3a >C 3coC cue 

5 cue 4cuc 6cuc 4 cue cue 

Equal spacing of equal elements may also be used but the broadband 
match may not be so good. By trying various matched combinations 
of these elements, the values of the susceptance and the number of ele¬ 
ments may be determined experimentally so that circular polarization 
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is attained. This technique is rather cumbersome to design. Sufficient 
work has not been done to determine whether there is any gain in band¬ 
width over the continuous type of quarter-wave plates. 

It is also' possible to couple from rectangular waveguide directly to 

round waveguide in circular polariza¬ 
tion without means of a quarter-wave 
plate. The shunt rectangular-wave¬ 
guide arm as shown in Fig. 6-64 
couples to the TEn-mode by cutting 
transverse currents in the round 
waveguide. The instantaneous cur¬ 
rents in circular polarization wind 
spirally around the waveguide making 
a complete revolution in a waveguide 
wavelength. Thus, if these currents 
are excited by orienting the rectangular waveguide at'the proper angle 
with the axis of the round waveguide, circular polarization can be set up. 
This angle can be approximated by the formula 


Right handed _ __ Left handed 

Circular polarization Circular polarization 



polarizations. 


_. 2im 
6 = tan 1 -r— > 

where a is the radius of the round waveguide and X„ the waveguide wave¬ 
length. If both ends of the round 
waveguide are matched, then a right- 
handed circular polarization will be 
excited in one direction and a left- 
handed circular polarization in the 
other. Data at 1.25-cm wavelength 
for such a transition as a function of 
the orientation angle of the rectangular 
waveguide with respect to the round- 
waveguide axis are shown in Fig. 6-05. 

If a movable short-circuiting 
plunger is introduced into one of these 
arms, some interesting results may be 
obtained. A left-handed polarization 
will be reflected back as a right-handed 
polarization, looking in the direction of 
propagation, and will add to the origi¬ 
nal right-handed circularly polarized 
wave. As the phase of this reflected 
wave is adjusted by the short-circuit¬ 
ing plunger, the resulting wave propagated in the matched arm may vary 



Fig. 6 65.—Performance of double 
circular polarizers of Fig. 6-64 at 1.25-cm 
wavelength with VSWR measured in 
rectangular waveguide and P equal to 
the ratio of the major axis voltage to the 
minor axis voltage of the polarized wave. 
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gradually from circularly polarized wave to plane-polarized wave. If the 
reflected wave is 180° out of phase with the other wave in the matched 
arm, then there is no propagation, and all the energy is reflected from the 
junction. 

Circular polarization may also be excited by means of a transition 
which has been aptly designated as a “turnstile” transition. This con¬ 


sists of two cross arms of rectangular 
waveguide with a round waveguide 
coupled out of the section that is com¬ 
mon to the two arms. The narrow 
dimensions of the rectangular wave¬ 
guide are lined up with the round- 
waveguide axis. If the transition is 
matched so that the symmetry is 
preserved, then some interesting re¬ 
sults are obtained. This matching is 
done by adjusting the dimensions of 
a post which is set in the bottom of 
the rectangular waveguide along tl 
in Fig. 6-00. The data for Fig. GT 



I'Ux. G-ftft.—Matching of turnstile junction 
of Fig. 6-67; data taken from Table 6-3. 


axis of the round waveguide as 
are taken from Table 6-3. The 


Table 6-3. —Dimensions* to Accompany Turnstile Junction ok Fic,. 6-66 


('enter 

wavelength, 

cm 

a, in. 1 

b, in. 

; 

C, ill. 

d, in. 

Round 

wave- | Rectangular 
guide, j waveguide, in. 
ID, in. 

3.33 

0.181 

0.500 

0.125 | 

0.4375 

0.9375 | 1 X l (.050 wall) 

3.57 

0 160 

0.502 

0.125 

0.5315 

1.000 ; 1 X 2 (.050 wall) 

1.25 

0.070 | 

0.175 

0.065 

0.188 

0.350 i X I (.040 wall) 

* All letter 

symbols pertsii 

n to Fig. (j- 

(it). 




height and diameter of the lower part of the post have a greater effect on 
the match looking into one rectangular waveguide with matched loads 
in the other four arms, while the narrow post has greater effect on the 
match looking into the round waveguide. Thus a transition is obtained 
with the following characteristics: 

1. The wave is matched looking into the round waveguide with 
matched loads in the four rectangular arms. 

2. Each rectangular arm is matched with matched loads in the other 
arms. 

With these conditions, if power is fed into Arm A Fig. 6-G7, one half 
of the power is transmitted in the round waveguide, and the other half 
is divided between Arms B and D with no [sower propagated in Arm C. 
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Since B and D are in shunt with Arm A, the phase at the planes repre¬ 
sented by narrow sides of waveguides A and C will be equal for the two 
waves. If arms B and D are short-circuited and are equal in length, 
the two reflected waves arrive back at the junction in phase, and the 
reflected power is equally divided between Arms A and C. No reflected 
power enters the round waveguide since the two reflected waves will 
set up polarizations in the round guide which are 180° out of phase and, 
therefore, will be canceled out. 

If one arm is a quarter wavelength longer than the other, then the 

reflected waves from the two arms 
are out of phase and will set up a 
polarization in the round guide 
which is aligned with the axis of 
the short-circuited arms. Thus, 
there are two waves of equal ampli¬ 
tude, whose polarizations differ by 
90°, propagated in the round wave¬ 
guide. As the length of the arms 
is adjusted, keeping a quarter- 
wavelength difference in lengths 
between the two, the phase of the 
polarization set up by the reflected 
waves will be varied. If the phase 
difference between the polarizations is equal to zero, then a plane-polarized 
wave oriented at 45° to the cross arms is propagated. If this phase 
difference is equal to ir, then there is propagated a plane-polarized wave, 
oriented at 90° in azimuth from the wave resulting from a phase difference 



Fig. 6*67. —Cross section of turnstile tran¬ 
sition. 


Table 6-4.—Dimension's and VSWR for the Turnstile Junctions of Fig. 6-66 


VSWR with matched 
loads in the three 
rectangular arms and 
in the round 
waveguide 


Circular polarizer 


Plane polarizer 

dt* 

in. 

di* 

in. 

YSWJl 

i rf„* 

; in- 

dz,* 

in. 

VSWR 

1 .03 for X = 3.33 cm 

1.367 0.864 

, 1 

. 1.616 1.146 


1.01 from X = 3.407 




... 1.3560.763 

1.12 at 3.525 cm 

to 3.746 cm 






1.05 at 3.605 cm 







1.02 at 3.654 cm 

1.05 for X = 1.25 cm 

0.457,0.308 

1 .08 at 1.21," 

cm j 




| 1.10 sit 1 224 cm | 
j 1 .05 at. 1.255 cm j 
| 1.10 at 1.250 cm j 
| 1.11 at 1 .265 cm j 
! 1 . 16 at 1.280 cm I 


* <2 1 and d 2 are lengths of arms B and />. 
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of zero. If this, phase difference is 717 2, 3rr/2, the resulting wave is circu¬ 
larly polarized in the round waveguide; while in between these values of 
phase difference the resulting wave is elliptically polarized. 

Table 6-3 gives the dimensions of three turnstile transitions centered 
at wavelengths of 3-33, 3-57, and 1.25 cm. Complete data have not 
been collected on these transitions since each transition was designed for 
a specific application, and only sufficient data were taken for this appli¬ 
cation. Table 6-4 gives the length of short-circuited arms for circular 



3.50 3.54 3.58 3.62 3.66 

X in cm 

Fig. 6-68. —Characteristics of turnstile used as linear polarizer. Dimensions are given in 
the second line of Table 6-4. 

polarization and for plane polarization, with the voltage standing-wave 
ratios obtained for these applications. 



Fig. 6-69.—Dielectric quarter-wave plates, (a) Waveguide y| in. ID at 3.2-om wavelength 
with polystyrene; ( b) waveguide 3 in. ID with styraloy. 

While the voltage standing-wave ratio is very good over a broad band, 
the useful wavelength region may he limited further by the frequency 
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sensitivity of the lengths of the short-circuited arms. Figure 0-68 shows 
a plot of the ratio between the power found in the two polarizations in 
the second transition of Table 6-4, over a part of the frequency band, 



Fro. 6-70.—Circular-polarization tests on styraloy quarter-wave plate of Fig. 6-69&. 



when the transition is used as a linear polarizer. The amount of P 2 
in the figure is very small at 3.58-cm wavelength but increases very rapidly 

toward each end of the band. ThisP 2 wave 
will be out of phase with the Pi wave, thus 
setting up some circular polarization. For 
some applications the ratio must be greater 
than 30 db. 

Another way to construct a quarter-wave 

plate is to place a narrow slab of dielectric 

material, as shown in the drawings in Fig. 

6-69, at an angle of 45° to the incident 

polarization. The dielectric has a greater 

Fig. 6-71.— Circular polar- effect on the guide wavelength of that com- 

izer m rectangular waveguide, ponent, the polarization of which is parallel 
Cross-section view. . , , , ., 

to its width, than in the component at 90 . 
The notches and the tapers match the plate to the incident wave. 
Apparently better results are obtained with a fairly thick slab of dielectric 
than with a very thin sheet. Experimental results of the tapered quarter- 
wave plate of Fig. 6-69 are shown on the graph of Fig. 6-70. The small 
maxima and minima are probably due to multiple reflections from the two 
tapers in the two component polarizations. 

6-19. Circular Polarization in Square Waveguide. —It is possible to 
propagate a circularly polarized wave in square waveguide, as well as in 
round, by dividing the power in half so that two TFio-modes are 
propagated at right angles, and by introducing a phase shift of ir/2 in 
one of these modes. This phase shift may be obtained by using a 
section of rectangular waveguide with a slab of dielectric as in Fig. 6-71. 
Since the boundary conditions are not complicated, the cutoff wavelengths 
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for the primary modes in the two polarizations may be calculated accu¬ 
rately. This technique of exciting circular polarization gives us several 
parameters which must be adjusted in order to obtain a broad band. By 
selecting the dimensions a and b, and the thickness and dielectric con¬ 
stant of the slab, a waveguide section may be obtained in which the 
phase difference between the two polarizations, as a function of free- 
space wavelength, is at a minimum in the center of the selected band. 
In this way, theoretical bandwidths of 3 to 1 and 5 to 1 can be obtained 
using the maximum ratio of 3 db, between the major axis and the minor 
axis of the wave, as a criterion. 

TRANSITIONS INVOLVING A CHANGE IN WAVEGUIDE MODE 
By F. E. Ehlers 

For certain specialized applications, it is often necessary to transform 
the dominant mode of one type of waveguide to a higher mode of another. 
The higher waveguide mode most often used is the TWoi-mode in round 
waveguide. The advantage of this mode is that it has radial symmetry 
and, therefore, is desirable for use in rotary joints, in antennas in which a 
uniform azimuth is desired, and in other applications requiring symmetry. 

6-20. Transitions to the TM ( ,i-mode. —Transitions to the Fil/ 0 i-mode 
are more difficult to design than are transitions between two different 
waveguides in which only the lowest mode is propagated, because the 
TAfoi-mode has to be excited without setting up an appreciable amount 
of FFn-mode. The cutoff wavelength for the FAf oi-mode is 

, _ 2ira 
K ~ 2.405’ 

while the cutoff wavelength for the TEn -mode is 

x _ 2 to 
K ~ L84l" 

Therefore, if the diameter of the waveguide is selected to propagate the 
TM oi-mode, it will also propagate the 7’A'n-inode. From the standpoint 
of electromagnetic theory, the round waveguide must be excited with a 
field as nearly symmetrical as possible. 

Since nearly all microwave transmission line is rectangular waveguide, 
the most logical type of transition to the Til/oi-mode is from the TE W - 
mode in rectangular guide. From Fig. 6-72 it is seen that the TM oi-mode 
is very similar to the coaxial FUJI/-mode. The first type of or transi¬ 

tion from rectangular waveguide contained first a right-angle transition 
from rectangular waveguide to a coaxial line which was beyond cutoff 
for all waveguide modes. Then an antenna, formed by the extension of 
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the center conductor of the coaxial line into the round waveguide, excited 
the n/oi-mode. In this construction, there is perfect symmetry so that 
no TUn-mode (see Fig. 6-73) is set up in the round waveguide unless the 
coaxial section is so short that higher modes, set up in the coaxial line 
by the junction at the rectangular waveguide, are not attenuated suffi¬ 
ciently. This transition was satisfactory only over a very narrow band 
of wavelengths. It was matched to the transmitter frequency by 




Magnetic intensity 


Fia, 6-72.-—Instantaneous fields in TA/m-mode showing electric and magnetic intensities 


adjusting the plunger in the rectangular waveguide, the plunger in the 
coaxial stub, and then three capacitive screws. The disadvantage of 
such a transition, beyond the mechanical complications, is that the power 
capacity of the transition is limited by the narrow coaxial section. The 
device would be much easier to make if power could he coupled directly 
from the rectangular waveguide to the round waveguide without this 
narrow constriction. Therefore, from a study of the fields of the TEu>- 
mode in rectangular waveguide and of the Til/oi-mode in round wave- 




Fia. 6-73.—Instantaneous currents on conductor surface in TFn-inode. The corresponding 
E and H fields are shown on the right. 


guide, the most logical method of exciting the TM O i-mode directly from 
the rectangular waveguide should be determined. From Fig. 2-19 it can 
be seen that, in a plane across the narrow dimension of the rectangular 
waveguide and parallel to the wide side, the magnetic field forms closed 
loops somewhat circular in shape, and the electric field is always per¬ 
pendicular to the plane. Xow if the magnetic field lines of the 7'.1/ IU - 
mode in a circular cross section of the round waveguide are examined, 
it is found that they form closed circles. Moreover, at the instant shown 
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by the line A in Fig. 6-72 when the radial component of the electric field 
is equal to zero, the electric field is axial. This analysis of the fields sug¬ 
gests that the Til/m-mode can best be excited by coupling from the wide 
dimension of the rectangular waveguide. The diameter of the round 
waveguide must be large enough to propagate the 7bl/oi-mode but not 
large enough to propagate the next higher mode, the TEi i-mode, whose 
cutoff wavelength is 2x0/3.048. To complete the transition, a short- 
circuiting plug which fits the rectangular waveguide is adjusted to excite 
the maximum electric vector in the center of the round waveguide; a 
matching device may be placed either in the round waveguide or in the 
rectangular waveguide, or both, to reduce the reflections. Such a simple 
type of transition is possible for certain sizes of rectangular and round 
waveguides, but in designing such a transition, some technique for deter¬ 
mining the purity of the TM oi-mode must be used. 

Only one polarity of the TEn -mode is excited by this type of transi¬ 
tion—the one in which the maximum electric vector lies along the diameter 
of the cylindrical waveguide that is parallel to the axis of the rec¬ 
tangular waveguide. This can be readily seen by a study of the geometry 
of the transition. The T-Eio-mode in rectangular waveguide has an 
electric vector which is perpendiular to the axis of the rectangular guide 
and parallel to the narrow dimension. Its magnitude is maximum in 
the center and decreases sinusoidally to zero at the edges of the wave¬ 
guide. Thus, there is symmetry about the center of the rectangular 
waveguide which precludes the excitation of the mode in the round pipe 
which is not symmetric about this center line. This property of the 
transition, to excite only one polarization of the TIEn-mode, makes it 
possible to use the technique outlined in the following paragraphs. 

6-21. Determining Percentage of TEn- mode in Cylindrical Wave¬ 
guide. —When r-f power is propagated simultaneously in the TEn- and 
Til/oi-modes in a cylindrical waveguide, it is possible to determine the 
relative amount of power in the two modes by measurements of the 
electric field in the waveguide. Since a probe inserted into a waveguide 
will be excited by the electric field which is directed along its length, only 
the radial component of the electric vector in cylindrical waveguide need 
be considered. For the TW m-mode, the radial component of the electric 
field at the periphery' of the pipe will vary according to the formula 



where E e — voltage amplitude of TMoi-wave, x = distance along the 
axis, and Xoi = the waveguide wavelength in the T'fl/oi-modo. For the 
TFn-mode, 

E r = En sin 


(34) 
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where Eh = the amplitude of the TE n-wave, and <t> — angle of azimuth. 
If the two modes are propagated simultaneously and the waveguide is 
matched to each mode, then the radial component of the electric field 
becomes 

E r = Ej( at -^ + E h sin 4,e<"^ +a \ (35) 

where a is the phase difference between the two modes at x = 0 and I ~ 0. 

j( u 

If the two terms are divided by e ' x "'' and only the amplitude of 

the electric field is considered, 

E r = E e + E h sin 4>e( x ' + °\ 


where — - --— From this relation, it is seen that, at the point 

A All Aoi 


along the pipe where e '■ x ' = ±1, the values of maximum and 
minimum are obtained by rotating around the pipe; 


E m * x — Ee + Eh 1 

and t (36) 

Etaia = Ee ~ Eh ) ■ 


If the ratio of maximum to minimum fields measured around the wave¬ 
guide is defined as 


r 



(37) 


Eqs. (36) may be combined to give 


Eh _ r — 1 
Ee r + 1 


(38) 


This maximum ratio will occur every X'/2 along the axis of the waveguide, 
or 5jr to cm, for tubing 1.152 in. ID over the band from 3.13 to 3.53 
cm. These same values of maximum and minimum are obtained if 
sin <j> — ±1, and the probe is moved along the axis of the waveguide; 
however, the technique of rotating the waveguide and inserting the probe 
into holes along the waveguide is preferable in order to avoid radiation 
in the TFn-mode and possible resonances caused by the slot. For round 
waveguide with inner diameters of 1.152 in. and 1.188 in. about 15 
holes spaced J in. apart are sufficient to obtain accurate results in the 
wavelength range of 3.13 to 3.53 cm. For a matched load in the wave¬ 
guide, one may use a cone of finely grained wood 14 in. long with a 
14-in. shank machined to a slide fit in the tubing. The reflections intro¬ 
duced by the cone may be detected by changing the position of the cone 
in the guide, and by observing the resulting variation in the power 
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extracted by a fixed probe. For a waveguide .407 in. in diameter, 14 
holes spaced xs in. apart were used satisfactorily over the range from 1.21 
to 1.27 cm with a 6-in. wooden cone as a load. 

To make use of the variation in power around the pipe in calculating 
the relative amount of power transmitted in the TEu- mode, the ratio 
of the r-f power transmitted to the square of the voltage amplitude at 
the periphery of the waveguide for each of the modes should be known.’ 
These formulas may be checked by calculating the total power from the 
component of Poynting’s vector in the direction of propagation from 
the equations 2 * 4 



P. = */ / K(KH'» - KH'r)r Jr rf*. (39) 

J 0 J r =*0 


The field equations for the 7'A'u-mode were taken from the equations 

E, = 0 \ 


Er=j 


E a 


= j j.4Wi (£) cos r4>\j J n (r ’f'j 


(,j(ut~0 nm T) 




H x = 


A’ cos n<f>J n 


(wi fjnn,X 

cos n<p 


•( 4 ) 

- (If) j '— (’■ ’r) ]!"- 


waves in the 


dielectric 


(40) 


? ('■ r r) 


(ut-finm 


and those for the 7 7 d/’,)i-mode were taken from the equations 






('?)■ 

- ajy ( 

oi \ 

jA — aj i (r —^ c' 1 "' 
r 0 i V a/ 


Er = jA ^ aJ x (r n ") 

r oi \ a / 


E n waves in the dielectric 


(4 1) 


1 F. E. Ehlers, “E 0 Hotary Joints for the 3-Centimeto.r Hand,” HE Report Xo. 

853, Dec. 4, 1945. 

- Sarbaeher and Edson, Hyprr and I'ltrnhigh Fri-f/utunj Engtnrrring, Wiley, Xew 

4 ork, 1943. p. 2(13. Ep. 1 7,1 14 i: p. 258. Ep 17.104 i: p 250. Kp. (7.82), respeelively. 
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Dividing the axial component of Poynting’s vector by the square of the 
amplitude of the radial component of the electric vector at the surface 
of the waveguide, we obtain for the TA’ n -mode, 


Pi: = 

El 200 X u ’ 


(42) 


where X n is the guide wavelength in this mode and a is the radius of the 
waveguide. For the 7bl/oi-mode 


P k _ Xoi 

E; : ~ 240 X ' 


After combining Fqs. 142) and (43), 


Ph 

Pk 


= 1.20 


x 2 El 

Xn Xoi E'l 


P 

P 


H 

E 


1.20 


X 2 

Xn Xni 


(r - l) 2 
(r + l) 2 ’ 


(43) 


(44) 

(45) 


where r is the ratio of maximum to minimum voltage at that point along 
the axis of the waveguide where the rotational asymmetry is greatest. 
The coefficient of (r — l) 2 /(r + l) 2 is plotted against X/o in Fig. 0-74. 



X /a 

I fc. 0-74.— Vac tor in Eq. (45) plotted against \/a. 


For some applications, the requirements for the purity of the 7'A/oi- 
mode in the round waveguide may not be very severe. In applications 
for rotary joints, however, there must be less than 0.5 per cent of the 
power in the 77s u -mode. In the design of the transitions developed at 
the Radiation Laboratory, attempts were made to secure this degree of 
mode purity, and various techniques were tried to reflect from the round 
waveguide, or otherwise suppress, the energy in the TEn- mode, lfow- 
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ever, before discussing these techniques, two transitions from rectangular 
waveguide to round waveguide in the TAfoi-mode will be described in 
which no devices are needed to obtain the desired mode purity. 

A simple transition in which the round waveguide is attached to the 
wide side of the rectangular waveguide, at right angles to it, has been 
described earlier in this chapter. Such 
a transition has been designed, for use 
at a wavelength of 1.25 cm, in which 
rectangular guide -5 by -j in. with 
0.040-in. wall and round waveguide 
with an inside diameter of 0.4075 in. 
are used. A rectangular plug is in¬ 
serted into the rectangular waveguide 
as shown in Fig. 0-75. In this particu¬ 
lar transition, the dimensions of the 
rectangular guide are such that it is 
possible to select round guide of a 
diameter which achieves, simultane¬ 
ously, a nearly perfect match and a 
mode purity satisfactory for use in 
rotary joints. This optimum diame¬ 
ter for the round guide was determined 
experimentally. For each of several diameters tried, the short-circuiting 
plug was adjusted so that the minimum voltage standing-wave ratio was 
obtained at 1.25 cm, the center wavelength of the band. Figure 6'76 
shows a plot of this minimum voltage standing-wave ratio as a function of 
the diameter of the round waveguide. The match of the finished transi¬ 
tion as a function of wavelength is shown in Fig. G-77. The bandwidth of 

1 . 20 ; 

iuo 

> 


"'6.460 0.465 0.470 0.475 0.480 

ID of round waveguide in inches 

Fig. 6-76.—Voltage standi rig-wave ratio of transition from I- by f-in. rectangular wave¬ 
guide to /'.Vuiode. 

the transition for a maximum voltage standing-wave ratio of 1.05 is about 
4 per cent. 

Because of the urgency with which this type of transition was devel¬ 
oped, no systematic data were taken by which the ratios between the 
dimensions of the waveguides and the wavelength could be determined 



0.040” 
rectangular 
tubing 



- 0.4675"ID 
round tubing 


0.158- 


Fig. 6-75.— TM or-mode transition for 
1.25-cm wavelength. 
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for any wavelength hand. It is possible, however, to scale the dimen¬ 
sions of this particular transition according to the ratio of the desired 
wavelength to 1.25 cm and thus to obtain comparable results. 

In the design of a transition from 1|- by g-in. waveguide with 
0.0ti4-in. wall to a round waveguide of 1.188-in. inner diameter, it was 
found that better mode purity could be obtained by use of a round 

short-circuiting plug having the same 
diameter as the wide dimensions of 
the rectangular waveguide. Because 
first consideration was given to the 
purity of the mode excited in the 
round waveguide, the location of 
the plunger was determined as that 
which gave minimum asymmetry at 
3.20 cm. The purity of the TM 0l - 
mode in the resulting transition is 
shown in Fig. 5-78. 

Since the transition was so simple 
in construction, it was decided to round the corners, as shown in Fig. 6-79, 
so that the transition would be able to transmit very high power. The 
position of the plug with the rounded corners was redetermined, and a 
tapered section from rectangular waveguide 1 by in. with 0.050-in. wall 
was added. An inductive window was placed in this taper to match the 
transition at 3.20 cm, since the voltage standing-wave ratio without the 
window was 1.4. With this window, the transition had a voltage standing- 



In;, h-77.--Voltage standing-wave 
rutin of right-angle transition to '/'.Uni¬ 
mode, J-in. by J-in. rectangular wave¬ 
guide. 



3.10 3.20 3.30 

Wavelength in cm 

Fig. 6-78. —Purity of T-l/oi-modc for electroformed or die-east liigh-power rotary joint. 

wave ratio of 1.10 or less from X = 3.102 cm to X = 3.250 cm (see Fig. 
0-80). The only means of manufacturing this transition is by the process 
of electroforming over a cerrobase form. The cerrobase is then melted 
out and the transition cleaned. 

Since this technique has nut been satisfactory for large-scale maim- 
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facture, the transition was redesigned for the process of die-casting. In 
the die-casting technique, a core must be drawn out of the rectangular 
waveguide and also out of the round-waveguide end of the casting; 
therefore the taper was eliminated. Also, a different technique for 
matching the transition was used: a matching iris was placed in the 
round waveguide as well as an in¬ 
ductive window in the rectangular 
waveguide in order to obtain a 
broader band. To demonstrate the 
advantage of two matching devices, 
the admittance plots of the transi¬ 
tion will be examined first without 
any inductive matching devices. 

Figure 6-81 gives a plot on the Smith 
chart of the transition with the 
admittance referred to an arbitrary 
position in the rectangular wave¬ 
guide chosen so that, if an inductive 
window of the correct aperture were 
placed there, the best broadband 
match would be obtained. With 
such a window, the bandwidth between maximum standing-wave ratios of 
1.10 is 3.16 to 3.25 cm or about 4 per cent. Now let us insert an iris into 
the round waveguide and adjust the aperture and position so that the 
smallest spread of admittances is obtained. The dotted lines in Fig. 6-81 
show the path through which the iris moves the admittance at each par¬ 
ticular wavelength. Since the iris adds capacitive susceptance, the ad¬ 
mittance of the transition without 
the iris and the admittance point 
with the iris may be rotated 
together to the place on the chart 
at which these two points lie along 
some line of constant conductance. 
In this way the dotted lines in Fig. 
6-81 can be traced. Since the 
susceptance of a capacitive iris is 
inversely proportional to the guide 
wavelength in the round wave¬ 
guide, corrections can be made in the first data in order to determine 
the size of aperture of the new iris and its position in obtaining the desired 
admittance pattern. In this way was obtained the admittance plot in 
Fig. 6-81, which, with an inductive window in the rectangular waveguide 
matched the transition to a maximum standing-wave ratio of 1.04 in 
voltage from 3.13-ein to 3.2C-cm wavelength. 



1.0'_L_t_I-1 

3.10 3.20 3.30 

Wavelength in cm 


Flu. fi-80.- -Performance curve for transition 
of Fig. 6-79. 



Fig. 6-79.—High-power AVtransition with 
matching windows. 
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This technique of matching may be used on other types of transition, 
such as rectangular to round in the TEn-mode. Separating the match¬ 
ing devices between the output and the input lines makes it much easier 
io attain a broadband device. 



Fig. 6-81. — High-power die-cast rA/oi- transition. A — admittance without iris 
B = admittance with too small an iris; C — best admittance for broad band; Z> ~ com¬ 
pleted transition with inductive window in rectangular waveguide. 

6-22. TEu-mode Filters.—In the two transitions discussed in the 
foregoing paragraphs, the dimensions of the respective waveguides were 
such that, at the chosen wavelength bands, the mode purity was satis¬ 
factory. In some transitions these dimensions, together with wave¬ 
length, may not be so fortunate. Consequently, some means of sup¬ 
pressing the TEii-mode must be employed. This was first done by 
means of an extension of the round waveguide below the rectangular 
waveguide, terminated by a short circuit. This is shown in Fig. 0-82. 
If this extension stub is a quarter wavelength in the TEn-mode measured 
from the short circuit to the center of the rectangular waveguide, a 
nearly pure TAfoi-mode is propagated in the round waveguide. Unfortu¬ 
nately, this stub is also nearly a quarter wavelength in the Tl/oi-mode, 
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Fig. fi-82.—Details of Preston 7'3/oi-transition; {n) stub transition for 3.17 to 3.23 cm; 
(b) stub transition for 3.27 to 3.33 cm. 

and thus causes a large mismatch which must be cancelled. A better 
result, is obtained if this stub is made three-quarters guide wavelength in 
the 7’fin-mode. Then the diameter 


of the stub can be chosen experi¬ 
ment -ally so that when the length of 
the short-circuited stub becomes 
three-quarters waveguide wavelength 
in the TE ir mode, it is a half-wave¬ 
guide wavelength in the TU/oi-mode. 
In this way, the voltage standing- 
wave ratio of the transition can be 
made small enough (about 1.5) to.be 
matched easily by an inductive 
window. Such a transition was de¬ 
signed from 1- by pin. waveguide 
with 0.050-in. wall to round wave¬ 
guide 1.188 in. ID at a wavelength of 
3.20 cm. The dimensions of this 
transition are shown in Fig. •0-82. 
The voltage standing-wave ratio is 
below 1.1 for a 2 per cent band 
centered at 3.20 cm, and the ratio of 



j * )" \ 

3x1^ waveguide— 4 
Fig. <>K3.— 7M/oi-tirmsiiion for 10.7 


TE ~mode to TAZ-mode is about O.o 0111 VVlth collxial Ntlll> 'fa’u-wwkU? sup- 

. . • pressor. 

per cent over this band. 


Another way of suppressing the TA’n-mode is by means of a coaxial 
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stub on the axis of the round waveguide placed below the rectangular 
waveguide as in Fig. 6-83. This has one advantage over the round 
waveguide stub: it has little effect on the TM O i-mode, since the maximum 



0.5 1.0 1.5 2.0 


2 nd- inches 

(a) 



t and /-inches 

(l>) 

Fia. 6-84.—Susceptance of a ring mounted in a waveguide: (a) as a function of mean 
circumference; (6) as a function of cross-section dimensions. 

electric field for this mode occurs at the center conductor of the coaxial 
stub and is not coupled into it. Therefore, the stub can be made a 
quarter wavelength long in the 77i'n-eoaxiaI waveguide mode, and it 
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will present a very high impedance to the round waveguide TEn-mode. 
This device is not so effective a suppressor as the compound TE—TMstub 
discussed in the earlier part of this section, and the introduction of the 
poly-supported resonant ring is necessary to obtain sufficient purity 
of the Til/oi-mode. This particular transition has a standing-wave 
ratio of 1.10 or less over the band from 10.61 to 10.81 cm. 

Possibly the most effective filter for the TE 1L -mode is the resonant 
ring. If a circular metal ring of the correct diameter is placed in a round 
waveguide propagating a plane wave such as the TEu-mode, nearly all 
the energy will be either absorbed or reflected away from this ring. 
The Til/oi-mode, however, will be 
little affected, since the electric 
field is nearly always perpendicu¬ 
lar to the edges of the ring. 

Thus, if this ring is inserted in the 
round waveguide in which the 
amount of TEn-mode is larger 
than desired, a large proportion of 
this energy will be filtered out of 
the round waveguide. The reso¬ 
nant ring is a satisfactory mode 
filter if about 90 to 95 per cent of 
the energy is in the Td/oi-mode. 

If this ring is aligned axially 
and centered in the round wave¬ 
guide, it acts like a resonant circuit 
parallel to the impedance of the 
line. As the periphery of the ring is increased from a very small diameter, 
it first has increasing capacitive susceptance. Then, as the periphery 
is increased beyond the resonant point, the ring becomes inductive. 
Figure 6-84 shows the effect of the diameter of the ring whose metal cross 
section is 0.040 in. square. These data were taken in waveguide yf in. 
ID at a wavelength of 3.20 cm. A complete study of the effect of reso¬ 
nant rings in round waveguide was made at the Telecommunications 
Research Establishment in Great Britain. At 9.1-cm wavelength, 
British physicists found that the resonant outer periphery was slightly 
greater than a tree-space wavelength and increased as the thickness of 
the ring material was increased. To a first approximation, the resonant 
inner periphery is independent of ring thickness. Figure (V85 shows a 
chart of the amplitude of the transmission coefficient vs. the periphery 
of the resonant ring for different diameters of the wire, taken in waveguide 
2-j in. ID. The effect of the waveguide diameter is of a second order, 
for a ring with a periphery of 1.15X will resonate in waveguide 24 in. ID 



l-'io. C'85.—Amplitude transmission co¬ 
efficient vs. ring circumference in wave- 
lengths. The wavelength was 9.1 cm, the 
waveguide had an ID of ‘l\ in. The diameters 
of wire used for the rings are indicated on the 
curves. 
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at 9.1 cm, while it requires a ring with a periphery of 1.18X for waveguide 
3f in. diameter. 

Another significant effect of increasing the thickness of the ring 
materia] is that the frequency sensitivity is decreased. This can be seen 
from Fig. 6-85 by the fact that the slope of the curves giving the amplitude 
of the transmission coefficient decreases for increasing ring thickness. 
Telecommunications Research Establishment found that at 9.1 cm the 
frequency sensitivity is 2|- times less for a wire of 0.11(1 in. diameter 
than it is for a wire of 0.012 in. diameter. 

One of the first, applications of the resonant ring was to increase the 
bandwidth of the transition which used a round waveguide stub to filter 

the 77?n-mode. A resonant ring 
was placed in the stub as in Fig. 
6-86, so that the length of the stub 
appeared to be a quarter wave¬ 
length in the 77? u-mode. The 
total length of this stub from the 
center of the rectangular wave¬ 
guide to the short-circuiting plug 
was made a half guide wavelength 
in the TM m-mode. Since the dis¬ 
tance to the ring was shortened 
from three-quarters of a wave¬ 
length to a quarter wavelength 
and the resonant ring is a broadband device, some improvement in 
bandwidth was obtained over the compound TE-TM-stub. This type 
of transition was not used because of the mechanical difficulty of sup¬ 
porting the resonant ring by a polystyrene or mica disk, and because the 
compound TE-TM-stub had sufficient bandwidth to satisfy the require¬ 
ments at that time. 

In subsequent designs of F.l/oi-transitions, a better moans of support¬ 
ing this resonant ring was devised. If the electric field of the TE . .-made 
in Fig. 6-73 is examined, it will be found that a metal sheet can be placed 
along a diameter across the waveguide so that it is perpendicular to the 
electric field and, therefore, will cause no disturbance of this field. 
Similarly, if metal struts which lie along this diameter to support the 
resonant ring are used, the effectiveness of the resonant ring for this 
polarization is unimpaired. However, if the struts are aligned in the 
direction of the electric rector, the ring is only at) per cent effective. 
From the discussion in the beginning of this chapter it is seen that only 
one polarization of the 77?u-mode can be excited in the right-angle 
transition; that is, the one in which the polarization is along the axis 
of the rectangular waveguide. Therefore, if the struts are oriented 
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perpendicular to the axis of the rectangular waveguide, the resonant ring 
will filter out the TlEn-mode. 

With the use of the strut-supported ring, a TW/oi-mode transition was 
designed to cover the band from 3.13- to 3.53-cm wavelengths. In 
order to obtain a transition from 1- by -J-in. waveguide with 0.50-in. 
wall which would be easy to manufacture and which would have no stub 
extending below the Rectangular waveguide, the construction shown in 
the drawing in Fig. fi-87 was tried. The 0.980 in. diameter of the 
hole concentric with the round waveguide was experimentally found 






1'iu. 0-87.—Filter-ring transitions. The basic construction is similar to that of the upper 

view of Fig. 0 93. 


to give the smallest amount of TE n -mode and the best possible 
match at 3.20-em wavelength with round waveguide 1.188 in. ID. The 
diameter of 0.980 in. matched the transition to about 1.1 and from 5 to 
7 per cent of the energy was propagated in the 7’A’ n -mode. With 
the addition of a strut-supported resonant ring, the amount of TE n -mode 
was reduced to 1 per cent or less from 3.1 to 3.5 cm. With the ring 
located about xi in. from the bottom, the transition was matched by a 
symmetric inductive window to 1.1 or less over this band. However, 
as the amount of 77?u-mode exceeded the allowable half per cent for the 
high-wavelength end of this band, the size of the waveguide was changed 
to see if better mode purity could be obtained. With the waveguide 
of 1.152 in. ID (i-in. tubing with 0.049-in. wall), it was found that the 
transition could be matched over the baud from 3.13 to 3.53 cm with a 
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voltage standing-wave ratio of 1.1 or less, with an inductive window; 
the amount of power to the TEn-mode was less than one-half per cent 
over this band (see Figs. 6-87, 6-88, and 6-89). The position of the reso¬ 
nant ring was chosen principally to obtain an r-f admittance which could be 
matched over a broad band by an inductive window in the rectangular 
waveguide. Its effect on the purity of the TAfoi-mode is practically 
independent of the distance from the bottom of the rectangular wave¬ 
guide. However, for positions nearer the bottom than J in., its effective- 



wavelength in cm 



3.10 3.20 3.30 3.40 3.50 

Wavelength in cm 
( b) 


l-'iu. 0-88.— Purity of AVmode for filter-ring transition (Fig. 0 S7a). Tliv ordinate of (a) 
is Ph/Pe as given by Eq. (45), and is derived from the data plotted in (b). 


ness diminishes. Section 7-3 contains a discussion of the application 
of these transitions in rotary joints and an explanation of the effect 
of the strut-supported ring on the TE\ i-mode resonances. 

Although a standing-wave ratio in voltage of 1.1 or less is satisfactory 
for most uses, a better match can be obtained by using a capacitive iris 
in the round guide as well as an inductive window in the rectangular 
waveguide (Fig. 6-87d); this is the same method used in the transition 
from 11- by f-in. waveguide which was discussed in a previous part of this 
chapter. The graph in Fig. (S-90 shows the standing-wave voltage ratio 
as a function of wavelength for the initial model. 

Because of the wide use of these transitions, and because of the differ¬ 
ent processes by which they were constructed, two more ways of matching 
were employed: a quarter-wavelength transformer, and a capacitive 
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button. The quarter-wave transformer, which is shown in Fig. 6-875, 
was used to obtain a match at 3.20 cm. Because it has a simple geometry, 
the transformer is especially adapted to the process of electroforming. 
The voltage standing-wave ratio of the transition with this transformer 
is 1.04 or less, from 3.15 to 3.25 cm (Fig. 6-91). 

Button matching is especially suitable to the process of die-casting. 
In this process, a die must be drawn from a rectangular waveguide and 
another from the round-waveguide section of the transition casting. 
By putting a capacity button 0.080 in. high and i in. in diameter at the 



3.10 3.20 3.30 3.40 3.50 

Wavelength in cm 

Fig. 0 80.—VSW11 vs. X for the transition of Fig. G-<S7«. 



3.10 3.20 3.30 3.40 3.50 

Wavelength in cm 

Fig. 6-90.—VS Wit vs. X for the transition of Fig. G87d. 

bottom of the transition along the axis of the rectangular waveguide, 
but off the axis of the round guide toward the back of the transition, 
the transition can be matched without the additional machining necessary 
to put in a quarter-wave transformer or an inductive window. Each 
transition will be matched to 1.03 VHWR or less from 3.13 to 3.29 cm 
with a maximum of 1.06 at 3.33 cm as in Fig. 6-92. 

The following procedure was used to determine the position of the 
button. The position of the minimum in the standing-wave ratio 
of the transition without the button was used as a reference point. 
A small button, not quite large enough to remove the mismatch caused 
by the transition, was placed in the transition where it reduced the 
voltage standing-wave ratio. The admittance was plotted with respect 
to the position of the voltage minimum without the button. Having 
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assumed that the button would add shunt capacitance, the two admit¬ 
tances were rotated on the Smith chart until they lay along some con¬ 
stant conductance circle. Successive adjustments of the position were 
made until the button moved the admittance along the conductance circle 
of 1. Then, that height of the button which would bring it into the 
center of the chart was determined experimentally. Locating the proper 
position only by rotating the admittance of the transition toward the 
load is subject to considerable error since the guide wavelength in the 
transition section is not known. 



Fig. G-91.—VSWR vs. X for the transition Fig. 6-92.—VSWR vs. X for the transition 

of Fig. 6-876. of Fig. 6-87c. 

The optimum bandwidth is attained when the button is 0.088 in. 
from the center line of the round guide. To improve the match for the 
higher wavelengths, the button must be nearer the load; if the button is 
moved farther back, its effect diminishes, and it becomes critical with 
respect to position. Consequently, there is no satisfactory position to 
match for the wavelengths above 3.3 cm. 

The most critical part in this type of transition is the resonant 77-ring. 
Tilting an 77-ring with the supporting struts as axes tends to affect its 
resonant frequency. One transition was tested in which the ring was 
tilted 0.018 in. (the difference between the height of one end and the 
height of the other end of the ring). Then the ring was adjusted to an 
0.010-in. tilt. The following table gives a comparison of the results. 

Table 6-5.—Results of Tilt of .//-Ring 


X 

VSWR 
0.018 in. 

VSWR 
0.010 in. 

3.16 

1.16 

1.09 

3.20 

1.07 

1.05 

3.23 

1.06 

| 1.00 

3.30 

1.13 

1.09 


Assuming that a change of 0.008 in. in tilt from the level position has 
the same effect as a change from 0.010 in. to 0.018 in., we find that a 
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tolerance of ±0.002 in. is allowed for a change of 0.01 in voltage standing- 
wave ratio. Variation in the height of the H- ring is less critical; ±0.005 
in. will cause a change in voltage standing-wave ratio of 0.01. 

Another means of eliminating this objectionable 2T?n-mode is to use 
a metal fin as shown in Fig. 6-93. It has been shown that only one 
polarization of the TEu -mode can be excited in the round waveguide 



by a right-angle transition from rectangular to round waveguide; there¬ 
fore, if there is inserted across the diameter of the waveguide a metal 
fin aligned along the axis of the rectangular waveguide, this polarization 
is short-circuited. One requirement of the fin is that it must be very 
well centered. The type of mode propagated in this half round-wave¬ 
guide section is essentially the TEu- mode, with one half 180° out of 
phase with the other half, so that a symmetric mode is set up at the 
transmitting end of the fin. If, however, the fin is not centered, then 
the waveguide wavelength in one half is different from that in the other 
half, and a shift in phase between these two halves results in some 
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TE n-mode being excited by the fin (see Fig. 6-94a). This fin also mus 
be long enough so that the higher mode in Fig. G-94b is sufficient,!', 
attenuated. 

The mismatch of the fin to the Fil/m-mode, with the edge rounded, 
is very highly inductive, so that the fin is nearly matched if it is about 
a half guide wavelength long. Figure 6-95 shows a plot of various fin 
sizes and the resulting match to the Ffl/oi-mode as a function of wave¬ 
length. The straight fin will stand no more 
power than the resonant ring. Corona forms 
along the edge of the fin; and, although round¬ 
ing the edges has a salutary effect on the break¬ 
down, it does not eliminate this corona entirely. 

Another means of reflecting the TE n-mode 
is to couple out this mode into shunt arms of 
rectangular waveguide in the same manner as 
the right-angle transitions described in Sec. 
6-17. However, instead of using the full rec¬ 
tangular opening into the round waveguide, a 
narrow resonant slot may be used to couple 
into the waveguide. Four such waveguides 
may be spaced 90° around the TM oi-waveguidc 
so that all polarizations are coupled into the 
rectangular waveguides. If the short-circuit¬ 
ing plungers in each arm are adjusted so that 
an effective short circuit is placed at the center 
of the waveguide, all the energy is reflected 
back and the device is a resonant mode filter. 
This type of filter is a selective device, for it 
Fig. 6-94.—Propagated (o) will have little effect on the T4/ nl -mode trans- 
and . attenuated (6) modes in fin mitted in the round waveguide. The currents 

in the Zhl/oi-mode are always in the direction 
of propagation; they are, therefore, parallel to the slots which will not, 
consequently, cut across any currents in this mode. 

Some experiments have been done on this type of mode filter but no 
appreciable band was attained. Figure 6-9(3 shows the plot of the 
transmission of TE u -mode past a single arm of 1^- by f-in. waveguide 
on round waveguide 1.152 in. ID. It was thought that by spacing 
the opposite arms a quarter wavelength away as in Fig. 6-97 the band¬ 
width could be increased; but there was some interaction between the 
two sets of arms. At certain wavelengths, more energy was propagated 
in the FFu-mode with this type of filter than without it. One funda¬ 
mental fault of this design was that the symmetry of the round-waveguide 
section was not preserved. 
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3.0 3.1 3.2 3.3 3.4 3.5 3.6 

Wavelength in cm 

i n . li Mntrli of fin to 7’3/oi-inodc in round waveguide. 



J io. li-lll). Plot of transniiiisioH of 7'£.’ii-nmdo past single urm of mode filtej- of Hie diuul- 
stub t '. pe (see Fig. b (17). 

The purpose of using resonant slots to couple into the waveguide was 
to ensure the T£n-mo<le filter’s introducing as little disturbance as 
possible to the incident 7'.l/oi-mode. Since, however, there is very little 
coupling of the TM-mode into a shunt waveguide arm with a full open¬ 
ing, it is possible that a more satisfactory filter may be made, using 
four short-circuited arms 90° apart around the waveguide as in Tig. 
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6-98a. Since this is symmetric it 



Fig. 6-97. —Mode filter with two sets 
of stubs spaced X ff /4 apart in round wave¬ 
guide. Stubs to reflect T’.fi’n-mode. 


Another device which may be 


will not excite any T’A’n-mode. Some 
of the yjl/oi energy will be reflected 
back as well as the 7'h’n-mode, to be 
sure, but if this reflection is not too 
large, it may be matched out by 
inductive diaphragms or it may be 
spaced to cancel the reflection from 
the transition. ()ne is limited some¬ 
what in spacing the filter in the round 
waveguide since that section between 
the filter and the transition itself may 
become resonant in the 7 , £'u-mode 
at certain frequencies. One might 
also ext end this further and use a long 
section of waveguide, the cross sec¬ 
tion of which is shown in Fig. 6’98, 
which might he designed so that it 
will not propagate the 77? n -mode. 
ed to excite the 7 , d/ ( ,i-mode is shown 


in Fig. 0'99. This should transform nearly 
all the energy into the TWoi-mode without 
the necessity of any mode filters. The 
wave propagated in the two arms of the 
rectangular waveguide T from the input 
shunt arm have the same phase relation. 
Since the two path lengths from the T, 
around the rectangular bands to the center 
of the round waveguide, are equal, this 
waveguide will be excited by a symmetric 
field which theoretically should prevent 



any of the r^n-mode from being 
propagated. 

6-23. Straight-on TM<n~mode Transi¬ 
tions.—In Sec. ()-20, the easiest way of 
exciting the 7’4/oi-mode was discussed, and 
it was decided that this could best be done 
by coupling the round waveguide at right 
angles to the wide side of the rectangular 
waveguide. It is often desirable, however, 
to har e the two waveguides on the same 


Section at 4-A 



axis. Some means must be used to excite Fm. <>-as. - four .»tni« to M-tici 
the waveguide with a symmetrical field. 


This may be done by a tapered fin. This fin, when aligned with the maxi- 
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mum electric vector in the 77?ji-mode in the round waveguide, will 
divide the waveguide mode into two half-round 7’A'n-modos of equal 


power. In Fig. 0-100 there are 
sketches of the electric field in vari¬ 
ous cross sections of this tapered 
section showing how the field is 
gradually divided into two sections 
w ith one side 180° out of phase with 
the field in the other half. If the 
round waveguide is tapered to a 
larger size to transmit the TMm- 
mode, then a terminating antenna 
may be used to match the wave¬ 
guide to the 7Mfoj-mode. This 
device, if the fin is centered care¬ 
fully, will excite very little energy in 
the 7’it/n-mode since the symmetry 
is not dependent in any way on 
frequency. 

The length of the taper for this 
the host match for 3.2 cm. which for 



j-«— Round 
j waveguide 




Rectangular waveguide 


Yu-.. 0-90. - ■ with r\- 

citiiiK round wnvomiitle iu ;i syinmrlncul 
manner. Tin* inpur wnvoKiiitlc, :U i In* 
hottoni, branches by means of an //- 
plane T. 

ransition was determined to obtain 
round waveguide-J ij in. 11> is 1.125 



Fh;. li liH). Field ronfijmrations in round \v;ivo*ruide with tapered fin. 


in. A metal rod of i in. diameter was soldered over this taper to provide 
rounded edges in order to cut dow n tl'ti? possibility of corona and voltage 
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breakdown. On the basis of the theory of tapered transmission lines, 
it would be expected that if this taper were made very long it would be 
very well matched over a broad band. Lengthening this type of taper, 
however, makes the mismatch worse. A study of the cutoff wavelength 



Fig. 6-101.—Cutoff wavelength for round waveguide with fin, TE\ i-mode. 


as a function of the dimension of the fin in Fig. 0101 indicates that 
the cutoff wavelength may become infinite as the height of the fin 
approaches the diameter of the waveguide. This, of course, would intro¬ 
duce a large discontinuity in the impedance at this point. The design 
of this transition has not been finished. If a capacitive iris in the round 

waveguide, together with an inductive iris in 
the rectangular waveguide, is used to match 
this transition, a good match may be obtained 
over a fairly broad band. 

Another technique of obtaining a straight- 
on 7’4/ortransition is shown in Fig. (i-102. 
In this transition a fin is placed across a 
diameter in the round waveguide so that it 
is perpendicular to the electric field. In this 
way, the incident power is divided in hall' with 
Fig. 0 102 .—Fields in wave- very little mismatch. Now, if a phase shift 
guides divided by a diametral () f 180 ° ; s introduced into one half of this 

plane. . . 

waveguide section, then a symmetrical field 
may be formed exactly like the right-hand sketch in Fig. 0-100. This phase 
shift may be accomplished by a section of dielectric or a metal half-round 
rod as in Fig. (>T03. The half-round rod has some advantages since this 
section of waveguide will propagate only the 77f,i-coaxia] mode; and then 
its cutoff wavelength can be calculated. As in the previous design, the 
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Coaxial phase shifter Dielectric phase shifter 



Matching taper Dielectric quarter-wave matching 

transformer 

Flu. 6-103.—Two possible means of obtaining a phase shift and appropriate matching 

see ti oris. 



round waveguide should bo tapered to one of larger size which propagates 


the TM oi-mode; the same terminating antenna 
may be used. The addition in the round 
waveguide of some filter, such as a resonant 
ring, will increase the bandwidth. 

A shorter straight-on transition is possible 
if a stub is used to introduce the phase shift. 
Tn this transition, the dividing fin is placed in 



the rectangular waveguide and a series stub is 
placed on one side as shown in Fig. 0-104. 
This fin is also extended into the round wave¬ 
guide, and no gradual taper from the rectangu¬ 
lar section to the round is needed. The same 
antenna is used to terminate this fin. With 
the introduction of a resonant ring, such a 
device appears to be capable of being matched 
over a broad band. 

6-24. High-power Capacity.—Tn the course 
of designing these transitions, some tests wore 
made on their power capacity. For most of 
these tests, tIre round waveguide was matched 



to space by means of a flared horn. This made 
it possible to observe where breakdown actually 


l-’u:. 6-104. — Straight-on 
VWoi-traiisition with stub 
phase shifter. 
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occurred in the transition. Since only 100 to 200 kw peak power was 
available for test., the transition with its matched horn was placed inside 
a bell jar of a vacuum system. Then the air was drawn out until arcing 
occurred. The following chart of power breakdown for atmospheric 
pressure was calculated, assuming that the peak-power breakdown varies 
directly as the power of the pressure and is inversely proportional 
to the square root of the pulse width up to 2 nsec. If the repetition rate 
is increased by a factor of 4, the peak power necessary for breakdown is 
decreased by 30 per cent. 

There are many factors that determine the power capacity of a transi¬ 
tion, such as the width of air gaps in the transition and the presence of 
sharp corners and of dust or fine metal flings. Cleanliness seems to be 
an especially important factor in ensuring the best power capacity of a 
particular design. When each transition was tested at first, frequent 
“splitting” or “sputtering” occurred from the sharp corners, but as 
the transition was continued under high power, this spitting gradually 
ceased. Greater consistency is obtained if the sharp corners are elimi¬ 
nated by rubbing with steel wool and the transition is blown clean by an 
air blast. 

6-25. Summary.—In the previous paragraphs we have discussed in 
detail the transitions that were developed, or were attempted, at the 
Radiation Laboratory. In designing these transitions, with the possible 
exception of the round waveguide in the transition for 1.25 cm, the inquiry 
was consistently limited to standard tubings. This was especially true 
in the case of the rectangular waveguide which was standardized by the 
Army and Navy. Therefore, if a simple transition, containing no 
filters for the 77?-mode, excited nearly pure mode, this was a happy 
coincidence; and if the combination of waveguides and wavelength were 
not right, various TE -mode filters had to be tried to obtain the satisfactory 
TM oi-mode purity. It is possible that the purity of the mode in the 
round waveguide in such a simple transition results from the optimum 
adjustment of four dimensions: the height and the width of the rec¬ 
tangular waveguide, the diameter of the round waveguide, and the posi¬ 
tion of the short-circuiting plunger. There were not many parameters 
with which to work, but it is possible that broader bands could have 
been obtained if a greater investigation of these parameters had been 
made. For instance, one might investigate the effect, that the height 
of the rectangular waveguide would have upon the mode purity in a wave¬ 
guide of a given diameter when the plunger is adjusted for minimum 
excitation of the 77fi, ,-mode. Also, the effect of the wide dimension 
of the rectangular waveguide might lie investigated. If these investiga¬ 
tions were made over the entire frequency range where the 7'.l/ lu -mode 
will operate without higher modes, they would give adequate data to 
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enable an engineer to design a simple transition which could be manu¬ 
factured for an}' desirable band from standard tubings. Of course one 
could scale the transitions described in this text by the ratio of the 
wavelengths for the known transition to the wavelength of the new band 
and obtain a set of dimensions which would be as good for the new band; 
but in a great majority of the cases, these dimensions would be very 
odd indeed, and would not correspond to any standard tubings available. 
Consequently, a fundamental series of investigations, such as those pro¬ 
posed here, would be desirable if further designs of the TM oi-transitions 
were contemplated. 


Table 6-6.—Breakdown of 7’.V c1 -Transitions 


Transition 

• 

Fig. 

No 

Wave¬ 

length, 

cm 

Break¬ 
down, 
kilo¬ 
watts, at 
1 /usec. 
1000 cps 

Rating, : 
k\v, for 
factor of 

safety j 
of 2 

Weakest, point 

Compound TE—TM stub.. 

6-82 

j. 3.2 

250 

125 

, Across rectangular 
waveguide edges at 
opening into round 
waveguide 

Strut-supported resonant- 
ring filter. 

Fin filter (breakdown at 

0-87 j 

3.2 

000* 

450 

Junction of rectangu¬ 
lar and round to bot¬ 
tom of rectangular 
corner of ring 

fin). 

603 

3.2 

550 

270 

Along edges of fin 

High-power transition, 

rounded corners. 

6 7(1 

3.2 


1250 

No arcing at 200 kw 
peak power to 10 cm 
pressure 

Straight-on tapered fin. 

; 0 -100 

3.2 

440 

220 

From top of taper to 
top of round wave¬ 
guide near point 
where fin is nearly 
across waveguide 

Transition with rectangu¬ 
lar plug in bottom. 

: (>-75 

1 .25 

70 

35 

! 

Junction of rectangu¬ 
lar and round to bot¬ 
tom of rectangular 


* Sharp edges taken off with steel wool, and transition thoroughly cleaned by air blast. 




CHAPTER 7 


MOTIONAL JOINTS 

Ry F. L. Niemann, F. E. Ehlers, and F. T. Worrell 

In microwave system installations it is usually necessary to provide 
for relative motion between components at one or more points in the 
r-f transmission line. The shock-mounting of the different components 
and the searching or scanning motions performed by radar antennas, for 
example, require motional joints in the coaxial line or waveguide which 
have a variety of degrees of freedom. It is the purpose of this chapter to 
discuss the electrical design of the various devices that fulfill these require¬ 
ments. The mechanical aspects are treated in other books of this series, 
e.g., “Radar Scanner Enginering,” and will be mentioned here only in 
so far as they affect, or are affected by, the electrical characteristics. 

There are two general electrical considerations that apply to all 
motional joints. First, they must provide a good impedance match (a 
voltage standing-wave ratio of about 1.2 or less) for all required dis¬ 
placements. This involves the problem of mode purity, in certain 
cases, since the presence of undesired field configurations can give rise to 
resonances which appear as large reflections in the transmission line. 
As is mentioned in Chap. 6, this requirement of impedance match is 
imposed by the sensitivity of most microwave oscillators to their load 
impedances and by the effect that large standing waves may^ have on the 
operation or power-handling capacity of other transmission-line compo¬ 
nents. The power lost through reflection at a mismatched component 
is usually so small as to be a secondary consideration. Second, special 
precautions are frequently necessary to minimize the r-f leakage from 
these components in order to prevent interference with receiving equip¬ 
ment or, when systems have very high power, to prevent damage from 
sparking to the moving mechanical parts of the unit such as the bearings. 

A mechanical consideration that affects most of the designs for 
motional joints is that of pressurization, discussed to some extent in 
Chap. 3. It is sometimes desirable to operate a microwave trans¬ 
mission line under considerable pressure or to maintain sea-level pres¬ 
sures at high altitudes to reduce the likelihood of breakdown at high 
powers. In systems designed for ship installation or for operation in the 
tropics or other regions having high humidity, the transmission line 
is kept dry by the introduction of dry air at a pressure slightly greater 
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than atmospheric. Therefore, it has become standard practice to provide 
for pressurization in the design of nearly all microwave transmission-line 
components. In terms of the type of motion for which they are designed, 
motional joints may be classified as (1) rotary joints, and (2) other types 
of motional joints. Each category includes designs for both waveguide 
and coaxial line. 

Rotary Joints .—Rotary joints provide for continuous rotation in 
either direction about one axis. This requires field configurations 
with symmetry about the axis of rotation. In practice either the 
TEM-mode (dominant coaxial mode) or the jTAfoi-mode in round wave¬ 
guide is used. A round-waveguide rotary joint using a circularly 
polarized TE \\-mode has been developed experimentally. In systems 
where the coaxial mode is used throughout, the electrical problem is 
relatively simple. More frequently, however, the transmission line 
consists of rectangular waveguide carrying the TEi o-mode, so that 
transitions to a symmetrical mode are required for the rotary joint. 
The transition problems have been treated in Chap. (j. 

Other Types of Motional Joints .—There is often need for joints that 
provide for translational displacements that are small compared with a 
wavelength or for rotations of considerably less than 3fi0°; these usually 
do not involve a change of mode. Such joints include vibrational or 
alignment joints, which allow very small translational and rotational 
displacements in any direction or about any axis; “swivel” joints, which 
permit rotation through fairly large angles about the longitudinal 
axis of the transmission line; hinge joints, for small angular displacements 
about either of the transverse axes; and universal joints for angular 
displacements about both transverse axes simultaneously. Most of 
these devices have been designed for rectangular waveguide although a 
few have been built for coaxial line. The function of the vibration or 
alignment joint is sometimes accomplished through the use of flexible 
waveguide or coaxial cable (see Chap. 5). These require considerable 
space, however, and arc not to be recommended for applications involving 
continuous motion. 

MOTIONAL JOINTS IN COAXIAL LINE 

By F. L. Xiemanx 

7-1. General Design Considerations for Coaxial Rotary Joints.— 

Since the field configurations for the TEM- or dominant mode in coaxial 
line are functions of the radius only, they are suitable for a continuous 
rotary motion about the axis of the line. Impedance-matching is 
therefore quite simple, and the chief problems in the design of such a 
joint arc mechanical in nature. The major electrical requirement is 
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that there be a low impedance in series with the line at the point of dis¬ 
continuity where there is relative motion between the rotating and fixed 
parts. An impedance minimum (and therefore a voltage minimum) 
is necessary in order to prevent burning of contacts, to minimize leakage, 
and to match the discontinuity. For low-speed joints operating at low 
powers, a well-designed mechanical “wiping” contact on both inner and 
outer conductor is satisfactory. A more desirable arrangement that 
allows high speeds of rotation and operates well at high powers is the 
following. As small a gap as it is convenient to make mechanically is 
left between the moving and the fixed parts of the conductor. A coaxial 

choke section (r-f) 1 is placed in 
series with this gap in one of several 
possible arrangements that will 
produce a low series impedance at 
the gap. Two of these arrange¬ 
ments are shown in Fig. 7T. In 
Fig. 7-la the choke section consists 
of a quarter wavelength of coaxial 
line terminated in an open circuit, 
the fields being rapidly attenuated 
in the region beyond the coaxial sec¬ 
tion. This places a low impedance 
at the discontinuity between the 
two parts of the conductor. This 
arrangement is applicable only to 
the center conductor, since, in the 
case of the outer conductor, the 
chokes must be designed to come 
outside the conductor, and a perfect 
open circuit is not possible. Figure 
7-1 h shows chokes of slightly different constructions on both inner and outer 
conductors. These chokes consist of half-wavelength sections terminated 
by short circuits. This arrangement also places a low impedance across 
the gap. Each half-wavelength section consists of two quarter-wave¬ 
length sections, one of which has several times the impedance of the 
other. As is shown in Chap. 2, this greatly reduces the frequency 
sensitivity of the choke; well-made junctions of this kind have almost 
unmeasurable reflections over as much as a 30 per cent band. Further, 
these chokes are so designed that the short circuit occurs just a quarter- 
wavelength from the point of contact. This places a high impedance 
and, therefore, a current minimum in this region. This design has a 
further advantage over the quarter-wavelength section in that the center 
1 The theory of r-f chokes is discussed in Chap. 2. 
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1'iG. 7-1.— Coaxial chokes in rotary joints. 
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conductors of the two members may be joined in a bearing and thereby 
be more rigidly supported. 

In practice, the use of these chokes results in a completely satisfactory 
impedance match for a rotary joint. However, in certain units used at 
high powers, leakage sufficient to cause damage to the bearings has 
occurred through these chokes. The elimination of this effect by the 
use of an absorbing material will be discussed later. 

7-2. Examples of Rotary Joint Construction.—The chief differences 
among the various ways of constructing coaxial rotary joints are mechani¬ 



cal in nature and are determined by the speed of rotation, temperature, 
loading, and pressure difference under which the joint is to be operated. 
The final solutions to some of the problems involved have not been 
obtained; the several examples presented here are representative of 
designs developed during the last few years at various stages of progress 
in microwave engineering. Most of them could be improved by the 
utilization of later developments, particularly in the technique of low- 
temperature high-speed pressure seals. Also, in certain cases the designs 
were intended for applications not requiring high-speed or low-tempera.- 
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ture operation, and the units could be simplified by the use of sleeve 
bearings and neoprene seals. For speeds greater than a few hundred 
revolutions per minute, or for heavy loading, or both, ball bearings are 
necessary. If, in addition, the joint is to be operated over a wide range 
of temperatures and pressures, as in the case of aircraft installations, a 
Sealol type of pressurizing seal is more successful. 

Figure 7-2 shows a design for a 10-cm rotary joint in A-im coaxial 
line. This rotary joint is designed for fairly low speeds, of 60 rpm or 
less, and both the inner and outer conductors are made of beryllium- 
copper or phosphor-bronze and slotted to form “fingers” which, under 
tension, provide a good mechanical wiping contact. A sleeve bearing 
and a neoprene- or rubber-lip seal arc satisfactory for the conditions 
under which this unit is designed to operate. The particular applica- 



J'ia. 7 3. -10-cm bead-supported rotary joint for |-in. line. 

tion for which this was designed required a right-angle connection so 
that the center conductor is supported by a right-angle quarter-wave¬ 
length stub. It could equally well be supported by “straight through” 
stubs or by means of beads if the power rating is not a limiting factor. 
If a special low-temperature neoprene is used in the pressurizing seal, 
the unit should be satisfactory at temperatures down to about — 20°C. 
However, since this rotary joint was designed for low-power and low- 
speed applications, pressurization was incorporated chiefly as a means 
to keep out dirt and moisture. The unit has had only limited application. 

A later design of a 10-cm rotary joint is shown in Fig. 7-3. This is 
for a bead-supported f-in. coaxial line and incorporates coaxial chokes 
at the discontinuity. A quarter-wavelength, open-circuited section 
is used on the center conductor and a two-section, half-wavelength, 
short-circuited choke coupling on the outer conductor. It should be 
noted that the close spacing desirable in these couplings requires a very 
accurate alignment of the bearings. If low-temperature neoprene is 
used in the seal, this unit should be satisfactory for speeds of 300 rpm 
or less and should be effectively pressurized at temperatures down to 
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— 20°C. In both these specifications the seal is the limiting factor. 
Use of the Sealol type should permit operation at speeds of several 
thousand revolutions per minute and at temperatures considerably 
lower than — 20°C. 

In this design, as in most others, it is desirable to have the seal come 
between the choke sections and the bearings. This arrangement pre¬ 
vents the leakage of oil or grease into the chokes and helps to shield the 
bearings from any radiation that may leak through the chokes. In 
certain high-power applications, it is necessary to take further precau¬ 
tions to prevent damage to the bearings from r-f arcing. 

In the design for a |-in. stub-supported coaxial rotary joint shown 
in Fig. 7-4, the two-section half-wavelength broadband choke is used on 

Oilite bearings 



both the inner and the outer conductor. This allows the inner con¬ 
ductor to be supported at the discontinuity by means of the steel pin 
turning in a graphited-bronze (Morganite) bearing. Because it has 
sleeve bearings and a low-temperature-neoprene seal, this joint should 
probably not be operated at more than two or three hundred revolutions 
per minute nor at less than — 20°C for continuous service. It has, 
however, been run satisfactorily at GOO rpm and at room temperature for 
50 hr. In this design one of the Oilite bearings is between the choke 
and the seal. This arrangement is undesirable, in general, but has given 
no trouble in a number of different applications; it should be satisfactory 
provided that the joint is not operated at too high a power or at speeds 
of rotation at which the Oilite becomes overheated and exudes oil which 
can affect the operation of the choke sections. Two versions of this 
design differing only in the direction of the input line arc pictured in 
Fig. 7-5. 

A coaxial rotary joint, also in $-in. line, designed expressly for high 
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speeds, heavy loading, and low temperatures is shown in Fig. 7 (>. In 
addition to the half-wavelength choke sections and the graphited- 
bronze bearing on the inner conductor, it has two large ball-type main 
bearings, a Sealol pressurizing seal, and a balanced double-stub support 
on the rotor. This unit is designed for 3000 rpm and for temperatures 
down to — 50°C. 



7|_ow temperature neoprene gasker 

Fig. 7-6.—High-speed pressurized coaxial rotary joint for 10 cm. 


These examples, chosen as typical of a large number of slightly diiler- 
ent modifications, are all for 10-cm wavelengths. They can, of course, 
be adapted to both longer and shorter wavelength bands; models have 
been designed for wavelengths as long as 25 cm and as short as 3 cm. 
However, at the short wavelengths, machining tolerances become almost 
prohibitively small, and for the 3-cm and 1-cin bands, coaxial rotary 
joints have been replaced almost entirely by the Tbl/m-mode rotary 
joint. 

There has been little reference to the power-handling eupaeity ol these 
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Ignition sealini 
compound 



joints because they are usually capable of transmitting at least as much 
power as the coaxial line itself can support. The power-handling capacity 
of the coaxial line is limited by the bead supports or by the coaxial 
transformers on the broadband stub supports (see Chap. 4). When the 
coaxial mode is utilized for a rotary joint in a high-power system having 
a waveguide transmission line, however, the coaxial section and its 
transitions to waveguide are frequently a limiting factor in the power 
rating of the system. This problem is to be discussed in a later section. 

A similar consideration applies to the bandwidth of these joints in 
terms of the allowable impedance mismatch. As has been mentioned, 
the match provided by the two-section, half-wavelength, coaxial chokes 
is very good (the voltage standing-wave ratio is less than 1.05 if the 
choke sections are properly made) 
over a band which is probably some¬ 
what wider than that for which a 
broadband stub support is as well 
matched. Bead supports in coaxial 
line usually constitute even more of a 
limiting factor in terms of .match 
and bandwidth than do the stub 
supports. 

A possible type of rotarv-joint 
construction developed by the Naval 
Research Laboratory, which is not limited by chokes or by stub or bead 
supports in the frequency band over which it is usable, is shown in 
Fig. 7-7. It consists of a dielectric-filled coaxial line with a tapered 
contact that provides a long leakage path between the dielectric sections. 
The dielectric used is du Pont Poly F-1114, polytetrafluorethylene, 
called “Teflon.” This has very good bearing properties and is highly 
resistant to chemical action. The contact is lubricated with Ignition 
Sealing Compound, which has a dielectric constant approximately the 
same as that of Teflon and has good high-voltage insulating properties. 
Spring-finger contacts are used on the inner and outer conductors. 
This type of joint should be usable at any frequency up to the cutoff 
frequency of the second coaxial mode. In a dielectric-filled line this, 
of course, occurs at a lower frequency than in an air-filled line of the 
same over-all dimensions. However, at microwave frequencies the 
power loss in the dielectric becomes appreciable. Furthermore, because 
of the dielectric and the mechanical contacts, such a joint is limited to 
low speeds and low average powers. 

7'3. Other Coaxial Motional Joints.—It is difficult mechanically to 
provide for relative motion between sections of coaxial line other than 
motion about the axis of the line, as in rotary joints. Various methods 


Spring fing 
contact 
Fig. 77. 


Contact-type dielectric-filled 
rotary joint. 










414 


MOTION A L JOINTS 


[Sf.c. 7-3 


have been proposed and some actually used experimentally with a 
certain amount of success. Since waveguide joints for these motions 
are considerably simpler and usually more satisfactory than coaxial 
joints, little use has been made of coaxial line for this purpose. In 
systems using coaxial line throughout, however, it is not always con¬ 
venient to use a waveguide motional joint. 

An example of a coaxial universal joint for small angular displace¬ 
ments is shown in Fig. 7-8. It is capable of about ±3° angular dis¬ 
placement about both transverse axes simultaneously. It was used 
in a “conical scan” antenna for an accurate direction-finding radar 
system. The desired beam scan with fixed polarization was obtained 
by an off-center nutating motion of the antenna feed. The conventional 



Fig. 7-8.—Coaxial universal joint for small displacements. 


chokes are slightly modified to allow for the small angular displacement. 
The dimensions of the coaxial line are increased to facilitate the mechani¬ 
cal construction, but the line impedance is maintained at very nearly 
50 ohms throughout. The two step discontinuities in diameter introduce 
approximately the same susceptance and are placed a quarter wavelength 
apart so that reflections from them cancel at the design wavelength. 
The discontinuities at the gap between moving parts in the inner and 
outer conductors are also a quarter wavelength apart for the same reason. 
Since this unit was designed to be operated at fairly high speeds (1800 
rpm), a balanced double-stub support for the center conductor is used 
on the rotor. This design should be satisfactory for powers at which 
it is safe to operate 3-in. stub-supported coaxial line. However, because 
of the comparatively large susceptive discontinuties occurring at the 
changes in the size of the line, this motional joint is probably well matched 
for a rather narrow band, probably not more than 5 per cent for a voltage 
standing-wave ratio of less than 1.1. 

A somewhat more complicated motional joint that provides for 
small displacements in all degrees of freedom, translational and rotational. 
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is shown in Fig. 7-9. The mechanical design, although simple, creates 
some interesting impedance-matching problems. Chokes are used at 
all points of contact, so that good electrical contact between moving 
parts is not essential. In order to make this construction feasible 
in a unit designed for use with |-in. coaxial line, a coaxial line of larger 
size is used in regions of contact. However, in order to allow the desired 
longitudinal motion, the size of the inner conductor in these sections 
cannot be changed; therefore, several sections of coaxial line having 
different impedances are necessary. To provide for impedance-matching 
over a useful band, a half-wavelength taper in the outer conductor is 
used between the standard j-in. line and the largest coaxial section. 



"Folded" Choke couplings 

Fig. 7-9.—Coaxial motional joint for small translational and rotational displacements. 


The four different impedances—Z 4l Zi, Z 8 , and Z 4 —are designed to have 
approximately the relationship 

/zvy _ Zj (Zt y 

\zj z 2 \zj ’ 

or 

o i ^ 2 i ^ 3 oi 
2 log y- = log =- = 2 log 

Z/1 /j 2 Z/ 3 

that is, the logarithmic increment between Z 3 and Z 2 is twice that between 
Z 2 and Zi or between Z 4 and Z 3 . As discussed by Slater 1 and in Chap. 6 
of this book, this is the condition for broadband matching with two 
quarter-wavelength transformer sections. 

The line section of impedance Z 4 is made large enough so that the 
choke sections on the inner conductor can be machined with reasonable 
ease. The susceptive discontinuity between Z 2 and Z 3 is also made 
twice that between Zi and Z 2 or between Z 3 and Z 4 , which are made 
approximately equal. Because of the quarter-wavelength spacings, 
reflections from the first and last of these discontinuities add and are 
canceled by that from the center discontinuity. Actually, Z 4 is some- 
1 J. C. Slater, Microwave Transmission, McGraw-Hill, New York, 1942, p. 57. 
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what different from the value that would be given by the relation pre¬ 
viously stated. It is adjusted so that the reflections from the Z 4 -to-Z 3 
discontinuity on either half of the unit (which will add since they are a 
wavelength apart) are canceled over an appreciable band by the reflection 
from the stub support for the inner-conductor section. The variation 
of the voltage standing-wave ratio with wavelength can be given a 
final adjustment in design by varying the position of the short-circuiting 
plug in the stub support. 

Although the development of this joint for production or system 
use has never been completed, initial results indicate that it should be 
possible to build such a device having a YSWR of less than 1.2 over 
about a 10 per cent band. With properly rounded edges on the coaxial 
transformers, the unit should be capable of carrying as much power 
as can safely be used with i-in. stub-supported coaxial line. 


WAVEGUIDE ROTARY JOINTS 


By F. E. Ehlers 


If a section of waveguide transmission line must be rotated about 
an axis with respect to another section, as in scanners for radar equip¬ 
ment, some sort of round-waveguide section may be used. It is neces¬ 
sary that the round-waveguide section should be one that propagates 
a symmetrical mode (such as the TM oi-mode or circular polarization 
in the TEn- mode), or one that has some means of rotating the polariza¬ 
tion of the TFu-mode. 

7-4. Resonances in Rotary Joints.—The most satisfactory method of 
obtaining a waveguide rotary joint is by the use of the Tl 1/lu-mode. 



I 




0.4675- 




Fig. 7-JO.- Choke sections in round waveguide for TWoi-modo. TIipm* designs are for 
wavelengths of d.3 cm and 1.25 cm. 


This may be done by using two 7'A/or*?’£io-modc transitions and a 
choke section in the round waveguide as shown in Fig. 7-10. The 
details of designing a choke for a broad wavelength band will not be 
treated here for they have been covered in Chap. 2. Since the coaxial 
sections in the choke will be excited by a symmetric field, they must be 
computed on the basis of the principal coaxial 77Cl/-mode. 
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The difficulties of making a transition from a rectangular waveguide 
that produces a pure TMoi-mode in the round waveguide were dis¬ 
cussed at considerable length in Chap. 6 . The design of several transi¬ 
tions was described in which as little as one-half of 1 per cent of the 
energy is propagated in the TIEn-mode. With this small amount of 
energy in the TB ~mode there will be very little variation in the reflection 
from the rotary joint and no variation in the output power with rotation. 
However, if the transitions should excite as much as 1 per cent of power 
in the TEn-mode, variations in the input voltage standing-wave ratio 
of about + 0.02 with rotation may be encountered. The amount of 
this variation will depend on two things: the relative amount of TEu- 
mode in the round-waveguide section, and the variation with angle of 
polarization of the impedance of the transition to the TEu-mode in the 
round waveguide. When the right-angle transition from rectangular 
to round waveguide is used, only one polarization of the TE -mode is 
propagated in the round waveguide, and that is one in which the electric 
vector is parallel to the rectangular-waveguide axis. Therefore, energy 
in the TE-mode in the round waveguide, which is polarized at 90° to 
the rectangular-waveguide axis, will be totally reflected from the transi¬ 
tion. If there is any energy in the TE-mode with a polarization parallel 
to the rectangular-waveguide axis, a small fraction of this will be prop¬ 
agated in the rectangular waveguide. - As the joint is rotated, then, 
different amounts of energy will be propagated in the rectangular wave¬ 
guide and cause variations of the input voltage standing-wave ratio 
and of the output power. Some variation will also occur in the input 
voltage standing-wave ratio if the electrical length of the round-wave- 
guide section for the TE n-mode changes with angle of rotation, thereby 
introducing a varying reactance to the transmission line. 

Even with as little as one-half per cent of TEn-mode in the round 
waveguide, resonances may be obtained in the round-waveguide section 
if its equivalent electrical length is equal to an integral number of half 
wavelengths in the TEn-mode. The theory of these resonances has 
been worked out . 1 The following relation gives the condition for 
resonance in the round-waveguide section: 

l . n cost 1 [cos (tj - 1 - 7 ) cos 2 6 + cos (v — 7 ) sin 2 8] , . 

\ ~ 2 + 4r ‘ W 

In this equation, l is the length of the cylindrical waveguide measured 
between corresponding points in the two mode transformers whose 
position is specified below; X, is the wavelength in the TEu-mode; 
8 is the angle of rotation; and n is an integer. The total shifts in phase 

1 H. K. Farr, ‘‘Theory of 7'.U,. r Mode Rotary Joints,” RL Report No. 993, Jan. 
15, 1946. Also Vol. 21, Chap. 10, of the Series. 
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of the position of the minimum of the TEn -wave with angle of rotation 
for the two transitions are, respectively, i? and 7 . The values of rj and 7 
may be obtained experimentally. If the TEn-made is polarized parallel 
to an axis of symmetry, then all the energy that is reflected back will 
be in that polarization. For a right-angle transition from rectangular 
to round waveguide, this axis of symmetry is along the middle of the 
rectangular waveguide. Since no energy can be excited in the polariza¬ 
tion at 90° to this axis of symmetry, any energy of that polarization 
in the round waveguide will be totally reflected without change of 
polarization. If the 7'!?n-wave, which is oriented differently from one 
of these polarizations, is reflected from a transition, then the reflected 
wave consists of two polarizations that are parallel and perpendicular, 
respectively, to the axis of symmetry. The phase difference in radians 
between the positions of the minima for these two polarizations in one of 
the transitions is i), and 7 is the value for the other transition of the 
rotary joint. Then rj and 7 may be computed from the relations 

27r.ri 
27T.2'2 

each x is the distance between the position of the minimum in the round 
waveguide for the TE 1 i-polarization parallel to the axis of symmetry 
and the minimum for that polarization which is perpendicular to the 
axis of symmetry; and X„ is the wavelength for the 7T?ii-modc. 

If there is no shift in phase between these two polarizations, there 
is no variation with rotation, and the resonant condition is 

J_ = n. 

\ 2 ’ 

and for the next higher resonant wavelength, 

/ _ 1, — .1 

X,. " 2 

Calculating the bandwidth between resonant wavelengths, we have 



As the number of half wavelengths in the round waveguide, and therefore 
the length of the waveguide, is increased, the bandwidth between reso¬ 
nances is decreased. In general, it is best to use a short rotary joint in 
order to obtain as broad a band as possible. If the rotary joint is made 



n = 

r = 
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less than one-half wavelength, there is some coupling between the two 
transitions of the asymmetrical fields near the junctions of the rectangular 
and round waveguides. This coupling will cause a variation in the 
input impedance of the joint with rotation. 

A further limitation of the bandwidth between resonances is pro¬ 
duced by the difference in phase between the reflections from the tran¬ 
sitions of the two polarizations that are parallel and perpendicular to 
the axes of symmetry of the transitions. Figure 7-11 is a plot of resonant 



Fig. 711.—Plot of resonant wavelengths for several values of 17 with identical transitions. 


wavelength for different values of q when the two transitions are identical 
and, therefore, q = 7 . From the graph we see that, when 17 is equal to 
x/ 2 , or the phase difference is a quarter wavelength, there is no band 
that is free of resonances. For q equal to zero, there is no spreading of 
the resonances with rotation but, as the value of q is increased, this 
spreading increases. Therefore, in the design of TAf 01 -transitions for 
rotary joints, every effort should be made to minimize the phase shift 
between the two polarizations. 

Some interesting phenomena may be observed in these resonances. 
From Fig. 7-11, we see that if tj = 7 , the two pairs of resonances come 
together at 90° and reach their maximum spread at 0° and 180°. How¬ 
ever, if the two transitions are different—that is, q 9 ^ 7 —these two 
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resonances do not come together (see Fig. 7-12). As ij - 7 becomes 
larger, the spread of resonances at 90° and 270° increases. If tj = 0, 
there is no variation of these resonances with angle of rotation, but there 
are two fixed resonances that differ in fractions of a guide wavelength 
by 7 / 2 ir. Now, if -q be fixed and 7 varied, some improvement is made 
on the total spread of resonances if 7 is made as small as possible. 
Therefore, if it is possible to improve the phase difference for one tran¬ 
sition, an improvement will be obtained in the complete rotary joint. 



Fig. 7-12.—Resonant wavelengths with transitions with unequal values tj and y. 

These deductions from the theoretical formula have been taken into 
account in the actual design of rotary joints. 

7-6. Rotary Joints Using Transitions with the Compound TE-TM- 
stub. —Complete studies have been made on the resonances in rotary 
joints composed of the three types of the TM ^-transitions discussed in 
Chap. 6 . One of these is the transition which uses a compound TE- and 
TM -mode round-waveguide stub that supports the 77f, ,-mode. For 
this transition, the change in phase of the reflection coefficient for the 
TEu-mode with varying polarization is very small. Thus, there is little 
spreading of the resonances with rotation. It was found that for the 
±1 per cent band centered at 3.20 cm, resonances occurred when the 
distances measured between the centers of the rectangular waveguides 
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were equal to an integral number of half wavelengths (see Fig. 7-13). 
Permissible lengths which cover the band from 3.17- to 3.23-cm wave¬ 
length were determined experimentally and given in Table 7T. A 


Table 71.—Permitted Lengths L of Rotary Joint 
2.44- 3.90 cm 12.81-13.92 cm 


4.51- 5.90 
6.58- 7.91 
8.66- 9.01 
10.73-11.92 


14.88-15.93 

16.96-17.93 

19.03-19.94 

21.11-21.94 


general empirical formula for the resonant lengths that must be avoided 
is given by 


1.90 + 2.005n < L < 2.44 + 2.075n, 

where L is the distance in centimeters 
between the centers of the rectangular 
waveguides, n is a whole number, and 
2.005 and 2.075 are half the wave¬ 
guide wavelengths in the TE n-mode 
for a waveguide with an inner diame¬ 
ter of 1-^j in. at 3.17 and 3.23 cm re¬ 
spectively. For « = 22 or larger, 
the resonant regions begin to overlap 
at the edges of the + 1 per cent band- 
For this reason a length L = 40 cm 
is the upper limit for a rotary joint 
that will perform well over a band 
from 3.17 to 3.23 cm. Within the 
range of the lengths listed above, the 
input voltage standing-wave ratio 
should vary less than ±0.01 with 
rotation. The variation is least for 
the lengths halfway between the reso¬ 
nant lengths; and to eliminate the 
possibility of high standing-wave 
ratios near resonance, the extremes 
of the permitted lengths should be 
avoided. 

Since each one of these transit ions 
of the rotary joint will have a voltage 
standing-wave ratio of 1.1 at the 
extremes of the band from 3.17 to 
3.23 cm, the input voltage standing- 
joint will vary from 1.2 to perfect 



Fig. 7-13.—Assembly of rotary joint and 
i?„-tran sf owners. 


wave ratio of the complete rotary 
match depending on the spacing 
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of the two transitions. It is possible to choose the length L so that, 
with the change of impedance with wavelength, the two transitions will 
cancel each other at the center of the band. The empirical formula for 
L that gives this cancellation is 

L = 5.0 + 2.75 n, (3) 

where 2.75 cm is equal to a half wavelength in the 7'.Urn-mode for this 
waveguide at 3.20 cm. 

For small values of L satisfying Eq. (3), this cancellation is very 
good; for long lengths, the phase change with wavelength is so large 
that there is little advantage in using this relation. It must, be remem¬ 
bered that the primary restriction on the length L is the necessity of 
avoiding resonances in the 7’A’n-modc. Within the range of permitted 
lengths, L may be chosen to satisfy Eq. (3) as nearly as possible. 



Wavelength in cm 

Fig. 7-14.—Voltage standing-wave ratio of TM/m-rotary joint with rompound TE-TM- 

stub. 

The input voltage standing-wave ratio for two typical completed 
rotary joints as a function of wavelength is shown in Fig. 7-14. The 
curve for L = 7.5 approximately satisfies Eq. (3). For the length of 
9.40 cm, however, the reflections from the two transitions add at 3.23 cm. 
This represents about the worst mismatch that can be expected for any 
value of L. 

7-6. Resonances in the High-power Rotary Joint.—This rotary joint 
consists of two transitions of the type shown in Fig. 0-79, Sec. (V22. In 
this transition, a round short-circuiting plug is used in the rectangular 
waveguide and all sharp corners are rounded to increase the power¬ 
handling capacity. Because of these rounded surfaces, the transition 
must be manufactured by the processes of die-casting or electroforming. 
This transition contains no mode filters in the round waveguide; and 
consequently, there is little spread of the resonances with rotation. In 
Fig. 7T5 the resonant wavelengths are plotted against the total length 
of the round waveguide measured between the bottom surfaces of the 
rectangular waveguides. The shaded region indicates the total spread 
with rotation of the resonances. This spread is practically independent 
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of frequency. To find the limits of a resonance-free band of a rotary 
joint of a given length from Fig. 7-15, one should follow along a vertical 
line at the given length at the bottom of the chart and read from the 
vertical scale the upper resonant wavelength on the lower resonant 
region and the lower resonant wavelength on the upper resonant region. 
It is a safe policy to operate 0.02 cm in wavelength from each resonance 
to allow for mechanical tolerances and to avoid possible high standing- 
wave ratios near resonance. 

A number of lengths of this rotary joint may be chosen which cover 
the complete band from 3.13- to 
3.3(>-cm wavelength without reso¬ 
nances. Hut since the ratio of the 
77s’-mode to 7'.M-mode power is 
more than one-half per cent for 
wavelengths greater than 3.29 cm, 
there will be variations in the volt¬ 
age, standing-wave ratio with rota¬ 
tion. For a ratio of TE-mode to 
7'!/-mode of 1 per cent, the input 
voltage standing-wave ratio will 
vary about ±0.025; and for a load 
matched to 1.3 in voltage, the 
shift in the position of the mini¬ 
mum in the input rectangular 
waveguide will be about 0.03 wave¬ 
guide wavelengths. The varia¬ 
tion in the output power will be 
about 1 per cent. If a rotary joint 
is designed to cover a narrow band centered at 3.30 cm, there will be less 
variation with rotation if a length is chosen that is midway between the 
resonant lengths. 

7-7. Resonances in the 77fu-mode for the Filter-ring Type of Rotary 
Joint. The introduction of the filter ring in the 7’4/ormode transition 
shown in Fig. (i-87 and discussed in Sec. (i-22 complicates the phenomenon 
of resonances in the rotary joint. The stub-supported resonant ring will 
transmit as much as 50 per cent of the TEu -power incident on it. if the 
polarization of the A’-vcctor is in the direction of the stubs, as compared 
to 1 per cent of that polarization when it occurs 90° to it. Consequently, 
rotating the joint will tune the resonances. For that wavelength for 
which the ring is a half wavelength from the bottom, the resonances will 
be nearly constant with rotation. As the wavelength is increased or 
decreased from this point, the dependence ot resonance on angle of 
rotation increases. 



Over-all mside length in inches 
i'll,. 7-15.—Jtesonant wavelength vs. 
over-all length for die-cast high-power rotary 
joint. 
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Experimental curves of resonance (Fig. 7-1G) as a function of length 
indicate that the resonance is practically independent of rotation at 
3.1 cm. However, with increasing wavelength, the width of the resonant 
region increases. The two outer resonances of the shaded region for a 
given length occur when the angle between the two transitions is 0° or 
180°. As the second transition is rotated from this position, the outer 
resonances move in together and become nearly coincident at the 90° or 
270° positions. At 3.5 cm it is impossible to space the transitions so 



Over-all inside length in inches 

Fro. 710 —Resonant wavelength vs over-all length for //-ring transition, 
that resonance will not occur, since the electrical distance of the ring 
from the bottom is approaching one-quarter of a guide wavelength. 

To avoid changing standing-wave ratio with rotation, the shortest 
rotary joint that is recommended for these transitions is one having 
3$ in. between the bottom surfaces of the transitions. This variation 
is probably caused by the interference of the fringing fields near the 
ring struts and is avoided when the transitions are sufficiently far 
apart. The largest band that can be obtained by a rotary joint from 
two of these transitions is 3.13 to 3.37 cm with a length of 3.789 in. 

In Chap. 0 several techniques of matching this type of transition are 
discussed. The chart of resonant wavelengths in Fig. 7-Hi may be used 
for all of these techniques since there is little or no effect on the reso¬ 
nances in the round-waveguide section. 
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7-8. Rotary Joint Using 7' A n -mode Filter-ring Type of Transitions 
with TE 11 — absorbers* As we have seen in the previous discussion, the 
necessity for avoiding troublesome resonances in the TIEn-mode imposes 
considerable limitation on the selection of lengths for rotating joints. 
If the round-waveguide section is made longer, the band between 
resonances is shortened. However, if some means of coupling the 
TTJn-power out of the round waveguide into an absorbing load is used, 
resonances may be eliminated and a rotary joint may be made any 
length. The bandwidth of such a rotary joint will be limited only by 
the match of the transitions and the purity of the TM oi-mode. This 
coupling may be done with four 
longitudinal slots spaced by 90° 
around the pipe. The currents in 
the waveguide for the TEn -mode 
of one given polarization at two 
places on the round waveguide 
180° apart (on the round guide) 
flow transverse to the slots, and 
therefore power is transmitted 
through them. (See Fig. 6-73 in 
the Introduction of Sec. G-20.) 

Four slots are spaced by 90° 
around the waveguide in order to 
absorb all polarizations of the 
7’7/n-mode. As the currents in 
the 7’4/oi-mode are longitudinal 
everywhere, these slots have little effect on them. 

In designing Tfin-mode absorbers, considerable care must be taken 
so that no appreciable amount of the TM m-power is coupled into the 
absorber. Consequently, the use of wide slots must be avoided, and 
these slots must be located in the round waveguide so that a maximum 
amount of the 77fn-mode is coupled into them. This maximum coupling 
occurs when the center of the slots is placed at the voltage maximum, 
which is an odd integral number of quarter-guide wavelengths in the 
77sn-mode away from the position of the short circuit of the transition. 
If there is considerable difference between the short circuit for the 
polarization aligned along the axis of the rectangular waveguide and for 
the short circuit of the polarization perpendicular to it, then some means 
must be provided so that a satisfactory match is obtained for both 
polarizations. 

In the design of an absorber for the (ilter-ring type of transition, 
considerable difficulty was encountered with variation in the position of 
the short circuit with rotation of the polarization. In this design the 






426 


MOTIONAL JOINTS 


[Sec. 7-8 


energy ih the TE u -mode is coupled into a coaxial cavity, 1 in. long and 

\ in. wide, which has a 400-ohm /square 
ring of IRC resistance material in its 
center to absorb the r-f energy. (See 
Fig. 7T7a.) The longitudinal slots 
excite this cavity in the rectangular wave¬ 
guide TSio-mode. With a short-circuit¬ 
ing plug in the round waveguide placed 
three-quarter waveguide wavelengths 
from the center of the slots, the length 
and width of these slots were determined 
so that a voltage standing-wave ratio of 
2 to 4 was obtained from 3.13 to 3.53 cm. 
When this absorber was placed three- 
quarters of a waveguide wavelength from 
the bottom of the filter-ring transition, 
the voltage standing-wave ratios for the 
polarizations, parallel and perpendicular 
to the axis of symmetry in the wavelength 
range from 3.13 to 3.40 cm, were similar. 
(See Fig. 7-18.) However, the mismatch 
for the 90° polarization rose rapidly from 
a voltage standing-wave ratio of 3 to a 
voltage standing-wave ratio of 9 in the 
iici. 7-176. Double-mode absorber. range from 3.4 to 3.53 cm. Asinglemode 

absorber on only one of the transitions of a rotary joint will eliminate reso- 



3.1 3.2 3.3 3 4 3.5 3.6 

Wavelength in cm 

Fur 7-18.—YSWR for 7’Fn-mode absorbers for filter-ring transitions. 

nances from 3.13 to 3.4 cm. Apparently for this type of rotary joint, the 


Resistance strips 
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TE n-raode absorber need not be so efficient to eliminate resonances at 
the low wavelengths as at the high wavelengths. If an absorber is used 
with each transition, or if two absorbers are combined, as shown in 
Fig. 7-17b, rotary joints of any length will cover the entire band from 
3.13 to 3.53 cm without resonances. 

7-9. Rotary Joints for 1.25-cm Wavelength. —Since bends in 
by ±-in. waveguide occupy so little space, only one length for the rotary 
joint, consisting of two transitions described in Fig. 6 75, Sec. 6-21, has 
been used. This length is 2.110 in., measured between bottom surfaces 



Fig. 719.—Transition of rotary joint with plug for 1.25 cm. 

of the transition; and the resonances occur at wavelengths of 1.21 and 
1.30 cm. This is considerably outside the usable band for the tran¬ 
sition. However, to eliminate some of the bends in rectangular wave¬ 
guide, a long rotary joint was designed using TEu -mode absorbers. 
The dimensions for this absorber were obtained from scaling the dimen¬ 
sions of the design described in the preceding paragraphs. From 40 to 
60 per cent of the energy in the TE n-mode is dissipated in a single-mode 
absorber; and one absorber is required with each transition to eliminate 
the resonances completely. This rotary joint will function from 1.23 to 
1.26 cm with a maximum variation in the voltage standing-wave ratio 
of ±0.03 and a maximum variation of 2 per cent in the transmitted 
power. The introduction of the slots near the junction of the rec¬ 
tangular and round waveguides increases the voltage standing-wave 
ratio of the transition, and the short-circuiting plug has to be readjusted 
in order to obtain a match. This change in the short-circuiting plug 
increases the amount of TEu-m ode excited in the round waveguide over 
the original design in Fig. 6-75, Sec. 6-21; and the absorber is not suf¬ 
ficiently well matched for the TE u -mode to eliminate the rotational 
variation. The dimensions for the transition of fhis rotary joint are 
shown in Fig. 7-19. 

7-10. Analysis of the Resonances in Rotary Joints Composed of 
Transitions with Diametric Fins in the Round Waveguide. —In Sec. 6-22, 
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Fig. 6-93 shows a sketch of a transition with a diametric (in to suppress 
the T-En-mode in the round waveguide. This fin will totally reflect all 
the energy in the polarization of the 77?n-mode that is aligned parallel 
to it. The polarization which is 90° to this fin will he readily trans¬ 
mitted, since the electric vector is perpendicular to its surface, and will 
be reflected from the bottom of the rectangular waveguide. Because 
this fin is rather long, the difference in phase between the positions of 
the short circuit for these two polarizations will be about one or two 
wavelengths. With transitions of this type, it may be possible to adjust 
the fin so that y and y in Eq. (1) are equal to zero at one wavelength; 
but with changes in wavelength, the values of y and y will increase 
rapidly. Consequently, in order to obtain a broad band with this tran¬ 
sition, a 77?n-mode absorber may have to be used to eliminate resonances. 

The straight-on transitions that use a dividing fin, such as in Fig. 
6T00 in Sec. 6-23, will have the same difficulty since the fin is practically 
no obstruction to the transverse polarization of the 77?n-mode. The 
addition of a mica or dielectric-supported ring will eliminate this diffi¬ 
culty as well as a 77?n-mode absorber, since the energy of all polari¬ 
zations is reflected from the resonant ring in the same phase. This 
resonant ring must be placed so that resonances do not occur between 
the ring and the fin or between the ring and the base of the transition. 
For transitions that use dielectric-supported resonant rings, the reso¬ 
nance occurs when the spacing between the rings is approximately equal 
to an integral number of half-guide wavelengths. The distance between 
these rings is selected as an odd integral number of quarter-guide wave¬ 
lengths at the center of the wavelength band to obtain the largest pos¬ 
sible range free of resonances on either side of this center wavelength. 

7-11. Rotary Joint Using Circular Polarization. —In See. G18 various 
methods of obtaining circular polarization in the 7'Fn-mode were dis¬ 



cussed. Two transitions from rectangular to round waveguide which 
transform all of the energy in the rectangular waveguide into a circular- 
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polarized wave may be combined as in Fig. 7-20 to make a rotary joint. 
Since the wave propagated in the round-waveguide section is symmetric 
there will be no variation in the output power with rotation. This wave 
at a given reference point x x in the round waveguide at the output tran¬ 
sition has the form 

E r = 

If there is a mismatch in the transition, part of this wave will be reflected 
back to this same point with some definite phase change. Now if the 
output transition is rotated through an angle 8 , the amplitude of the 
wave at the same instant with respect to the output transition is 

E r = * 

For constant 4> about an axis of the output transition, the equivalent 
line length added to the round waveguide is B radians. From this, the 
total phase shift in the position of the minimum for the standing wave is 
equal to 8 radians; and the input admittance for the rotary joint will 
make two complete revolutions around a Smith admittance diagram for 
every revolution of the output transition. Consequently, the tran¬ 
sitions and load in the output rectangular waveguide will have to be 
perfectly matched if variation of the input admittance and “pulling” 
of the oscillator is to be avoided. 

7-12. Resonance in a Circular-polarization Rotary Joint. —Because of 
the frequency sensitivity of a quarter-wave plate, it is not possible to 
design a transition to the circular-polarized 7’Fn-mode over a broad 
band without some of the energy in the round waveguide being propa¬ 
gated in a plane-polarized wave. If the angle of the output transition 
is such that the plane-polarized wave is not affected by the 45° quarter- 
wave plate, it can be resolved into two components, each at 45° to the 
plane wave. One of these components will be propagated into the rec¬ 
tangular waveguide, the other one will be reflected back into the round- 
waveguide section. For other orientations of the output transition, this 
plane-polarized wave will be converted into an elliptically polarized 
wave in passing through the quarter-wave plate of the output transition. 
Some of the components of the elliptically polarized wave will be 
reflected back into the round waveguide. This reflected wave may in 
turn be reflected from the other end; and if the electrical length between 
the two transitions for this reflected wave is equal to an integral number 
of half wavelengths, resonances will occur that will absorb and reflect a 
large amount of the energy. These resonances may be eliminated by 
using a transition from rectangular to round waveguide which will 
present a match to all polarizations of the 77V,,-wave. In the tran¬ 
sition of Fig. 6-58, Sec. 6T7, the 77V, [-polarization excited through the 
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quarter-wavelength transformer will not be propagated in the shunt 
rectangular waveguide. But if an incident 7’Eu-wave of any other 
polarization is propagated in the round waveguide, it can be resolved 
into two components—one which will be propagated through the quarter- 
wavelength transformer and down the main transmission lino, and 
another which will be coupled into the shunt rectangular waveguide. 
If a quarter-wave plate is combined with this type of transition and two 
such combinations are used to make a rotary joint, then no resonances 
can occur, since any plane wave in the round waveguide will be matched 
regardless of its polarization. The elimination of these resonances makes 
it unnecessary to determine specific lengths to avoid resonances. There 

are two other transitions that have this prop¬ 
erty of being matched to all polarizations. 
These are the transitions with the two shunt 
rectangular arms spaced at 90° shown in Fig. 
6-57, Sec. 6-17, and the turnstile transition 
shown in Figs. 6'66 and 6 67 in Sec. 6-18. 

7-13. Rotary Joints Using a 7\E n -mode 
Polarization Rotator. —In the same manner 
that a quarter-wave plate will set. up circular 
polarization, a half-wave plate may be used 
to rotate the polarization of the 7’En-mode. 
The radial electric vector E r of a TEn-w avc 
may be resolved into two components at right angles; thus, 

E r = [id sin 4 > + Ez cos . (4) 

Since the amplitude of the input wave is constant, then 

E = VEf+El 

If 6 is defined as the angle which the E i component above makes with 
the resulting wave E, then from Fig. 7-21, 

E r = E [sin 4> cos 9 + sin 6 cos 
or 

Er = E sin {<t> + (o) 

Now if a half-wavelength difference in phase is introduced between the 
two components, then 

E r — E [sin 4> cos 6 — sin 9 cos <j> ]e J( “ [ ~' 3 - r) , (6) 

Er = E sin (<*> - 

The maximum radial vector is at the angle for which the sine function is 
equal to 1; thus, the angle of the maximum vector for the incident wave is 




Fig. 7 21.—Resolution of modes. 
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and for the output wave, 

* - 5 + «■ 


If the polarization of the input wave is fixed and the half-wave plate 
is rotated, the output polarization is rotated through twice the angle of 
the half-wave plate. We can make use of this property in the con¬ 
struction of a rotary joint in the round waveguide. If we rotate the 
output transition through twice the angle of the section containing the 
half-wave plate, then the polarization of the input TEu -mode null be 
rotated correctly to be transmitted through the output transition. 

The same techniques may be employed in designing a half-wave plate 
as in designing the quarter-wave plates in Figs. 6-61, 6-62 and 6-63 in 
Sec. 6T8. The same step may be used to match the ends of the plate, 
and the length may be extended to obtain a half-wavelength difference 
in phase between the two components of the incident wave. 

The length for the half-wave plate may be calculated from the 
formula 


4 " (t ~ q + ** a ~ o = r - 


(7) 


In this equation, /, is the length of the step-matching transformers, and l 
is the remaining length of the half-wave plate; X,, and X,. are the wave- 
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guide wavelengths in the matching transformer for the components 
Ei and Ei in Eq. (4); and \i and X 2 are the corresponding waveguide 
wavelengths in the remaining length of the half-wave plate. To make 
the plate shorter, two fins may be used to obtain the half-wavelength 
phase shift. Figure 7-22 shows the dimensions of such a half-wave plate 
in a round waveguide with an inner diameter of 1.000 in. for a wave¬ 
length of 3.40 cm. 

Let us consider the broadband possibilities of a rotary joint using a 
polarization rotator. Over an appreciable pass band, the phase shift 
will not always be an exact half wavelength because of the frequency 
sensitivity of the half-wave plate. If we define S as the difference in 
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phase shift from a half wavelength, then the TEn- wave, after going 
through the half-wave plate, will be 

E r = E( sin 4> cos d — sin 9 cos , 

E r = I?(sin $ cos 6 — sin 8 cos <p cos 5 — j sin 8 cos <p sin (8) 

If 

(E sin 4> cos 9 cos 5 — E sin <j> cos 8 cos = 0 

is added to Eq. (8) and the terms are regrouped, the result is 

E r = [E cos 5 sin (<£ — B)e j{al ~^ x) + (1 — cos 8)E sin <f> cos 8 cos 6 

— jE sin 8 cos <£ sin (9) 

From Eq. (9), it may be seen that if the phase shift is not equal to a 
half wavelength, the resulting wave consists of one part that is rotated 



Fig. 7-23.—Rotary joint employing a half-wave plate. 

correctly to be transmitted through the output transition and another 
part that is an elliptically polarized wave. The magnitude of the com¬ 
ponents of this elliptically polarized wave will vary with the angle of 
rotation. If 6 is zero, all the incident wave will be transmitted; but 
for 8 greater than zero, some components of this elliptical wave will be 
reflected from the two ends of the rotary joint. These reflected waves 
will set up resonances if the electrical length is equivalent to an integral 
number of half wavelengths in the guide. These resonances may be 
eliminated in the same way as in the circularly polarized rotary foint— 
that is, by using transitions from rectangular to round waveguide which 
are matched to all polarizations. Figure 7-23 shows a sketch of a rotary 
joint using that type of transition. This rotary joint is superior to the 
type employing circular polarization because the phase of the reflected 
wave from a mismatched load does not vary with rotation. 
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MISCELLANEOUS WAVEGUIDE MOTIONAL JOINTS 

By F. T. Worrell 

In addition to rotary joints, joints that allow other kinds of motion, 
have been developed. These are the swivel joint, the hinge joint, and 
the universal joint. The first allows a limited twisting of one piece of 
waveguide relative to another about their common axis. The second 
allows oscillation of one piece of waveguide relative to another about an 
axis perpendicular to the longitudinal axis of the two waveguides and 
lying in either the .E-plane or the E-plane. This is sometimes called a 
“nod” joint. The universal joint allows both possible displacements of 
the hinge joint to be made simultaneously, so that the moving wave¬ 
guide can move anywhere within a cone whose axis is the axis of the 
fixed waveguide and whose apex is at a point on the Flange 

axis between the two pieces of waveguide. Choke \ 

7T4. Swivel Joints. —The simplest swivel joint, 
good only for small angles of twist, consists of two 
pieces of waveguide connected by a choke-to-flange 
junction in which the choke and flange are free to 
rotate with respect to each other about the com¬ 
mon longitudinal axis of the two waveguides. A 
schematic drawing of such a joint is shown in Fig. 

7-24. The standing-wave ratio for a 3-cm joint 
of this design, at various wavelengths' and at 
various angles of twist, is shown in Fig. 7-25. 

This joint consists of the choke illustrated in Fig. 

4-45(b2) and listed in Table 4-8 uiiich is separated 
0.020 in. from a flange of the same diameter. Fra. 7-24. —Simple swivel 
Figure 7-26 gives the performance of a similar 

10-cm joint using the choke of Fig. 4-45a, listed in Table 4-8, separated 
0.020 in. 

The performance of the simple joint can be improved if, instead of 
using a single junction, two such junctions separated by a section of 
waveguide a quarter wavelength long are used, as shown in Fig. 7-27. 
This design has two advantages over the simple one. First, for a given 
total angle of twist, the twist per junction is reduced by a factor of 2. 
Second, reflections that are not too large will cancel,' since the two 
junctions are separated by a quarter wavelength of line. It would there¬ 
fore be expected that the allowable twist would be more than twice that 
of the simple joint. The standing-v : ave ratio of the improved 3-cm 
model for various wavelengths and angles of twist is shown in Fig. 7-28. 
It should be noted that whereas the simple model can be twisted only 
up to 10° before the voltage standing-w r ave ratio rises above 1.10, the 
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Fig. 725.— Standing-wave ratio for a 
3-cm band choke-flange joint for various 
angles of twist. 


second model can be twisted more 
than 30° under the same restric¬ 
tions. The performance of the 
improved 10-cm model is shown in 
Fig. 7-29. 

In many cases the two-junc¬ 
tion model would be sufficiently 
good. However, a still better 
3-cm model has been designed 
which will twist up to 60°. The 
limitation in the twisting of this 
joint is in the mechanical design; 
as far as electrical performance is 
concerned, the joint could twist a 
greater amount. This swivel 
joint, which is shown in Fig. 7-30, 
consists essentially of two of the 
two-junction joints separated by 
a half wavelength. It can be seen 
that the resulting distance be¬ 
tween centers of the pairs of junc¬ 
tions is 3/4X„; therefore small 
residual mismatches in the two 
pairs of junctions cancel, thus 


further increasing the amount that the joint may be twisted. Here again 
the twist per junction is reduced for any given total twist. The perform¬ 
ance of the 3-cm four-junction joint is shown in Fig. 7-31. 



Fig. 7-20. 'Standing-wave ratio for 10-cm Fig. 7-27.—Two-junction swivel joint, 
band choke-flange joint for various angles of 

twist. 
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It is interesting to inspect the performance curves to find the cause 
of this improvement. In Figs. 7-32 and 7-33 the voltage standing-wave 
ratio is plotted as a function of 
angle for various wavelengths for 
the two- and four-junction joints, 
respectively. These curves show 
that at a wavelength of 3.5 cm the 
impedance match of the two-junc¬ 
tion joint changes rapidly at the 
end of its useful range of twisting 
(40°). At this same w r avelength 
the four-junction joint can be 
twisted only twice as much. This 
indicates that the standing-wave 
ratio becomes so large that the 
addition of the extra pair of junc¬ 
tions does not help much in de¬ 
creasing it, and therefore, that the 
improvement is entirely the result of having half the twist per junction for 
the same amount of total twist in the four-junction joint as against the 
two-junction joint. However, at a wavelength of 3.2 cm, the two-junction 



Fig. 7-28. —Performance of a 3-cm band 
two-junction swivel joint. Triangles repre¬ 
sent 10° twist, squares 20°, and circles 30°. 



Fig. 7*29.—Voltage standing-wave ratio vs. Xo for different angles of twist of 10-cm swivel 

joint. 
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joint is deteriorating at a slow rate at the position of maximum twist, so 
the addition of the two extra junctions allows more than twice the twist 
to be given. 




Fig. 7-30.—Four-junction swivel joint. 


The constructional details of the four-junction 3-cm swivel joint are 
shown in Fig. 7-34. The individual sections are mounted in ball-bearing 
races. The twisting motion is transmitted by three wires running the 
length of the joint. Each wire is fastened to each section by a ball-and- 

socket joint, and the point of 
fastening is chosen so that when 
one end of the joint is twisted each 
of the four sections is twisted, 
relative to the adjacent section, by 
one-quarter of the total amount. 
This design seems to be sufficiently 
sturdy. One sample has been 
tested by twisting through ± 60° 
at a rate of 1 cps; the test was 
stopped at the end of 3.5 million 
cycles, at which time the electrical 
characteristics of the joint were 
still unchanged from the original 
values, and the mechanism was 
still operating. 

Some trouble was experienced 
with resonances in the 10-cm swivel joint. At short wavelengths these 
resonances appeared only at large angles of twist; at long wavelengths 
these appeared at very small angles. The resonances apparently are not 
caused by reflections from the housing; at least efforts to remove the 
resonances by altering the housing design produced no results. The cause 



Fig. 7-31.—VSWR vs. Xo for a 3-cm band 
four-junction swivel joint for several angles 
of twist. Triangles represent 10° twist, 
circles 20°, and squares 30°. 
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of the resonances is not definitely known but it may be the excitation of 
the TE 21 -mode in the region between the choke and flange. This mode 
is not excited normally but could be excited when the choke and flange 
are twisted with respect to one another. If this were the case, the trouble 



0 20 40 60 80 

Angle of twist in degrees 

Fig. 7-32.—VSWR as a function of 
angle of twist for two wavelengths ior two- 
junction swivel joint. 



Fig. 7-33.—VSWR as a function of 
angle of twist for two wavelengths for four- 
junction swivel joint. 


might be eliminated by inserting thin partitions in the choke ditch as 
shown in Fig. 7-35. Such a partition imposes the requirement that the 
field across the choke ditch be zero at the partition, which would suppress 
the Z'Fsi-mode. 

Three #23 wires spaced 



Fig. 7-34.—Construction of the 3-cm four-junction swivel joint. 


High-powrer tests indicate that the 3-cm joint will stand at least 
200-kw peak pow'er at 1-msec pulse length, 500 pps. Except at points 
of resonance over restricted regions the 10-cm joint will handle at least 
1.1 Mw at 1-msec pulse length, 420 pps. At these resonant points, 
which were mentioned in the preceding paragraph, breakdown appears 
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to occur between choke and flange at considerably lower power levels 
than when the resonance is absent. 

The swivel joint has an advantage over the rotary joint in that it has 


fewer critical dimensions and is easier to 
construct. It has the disadvantage of 
being bulkier and heavier. 

7-15. Hinge Joints. —A simple hinge 
joint can be made by mounting two pieces 
TE n suppressor 




Fro. 7 35.—Choke with TE,i-mnde Fio. 7-30.—Simple hinge joints. 


suppressor partitions. 


of waveguide, one with a choke, the other with a flange, in a housing which 
allows them to move as indicated in Fig. 7-36a. If an ordinary flange is 



used, it is necessary to have the choke- 
flange separation large in order to allow 
oscillations of more than a few degrees. 
The flange is therefore beveled from the 
edge to the center, as shown in Fig. 
7-36 b. This beveling allows a smaller 



Fig. 737.—Performance of Fig. 7-38.—Performance of //-plane 

#-plane hinge joint for three different hinge joint for three different hinge 

hinge angles. angles. 


choke-flange separation, and therefore an improved performance of the 
joint results. In the //-plane hinge joint the design is complete at this 
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point. A 3-cm model has been made which will oscillate through an angle 
of ± 13°. An .E-plane joint of this design has resonances; to remedy this 
trouble, the choke ditch has been plugged, as described in the discussion 



Fig. 7-39.—Emplane 3-crri hinge joint. 

of open choke-flange junctions in Sec. 5-20. The loss and voltage 
standing-wave ratio of the 3-cm E-plane and E-plane joints as a function 
of angle at various wavelengths are shown in Figs. 7-37 and 7-38. The 
complete joints are shown in Figs. 7-39 and 7-40. 
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High-power tests show that, except as noted below, both the E-plane 
and -plane 3-cm hinge joints will handle 200 kw, at 1 jusec and 500 pps, 
without sparking. However, when the choke-flange separation becomes 
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Fig, 7*40.—77-plane 3-cm hinge joint. 


less than 0.010 in. in the H -plane joint, sparking occurs between the 
choke and flange. When the E-plane joint is turned so that the choke 
and flange touch at one edge, sparking occurs across the choke ditch on 
the other side. 

As one might expect, there is an appreciable amount of loss from 
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either type of hinge joint in the region of maximum displacement. 
This is not large enough to be serious from the standpoint of loss of 
transmitted power but may be serious if there are any sensitive detectors 
near by. It may also become serious if the housing around the joint is 



Fig. 7-41.—Rectangular-choke hinge joint. One side-plate has been removed in the 

photograph. 

incorrectly designed. If the design is such that some of the leakage 
power is reflected back into the joint, there may be a resonance between 
the housing and some part of the joint. 

In an effort to make a hinge joint with less leakage, the design shown 
in Fig. 7-41 has been tried. This design is based upon a modification 
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of a British choke. 1 The “flange” in this joint is the inner cylinder, 
whose axis is the axis of rotation of the hinge joint. The choke con¬ 
sists essentially of a T-stub, one-half wavelength deep, of the same 
width as the waveguide but of smaller height. The stub is folded along 
the line ABC, where A B and BC are each a quarter wavelength. Inspec¬ 
tion of the figure will show that as the joint is displaced from the neutral 
position, there is no widening gap to allow leakage, as in the other type 
of hinge joint. However, the distance from the waveguide wall to the 



Angle of rotation cn degrees 

Fig. 7-42.—Performance of rectangular-choke hinge joint at three wavelengths. 

bottom of the choke ditch gets farther and farther from the correct 
value as the joint is bent. This causes an appreciable mismatch. 

In Fig. 7-42 is shown a set of performance curves for a 10-cm model 
of this joint. The joint does not appear promising although it could 
doubtless be improved; it has not yet been tested for resonances or 
power-handling capacity. 

7-16. Universal Joints. —The universal joint is so named because its 
mechanical arrangement is like that of the common universal joint used 
in machines. The simplest electrical arrangement of such a joint has a 
standard rigid-line choke coupling on each piece of waveguide. The 
chokes are placed a small distance apart, so that the joint can move in a 
cone of limited angle. Since the rigid-line choke couplings are not 
designed to be used with a gap between them, the simple joint must be 
modified to make it satisfactory. The modifications are those to be 

1 See Sec. 4-10 for description of this choke. 
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Sec ' 7161 . , : n ; nts (1) The surface of 

expected from previous discussions o ^ that the two couplings 

each choke is rounded m the sh p ^ ^ ig made wider, to appro®- 




the depth of the ditch i.ch.njed » that the op.»»» 

W i» order to remove reeo- 

standing-wavet ratm ( desig n ig sho wn m Fig- 7-43. 

nances from the joint. ^ _ 
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This joint was designed to operate over a wavelength range from 
3.1 to 3.5 cm. In Fig. 7-44 is shown the voltage standing-wave ratio 
as a function of wavelength for various positions of the joint. The 
joint has been tested at powers up to 100 kw, 1-jusec pulse width, 500 pps, 



3.1 3.2 3.3 3.4 3.5 3.6 

\ 0 in cm 

Fig. 7*44.—Performance of 3-cm band universal joint in three angular positions. 

without breakdown. This joint has appreciable losses at large angles 
just as hinge joints have. The losses are considerable in that, if there is 
some reflection from the housing, it appears as an appreciable mismatch 
at the joint. In one instance, the change in the housing from the 
original design made the performance of the joint worse. For this 




Fig. 7-45.—Radial-choke universal joint. 

reason, the housing should be designed with care, in order to avoid 
resonances. 

Some work has been done with another type of universal joint 
which, it is hoped, will be satisfactory over greater angles and will 
allow less r-f leakage. The design of this joint is illustrated in Fig. 7-45. 
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A radial choke is used rather than the more conventional folded choke. 
The moving waveguide ends in a flange, the outer surface of which is in 
the shape of a sphere. This rides in a housing of the same shape. The 
break between these two parts is at the same distance from the rec¬ 
tangular waveguide as the ditch of a conventional choke would be 
and is, therefore, at a current minimum. This design feature removes 
the need for a mechanical contact between the two parts. The inner 
flange is connected by an external linkage to another ball-and-socket 
joint which forms the bearing for the assembly, holding the two wave¬ 
guides in a definite position relative to one another. Since this spherical 
surface is the supporting bearing, the inner flange does not touch the 



choke but, instead, clears it by a small amount, thus preventing a 
variable contact from affecting the operation of the joint. The radial 
choke is designed to have a good low-impedance-high-impedance ratio 
by making the first quarter-wave section small in height, and the second 
section greater in height. This joint does not give so much trouble with 
r-f leakage as the conventional one. 

Unfortunately, not enough work has been done on this joint to prove 
its worth. Resonances are present, which could presumably be removed 
by some sort of plugging scheme. If the resonances were removed, the 
joint might be quite satisfactory. It might be possible to get a larger 
angle of motion with this joint than with the conventional type. The 
variation of the standing-wave ratio with wavelength for the straight- 
through position of the joint is shown in Fig. 7-46. 
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MOTIONAL JOINTS COMBINING COAXIAL LINE AND WAVEGUIDE 
By F. L. Nieman 

7-17. General Considerations. —As discussed in the introduction to 
this chapter, the design of a motional joint capable of continuous rotation 
for a microwave transmission line requires the use of a symmetrical field 
configuration. This may be the dominant coaxial mode (TEM- mode), 
or either the symmetrical TM m-mode or a circularly-polarized TAu-mode 
in round waveguide. When rectangular tubing is used for the wave¬ 
guide transmission line, as is generally the case in modern microwave 
systems, transitions from the TAio-mode in rectangular waveguide to 
one of the symmetrical modes in coaxial line or round waveguide are 
necessary. The problem of designing well-matched transitions for this 
purpose is discussed in Chap. 6. Where such transitions are used to 
provide a symmetrical field for a rotary joint it is usually desirable and 
sometimes advantageous to design the unit so that it may include the 
transitions. 

Rotary joints in round waveguide for use with rectangular-wave¬ 
guide transmission lines are discussed in Secs. 7-4 through 7’13. In 
these, the propagation of several possible modes and resonances due to 
the proximity of the two mode-exciting transitions and the possibility 
of using a circularly polarized asymmetrical mode, all present many new 
problems. However, most of these problems do not arise in the design 
of waveguide rotary joints using the coaxial mode. Asymmetrical fields 
excited by the transition discontinuity are attenuated to a negligible 
value in a very short distance so that joints of this type are almost 
never short enough to give rise to resonance effects between transitions. 
Thus, the chief requirement for a useful rotary joint with combined 
coaxial line and waveguide is the design of a well-matched transition 
from coaxial line to waveguide. The only further requirement placed 
upon the mechanical design of the joint is that it should not allow vari¬ 
ation in the transition characteristics during rotation. Any of the types 
of transition from coaxial line to waveguide described in Chap. 6 may 
be used in the design of a coaxial rotary joint for a waveguide line. 
Some examples of different transitions applied to this type of rotary 
joint are given in the following paragraphs. The details of mechanical 
construction such as the types and arrangements of bearings and pressure 
seals will be discussed only in so far as they differ from those for the 
coaxial rotary joints treated in Secs. 7T through 7-3. 

7-18. Rotary Joints with Cross-transition from Coaxial Line to 
Waveguide. —The first coaxial-line-to-waveguide transition developed, 
and therefore the first applied to rotary joints, was that in which the 
coaxial line crosses the waveguide as shown in Fig. G-8o. A discussion 
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of the matching of this type of transition by variation of the lengths of 
the coaxial and waveguide short-circuited sections is given in Chap. 6 
together with specific examples. A possible arrangement using this 
transition in the design of a rotary joint (as developed for 3-cm wave¬ 


lengths by the Sperry Gyroscope 
Company) is shown in Fig. 7-47. 
The coaxial chokes and mechani¬ 
cal details are similar to those for 
the coaxial rotary joints. This 
joint and transition have had but. 
limited application since they are 
rather frequency-sensitive com¬ 
pared with other types. Although 
the ball in the transition region 
does effect a slight improvement 
in the bandwidth, such transitions 
have standing-wave ratios less 
than the desired limit of about 1.1 
over a frequency band of only a 
few per cent. 

7-19. Rotary Joints with Probe 
Transitions. —A design, also for 
3-cm wavelengths, of a coaxial 
rotary joint between waveguides 
with probe transitions from coaxial 
line to waveguide is shown in Fig. 
7'48. Seal and bearing details are 
not given. This type of transition 
(see Sec. 6-9), and therefore this 
rotary joint, if properly con¬ 
structed, provides a good 
impedance match (voltage stand¬ 
ing-wave ratio of less than 1.2) over 
a frequency band of about 10 per 
cent in width. In practice, the 



advantage of the broad band obtained from the probe transition is some¬ 
what offset by the fact that the electrical characteristics of the transition 
are sensitive to the probe depth arid centering. These dimensions are diffi¬ 
cult to hold accurately in stub-supported assemblies. In the rotary- 
joint application, the problem is complicated further by the relative 
motion between one waveguide section and its exciting probe. If the 
assembly is not properly centered a variation of the impedance with 
rotation occurs. However, this type of joint requires no coaxial chokes 
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on the center conductor, a fact which greatly facilitates mechanical con¬ 
struction, particularly for the small dimensions necessarily used at 3-cm 
wavelengths. 



Fig. 7-48.—Waveguide rotary joint with probe transition for 3.2-cm wavelength. 


7-20. Rotary Joints with Combinations of Transitions. —Two rotary 
joints for 3-cm wavelengths having probe transitions combined with a 
loop-coupling or a crossbar transition have been developed at the Bell 


A —. 



Telephone Laboratories. Both these designs eliminate the stub support 
for the coaxial center conductor, which allows a shorter and more com¬ 
pact design. One of these, shown in Fig. 7-49, uses a probe transition 
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on one end and a crossbar transition on the other. 1 The design and 
characteristics of this crossbar transition are discussed in Sec. 6-9. The 
impedance match of the probe transition as a function of frequency is 
slightly better than that of the crossbar transition. The combination in 
this rotary joint introduces a voltage standing-wave ratio of less than 1.1 
for a frequency band of about 12 per cent. Different lengths of coaxial 
line between transitions were tried, and it was found that those with 
lengths of f in. or more between the inner wall surfaces of the wave¬ 
guides gave no variation of impedance with rotation, indicating that the 
higher asymmetrical coaxial modes are either not strongly excited or are 
damped to negligible values in a very short length of coaxial line. 

A similar joint using an “in line” loop- or magnetic-coupling tran¬ 
sition between the coaxial line and the waveguide in place of the crossbar 
transition is shown in Fig. TAO. 2 This arrangement permits the rota¬ 
tion of one waveguide section about an axis perpendicular to the axis of 
the other, an arrangement that is advantageous in certain applications. 
The probe transition in this design is identical with that in the unit just 
described except that the matching parameters, the waveguide end-plate 
distance, and the probe depth have all been adjusted to give a match 
over a slightly different wavelength band. The bandwidth and the 
excellence of match are essentially the same. However, the loop¬ 
coupling transition is considerably more frequency-sensitive than is the 
crossbar type. The combination has a bandwidth of about 5 per cent 
for a voltage standing-wave ratio of less than 1.1. 

In this design, an improved technique is used in eliminating the 
effects of the discontinuity in the coaxial line. First, each coaxial choke 
consists of two quarter-wavelength sections of different impedance, an 
arrangement that increases the wavelength range over which the chokes 
are effective. Second, a section of lossy dielectric is provided between 
the choke and the bearing to attenuate further any power leaking from 
the coaxial line. This is sometimes necessary on joints used in high- 
power systems to prevent leakage that can cause interference with 
receiving components and even damage to the bearing itself. 

Joints of both designs have been tested and found satisfactory at 
voltages corresponding to pulse powers of 100 kw at atmospheric pressure. 
Since this much power was not available for 3-cm wavelengths at the 
time, the equivalent power was obtained by the introduction of standing 
waves in the transmission line of which the joint is a part (see Chap. 4). 
Further tests at pressures reduced sufficiently to cause breakdown showed 

1 C. F. Edwards, “Preliminary Report on a Wave Guide Rotating Joint,” BTL 
Memorandum 43-100-120, July 30, 1943. 

" C. F. Edwards, “An X-band Rotating Joint Between Perpendicular Wave¬ 
guides,” BTL Memorandum 44-160-71, March 30, 1944. 
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that, in each joint, failure is most likely to occur in the waveguide at 
the probe. In each case, breakdown occurred at about the same values 
of pulse power and pressure indicating that the joints should be rated at 
the same power, which is probably not greatly in excess of 100 kw. 

It is worth noting, since data for comparisons are given in Chap. 6, 
that the bandwidt.hs obtained in these units are not necessarily to be 
expected at other wavelengths when the various standard sizes of wave¬ 
guide and coaxial line are used. For example, the bandwidths obtained 
for the crossbar and loop-coupling transitions in these rotary joints are 
somewhat larger than those which result from similar matching tech¬ 
niques applied to the same type of transition at 10-cm wavelengths 
using standard 1 i-in. by 3-in. by 0.080-in. wall waveguide and one of 
the standard 50-ohm coaxial lines. The reason for this is that the sizes 
of coaxial line and waveguide for these 3-cm transitions are larger relative 
to the wavelength than are those for the standard 10-cm waveguide and 
coaxial lines. This makes for the decreased frequency sensitivity of the 
3-cm units in two ways. First, since the impedance of the guide is 
slightly less and the impedance of the coaxial line is considerably greater 
than for the 10-cm transitions, the discontinuity between these is appreci¬ 
ably less, thus reducing its frequency sensitivity. Second, the 3-cm 
units operate at frequencies farther from the cutoff frequency; that is, 
the ratio of the guide wavelength to the cutoff wavelength is less. Con¬ 
sequently, the variation of the guide wavelength, and therefore the 
electrical dimensions of the transitions, with frequency is less (see Secs. 
2-15 and 0-9). These are, of course, relative considerations based upon 
the electrical properties of the transition as a function of its geometrical 
configuration and do not alter the fact that a microwave component is 
more sensitive to changes in dimension at shorter wavelengths than at 
longer ones. One-thousandth of an inch at 10 cm is still 1 mil at 3 cm, 
but it is a larger fraction of a wavelength, and the construction tolerances 
are correspondingly less. 

7-21. High-power Rotary Joints with Doorknob Transitions.—Transi¬ 
tions from coaxial line to waveguide designed to carry pulse powers up 
to the limit of the coaxial line are discussed in Sec. 0-9. In the most 
successful of these, the center conductor of the coaxial line terminates 
on the opposite side of the guide from the junction (for a right-angle 
transition) in a knob which is of the proper size and shape to permit 
impedance-matching and which has a “streamlined” or rounded contour 
to minimize the likelihood of breakdown. These have had their greatest 
application in rotary joints at the 8- to 11-cm wavelengths for two 
reasons. First, the need for such a high-power joint Etrose because there 
was, at the time, proportionately more power available at these wave¬ 
lengths than at shorter ones. Second, coaxial rotary joints or those with 
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combined coaxial line and waveguide were used almost exclusively at 
these wavelengths since the sizes of the round waveguide required result 
in rather large and unwieldlv units. Further, very satisfactory round- 
waveguide rotary joints had been developed for the 1.25- and 3-cm wave¬ 
length bands (see Secs. 7-4 through 7-13). 

The two units to be described here have been used, to a considerable 
extent, in radar systems designed to operate at pulse powers up to 1 Mw. 
No breakdown trouble has been experienced, and there are indications 
that properly constructed units of these designs should be usable at 
pulse powers up to nearly 1.5 Mw in well-matched transmission lines 
(see Chap. 4). These joints, if well made, introduce reflections of 1.2 
or less in voltage standing-wave ratio for a 10 to 12 per cent band. As 
discussed in Sec. 6-0, the electrical properties of the doorknob transition 
are critical as to variations in dimensions; and considerable care is 
required in the assembly of these joints in order to achieve the quality 
of match just stated. Data on the match as a function of wavelength 
for preliminary production models of one design will be given later. 

The first of the two designs used most extensively is shown in Fig. 
7-51. 1 It is designed for l|-in. coaxial line and utilizes a hemisphericallv 
shaped doorknob with a built-in choke section to provide for relative 
motion between the center conductor and the doorknob at either end. 
It operates at 8- to 9-cm wavelengths. The capacity or choke couplings 
on the outer conductor are of the standard type for coaxial rotary joints. 
On both the inner and the outer conductor these choke sections follow 
the conventional principle for broadband choke couplings, having, in 
series, two quarter-wavelength sections of different impedances. How¬ 
ever, because of space limitations, the second (larger impedance) section 
for the center-conductor coupling at the doorknob is a so-called “disk 
resonator’’ in which an equivalent quarter wavelength—that is, the 
distance from the short circuit to a voltage maximum—is somewhat 
longer than one-quarter of the free-space wavelength (see Sec. 4-8). 

This design is an example of symmetrical construction in which 
choke couplings are provided for both the inner and outer conductors at 
both ends of the joint, which makes it possible to remove separately 
either transition and the coaxial center conductor. This is a desirable 
feature in many installations but not necessarily an essential one either 
mechanically or electrically. 

In joints operating at pulse powers of 1 Mw it has been found that 
the coaxial choke couplings allow sufficient leakage to cause actual 
burning of the bearing surfaces. This is particularly true of the choke 
sections on the center conductor where the field strength is greatest. 
No difficulty has, as yet, been experienced with the choke sections and 

1 Mechanical design by the Raytheon Manufacturing Co. 
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bearings for the outer conductor, in joints operating at these powers. 
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Fig. 7-52.—Diagram of 10-cm, lf-in. coaxial 
rotary joint between waveguides. 


To prevent this highly undesirable 
effect a section of lossy dielectric, 
consisting of a specially prepared, 
finely powdered iron (such as poly¬ 
iron) in either a ceramic or phenolic- 
resin base, is placed between the 
choke coupling and the bearing. 
Bushings f in. long and i in. thick 
with -sV-in. spacing between the 
rotating conductor and the hushing 
provide adequate protection from 
leakage. 

A design for a pressurized, high- 
power, lf-in. coaxial rotary joint 
between waveguides operating at 
10- to 11-cm wavelengths is shown 
in Fig. 7-52 and a model is pictured 
in Fig. 7-53. Designed for airborne 
operation, it has a pulse-power 
breakdown rating of 1500 kw at 
atmospheric pressure and of 3000 
kw at 25-lb pressure on a matched 
line. These ratings are for a 1-gsec 
pulse at 500 cps repetition rate. 
The general design for this joint is 
the same as that for the one just dis¬ 
cussed except that it has capacity 
couplings at only one end and uses a 
different shape of doorknob. Since 
this doorknob is larger (for the 
longer wavelengths) than that in the 
previous design, it has been possible 
to build the choke coupling for the 
center conductor entirely within the 
doorknob in the form of a folded 
coaxial line. 

Figure 7-52 also shows a pro¬ 
posed method for using the center 
conductor of this coaxial rotary 
joint to carry a second concentric 
coaxial line. This may be used 


with a second antenna for a separate receiving system or low-power radar 
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interrogation system, for example. The use of a single rotating scanner 
mechanism for two systems is a very great advantage in many installations. 

The voltage standing-wave ratio as a function of wavelength averaged 
for several of the first- production models of this design is shown in Fig. 



Fig. 7-53.—Photograph of 10-cm, lf-in. coaxial rotary joint between waveguides. 
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I-'ig. 7-54.—VSWIt vs. wavelength for lf-in. coaxial rotary joint with doorknob transition. 

7'54. These results are within tolerable limits but it should be possible 
to improve upon them as the accuracy of production techniques increases. 
Within the limits of measurement (voltage standing-wave ratios of 1.01) 
these joints exhibit no change of impedance with rotation. 
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TUNERS, POWER DIVIDERS, AND SWITCHES 

By G. L. Ragan and F. L. Xiemann 1 2 3 
TUNERS (VARIABLE IMPEDANCE TRANSFORMERS) 

Applications and General Principles 

8-1. Applications. —Variable impedance transformers are used to 
alter the impedance at points on the input side of the lines in which 
they are inserted. A transformer of a general type, frequently referred 
to as a “tuner” or as an “impedance matcher,” is capable of altering 
both the magnitude and the phase of the standing-wave pattern in the 
input line. A less general but very important type, commonly referred 
to as a “phase shifter” or “line stretcher,” does not alter the magnitude 
of the standing wave existing in the line in which it is inserted but acts 
simply as a line section of variable length, thus shifting the phase of the 
input standing-wave pattern. 

It may be found helpful to classify the various tuners according to 
their functions, which are: 

1. That of introducing a prescribed impedance at some reference 
point in the input line with the output line terminated in its char¬ 
acteristic impedance. 

2. The inverse function, frequently referred to as “matching a line," 
of causing no standing wave to appear on the input line when,the 
output line is terminated in an arbitrary impedance. 

3. The function of causing a prescribed impedance to appear in the 
input line when the output line is terminated in an impedance 
other than the characteristic impedance of the line. 

A number of legitimate applications of variable impedance trans¬ 
formers will be found, especially in connection wit.li laboratory test and 
design work. The use of such circuits is not to lie considered, however, 
as an easy substitute for careful design of matched circuits. It was 
pointed out in See. 2-14 that a matched transmission line is an aid 
in achieving broad bandwidth, low line losses, high power-handling 
capacity, and transmitter-tube stability. If the matched condition is 
maintained all along the line, these objectives will be more fully realized 

1 Sections 810 through 8 15 hv F. L. Niemann. 
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than if an attempt is made to match a poorly designed line by means of 
a variable impedance transformer. 

When used as a supplement to a carefully made line, an impedance 
transformer, especially one of the phase-shifter type, may be required in 
order to achieve oscillator stability. The use of a phase shifter is 
especially recommended in connection with long transmission lines, and 
it is of paramount importance if the oscillator is to be tuned to a par¬ 
ticular frequency. The reasons behind this requirement are discussed 
in Vol. 6. 

Unless the use of a variable impedance transformer is demanded by 
the transmitting tube for the reasons indicated in the preceding para¬ 
graph, it is considered unwise to include one in an engineered r-f system. 
Usually the improvement in performance is too small to justify the 
effort expended in obtaining proper adjustment and in making the fre¬ 
quent readjustments required. For this reason, the adjustment is apt 
to be poorly made or readjustment neglected, with the result that on 
the average the performance of the system is worse with the variable 
transformer in place than it would be without it. 

The principal applications of variable impedance transformers are 
(1) in test work in the laboratory in which it is desired to achieve some 
required impedance accurately and (2) in engineered r-f systems in those 
instances where their use is demanded in order to achieve stable trans¬ 
mitter operation or operation at a prescribed frequency. 

8-2. General Principles; Use of Impedance Charts. —In general any 
obstacle inserted into a uniform transmission line in which a pure travel¬ 
ing wave exists will cause part of the power in this traveling wave to be 
reflected back toward the generator, thus setting up a standing wave in 
the input line. The impedance at any chosen point in the input line is 
thereby altered, and the new impedance may be determined, by means 
of the relationships developed in Chap. 2, from a knowledge of the mag¬ 
nitude and phase of the standing-wave ratio at that point. Although 
the magnitude and phase of the wave transmitted past the obstacle will 
bear a new relationship to those of the incident wave, it is not possible 
for the obstacle to set up in the output line a wave traveling back toward 
the generator, that is, toward itself. Therefore, the impedance at all 
points in the output line remains equal to the characteristic impedance 
of the line. Thus the insertion of the obstacle has resulted in an imped¬ 
ance transformat ion. 

It is convenient to represent the effect on the impedance at some 
chosen reference point in the input line by means of an impedance (or 
admittance) chart. The typo of chart, found best suited to most dis¬ 
cussions of impedance tuners is the Smith chart, Fig. 2-20. An analysis 
of the effect of inserting a thin wire or screw through a small hole in 
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the center of the broad face of a rectangular waveguide affords a good 
example of the use of such a chart. It is found (Vol. 10 of the Series) 
that the admittance in the waveguide at the position of the screw starts 
from the center of the chart, for zero insertion of the screw, and moves 
continuously out along the semicircle C of Fig. 8-1 as the screw is inserted. 
This semicircle Y = 1 + jB is the locus of input admittances to which 
the screw may transform the output admittance Y = 1 + jO. The 
semicircle C represents the admittance at the screw and at positions an 



1 iu. 8-1.— Admittance contours for screw in waveguide. 


integral number of half wavelengths toward the generator from the 
screw. If some other point in the waveguide is chosen as the reference 
point, the corresponding contour of admittances may be obtained simply 
by rotating the semicircle C through the appropriate angular distance on 
the chart.' For example, if it is desired to represent the admittance 
contour at a point in the waveguide which is one-eighth wavelength 
toward the generator from the screw, a 90° clockwise rotation of the 
semicircle C to the position D is required. 

The representation on a Smith chart of such a transformation of an 
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admittance contour along the line is facilitated by the use of a tracing- 
paper overlay, as indicated by Fig. 2-30. The tracing paper is pivoted 
at the center of the chart, the index at the zero of the wavelength scale 
is marked, and the given admittance contour C is drawn. The paper is 
then rotated so that the index indicates the proper distance in wave¬ 
lengths. The new position of the given contour with respect to the 
chart beneath represents the admittance at the point indicated on the 
wavelength scale. The Smith chart may, of course, be used as an 
impedance chart in exactly the same way. In addition, if at any time 
it is desired to convert from impedance to admittance, or vice versa, 
a simple half turn of the tracing paper produces the desired result. 
These features of the Smith chart make it ideally suited to discussions 
of variable impedance transformers. 

A circuit provided with a single variable parameter (in the given 
example, the circuit was a screw in a waveguide) is capable of accom¬ 
plishing a certain degree of impedance (or admittance) transformation; 
that is, at any chosen position in the input line, a certain admittance 
contour may be described. In order to be able to introduce, at any 
given point, impedances other than those on this contour, one or more 
additional variable elements are needed. One of the most effective 
ways of supplying this need, and one that is extremely easy to evaluate 
on a Smith chart, is to vary the position of the screw along the line. 
This may be accomplished, in a manner described more fully in Sec. 8-10, 
by inserting the screw through a longitudinal slot in the waveguide. I( 
the screw is first inserted, for example, at a point one rvavelength from 
the reference point in the input line, the admittance contour C of Fig. 8-1 
may be obtained. At a screw insertion corresponding to any point on 
this contour the screw may be moved along the line by any distance, 
a half wavelength of motion corresponding to a complete rotation of the 
tracing paper. Thus the curve C sweeps over the entire area of the 
chart, indicating the fact that a sliding-screw tuner is capable of intro¬ 
ducing any admittance into a matched line. 

The sliding-screw tuner has been discussed at some length in order 
to illustrate the general method of predicting the area of the admittance 
chart which may be presented to the input line by a given variable 
impedance transformer when the output line is matched. It is also of 
interest to know what region of output-line impedances may be trans¬ 
formed by a tuner into a. matched input line. If the tuner is reversed in 
the line, so that the reference point formerly on the input side is on the 
output side, the problem is easily solved. Of course if the tuner is sym¬ 
metrical with regard to input and output ends, as most are, it is not 
necessary' to carry' out an actual reversal of the circuit. It is easily' 
shown that the region of output-line impedances (referred to the refer- 
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ence point now in the output line) that may be matched by the reversed 
tuner is the complex conjugate of the region covered by the tuner in its 
original position with output line matched. 

It is somewhat more convenient to treat a tuner in the matched- 
output condition and then take the complex conjugate of the resulting 
region if this tuning characteristic is desired. The complex conjugate 
of a region plotted on tracing paper in the manner described may be 
obtained by merely turning the sheet over, keeping the real axis in the 
same position before and after turning. The merits of a tuner are 
usually judged on the basis of the maximum standing-wave ratio, occur¬ 
ring in any phase in the output line, which can be tuned to r = 1 in the 
input line. It does not seem worth while to transform to the conjugate 
region, therefore, since the maximum standing-wave ratio is the same as 
in the region originally obtained. In the examples presented in the fol¬ 
lowing sections the admittance (or impedance) region plotted will be that 
which may Ire obtained at the indicated reference point in the input line. 

There remains the more general problem of transforming an output 
impedance differing from the characteristic impedance of the line into a 
prescribed input impedance. Since this problem involves a double set 
of variables, it is more difficult to analyze than those previously discussed. 

Coaxial Line Tuners 

8-3. Short-circuiting Plungers. —In order to prepare the way for a 

discussion of coaxial-stub tuners, it is first necessary to discuss means 
of achieving a perfectly reflecting termination of variable phase. Such a 
device has other applications as well, one of which will be discussed in 
Sec. 8-18. It has become common practice to refer to such a reflecting 
termination as a short-circuiting plunger although a complete reflection 
of any phase will suffice, and the effective position of the short circuit in 
a given design is usually dependent on the operating wavelength. 

The obvious approach to the problem is to insert into the line a 
tightly fitting metal plunger of the type sketched in Fig. 8-2a. It is 
very difficult, and in fact impractical, to obtain a plunger which moves 
with sufficient ease and at the same time makes good contact with the 
conductors. This consideration is extremely important, since a poor 
contact presents an undesirable series resistance to the currents flowing 
between the coaxial conductors,and leads to power loss and to erratic 
behavior. 

The use of metallic fingers, indicated by Fig. 8-26, offers a very 
effective means of reducing the contact resistance. At the same time, 
the current flowing in the line at the point of sliding contact is reduced 
to zero since the tips of the fingers are a quarter wavelength from the 
current maximum which occurs at the short-circuited end of the coaxial 
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cavity formed by the plunger. The fingers should be made of a springy 
metal such as beryllium copper, phosphor bronze, or spring brass. They 
should be given an initial deformation in order that the restoring force 
maintains pressure at the contacts when they are inserted into the 
coaxial line. It is essential to provide good contact since the current is 
zero only at the exact wavelength for which the plunger cavity is a 
quarter wavelength long. For reasonably broad bands the current is 
still considerably smaller than that in the plain plunger of Fig. 8 -2a to 



Iig. 8’2. —Coaxial short-circuiting plungers, (a) Plain-contact type, (b) Quarter- 
wavelength-finger type, (c) Capacity-coupled type. 

which it is related by the cosine of the electrical angle of the plunger 
cavity. 

Another method of reducing the current flowing in the sliding con¬ 
tact is shown in Fig. 8-2c. The principle involved is that of the folded 
half-wavelength capacity or choke coupling discussed in Sec. 217. 
Separate half-wavelength sections are used to couple from the plunger 
to the outer conductor and from the plunger to the inner conductor. In 
each case the sliding contact comes at the low-current point in the 
folded-line section. The principles of design discussed in Sec. 2T7 apply 
here as well. The important points to remember are these: 

1. The impedance of the two capacity-coupling sections formed 
between the coaxial-line conductors and the plunger should be as 
low as is practical. This means that the clearance between this 
part of the plunger and coaxial-line conductors shovdd be made 
as small as is consistent with the requirement that the plunger 
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must not come into actual contact with the coaxial-line con¬ 
ductors at any point along these capacity-coupling sections. 

2. The impedance of the folded-choke sections contained within the 
plunger should be made as large as possible. 

3. The resistance at the sliding contacts should be made as small as 
possible. 

Of the three types of plungers illustrated by Fig. 8-2, that of Fig. 8-2c 
modified in the manner indicated in Figs. 8-3 and 8-4 has been found 



Fla. 8-3.—Capacity-coupled, short-circuiting plunger. 



Fig. 8-4.—Capacity-coupled, short-circuiting plunger. 


best for most purposes. . Its principal advantages over the other 
are found to be these. 

It presents a more nearly perfect reflection of power (that is, its 
losses are lower). 

It is necessary to make only one short set of fingers, and the con¬ 
tact provided by them need not be extremely good since the alter¬ 
nation of high and low impedances in the coupling section reduces 
the importance of the contact resistance (see Sec. 2-17). 

The alignment of the outer and inner conductors of the coaxial 
line into which the plunger is inserted need not be especially good, 
since the one set of fingers can be made very flexible and the clear¬ 
ance between the plunger and the outer conductor can be large 
enough to permit considerable misalignment of the conductors. 


to be 
types 

1 . 

2 . 


3 . 
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4. Although this plunger has approximately the same over-all length 
as the plunger of Fig. 8 26, it presents a short circuit at its input 
end whereas the simple plunger with fingers presents an open 
circuit. This feature of the choke plunger permits the design of a 
more compact stub tuner as will be shown in Sec. 8-7. 

5. When the three designs are considered from the point of view of 
ease of manufacture, especially in the light of the second and third 
points of this enumeration, most manufacturers would find the 
plunger of Figs. 8 3 and 8-4 easier to make. 

In certain applications the fingers shown in Figs. 8-3 and 8-4 may be 
omitted entirely, and manufacture is thus made still simpler. If this is 
done, however, one must consider the impedance presented at the 
plunger by the section of line behind the plunger, through which the 
rods moving the plunger extend. This impedance appears in series 
with the high impedance of the folded choke, and for certain plunger 
positions the combination will become resonant resulting in large losses 
and anomalous behavior of the impedance at the input end of the plunger. 
The coupling to this section of line behind the plunger may be reduced 
by adding to the plunger, in the region where the fingers are omitted, 
a metal sleeve having an outer diameter nearly equal to the inner 
diameter of the outer conductor. The resonance will thus be sharpened; 
that is, it will be noticeable over a smaller range of plunger positions. 
If the wavelength range used and plunger motion required are small 
enough, the length of the line behind the plunger may be chosen to 
avoid trouble due to the resonance. 

As a matter of fact, there is a very slight, but noticeable, coupling 
to the line behind the plunger even when the construction indicated in 
Figs. 8-3 and 8-4 is used. For a plunger of this type used in a 1-in. 
coaxial line at a wavelength of 10 cm, it was found that an extremely 
sharp resonance occurs at certain plunger positions. In this particular 
example, all metal parts were gold-plated. The input standing-wave 
ratio was measured as a function of plunger position. For one sharply 
defined position, the input SWR dropped to about 36 db, while for all 
other positions it was about 45 db. It was found possible to remove 
all signs of this resonance by introducing some absorbing material into 
the line behind the plunger. Any absorbing material that presents a 
fair match to the characteristic impedance of the line should be satis¬ 
factory for such a purpose. One arrangement that was found to give 
good results was to place a thin washer of polyiron 1 material against 
the metal end cap through which the rods that move the plunger extend. 


1 A washer, 0.1 in. thick, made of the H. L. Crowley Co.’s D-l material was used. 
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8-4. The Sliding Series Stub Tuner. —A tuner of this type is in theory 
one of the simplest of coaxial-line tuners, yet it is capable of canceling 
standing waves of any magnitude or phase. It has been described by 
M. S. Glass 1 whose design is presented in Fig. 8-5. The plunger in the 
stub may be moved through a distance of half a wavelength or more, 
and the whole outer assembly including the stub may be moved through 
a similar distance. The details concerning the contacts between this 
assembly and the outer conductor of the line and the effect of the 
increased outer-conductor diameter in the region of the stub will not be 
considered in the preliminary discussion. 



The discussion of Sec. 8-2 in connection with a sliding-screw tuner 
applies also to the sliding-stub tuner, with slight modification. Whereas 
the screw inserted into a waveguide behaves as a shunt susceptance, the 
stub of Fig. 8-5 acts as a series reactance. Unlike the screw, which for 
reasonable lengths acts only capacitively, the stub may add reactance 
of either a capacitive or an inductive nature. The impedance in the 
line at the point where the series stub joins it is Z — 1 ± jX, as indi¬ 
cated by the circle C of Fig. 8-6. Since the distance between any chosen 
reference point in the input line and the stub position may be varied 
by at least half a wavelength, the circle C may be rotated through 360° 
and may thus cover the whole impedance plane. It is therefore obvious 
that this tuner can introduce standing waves of any phase and amplitude 
when its output line is matched. By the arguments of Sec. 8-2, it may 
also tune out a standing wave of any phase and amplitude, and it may 
match any output impedance to any input impedance. 

The plunger used in the stub is one that was not described in the 
preceding section dealing with coaxial-line plungers. A coiled spring 
that fills the space between outer and inner conductors is used. It is, 

1 M. S. Glass, “A Variable Series Reactance for Coaxial Lines,” BTL Report 
Mn-42-140-51, Sept. 12, 1942. 
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in its free state, somewhat larger and is therefore under a compressional 
strain, which leads to low contact resistance. 

The contacts between the outer conductor and the sliding assembly 
are of the finger type discussed in the preceding section. In this case, 
however, the full line current flows in the contacts; hence the need for 
low-resistance contacts is obvious. The construction of fingers that will 
give the required quality of contact and maintain it in service appears 
to offer a serious problem. Perhaps a capacitance-coupling scheme such 
as that used in the coaxial phase shifter (to be described in Sec. 8 7) 
would prove more suitable. One disadvantage of such a change, how¬ 
ever, is that a larger change of outer diameter results. 



Fro. 8-6.—Impedance diagram for sliding-stub tuner. 

The effect of the change in outer diameter is twofold: the character¬ 
istic impedance in that part of the line is increased, and an effective 
shunt capacitance is introduced at each end because of the well-known 
junction effect. The characteristic impedance could be restored to 
equality with that of the line by the proper increase of the diameter of 
the inner conductor, and the junction capacitance could probably be 
well compensated in the manner suggested by Fig. 6-5 d. In the original 
design the higher-impedance line is made an integral number of half 
wavelengths long; thus when the stub is in its null position (zero added 
reactance) the line section gives the one-to-one transformation ratio 
characteristic of lines an integral number of half wavelengths long. 

Although one or more of the refinements mentioned may be worth 
while in contributing to the ease of adjustment of the tuner, none of 
them is really required for tuning any output impedance to any input 
impedance. This statement may be checked by considering a half- 
wavelength section of the high-impedance line, which also contains the 
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stub, as the actual variable transformer, and the remaining end portions 
containing junctions as output and input transformers. Obviously any 
output impedance transformed through the output transformer is still a 
general impedance. And any required input impedance may be obtained 
by presenting the appropriate impedance to the input transformer. 



Fig. 8-7.—Double-slug tuner with dielectric slugs. 

8-6. Slug Tuners. —Tuners of this type have some very desirable 
characteristics, both from the standpoint of use and from that of fabri¬ 
cation. The tuner shown in Fig. 8-7 is particularly easy to analyze and 
has been found satisfactory for applications in which the power level is 
not excessive and the required tuning range is only moderately large. 

Each dielectric bead, commonly referred to as a “slug,” acts as a 
quarter-wavelength transformer of impedance Z T — Zo/vTp, introducing 
a VSWR of magnitude k e . The slugs may be moved along the line by 



means of dielectric handles extending through a longitudinal slot in the 
outer conductor, as indicated in the design shown in Fig. 8-8. As the 
spacing S between the slugs is varied, the standing-wave ratio intro¬ 
duced by the pair varies from unity to a maximum value equal to k ji, 
the product of the individual values of VSWR, as indicated by Items 
6a and 6 b of Table 2-2. The standing-wave ratio is a maximum for 
S = Xo/4 and is equal to unity when S = 0, when the two slugs join to 
form a single half-wavelength section of line. 
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The magnitude of the standing-wave ratio as a function of the 
angular separation 360°(S/X) is given in Fig. 8-9 for slugs of several 
dielectrics. When the separation is S = X 0 /4, the maximum standing- 
wave voltage ratio r = k\, is introduced. Assuming the generator to be 
on the left in Fig. 8-6 and assuming the output line to be matched, the 
input end of the left-hand slug is at the reference point indicated. The 
input impedance at this point is real and equal to 1 /k\, as indicated in 
the impedance plot of Fig. 8T0, which gives the impedance at the refer¬ 
ence point for slugs of dielectric con- „ 
stant 2.56 (polystyrene). By 
means of an impedance chart or by 
application of the transmission-line 
equation, Eq. (2-41), it may be 15 
shown that, for other values of S, 
the impedances are those indicated '•§ 10 
in Fig. 8T0. g 8 

It is evident from the impedance * 

DO g 

chart that there is little change in ■.§ 
the phase of the standing waves s 
introduced as S is varied if the g, 4 
center of the combination is kept % 3 
at a fixed point in the line. The 
phase shift 5 of the minimum of the 2 
standing-wave pattern from the ref- , , 

. . . 1.5 

erence point is plotted as a function 
of the angular separation 360°(S/X) 
in Fig. 8T1. The voltage minimum 1 

is shifted slightly toward the load Angular spacing = 360° (£) 

from the reference point. Fig. 8-9—Standing-wave ratio of 

One method of changing the ^ublMlug^uner of Fig. 8-7 for values of 

separation of the slugs without 

moving the center point can be seen from Fig. 8T2. The two slugs are 
fastened to the small blocks that are moved along the slot by the oppositely 
pitched threads of the upper screw. Turning this screw gives control 
over the magnitude of the VSWR introduced. The pha'se of the stand¬ 
ing wave may be varied by turning the lower screw that moves the whole 
slug assembly. This adjustment has the effect of rotating the impedance 
contour of Fig. 8-10, sweeping out the entire shaded area of the impedance 
diagram. Any impedance within this area may be introduced when the 
load is matched, and any load whose impedance lies in this area can be 
matched to the input line. 

The screw arrangement just described is found to be too slow for 
work involving large adjustments. For such applications the mechanical 






468 


TUNERS, POWER DIVIDERS, AND SWITCHES 


[Sec. 8-5 


arrangement of Fig. 8-13 is preferable. The whole assembly is moved 
along by means of a fast-motion rack-and-pinion drive. 

The slug tuner in this form has been found to be extremely useful 
for introducing known impedances to magnetrons for the purpose of 
studying their load-impedance characteristics. The fact that the mag¬ 
nitude and phase of the standing wave may be separately varied makes 
it easy to obtain a uniform coverage of the impedance chart. For this 



Fig. 8-10.—Impedance of dielectric slug tuner of Fig. 8-7, K c = 2.56. S is measured in 

■wavelengths. 


application it is desirable to be able to introduce high values of VSWR, 
the usual requirement being about r = 10. This requires a high value 
of dielectric constant or the use of metallic slugs partly filling the line. 
Since the power levels are high, the metallic slugs, which give better 
high-power performance, are used. 

Each slug is suspended from a separate carriage by means of two 
mica sheets projecting through two longitudinal slots cut. in the sides of 
the outer conductor. The two carriages are connected by means of a 
metal strip that is fastened to the top surface of the carriage on the left. 
A screw projects upward from the carriage on the right through a slot in 
the strip. By tightening a wing nut on this screw, the strip is fastened 
to the right-hand carriage with the carriages at the desired separation. 
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The two carriages then move together with this separation, as the 
pinion gear is turned by the crank shown. 

A larger drawing of the metal slug used appears in Fig. 8T3. It was 
designed for use in the lf-in. line at a wavelength of about 10 cm, and a 
tuner using a pair of such slugs should be able to introduce a VSWR of 



Angular spacing ^360° (|) 

Fio. 8-11.—Phase shift of double-slug tuner for values of K, = 2, 3. 4, 5. 



Fig. 812.—Double-slug tuners. 


about 10. In order to avoid breakdown it is important that all comers 
be rounded. Slugs should be made of aluminum so that they will be 
light and therefore easy to support. 

A few words should be included concerning the behavior of metal 
slugs in regard to impedance. If little or no space is left between the 
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slug and the outer conductor, the metal slug is simply a transformer of 
the type shown in Fig. 4-35c. The characteristic impedance of the 
transformer section containing a metal slug of outer radius b' and inner 
radius a' is desired. If the original line has an impedance Z<>, the trans¬ 
former impedance may be shown to be 

Zt = z 0 — Z ' 0 , ( 1 ) 

where Z' a is given by 

ZJ = 138 logio h - r (2) 


There are, of course, shunt-capacitance effects at the end of the trans¬ 
former sections, but since these are a quarter wavelength apart, a certain 
amount of compensation results. 

Neglecting shunt-capacitance effects, the behavior of any slug tuner 
having transformers of impedance Zt is exactly the same as that of a 
tuner having dielectric slugs of the same characteristic impedance and 
electrical length. Therefore Figs. 8-9, 8T0, and 8-11 apply to quarter- 
wave slugs in general, provided that Zt and k e are related to the char¬ 
acteristic impedance of the line by 


Zt = 1 

£o -\/k. 


( 3 ) 


Slugs of other forms and other methods of support have also been 
used. One design calls for a dielectric sleeve filling the space between 
the slug and the outer conductor. This design is mechanically more 
rugged but is subject to greater breakdown trouble. A type of slug 
which is extremely useful when the introduction or removal of low stand¬ 
ing waves is desired is that of Fig. 8-8. The dielectric does not com¬ 
pletely fill the line but takes the form of a sleeve fitting against the outer 
conductor. The characteristic impedance of a dielectric transformer of 
inner radius c fitting against the outer conductor of a line whose radii 
are b and a is 



This equation is a modification of Eq. (5-3). The wavelength in the 
transformer section is smaller than that in the main line by the factor 
Zt/Zq ; therefore the physical length of the slug should be shortened 
accordingly. 

The particular slug tuner shown in Fig. 8-8 is designed for operation 
at wavelengths of 9 to 11 cm, the slug lengths being somewhat shorter 
than a quarter wavelength at 9 cm. At any wavelength in this band, 
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unity VSWR is obtained when the slugs are slightly separated. There 
is less tendency for sparking to occur at high power levels if the slugs 
are not allowed to touch. The maximum VSWR that may be intro¬ 
duced is slightly greater than 1.5 at all wavelengths. This relatively 
low value was the maximum required for the particular application for 
which the tuner was designed. It was desired to introduce a standard 
VSWR of 1.50 which could be varied through all phases in order to test 
the “pulling figure” of magnetron oscillators. 1 It was also necessary 
to be able to restore with ease the matched condition in order to obtain 
a standard for comparison. Both conditions are easily obtained with 
the simple mechanical design evolved. One slug is attached by dielectric 
pins to a rod that parallels the axis of the line. The other slug is attached 
to a metal block that slides on the same rod. Stops on the rod at either 
side of the second slug may be set in such positions that they define the 
minimum and maximum slug separations corresponding to r = 1 and 
r = 1.50 for a given wavelength. The whole assembly may be moved 
as a unit along the line to vary the phase of the standing wave. 

Usually it is desirable to use a slug tuner that will give a maximum 
VSWR only slightly in excess of that likely to be needed in practice. 
If a tuner capable of excessive tuning is used the adjustments become 
more critical than necessary and nothing is gained. In addition, larger 
standing waves and hence larger voltage gradients are introduced into 
the line by the tuner of larger range, a factor that may cause breakdown. 
The added difficulty of adjustment is easily seen by noting that in Fig. 
8-9 the rate of change of VSWR with separation is higher for the slugs 
of higher dielectric constant. 

There are indications that the use of two slots, as in the design of 
Fig. 8T3, leads to more slot radiation than does the use of one slot, as 
in the designs of Fig. 8-12. The difference is greater than that resulting 
from the larger open area of the two slots, and it appears to be caused 
by a greater freedom of propagation of higher modes in the double-slot 
line. For this reason, it seems desirable to use a single slot, rather than 
double slots, even though the single slot may need to be several times 
as wide in order to provide sufficient support for the slug. A slight 
modification of the designs shown in Fig. 8T2 should permit single-slot 
construction. Support by means of dielectric pins such as those used in 
Fig. 8-8 is suggested. 

8-6. Stub Tuners. —Coaxial-line transformers utilizing one or more 
branch lines of variable length have long been popular. A schematic 
diagram of such a tuner having three branch lines or stubs is presented 
in Fig. 8T4. A practical design of a double-stub tuner is illustrated in 

1 See Fig. 2-45 and accompanying text, Sec. 214. 
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Fig. 815. The stubs contain short-circuiting plungers like those of 
Fig. 8-4. The physical arrangement of the lines is seen to be quite 
different from the conventional arrangement of Fig. 8-14. The two 
plungers are mounted in a straight section of coaxial line which is slightly 
larger and slightly heavier in construction than the input and output 
sections of line. This construc¬ 
tion affords better alignment of 
the coaxial conductors in the 
stubs. 

The admittance diagrams 
showing the performance of a 
double-stub tuner in which the 
spacing between the stubs is. a 
quarter wavelength are given in 
Fig. 8T6. Diagram a gives the 
admittance at the stub nearest the 
matched load. A coaxial-line Fig. 814. — Triple-stub tuner, 

stub is capable of introducing 

a shunt susceptance of either positive or negative sign. Thus any 
admittance lying on the circle D, for which the conductance is G = 1, 
may be introduced at the output stub when the line beyond it is termi¬ 
nated in a perfect match, point d. In diagram b the admittance at the 
next stub a quarter wavelength toward the generator is indicated. The 




Fig. 8-15.—Double-stub tuner. 


transformation of the circle D on which a typical point e is indicated is 
easily accomplished on the Smith chart. Transformation through a 
quarter wavelength of line entails simply a rotation through 180° about 
the center of the chart, point d. This rotation is easily accomplished 
by the use of tracing paper ia the manner described in Sec. 8-2. Any 
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admittance lying on the dashed circle D may be presented to the second 
stub. The typical point e may be transformed by means of the second 
6 tub along the circle F. Circle F is one of the family of constant-con¬ 
ductance circles of the Smith chart, and it may be traversed by adding 
pure susceptances by means of the stub. The addition of susceptances 
to the point d gives the circle E of unit conductance. There is no point 
on circle D which has a conductance greater than unity, hence there is 
no way of presenting, at the input side of the second stub, any admittance 
within the circle E corresponding to conductances greater than one. 
Any point on the chart which does not lie within this area may be 
obtained by the combination of two stubs spaced a quarter wavelength 




Fig. 8-16.—Admittance of double-stub tuner, jX-spacing: (a) at output stub; (6) at next 

stub, i\ away. 

apart. It is, therefore, clear that standing waves of very large magni¬ 
tude may be obtained in some phases, but that a standing wave larger 
than unity cannot be introduced in a phase along the real axis to the 
right of point d. 

If a third stub is added, a quarter wavelength toward the load from 
the first, a triple-stub tuner such as that of Fig. 8T4 is formed. The 
two stubs nearest the load may now be used to present, on the input 
side of the middle stub, any admittance that does not lie within the unit 
conductance circle of Fig. 8-16&. This region transforms at the stub 
nearest the generator to the region inside the circle D of the same 
diagram. Thus the two stubs nearest the load may introduce at the 
input stub any admittance exterior to the circle D. The middle stub 
and the input stub may introduce at the same point any admittance 
exterior to the circle E, as shown in the preceding paragraph. Since 
these unattainable regions are mutually exclusive it is clear that the 
three-stub tuner with quarter-wavelength spacing is capable of intro¬ 
ducing standing waves of any phase and magnitude. 
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The admittance diagrams corresponding to two stubs spaced three- 
eighths of a wavelength apart are given in Fig. 8T7. As in the pre¬ 
ceding figure, diagram a represents the admittance obtainable at the 
stub nearest the load. Typical points c, d, e, f on this circle of unit 
conductance are indicated. In diagram b, transformation through three- 
eighths wavelength results in the new position of circle D and its typical 
points. Circles E, F, and G indicate the transformations of these points 
which may be effected by the second stub. The maximum conductance 
obtainable, G = 2, encloses a region that is not obtainable by a double- 



stub, gX away. 


stub tuner of this type. The standing-wave ratio associated with 
admittances lying within this region, however, are all equal to or greater 
than r = 2. Therefore, any standing-wave voltage ratio of magnitude 
less than or equal to two is certainly obtainable in all phases. 

The method of analysis indicated by Figs. 8-16 and 817 may be 
extended to other stub spacings. For any stub spacing there will be a 
circle of maximum obtainable conductance which will define the region 
of the admittance chart which is not available by means of the double¬ 
stub tuner with this spacing. The value of this maximum conductance 
is given as a function of stub spacing in Fig. 8-18. 

On the basis of Fig. 8-18 it might seem advisable to choose a stub 
spacing of approximately one-half wavelength, and an angular spacing 
of approximately 180°. It will be found, however, that if such spacing is 
used it will become necessary to introduce extremely large susceptances 
in order to tune out standing waves of only moderate amplitudes if the 
phase of this standing wave is unfavorable. The same disadvantage 
exists in the case of quarter-wavelength spacing. In addition, the pro¬ 
cedure to be followed in tuning out a mismatch with spacings approxi¬ 
mating either quarter-wavelength or half-wavelength values is very 
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difficult. On the other hand, the procedure required for spacings of an 
odd number of eighth wavelengths is relatively simple. A comparison 
of the procedures involved is given in Fig. 8-19. It is assumed that in 

both cases shown in Fig. 8-19 the 
stubs are originally in their null or 
zero-susceptance position. Both 
diagrams a and b represent the 
admittance at the input stub. 
The admittance at this stub is 
originally that indicated by point 
0. The effect on this admittance 
of adjusting the output stub is 
represented by motion along the 
circle D. If diagram a is rotated 
through 180° and diagram b 
through 90° clockwise, it will be 
clear that the circle D represents 
the effect of the output stub. The 
point a on this circle represents the 
proper transformation required of 
the output stub. The input stub may then transform the point a along 
the circle E to the point b representing the matched input condition. 
If the effectiveness of the tuning adjustment is judged from the magni¬ 
tude of the input standing-wave ratio, it will be found that minimum 



Distance between stub lines 

Fig. 8-18.—Maximum conductance obtain¬ 
able by double-stub tuner. 


I 



Fig. 819.—Tuning out a mismatch: (a) with |X-spaced stubs; (6) with |X-spaced stubs. 


input VSWR occurs at the point 1 on the circle D. That is, the point 1 
represents the closest approach to the center of the diagram. The 
admittance point 1 is transformed by the input stub along the circle F. 
In the case of the quarter-wavelength spacing, diagram a, this leads to 
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no reduction in input VSWR. In the case of three-eighths-wavelength 
spacing, the admittance point 2 on circle F represents the minimum 
VSWR obtainable by adjustment of the input stub. If the input stub 
is left in this position and the output stub is readjusted, it can be shown 
that the resulting input admittance moves from the point 2 along a 
circle whose closest approach to perfect match is indicated by the point 3. 
It is evident that a process involving successive reduction of the input 
standing-wave ratio is occurring and that the approach toward perfect 
match is rapidly achieved. This procedure is in marked contrast to the 
unsatisfactory termination of the equivalent procedure indicated in 
diagram a. The first adjustment leads to the admittance point 1 which 
cannot be improved by further adjustments. In order to obtain the 
matched condition with stubs spaced a quarter wavelength apart, it is 
necessary to proceed by guess work, since the process of successive 
reduction of input standing-wave ratio leads to an impasse. 

The difficulty just described constitutes one forceful argument in 
favor of a stub spacing of one-eighth or three-eighths wavelength over a 
spacing of a quarter wavelength. Another disadvantage of the quarter- 
wavelength spacing is that three stubs are required. It is difficult, first 
of all, to decide which pair of adjacent stubs represents the proper combi¬ 
nation for tuning out a given load admittance. In regard to spacings 
approximating one-half wavelength, it has already been mentioned that 
extremely high susceptances are sometimes required in order to match 
standing-wave ratios of moderate magnitude if the phase happens to be 
wrong. In view of these considerations, it is felt that a spacing of an 
odd number of eighth wavelengths represents the most practical value if 
its inherent limitation of r g 2 can be tolerated. 

A method of increasing the tuning range of a double-stub tuner with 
any spacing is to use an additional section of line which may be inserted 
or removed at will. One method of accomplishing this objective is to 
make the tuner reversible and have the length of line different on output 
and input sides. This arrangement requires the use of an adapter or 
couplings of the same polarity attached to the input and output lines. 
The practical value of this suggestion is doubtful since it requires 
uncoupling and reversing the tuner if the required tuning is not accom¬ 
plished in the original position. If the output and input lines differ in 
length by a quarter wavelength, it is easily shown that ail phases and 
magnitudes of standing-wave ratio are obtainable. Usually, a change of 
length of less than a quarter wavelength will suffice. The minimum 
length required for various stub spacings has been studied by Smith. 1 

Another method of increasing the tuning range of a given double- 

1 P. H. Smith, “Two Stub Transmission Line Impedance Matching Circuits,” 
BTL MM-43-170-14, Aug. 19, 1943. 



478 


TUNERS, POWER DIVIDERS, AND SWITCHES 


[Rkc. 8-7 


stub tuner is to decrease the characteristic impedance of the line between 
the stubs. For example, Smith gives curves that show that if the char¬ 
acteristic impedance of the line between stubs is 0.7 times that of the 
main line, the tuning range of a double-stub tuner with one-eighth- or 
three-eighths-wavelength spacing is increased from r = 2 to r = 4. 
Similarly, the tuning range of a double-stub tuner with quarter-wave¬ 
length spacing is increased from r = 1 to r = 2 by the same change of 
line impedance. The effect of such a design change on the ease of tuning, 
discussed in connection with Fig. 8T9, has not been investigated. Before 
attempting this modification, it would be advisable to study the possible 
results of the change. 

8-7. Phase Shifter. —Variable impedance transformers of this type, 
popularly known as “line stretchers,” are required in transmission-line 
assemblies more frequently than any of the other transformers. They 
are needed in order to obtain stability of operation of microwave magne¬ 
trons when the line length is excessive or when the frequency of a tunable 
magnetron is changed. If the impedance presented to the magnetron 
falls within the unstable region shown on the Rieke diagrams of Fig. 2-45, 
the situation may be remedied by means of a change of line length 
between the magnetron and the load. The effect of this change of line 
length, which may be accomplished by means of a line stretcher, corre¬ 
sponds, on the impedance chart, to a rotation, about the center of the 
chart, of the impedance presented to the magnetron. In this way the 
load impedance is easily transformed into a region of stability. As 
the frequency of a tunable magnetron is changed, the load impedance 
presented to the magnetron also changes. If the line is long, there will 
be an especially rapid shift in the phase of the VSWR at the magnetron, 
since the line length in terms of wavelengths varies rapidly with change 
of wavelength in a long line. The load impedance at the desired oper¬ 
ating frequency is often found to be in an unstable region, but readjust¬ 
ment of the phase shifter will result in stable operation. 

One of the most satisfactory designs of phase shifter for coaxial lines 
is that shown in Figs. 8-20 and 8-21. It operates in much the same way 
as the slide of a trombone. The input line (lower left) and output line 
(lower right) are standard in. coaxial lines. The H-shaped line section 
at the top corresponds to the slide of the trombone. The sliding and 
stationary line sections are coupled by means of capacitance-coupling 
sections of the folded half-wavelength type illustrated by Fig. 2-53a. 

In order to make possible the construction of a capacitance-coupling 
unit of this type, the outer conductor of the sliding section is increased 
to li-in. OD, and the center conductor is reduced to |-in. diameter. 
In addition, it is necessary to increase the diameter of the center con¬ 
ductor in the -j-in. line sections. The impedance in the sliding section is 
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91.8 ohms, which is matched to the 46.4-ohm impedance of the |-in. line 
by means of three transformers, each a quarter wavelength long. The 
characteristic impedances of the transformer sections are, proceeding in 
order from the 46.4-ohm line, 37.8, 29.1, and 50.1 ohms. The frequency 
sensitivity of the combination of transformers plus the two capacitance- 
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coupling sections is about the same as that of the 1-in. stub angle used. 
Each unit is best matched at a wavelength of 9.1 cm, and each sepa¬ 
rately gives a VSWR of about 1.05 at X = 8.8 cm and X = 9.4 cm. By 
judicious choice of the spacing between stub angle and transformer 
section, the resultant VSWR of the combination remains below 1.05 
from X = 8.8 to X = 9.8 cm. This example illustrates one broadbanding 
technique discussed in Sec. 2T6. 

Neither of the stub angles of the slide section is matched, when taken 
separately. The stub length is chosen to give the minimum mismatch 


Fig. 8-21.—Photograph of the phase shifter of Fig. 8-20. 

obtainable at a wavelength of 9.4 cm, the value of "VSWR being about 
1.38. The two stubs are spaced to obtain cancellation of their mis¬ 
matches at a wavelength of 9.4 cm. The resulting combination of two 
stubs, in the H-shaped form shown, gives a VSWR of 1.05 at wavelengths 
of about 9.1 and 9.7 cm. If the two stubs were combined in a ir-shaped 
structure (stubs projecting left and right instead of upward) the fre¬ 
quency sensitivity of the combination would be greater. It would be 
greater also if one stub projected upward and the other to the right or left. 

The bellows surrounding the sliding joint is for the purpose of render¬ 
ing the device airtight, while permitting adjustment of the slide. A 
lengthening of the line of a full half wavelength is permitted for wave¬ 
lengths up to about 10 cm. 

The design shown is recommended only for wavelengths between 9.0 
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and 9.6 cm. Outside this range the standing-wave ratio becomes exces¬ 
sive and the length of the capacitance-coupling sections deviates too far 
from a quarter wavelength. Tests indicate that the line power must be 
about 500 kw at a wavelength of 9.4 cm to cause breakdown in air at 
atmospheric pressure. Each of a group of 52 units manufactured was 
tested for match at all slide positions at a wavelength of 9.4 cm. The 
maximum VSWR observed for any position of the 52 units was r = 1.35, 
and for half of the units the highest figure was r = 1.16. 

Several other designs for coaxial phase shifters have been proposed. 
Most of these use the trombone-slide principle, but employ slotted-finger 
contacts instead of the capacitance coupling used in the design just 



described. Xone of these has proved to be very easy to manufacture 
or very satisfactory in performance. 

A line stretcher of a simple type which is literally all the name 
implies, is illustrated in Fig. 8-22. It is intended for use at low power 
levels in lines, usually flexible cables, equipped with type X connectors. 
Unfortunately, the impedance is not matched through the unit; hence, 
in addition to a shift of phase, a mismatch is introduced. 

WAVEGUIDE TUNERS 

8-8. Short-circuiting Plungers. —A variable-position short circuit is 
frequently needed in waveguides, just as in coaxial lines. Short circuits 
find numerous applications in experimental laboratory work as well as in 
circuits such as stub tuners and variable power dividers. 

Short-circuiting plungers for circular waveguide may be made as 
shown in Fig. 8-23. This proposed design, which has not, to the author’s 
knowledge, been tried, uses a folded half-wavelength capacitance¬ 
coupling scheme similar to that used in coaxial-line plungers. The two 
quarter-wavelength sections of the plunger are actually coaxial lines, but 
because of the asymmetrical excitation by the waveguide currents they 
operate in the second coaxial mode, the 7T?,o-mode of Fig. 2-22. The 
wavelength Xio in this mode may be calculated by the methods of 
Chap. 2. The wavelength will of course be different in the two sections, 
the respective values being denoted by X' 10 and X'/o in Fig. 8-23. The 
practice of alternating low' and high characteristic impedances, discussed 
in Sec. 2T7, leads to good performance over a broad band of w'ave- 
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lengths. The sliding contact comes at a current node, as in the coaxial 
counterpart. It may be found desirable here, as for the coaxial plunger, 
to improve the contact by using short slotted fingers. 

A limitation on the use of slotted fingers in waveguides operating in 
the lowest mode or in coaxial lines in which the second mode exists 
should be borne in mind; namely, that the currents are not wholly longi¬ 
tudinal, as they are in coaxial lines excited in the lowest or TEM-mode 
or in round waveguide excited in the second or TMoi-mode. Some trans¬ 
verse components of current are interrupted by longitudinal slots and 
good performance is therefore not to be expected. For this reason, a 
quarter-wavelength plunger with slotted fingers, similar to the coaxial 
plunger of Fig. 8-26, is not recommended. 

A plunger of the type used in the double-stub tuner of Fig. 8-26 
has been found to give satisfactory performance in laboratory test work 


Fia, 8-23.—Short-circuiting plunger for round waveguide. 

at low power levels. It is extremely easy to make, especially at very 
short wavelengths where the plunger is small. The alternation of low 
and high impedances makes the attainment of low contact resistance less 
important than it would be in a plain cylindrical plunger relying solely 
on low contact resistance. It may be shown that the current in the 
contact is reduced below that in the main waveguide by the factor 
Z 01 /Z 02 by the alternation of the low characteristic impedance Zrn and 
the high characteristic impedance Z 02 . Plunger losses are reduced by 
the square of this ratio compared with those in a plain cylindrical 
plunger having the same contact resistance. The contact resistance of 
the plunger of Fig. 8-23 plays a still smaller role in plunger losses and 
contributes, in principle, zero loss at midband. 

The problem of designing a plunger for rectangular waveguide is not 
so straightforward, in theory, as that of designing one for round wave¬ 
guide. A very practical and satisfactory design has been evolved, how¬ 
ever, and it is shown in Fig. 8-24. The large hollow cavity within the 
plunger forms a section of waveguide one-quarter of a guide wavelength 
long. Therefore the input impedance, along the slots adjacent to the 
contacts of the sliding block, is infinite and the current in the contacts 
is zero. This infinite impedance is transformed, by the quarter-wave- 
length line of low impedance formed between the plunger and the wave- 
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guide walls, to zero at the input end of the plunger. It is difficult to 
visualize the action of this low-impedance line formed between closely 
spaced coaxial tubes of rectangular cross section. At the input end this 
line is excited only along the broad waveguide surfaces, and at its out¬ 
put end it is short-circuited along the narrow waveguide surfaces, and 
coupled through a slot to infinite impedance along the broad surfaces. 
In practice, however, a plunger of this type has been found to perform 
very satisfactorily. The r-f loss in such a plunger terminating a wave¬ 
guide has been observed to be about the same as that in one wavelength 
of waveguide. This is about what might be expected from the conductor 
losses in the walls of the line sections composing the plunger; therefore 
the sliding contacts cannot contribute much to the loss. 



Fig. 8-24.—Plunger-type choke for a waveguide l£ by 3 in. by 0.080-in. wall. 

In earlier designs, a thick metal sheet parallel to the broad surfaces 
of the waveguide divided the high-impedance cavity into two separate 
waveguide sections. Each section was coupled separately through one 
of the two slots to the outer low-impedance line. It was reasoned that 
if this plate were made as thin as possible, the impedance of each of the 
sections would be a maximum. It was then argued that the fields and 
currents are such that the presence of the plate is not needed; conse¬ 
quently the plate was omitted in later designs. 

Quarter-wavelength sections with slotted fingers similar to the coaxial 
plunger of Fig. 8-26 have also been used. They are found 1 to be inferior 
to plungers of the capacity-coupled type. 

8-9. Waveguide Stub Tuners. —Although stub tuners were frequently 
used early in the development of microwave circuits, they are now 
seldom employed. This is due partly to the development of tuners of 
alternative types which are more convenient to use and partly to the 
general trend toward the elimination of tuners from r-f lines such as 
those used in radar sets. It seems probable, however, that of all the 

1 C. G. Montgomery and D. D. Montgomery, “Losses and Reflections Introduced 
by Joints and Plungers in 3-cm Waveguides,” RL Report No. 164, Oct. 15, 1942. 
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types of tuners used in waveguides, the stub tuner is least likely to 
break down under high-power service. This would seem to be its chief 
advantage. 

A double-stub tuner of one type used in rectangular waveguide is 
illustrated in Fig. 8-25. The branch sections of waveguide, containing 
movable short-circuiting plungers like those of Fig. 8-24, are attached to 
the broad surfaces of the waveguide, forming a configuration frequently 

termed an “F-plane T-junction.” 
In the equivalent circuit of such a 
junction the branch section ap¬ 
pears in series with the main wave¬ 
guide. The rounding of the angle 
formed between branch line and 
main waveguide, apparent in the 
figure, has the purpose of avoiding 
the high electric fields that would 
otherwise occur along this junction 
line. 

An alternative method of cou¬ 
pling the branch line to the main 
waveguide is by means of an H- 
plane T-junction connection, 
which is made by joining the 
branch line to the narrow surface 
of the waveguide. The equivalent 
circuit of the H -plane T-junction 
consists of an effective shunt con¬ 
nection between branch line and 
main waveguide. The principal 
advantage of the //-plane connec¬ 
tion is that it is not necessary to 
round the angle along the junction line since there is no electric field at 
this point in the waveguide junction. 

Because it is connected in shunt, the //-plane stub has exactly the 
same effect as the coaxial-line stub discussed in Sec. 8-6. In fact, the 
entire analysis of the performance of multiple-stub tuners of various 
spacings is the same in the two cases. A spacing of an odd number of 
eighth wavelengths is most frequently used in waveguide double-stub 
tuners, just as it was in coaxial lines. If the stubs are placed on opposite 
sides of the waveguide, spacings as small as one-eighth wavelength may 
be used, although the distortions of the fields in the vicinity of the 
junctions may cause some peculiarities in tuning behavior. If the stubs 
are placed on the same side, as they usually are for ease of adjustment, 



Fig. 8-25. -— Double-stub tuner in rec¬ 
tangular waveguide. 
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a considerably greater minimum spacing is required. The spacing in 
terms of wavelengths varies much more rapidly with wavelength in this 
case, and the band in which good tuning characteristics are obtained is 
therefore narrower. 

The analysis of the tuning characteristics of a stub tuner using the 
E-plane connection of Fig. 8-25 is like that 
given in connection with coaxial stubs, 
with the following simple modifications. 

The admittance diagrams of Sec. 8-3 must 
all be considered as impedance diagrams, 
and the words impedance, resistance, and 
reactance must be substituted for admit¬ 
tance, conductance, and susceptance 
throughout the discussion. The VSWR 
limitations are unchanged. The minimum 
spacing possible for stubs placed on the 
same side of the waveguide is obviously 
smaller for E-plane stubs than for E-plane 
stubs. 

An interesting design, which has been 
found useful for tuners used at a wave¬ 
length of 1.25 cm, is illustrated by Fig. 

8-26. The series branches in this instance 
consist of round waveguides. The per¬ 
formance is similar to that of the E-plane 
stub tuner of Fig. 8-25. The plunger 
shown has already been discussed in Sec. 

8-8. It is felt that a plunger of the type 
indicated in Fig. 8-23 would be preferable. 

The design as shown has, however, given 
satisfactory performance. It may be 
worth while to point out the possibility of 
the occurrence of a resonant condition for 
some settings of the plunger. Only one of 
the two mutually perpendicular polariza¬ 
tions that may exist in the round wave¬ 
guide is strongly excited. It is possible that a slight coupling to the other 
polarization might lead to a resonance for certain plunger positions. 
The resonance would presumably be so sharp that it would seldom be 
encountered, and a slight change of plunger position would then elimi¬ 
nate the trouble. 

8-10. Variable-position, Single-screw Tuner. —A very simple and 
convenient device for low-power impedance tuning in rectangular wave- 



Fio. 8-26 —Double-stub tuner us¬ 
ing round-waveguide stubs. 




486 


TUNERS, POWER DIVIDERS, AND SWITCHES [Sec. 810 


guide is shown in Fig. 8-27. This tuner consists of a small screw pro¬ 
jecting through a slot into the center of the wide side of the guide 
parallel to the electric field in the region of maximum field intensity. 
Such an obstacle appears in the line as a nearly pure shunt susceptance, 
capacitive for insertions smaller than about one-quarter wavelength in 
free space and inductive for insertions greater than this resonant length. 
At the resonant length the susceptance is nearly infinite. 

The normalized admittance at the screw, when the tuner is followed 
by a matched line, is 1 + jb for insertions less than the resonant length, 
where b is the shunt capacitive susceptance relative to the characteristic 
admittance of the line. The magnitude of this admittance is \/l b 2 
which can have any value from unity to very large values. If the slot 



is of such a length that the position of the screw can be varied by at 
least one-half the guide wavelength, this admittance is obtainable in all 
possible phases. Conversely, an admittance of any magnitude and phase 
can be tuned to unity, or matched, by adjusting the tuner in such a way 
that its reflection just cancels that from the admittance to be tuned. 

In terms of the quantities actually observed in an impedance or 
admittance measurement, it is possible with this tuner to introduce a 
reflection of any phase or magnitude (standing-wave ratio). The reflec¬ 
tion coefficient is a useful concept to use in a discussion of impedance 
tuning since the standing-wave voltage ratio and the phase of the reflec¬ 
tion coefficient are the quantities usually measured and those that 
uniquely determine the impedance at a given reference plane in the 
waveguide. The actual value of the normalized impedance associated 
with a given reflection is easily obtained by the use of a Smith impedance 
chart (see Sec. 211) by plotting the voltage standing-wave ratio and 
the electrical distance (the phase angle of the reflection coefficient) from 
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a voltage maximum (or minimum for the admittance) to the desired 
reference plane. Since many waveguide tuners involve elements that 
behave as shunt susceptances, reference to a Smith chart in this dis¬ 
cussion will usually imply its use as an admittance plot. 

The statement that a screw inserted parallel to the electric field 
appears as a shunt capacitance can now be clarified by reference to such 
an admittance plot. If the admittance obtained from measurements of 
the standing-wave ratio and distance, in guide wavelengths, from a 
minimum to the plane of the screw is plotted as a function of depth of 
insertion of the screw, for a given wavelength, the plot will lie along the 
circle of unity conductance on the upper half (positive-susceptance side) 
of the Smith-chart admittance diagram. This behavior is characteristic 
of screws with diameters small compared with a guide wavelength except 
when the standing-wave ratio is large (that is, for large screw insertions) 
and losses in the tuner become appreciable and result in a change in 
conductance. 

As the screw approaches a free-space quarter-wavelength insertion it 
becomes resonant and presents a nearly infinite shunt admittance or a 
nearly infinite reflection limited only by losses in the tuner. Thus, 
since the insertion can be adjusted for nearly any magnitude of reflec¬ 
tion and this reflection presented in any phase by varying the position 
of the screw along the line, nearly any admittance can be presented or 
matched with this device. 

Practically, of course, this tuner is limited in the magnitude of the 
admittance that it can tune by the fact that the adjustment becomes 
very critical for large insertions of the screw. As the screw approaches 
a quarter-wavelength insertion the rate of increase in reflection with 
insertion increases very rapidly. Furthermore, losses, not only in the 
screw itself but in the power coupled out of the slot by the screw, become 
appreciable for large insertions, and therefore the contact between the 
screw carriage and the waveguide becomes important. This effect makes 
it difficult to obtain or reproduce the desired phase of a large reflection 
by adjusting the position of the tuner. Figure 8-28 shows an improved 
design for a single-screw tuner in which a folded half-wavelength coaxial 
choke section is used to create a low impedance in the region of contact 
between the screw holder and the surface of the waveguide and, thereby, 
to minimize the effect of variations in contact as the carriage is moved 
along the guide. This design has been found to be advantageous for 
accurate work even when the reflections to be tuned are comparatively 
small (VSWR of 1.2 or less, for example). When it is desired to achieve 
the degree of match represented by a standing-wave voltage ratio of 
less than 1.01, contact effects can greatly hamper the facility of adjust¬ 
ment and reproducibility of results. 
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Impedance tuning of this type is ideally suited to impedance meas¬ 
urements in microwave systems, since these measurements are most fre¬ 
quently made in terms of the magnitude and phase of a reflection. The 
variable-position single-screw tuner offers a means of adjusting these two 
quantities in a relatively independent manner. The magnitude of the 
reflection from the screw is completely independent of the phase; that is, 
it depends only upon the insertion and does not vary with changes in 
position of the tuner. However, it is evident from the Smith-chart 
admittance plot of a variable shunt susceptance that the phase of the 
reflection is approximately independent of the magnitude only for small 
values of susceptance along the circle of unity conductance. For a 



I'"ig. 8-28.—-Sliding-screw tuner. 


fixed position of the screw the rate of change of the reflection phase 
angle with insertion is small for insertions and increases with the inser¬ 
tion. As the insertion increases from zero to a quarter wavelength, the 
phase of reflection changes by an eighth guide wavelength—a change of 
90° in the phase angle of the reflection coefficient. 

The fact that these two parameters are approximately independent, 
for small standing waves, makes this method of tuning quite convenient 
for impedance measurements of certain kinds. For example the reflec¬ 
tion from a small mismatch frequently has a negligible variation in mag¬ 
nitude over a fairly broad wavelength band. Such a mismatch, tuned 
out at one wavelength by means of the screw tuner, can then be tuned 
quickly at other wavelengths by a single adjustment of the position of 
the screw along the guide. 

The use of the sliding-screw tuner is not limited by the wavelength 
range over which it is desired to tune impedances except in so far as the 
waveguide itself is limited. If the slot length S (Fig. 8-27 )is sufficiently 
large to allow a variation in the position of the screw of one-half a guide 
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wavelength for the longest wavelength to be used, then all phases of reflec¬ 
tion are possible at any wavelength. If the screw length is long enough 
to permit an insertion L equal to one-quarter wavelength in free space 
at the longest wavelength, then reflections of any magnitude are pos¬ 
sible within the limitations set by losses in the tuner at large insertions. 
Because of its simplicity and versatility, the single-screw tuner has been 
used almost exclusively in low-level impedance measurements of wave¬ 
guide components. Since there is seldom need to tune extremely large 
standing waves with great accuracy, this tuner is entirely adequate for 
most applications. 

8-11. Single-slug Tuner. —Probably the most stringent limitation on 
the application of the single-screw tuner to waveguide lines is that of its 



low power-handling capacity. The slot must be made comparatively 
narrow in order to minimize leakage and reflections, and the screw must 
be, accordingly, of small diameter. In order to maximize the tuning 
range, however, the screw must be inserted in the region of maximum 
held strength, or at the center of the guide. For these reasons there are 
always high field intensities at the screw, and the use of this tuner is 
therefore usually limited to the test bench or to low-power systems 
where only small standing waves are to be tuned. 

A similar tuner, in which a thin slab of dielectric replaces the screw, 
has been used Successfully at high powers and for standing-wave ratios 
of two or three in voltage. This tuner, shown in Fig. 8-29a, is often 
referred to as a “single-slug” tuner. 

The effect of such an element in a transmission line may be studied 
by considering the element to be a series section of line of variable char¬ 
acteristic impedance which may also be varied in position. If the char¬ 
acteristic impedance of the waveguide is taken as unity as indicated in 
Fig. 8-29b, and if zi is the normalized characteristic impedance of the 
waveguide in the region of the dielectric, then the normalized input 
impedance at the slug is (assuming a lossless line, or real zi) 
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/1 + jz i tan /3Z \ 
\ Zi + j tan 131 )’ 


(5) 


where 0 = 2ir/\g, and \g is the guide wavelength in the region of the 
dielectric. For a thin slug this wavelength is found to be very nearly 
the usual guide wavelength; the experimental determination of the wave¬ 
length will be described later. Equation (5) also assumes negligible dis¬ 
continuity capacitances at each end of the dielectric strip. This is a 
good approximation for strips having a thickness small compared with 
the width of the waveguide. From Eq. (5) it is seen that the reflection 
coefficient appearing on the input side of the slug is 


z - 1 

z + 1 


i(zi - 1) 


2z, 


( 6 ) 


and its magnitude is 


tan 01 

(zf-Jl 


+ j (z? + 1) 


4z; 


+ (zi + l ) 2 


[tan 2 01 

The quantity |r|, considered as a function of l, has its maximum value 
when the first term in the denominator vanishes, or when 01 = t/2 or 
l = X„/4. This gives 

2i - 1 


T 1 = 

1 .max 


*? + i 


Then, for a length l equivalent to a quarter of a guide wavelength, the 
standing-wave voltage ratio is 


and depends only on the insertion, if z i is real. It should be noted that 
if r is defined as always greater than unity then r = 1 /z\, if Z\ is less 
than one. Furthermore, it is seen from Eq. (6) that if Zi is real and l is 
an equivalent quarter wavelength the reflection coefficient is real and 
depends only on z., which means that the phase of the reflection is inde¬ 
pendent of the magnitude. This holds for all insertions, within the 
approximations that z i is real and that A„ in the region of the dielectric 
does not vary appreciably with insertion. This slug tuner differs from 
the single-screw tuner in that the phase of reflection from the screw is 
not independent of the insertion for large reflections. 

From Eq. (5) it is seen that, as l approaches an equivalent half 
wavelength in guide, the normalized input impedance approaches unity 
and there is no reflection. This suggests a simple method for deter¬ 
mining equivalent electrical lengths in the region of the dielectric. A 
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strip of the dielectric to be used is inserted in the guide and its length 
trimmed until a minimum reflection is measured. This length is an 
equivalent half wavelength and, to a good approximation, half this 
length is an equivalent quarter wavelength. These electrical lengths 
are, of course, functions of the wavelength. 

For the Mycalex 1 dielectric used in the high-power tuner shown in 
Fig. 8-29a, these lengths were found to be very nearly the usual values 
for waveguide without the dielectric. Mycalex, a fused mixture of 
powdered mica and soft glass, is used because of its good high-voltage 
properties, low loss, and high dielectric constant that makes it possible 
to obtain sizable reflections from strips necessarily limited in thickness 
by the slot width. For example, a quarter-wavelength strip of A-in. 
thickness produces a standing-wave voltage ratio of about 4 for full 
insertion at 10-cm wavelengths. In experimental work the slugs can be 
coated with ignition sealing compound 2 which serves both to improve 
the high-voltage breakdown characteristics and to lubricate the trans¬ 
verse motion of the slug in its Micarta carriage. 

It is difficult to give an unambiguous statement of the power rating 
of such a tuner. Breakdown phenomena are erratic and the factors 
affecting them are not well understood. This is particularly true for 
pulsed operation in which transient effects and the multiple harmonics 
produced by some oscillators contribute to the general confusion of 
results. The power rating of the tuner just described depends, among 
other things, upon the insertion required to introduce a given reflection 
and this, in turn, depends upon the wavelength. Furthermore, proper 
techniques of tuning can increase considerably the useful power limit of 
the tuner. That is, a tuner that is just “safe” for all phases of a given 
reflection at a given pulse power may be used at considerably higher 
powers or larger reflections (insertions) if the insertion is made in small 
steps, each accompanied by an adjustment in position to determine the 
proper phase for matching. It will be shown that, if the normalized 
characteristic impedance in the region of the slug is less than unity, as it 
is for a low-loss dielectric when the guide is operated in the TiEho-mode, 
the voltage across the line in the region of the tuner is always equal to 
or less than the voltage across the matched portion of the line. The 
“voltage across the line” at any point is that relative to the voltage 
across a matched line, and is calculated from the normalized impedance 
at the point. 

This condition on the voltage holds, if the tuner is properly used, 
for either of two cases: (1) when the tuner is follov'ed by a matched 
line and is being used to present a desired input impedance, or (2) w'hen 

1 GE Mycalex 1364 recommended. 

2 Dow Corning Corp., Ignition Sealing Compound 4. 
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the timer is used to tune out a mismatched load impedance that follows 
it in the line. For matching a load impedance, the tuner is adjusted in 
such a way that the normalized input impedance of the combination of 
tuner and load is unity. It will be shown that, for a given power delivered 
to the load, the voltage across the line in the region of the tuner is never 
greater than that across a matched line in Case (1) for any position of 
the tuner; this is also true in Case (2) when the tuner is adjusted to 
match the load impedance. 

This statement can be justified in the following way. For Case (1), 
in which the tuner is followed by a matched load, the normalized out¬ 
put impedance of the tuner is unity. This is the condition expressed in 
Eq. (5), which reduces to 

z = z\ 

for l = \g/ 4, where z is the normalized input impedance and z t is the 
normalized characteristic impedance in the tuner section (see Fig. 8-29a). 
If zi is less than unity, the impedance along the tuner decreases from 
unity at the output end to z\ at the input end. For a constant power, 
the voltage across the line decreases from F 0 , the voltage across the 
matched line at the output end to I’Vi at the input end of the tuner 
section. 

For Case (2), in which the tuner is used to match a load impedance 
different from unity, the general transmission-line equation is 


z 


z l 


'z R + jz i tan ffA 
,zi + jzr tan 01/’ 


where Zr is the normalized impedance at the output end of the tuner 
and depends on the impedance of the load. The input impedance z is 
the transformation of z* through the line of characteristic impedance Zi 
and length l. This impedance reduces to 


z 


£? 

Zr 


for l — \y/ 4. If the tuner is adjusted for match, the normalized input 
impedance is unity or 

Zr = z\. 

Then, if z, is less than unity, the impedance along the tuner decreases 
from unity at the input end to Zr = z\ at the output end. Similarly 
the voltage decreases from V 0 to FoZi- 

It should be remembered that the conditions just described hold in 
Case (2) only when the tuner is adjusted for match. When the tuner is 
being used to match another impedance there are possible positions of 
the tuner where the voltage across the line is considerably greater than 
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F 0 because of the standing waves. The result obtained indicates the 
proper method of tuning to be used at high powers. The proper phase 
for match is determined at small insertions of the tuner by the usual 
standing-wave-measurement technique. Then, as has been shown for 
this tuner, the proper insertion may be made without appreciable vari¬ 
ation of the phase and the slug will automatically be at a position of 
lowest voltage. 

The voltage across the line mentioned in this discussion may be con¬ 
sidered as the voltage that would occur across an empty guide if the 
same conditions of impedance were established by other means. The 
actual voltages occurring across the gap between the slug and the oppo¬ 
site side of the guide are, of course, considerably different from the 
voltage across the line. It seems reasonable, however, to assume that 
this “gap voltage” is least where the voltage across the line is least. 
It has been shown that, with proper tuning technique, this gap voltage 
need never be greater than it is in regions where the voltage across the 
line is that for the matched condition. 

In view of the many factors affecting the power rating of a tuner of 
this type, it must suffice to give an example of conditions under which 
these tuners have been used satisfactorily. Both single and double 1 
Mycalex-slug tuners have been used in standard 10-cm waveguide to 
introduce standing-wave ratios up to 2 or 3 in voltage for pulse powers 
up to 800 kw, with a pulse width of 1 Msec, and a repetition rate of 
400 cps, at atmospheric pressure, and with 10-cm magnetrons of the 
4-J series. Methods for estimating extrapolations to other conditions 
are discussed in Chap. 4. 

A slug tuner can, of course, be made with slugs of other dielectrics 
or of metal. Few other dielectrics, however, have as good high-voltage 
properties as Mycalex for the same high dielectric constant. Little is 
gained by the use of dielectrics in a low-power tuner since all dielectric 
tuners are limited in the maximum amount of reflection obtainable, and 
are therefore considerably less satisfactory for low-power work than the 
single-screw tuner. This analysis of the quarter-wavelength-slug tuner, 
however, suggests that the use of a thin metal slug would result in a 
low-power tuner having some advantages over the single-screw type. 
One of the chief advantages would be that a larger reflection would be 
introduced by a thin metal slug than by a small screw of the same 
thickness for the same insertion. Conversely, the same reflection could 
be obtained with less insertion. This effect would make a metal-slug 
tuner more useful than the single-screw tuner for tuning large reflections 
since it would be less critical to adjust. Such a tuner, however, has not 
been developed since it has seldom been necessary to tune large standing 
1 Double-slug tuners are discussed in Sec. 812. 
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waves with great accuracy, and the single-screw tuner has proved ade¬ 
quate for most low-power work. 

8-12. Waveguide Double-slug Tuners. —Since a dielectric slug is 
limited in the amount of reflection that it can introduce, such elements 



may be used in pairs, as shown in Fig. 8-30, to increase the tuning range. 
The maximum reflection from two slugs X„/4 in length occurs when the 

separation C is X„/4 where X„ is the 
guide wavelength. The normal¬ 
ized impedances at different points 
in the tuner section are given in 
Fig. 8-31. These impedances are 
obtained by application of the 
usual transmission-line equation as 
discussed in See. 8-11. If z\ is the 
normalized characteristic imped¬ 
ance in the region of the dielectric, 
then the combination, when 
followed by a matched line, has 
an input impedance z\ as 
compared with z| for a single element. 

Tuning is accomplished in either of two ways: (1) by varying the 
depth of insertion B and the position along the line A of the two slugs 
together without changing their separation C, or (2) by varying the sepa- 



Fig. 8-31.—Normalized impedances in 
waveguide double-slug tuner, z 1 = 1, z" = 
Zl 2 , z"’ = 1/zi*, z = Zj 4 . 
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ration of the slugs for a given insertion and varying the position of the 
tuner. In the first method the variations in the phase and in the mag¬ 
nitude of the reflection are independent, as in the case of the single-slug 
tuner. It can be shown that, in the second method, if the separation C 
of the elements 0 is varied in such a way as to keep the position A of 
the center of the tuner constant, there is very little change in the phase 
of the reflection. Since the normalized input impedance of the tuner 
followed by a matched line is unity for a separation of the slugs equal 
to zero or an integral number of half wavelengths in the guide, imped¬ 
ances varying from unity to z\ are obtainable by this method for a given 
depth of insertion. The impedance zi, of course, depends upon the 
insertion. It is usually more convenient mechanically, with a tuner of 
this type, to use the first method of tuning. The additional adjustment 
on the separation of the slugs, however, is of advantage when the tuner 
is used over a wide wavelength band. This adjustment may be used to 
maximize the reflection obtainable with a given insertion at different 
wavelengths. 

The power rating of a single Mycalex-slug tuner was discussed in the 
previous section. The double-slug tuner may be used at slightly higher 
pulse powers than the single-slug tuner for the same standing-wave ratio 
because the double-slug type requires less insertion for the same mag¬ 
nitude of reflection. As has been shown, the maximum standing-wave 
voltage ratio obtainable is equal to 1 /z\ for the double-slug tuner, as 
compared with 1 jz\ for the single-slug type, where Z\ is the normalized 
impedance for a given insertion in the region of the dielectric and the 
standing-wave ratio is defined as greater than unity. 

The advantage, however, is not so great as might be expected from 
the difference in the insertion required for a given reflection. This state¬ 
ment may be justified qualitatively for the double-slug tuner as follows. 
If the normalized characteristic impedance Zi in Fig. 8-31 is leds than 
unity, then for a quarter-wavelength separation the output end of the 
first slug is at the position of an impedance maximum (and, therefore, 
a voltage maximum) because of the reflection from the second slug. At 
this point the voltage across the line, as defined in the last section, is 
Vo/zi which is greater than Vo, the voltage across the matched line. 
Thus the voltage across the line is not equal to or less than F 0 every¬ 
where in this tuner as it was shown to be for the single-slug tuner. How¬ 
ever, double-slug tuners of this type using Mycalex slugs have been used 
at 10-cm wavelengths, at pulse powers up to nearly a megawatt, to tune 
standing-wave voltage ratios of about two under the conditions given in 
the last section and using the tuning technique described there. 

Another form of high-power slug tuner in which the variation in the 
magnitude of the reflection is obtained by changing the slug separation 
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is illustrated in Fig. 8-32a and 6. Both dielectric and metal slugs have 
been used in this design. For most applications the faster motion 
afforded by the version of Fig. 8-326 is preferred. The maximum reflec¬ 




ts) 


Fig. 8-32.—Perspectives of double-slug tuner of type indicated in Fig. 8-33; (a) slow motion; 


( b ) fast motion. 


tion occurs when the slugs are separated by a quarter of the guide wave¬ 
length. For this condition the standing-wave voltage ratio, by the 
relations given in the last section, Eq. (7), is 
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where Z i is the characteristic impedance in the region of the slug and 
Z 0 is the characteristic impedance of the waveguide, The general 
expression 1 for the impedance of a rectangular waveguide operated in 
the TfJio-mode is 

M 

/ e X n fl 


4 


where c and n are the electric and magnetic inductive capacities, X„ 
Xo are the guide and free-space 
wavelengths, and b and a are the 
inside guide dimensions as indi¬ 
cated in Fig. 8-33. Then for metal 
slugs where the thickness of the 
slug is b — b', the maximum stand¬ 
ing-wave voltage ratio is given by 


and 


Rectangular waveguide 
Dielectric- 
Tuning slug- 





Fig. 


8*33.—Dimensions for calculation 
impedance of slug tuner. 


This equation is valid if the slug 
extends across nearly the full 
width of the guide, since the guide wavelength is then the same in the 
tuner as it is elsewhere in the guide. The proper size of metal slug for a 
desired mismatch is given by this expression. A similar calculation for 

dielectric slugs is more complicated. 

This simple analysis neglects the dis¬ 
continuity capacitance at each end of the 
slug. The neglect of this capacitance is 
warranted not only because these effects 
are small even for a slug that fills about 
one-third of the guide, but also because 
these effects occur a quarter of a guide 
wavelength apart for each slug. The 
reflection caused by the end effect at one 
end of a slug is of nearly the proper phase 
to cancel that from the other end. 

Dielectric slugs have been used in 
tuners of this type, but since a dielectric 
slug must have considerably greater thickness than a metal slug in 
order to introduce the same reflection, it has no advantage over the 
metal slug in terms of power-handling capacity. The most satisfactory 
design for a double-slug tuner for high power is shown in Fig. 8-34. 
It consists of metal slugs held by polystyrene supports at each side of 



Fig. 8-34.—High-power tuning slug 
in waveguide. 


1 J. C. Slater, “Microwave Transmission,” McGraw-Hill, New York, 1942, p. 185. 
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the guide where the field intensities are low. This design eliminates the 
slot that frequently contributes to breakdown phenomena at high powers. 

Motion of the slugs in this design is effected by means of small cables 
that enter from the side of the guide. Such a tuner has proved to be 
fairly satisfactory electrically but difficult to construct in such a way as 
to provide for the proper motion of the slugs. This tuner has, at best, 
about the same power rating as the Mycalex double-slug tuner pre¬ 
viously described which is considerably simpler to construct and use. 

8-13. Fixed-position, Capacitive-screw Tuners. —The theory of 
tuning with fixed-position, variable susceptances is discussed in Sec. 8-6. 
In particular it can be shown that impedances of all phases and mag¬ 
nitudes can be tuned with various combinations of three or more capaci¬ 
tive screws spaced one-quarter or one-eighth of a guide wavelength 
apart. Two screws capable of adding infinite susceptance, placed one- 
eighth of a guide wavelength apart, can, theoretically, tune all possible 
reflections for which the voltage standing-wave ratio is less than two at 
the frequency for which their separation is adjusted. At other fre¬ 
quencies the maximum reflection tunable in all phases is less. In 
addition to this limitation, the double capacitive-screw tuner has the 
disadvantage that, for certain phases of impedance, tuning a very small 
mismatch requires large insertions of one or both screws. Furthermore, 
the tuning is not direct; that is, for many phases of mismatch to be 
tuned, the resulting standing-wave ratio observed varies in a compli¬ 
cated manner as the screws are inserted. The combined reflection of 
tuner and mismatch may become considerably larger than that of the 
mismatch alone as the screws are inserted. Since it is usually desirable 
to be able to tune a mismatch by observing only the magnitude of the 
reflection (standing-wave ratio) without regard to its phase, this anoma¬ 
lous variation makes it difficult to find the proper insertions of the screws 
for match. 

More complete tuning is obtained by the use of at least three screws 
with one-eighth- or one-quarter-wavelength spacing, as shown in Fig. 
8-35. Four screws with one-eighth-wavelength spacing are sometimes 
used. Tuning with such combinations of three or more screws is more 
direct, for some phases of mismatch, and these tuners are usable over 
broad wavelength bands. Usually, no more than two of the screws are 
necessary to tune a given mismatch and, provided that the proper pair 
is used, tuning can be accomplished with a minimum of insertion. 
Thus adjustment becomes less critical and the losses in the screws are 
minimized. 

These advantages are largely offset by the problem of determining 
just what combination of screws will give the most desirable tuning. 
This problem arises from the fact that with these tuners many imped- 
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ances are tunable with more than one pair of screws or with a great 
many different settings of three screws. Moreover, some impedances 
that can be tuned exactly with one pair of screws can be very nearly 
tuned with another. The tuning of a given reflection without reference 
to its phase, therefore, becomes a rather tedious process, and a knowledge 
of the properties of the tuners is required to determine whether or not a 
given setting that matches the reflection is the most desirable one. 
Complicated rules have been developed for tuning with multiple fixed- 
position susceptances. These rules serve chiefly to indicate that other 
methods of tuning should be used whenever possible. 

There is seldom the necessity to tune large reflections at high powers. 
At low powers, the single sliding-screw tuner (Sec. 8-10) is almost com- 



Fig. 8-35.—Waveguide capacitive-screw tuners. 


pletelv satisfactory for a waveguide tuner and is simple to use. For 
limited reflections at high powers, the dielectric-slug tuners (Secs. 8-11 
and 8T2) or general-susceptance screws next to be discussed (Secs. 8-14 
and 8-15) are adequate and considerably less complicated than the 
capacitive-screw tuners. 

8-14. General-susceptance Screws. —The complexity of tuning with 
fixed-position capacitive screws led to the development of general- 
susceptance screws, that is, fixed-position screws that are capable of 
introducing either inductive or capacitive shunt susceptance at very 
nearly constant phase. A pair of such screws spaced one-eighth of a 
guide wavelength apart form a tuner that combines many desirable 
features (although not the range) of the double-stub tuner with the 
mechanical simplicity of a screw tuner. In addition, a tuner of this 
type has no slot leakage as have the variable-position waveguide tuners. 
Furthermore, because larger screws may be used, the depth of insertion 
for a given reflection is less and the breakdown power is correspondingly 
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greater than for the sliding-screw or metal-slug tuners. (Secs. 8-10 
through 8 12). 

The chief limitation of general-susceptance screw tuners is that the 
amount of inductive susceptance obtainable even with a large screw 
is comparatively small. Thus the maximum reflection tunable in all 
phases is limited if no more than two screws are to be used. The use 
of more than two tuning screws is undesirable because of the added 
complexity of tuning discussed in Secs. 8-6 and 8-13. There is, however, 
wide application for a simple and accurate impedance-tuning device 
which can match all phases of a limited reflection over a 15 or 20 per 
cent band, which has negligible r-f leakage, and which can handle appre¬ 
ciable power. 

A simple and convenient device for obtaining, with a single screw, 
a susceptance that can be made either capacitive or slightly inductive 
and that is variable both in phase and in magnitude has been developed 
at the Bell Telephone Laboratories. 1 This tuner consists of a large- 

diameter screw offset from the 
center of the guide and having a 
small projection beyond the end of 
the screw as shown in Fig. 8-36. 
If the screw is effectively one- 
quarter of a guide wavelength in 
diameter, this projection behaves 
as a lumped capacitive suscept¬ 



ance which 


through one- 


1'iu. 8-36.- 


-Single asymmetrical screw 
3-eiri band. 


for 


quarter wavelength in phase and 
changes gradually in magnitude 
with rotation of the screw. If this 
device is followed by a matched line, the shunt admittance at some fixed 
reference plane on the input side will appear to vary from a pure capaci¬ 
tive susceptance to a pure inductive susceptance of nearly the same 
magnitude if the pitch of the screw thread is sufficiently small. The 
admittance as a function of insertion of the screw shown in Fig. 8-36, at 
a wavelength of 3-33 cm, is plotted in Fig. 8-37. The conjugates of these 
admittances may be matched with this tuner. 

A tuner of this design has the appreciable advantage of providing 
approximate tuning over a limited range of impedances with a single 
control. Such simplification is seldom a step in the wrong direction. 
This tuner has certain properties, however, that should be noted in con¬ 
nection with experimental applications. The exactness with which an 
arbitrary impedance may be tuned is determined by the change in the 

1 P. H. Smith, ‘‘The Asymmetrical Waveguide Tuning Plug,” 14TL lleport, 
MM 44-170-59, Dec. 8, 1944. 
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magnitude of the reflection introduced between scans. This change, of 
course, depends upon the pitch of the screw thread, which, in turn, is 
limited by the diameter of the screw. The diameter of the screw is 
a function of the wavelength, since it must be effectively equal to a 
quarter wavelength, and it is limited by the size of the guide. Further¬ 
more, it may be seen from Fig. 8-37 that successive scans of the imped- 



Ftc. 8*37.—Admittance of asymmetrical screw shown in Fig. 8-30; variation with screw 

rotation. 

ance phase are usually not adjacent curves in terms of the magnitude 
of reflection introduced. This effect is to be expected since the projec¬ 
tion on the screw moves transversely as well as iongitudinally in the 
guide with rotation of the screw. Thus on alternate half turns of the 
screw, the projection is near the side of the guide, where the reflection is 
considerably less than that occurring when it is near the center. Finally, 
the shunt susceptance of the rest of the screw is superimposed on the 
admittance of the projection. Since the former is fixed while the latter 
varies in phase by approximately plus or minus one-eighth wavelength 
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from the center of the screw, the phase angle between the reflections from 
each of these sources varies from 0 to + 90°, approximately. 

Because of all these effects, the standing-wave ratio observed in 
tuning a mismatch is a complicated function of the insertion. In tuning 
without reference to the phase of the mismatch, it is not always readily 
evident that an improvement is being effected or that a given minimum 
reflection is the best possible match that may be obtained. If properly 
used, however, this tuner is capable of matching an admittance of any 
phase within the circle indicated (VSWR of 1.4 or less) to a standing- 
wave voltage ratio of 1.2 or less; for some phases considerably larger 
reflections may be matched to the same degree. 

Another method of obtaining capacitive and inductive susceptance 
with a single screw utilizes the fact that, just as a screw projecting into 



Fig. 8-38 — Double-screw tuner for 10-cm wavelength. 

the guide parallel to the electric field appears as a shunt capacitive 
susceptance, so the same screw retracted into its boss, leaving a cavity, 
behaves somewhat as a lumped inductive susceptance that varies with 
the length of the cylindrical cavity so obtained. A tuner for mis¬ 
matches corresponding to a standing-wave voltage ratio of about 1.15, 
which uses two such screws 1 in. in diameter, spaced one-eighth of a 
guide wavelength apart, is described in Sec. 6-8. This tuner is used to 
provide a small adjustment on the admittance of a broadband matching 
iris in the waveguide sections of a transition from coaxial line to wave¬ 
guide. A greater maximum inductive susceptance may be obtained by 
the use of screws of larger diameter (2 in.) as shown in Fig. 8-38. An 
admittance plot for this tuner is shown in Fig. 8-39. The admittance 
at the center of the input screw is plotted for each screw separately; 
that is, one screw is varied with the other set flush with the inside of the 
guide. It is found that there is little interaction between the screws 
when both are used simultaneously even for fairly large insertions and 
for screw diameters considerably greater than X s /8. Consequently, the 
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admittances that can be produced are obtained by combining the 
admittances of the two screws. For example, the admittance repre¬ 
sented by point A in Fig. 8-39 is obtained with an insertion of slightly 
less than 0.05 in. of the input screw and a retraction of 0.40 in. of the 
output screw. 

It is seen from Fig. 8-39 that the variation of admittance with retrac¬ 
tion of the screw departs appreciably from the circle of unity conduct- 



Fig. 8-3U.—Admittance as a function of screw setting for two L'-in. diameter general- 

susceptance screws. 

ance on which the plot of a pure shunt inductive susceptance should fall. 
It will be shown later that, provided this deviation is not too great, it is 
somewhat advantageous. This effect can increase the maximum reflec¬ 
tion that can be tuned in all phases by a pair of these screws at a given 
wavelength, or can increase the wavelength range over which a given 
reflection can be tuned in all phases for a fixed screw separation. The 
factors determining the proper size and spacing of screws for optimum 
broadband tuning will be discussed here and in the next section in so far 
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as they have been investigated experimentally in the development of a 
double-screw tuner for 10-cm waveguide. 

A screw inserted in the center of the guide, parallel to the electric 
field, gives nearly an infinite shunt capacitive susceptance for an inser¬ 
tion of a free-space quarter wavelength only if the screw diameter is 
small compared with the guide wavelength. As discussed in Sec. 8-10, 
however, a screw of this type requires considerable insertion to produce 



Fig. 8-40.—Admittance as a function of screw setting at 9.5 and 10.7 cm for 22-in. diameter 
general-susceptance screw. 

a usable effect and, consequently, has a low power-handling capacity. 
It is desirable to obtain a given susceptance with a minimum insertion, 
which is done by increasing the diameter of the screw. This limits the 
maximum susceptance obtainable, however, and if the screw is too large 
the resulting plot of admittance as a function of insertion is quite differ¬ 
ent from a simple variation in shunt susceptance. This effect is to be 
expected, since a sufficiently large screw will behave as a length of line 
having a characteristic impedance and guide wavelength that vary with 
the insertion of the screw. At some insertion the screw may appear as 
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a half-wavelength section of line and give no reflection. Such an effect 
is shown in Fig. 8-40 which is a plot of admittance as a function of 
screw setting for a 2.5-in. diameter screw. This screw provides very 
little capacitive susceptance at 10.7 cm and none at 9.5 cm. Further¬ 
more, the plots for both inductive and capacitive settings of the screw 
appear to be anything but a simple variation in shunt susceptance. 

As expected, the effect for a given screw size is more pronounced at 
short wavelengths. Figure 8-41 is a plot at various wavelengths of 
standing-wave voltage ratio as a function of insertion for a screw 2 in. 



Fla. 8-41.—Voltage standing-wave ratio as a function of screw setting for 2-in. diameter 
screw at different wavelengths. 

in diameter. A similar result, although one not so pronounced, is 
obtained with a 1.5-in. screw’ in the 8- to 11-cm region. A 1-in. diameter 
screw, however, is found to be quite satisfactory over this wavelength 
range for standing-wave ratios up to 3 in voltage. It shows a com¬ 
paratively small variation of reflection with frequency for a given inser¬ 
tion as shown in Fig. 8-42. The shaded area represents the spread in 
curves of standing-wave voltage ratio as a function of insertion at five 
different wavelengths between 8.1 and 11.1 cm. 

Also plotted to the same scale in Fig. 8 42 is the almost negligible 
inductive susceptance produced by retracting the 1-in. screw into its 
boss. From this curve it is leadily evident that a much larger screw is 
necessary to provide a usable amount of inductive susceptance. A com¬ 
pound screw of the type shown in Fig. 8-43, Sec. 815 is necessary to 
provide a usable amount of either inductive or capacitive susceptance 
with the same screw. 



Voltage standing-wave fatio 
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3.50 


Although a larger screw will give a greater inductive susceptance, 

there are factors that limit the size 


3.00 


2.50 


2.00 


1.50 


1.00 





■ 




■ 


In 

(ca 

susc 

>ertion -v 
pacitive X, 
eptance) 




WA 

r 


Relrac 
(inductive sus 

1 


0.10 0.20 0.30 

Insertion or retraction in inches 


0.40 


Fig. 8-42.—Voltage standing-wave ratio 
as a function of screw setting for 1-in. diam¬ 
eter screw in waveguide; spread over 8.1- to 
11.1-cm band. 


of screw that can be used over a 
desired wavelength range. It is 
shown in Fig. 8-40 that, as the 
wavelength decreases, the plot of 
admittance as a function of 
retraction departs considerably 
from a purely susceptive varia¬ 
tion. Data for different screw 
diameters indicate that this effect 
becomes more marked as the ratio 
of screw diameter to guide wave¬ 
length increases. The resulting 
characteristics are undesirable in 
two ways. First, they limit the 
magnitude of inductive suscep¬ 
tance that may be obtained. 
Second, they affect the “orthogo¬ 
nality” of tuning as shown in Fig. 
8-39 for a pair of screws spaced 
Tuning with two screws is least com- 


one-eighth guide wavelength apart, 
plicated when one screw tunes the conductance component of a given 



Fig. 8*43.—Tuning screws for adjusting match, of transitions. 

admittance and the other, the susceptance component. Departures from 
this characteristic make tuning without reference to the phase of the 
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mismatch a more complicated procedure as in the case of the capacitive 
screws discussed in Secs. 8-6 and 8-13. 

This effect on the admittance as a function of retraction for the 
inductive screw is to be expected. In large-diameter cavities at suffi¬ 
ciently short wavelengths, appreciable propagation of the lowest round- 
waveguide or TIEn-mode is possible. In this case the discontinuity 
becomes a short-circuited section of line of small but finite length which 
appears in the waveguide as a series reactance as well as a shunt sus- 
ceptance. Since the whole effect is distributed over a large fraction of a 
guide wavelength it can hardly be treated as a single lumped susceptance. 
Experimentally, it has been found that the shunt admittance of a retracta¬ 
ble screw 2 in. in diameter is very nearly a pure susceptance in the wave¬ 
length range 9 to 11 cm. This result is shown in Fig. 8-41. A screw of 
this size has been used successfully in a double-screw' tuner for standing 
W'aves up to 2 in voltage over this w'avelength range. 

All effects described here probably can be analyzed and the optimum 
screw' sizes calculated for a desired tuning range from the theory of 
W'aveguide discontinuities. In the interest of obtaining quickly the 
design for a useful tuner, however, the theory is left for more leisurely 
application. 

8-15. A Waveguide Double-screw Tuner. —As discussed in the last 
section it is possible to tune a limited reflection in all phases by use of 
two general-susceptance tuning screw's centered in the wide side of the 
guide. Such a tuner for 10 cm using the compound screws described in 
Sec. 8-14 is shown in Fig. 8-43. A plot of admittance as a function 
of setting of each screw separately v'ould be similar to that shown in 
Fig. 8-39 where the admittance is referred to the plane of the input screw. 
The tuner is followed by a matched load. The compound screws will 
give a greater susceptance variation over a w'ide band than may be 
obtained with the simple screw' tuner whose tuning is illustrated in 
Fig. 8-39. The relative sizes of the inductive and capacitive section of 
the compound screw' w r ere determined experimentally for the 9- to 11-em 
band as described in the last section. It remains to discuss the tuning 
range, over a broad wavelength band, of a pair of these compound 
screws with a fixed separation, that is, one-eighth guide wavelength for 
only one wavelength in the band. The best separation for maximum 
tuning range over a given band may also be determined. 

In Sec. 8-6 it was shown that two susceptive elements capable of 
adding infinite inductive and capacitive shunt susceptance and which 
are spaced an eighth wavelength along a transmission line can tune 
reflections of any phase for which the standing-wave voltage ratio is no 
larger than two. That is, all admittances except those lying within the 
circle of normalized conductance 2 on a Smith chart may be presented 
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or their conjugates matched with such a tuner. This condition holds 
theoretically only for the wavelength at which the tuning elements are 
an eighth of the line wavelength apart. At other wavelengths the maxi¬ 
mum reflection that may be tuned in all phases is smaller than that for 
which the standing-wave ratio is 2 in voltage. 

Very nearly the same result is obtained with general-susceptance 
screws that introduce only limited inductive and capacitive suscept- 



Fia. 8-44.—Theoretical tuning range at midband of double-screw tuner with Xp/8 spacing; 
admittance plotted at input screw. 

ances. Figure 8-44 is a plot of the theoretical tuning range of two 
screws with X„/8 spacing which can introduce ±0.7 unit of susceptance. 
Much larger capacitive suscept.ances are obtainable with actual screws 
but this 0.7 unit of inductive susceptance is about the limit that can be 
obtained with a 2-in. diameter screw at 10 cm. As indicated in Fig. 
8-43, the admittance is referred to the center of the first or input screw 
and the device is assumed to be followed by a matched load. The con¬ 
jugates of all admittances within the shaded area may be matched with 
such a tuner at the wavelength lor which the separation is X„/8. The 
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maximum reflection that may be tuned in all phases is that represented 
by a standing-wave voltage ratio of about 1.9. 

Assuming that the screws can add the same maximum susceptance 
at all wavelengths in a given band, the tuning range over the band may 
be predicted as shown in Fig. 8-45. This plot shows the tunable regions 
of admittance at 9.0 cm (broken curve) and at 11.0 cm (solid curve) 



Fra. 8 45.—Theoretical tuning at 9 and 11 cm of double-screw tuner with X 0 /8 spacing at 
10 cm; admittance plotted at input screw. 

of a tuner for which the screw separation is X„/8 at 10 cm. Only the 
region enclosed by both curves is tunable over this 20 per cent band. 
The maximum reflection that can be tuned in all phases over the band is 
that for which the standing-wave voltage ratio is 1.55. It is limited by 
the range of the tuner at 9.0 cm. This effect suggests that the proper 
spacing for maximum tuning over the band should be X„/8 not at mid¬ 
band (10 cm) but at a shorter wavelength. Figure 8-46 shows the effect 
of using a screw separation that is one-eighth guide wavelength at 9.0 cm. 
The maximum reflection tunable in all phases over the band is now that 
for which the standing-wave ratio is 1.75 in voltage. It is limited on 
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the low-conductance side of the plot by the range of the tuner at 11.0 cm, 
therefore, the best spacing appears to be one-eighth guide wavelength 
at a somewhat longer wavelength than 9.0 cm. Usually, the exact 
spacing for a maximum tuning range over a given band will depend upon 
the bandwidth and the guide wavelengths involved. 

A comparison of the tuning ranges at 9 and 11 cm for the two differ¬ 
ent spacings of Figs. 8-45 and 8-46 shows, however, that the range of 



Fig. 8-46.— Theoretical tuning at 9 and 11 cm of double-screw tuner with X 0 /8 spacing at 
9 cm; admittance plotted at input screw. 

tuning at 11 cm is considerably less affected by changes in screw spacing 
than that at 9 cm; hence, little improvement is effected by increasing the 
separation from X„/8 at 9 cm. Thus, to a very good approximation the 
spacing required for a maximum tuning range over a given band is an 
eighth wavelength for the shortest wavelength at which tuning is desired. 

Except at the shortest wavelengths the experimental results obtained 
with actual tuners show somewhat better coverage than that predicted 
in the preceding analysis. The compound screws described here can 
add very large capacitive susceptances, but the maximum inductive 
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susceptance obtainable is about that assumed in the previous discussion. 
The shunt admittance added by these screws in a retracted position, 
however, is not a pure inductive susceptance. The plot of admittance 
as a function of screw setting at a given wavelength departs from the 
curve of unity conductance, as shown in Fig. 8-39, in such a way that it 
increases the maximum reflection that may be tuned in all phases. 



Fro. 8-47. -Experimental tuning at 10.3 cm of double-screw tuner with A,,/8 spacing at, 
10.3 cm wavelength; admittance plotted at input screw. 

Figure 847 is the plot of tuning range for an experimental double¬ 
screw tuner of the type described in this section and gives the tuning 
range at 10.3 cm for a screw spacing that is X,,/'8 at this wavelength. It 
is seen that reflections equivalent to a standing-wave voltage ratio of 2 
are tunable in all phases, although neither screw can introduce separately 
more than 0.7 unit of inductive susceptance. 

A plot of the same type at 9 cm for a screw spacing of X„/8 at 9 cm 
is given in Fig. 848. Here, the tuning range is limited to reflections in 
all phases for which the standing-wave ratio is 1.71 or less in voltage. 
The reasons for this reduced range have not been thoroughly analyzed, 
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.but the effect is probably due to interactions between screws. In the 
last section several suggestions are given as to why such effects can occur 
at the shorter wavelengths. 

Figure 8-49 shows the tuning range at 11.1 cm of the same tuner 
(X„/8 spacing between screws at 9.0 cm). This plot demonstrates the 
conclusion, given in the previous analysis, that the spacing between 



Fia. 8-48.—Experimental tuning at 9 cm of double-screw tuner with X^/8 spacing for 9 cm; 
admittance plotted at input screw. 

screws should, usually, be one-eighth guide wavelength for the shortest 
wavelength at which the tuner is to be used. For a reasonable band¬ 
width (about 20 per cent) this spacing allows the maximum of tuning 
at the shortest wavelength and does not appreciably affect the tuning 
range at the long-wavelength end of the band which usually is greater 
than the range at the short-wavelength end. The tuner described here 
will tune in any phase reflections for which the voltage standing-wave 
ratio is 2 or less from about 9.5 cm to more than 11.1 cm. For certain 
phases, very large reflections may be tuned since these screws can intro¬ 
duce very large capacitive susceptance. 
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Fig. 8-40.—Experimental tuning at 11.1 cm of double-screw tuner with X y /8 spacing for 
9 cm; admittance plotted at input screw. 

8-16. Phase Shifters.—The importance of phase shifters in certain 
applications has been emphasized in Sec. 8-7. Two simple and effective 
forms of waveguide phase shifters that have found favor are illustrated 
by Figs. 8-50 and 8-51. 



Fig. 8-50.—Slotted-waveguide phase shifter. 
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These two models operate on entirely different principles. The 
simpler principle is that underlying the version shown in Fig. 8-50. 
Long longitudinal slots are cut along the center of the two broad surfaces 
of a rectangular waveguide, each slot being very similar to those used in 
connection with standing-wave measurements. Since there are no trans¬ 
verse currents interrupted by these slots, they do not radiate appreciably. 
If desired, any slight amount of radiation may be suppressed by the outer 
section of rectangular tubing indicated in Fig. 8-50. When the clamp 
indicated in the figure is tightened, the larger dimension a of the wave- 



Iig. 8-51.—Dielectric phase shifter. 


guide cross section is reduced, resulting in a reduction in the cutoff wave¬ 
length and an increase in guide wavelength. The relations are 


Xc =. 2a, (8) 



The change in the dimension a is distributed over a long section of line 
that functions as an impedance-matching taper. As the guide wave¬ 
length is increased, the effective electrical length of the whole waveguide 
section is decreased, thus effecting a shift in phase. 

In the phase shifter of Fig. 8-51, the change in guide wavelength is 
brought about by moving a long dielectric slab laterally across the 
interior of the waveguide. The effect on guide wavelength of such a 
slab has been calculated (Vol. 10) theoretically for the case in which the 
slab extends all the way from the top to the bottom wall of the waveguide. 
It seems to be easier to determine experimentally the change in guide 
wavelength caused by motion of the modified slab indicated in Fig. 8-52. 
Qualitatively, it is easy to see that the effect of the dielectric should be 
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much greater when it is in the region of the high electric fields present.at 
the center of the waveguide than when it is in the weak fields near the 
side walls. The length of the slab must be great enough to give a com¬ 
plete half-wavelength change in equivalent length as the slab is moved 
from center position to the side wall. 

The slab is supported by means of either two or three rods, spaced 
in such a way that cancelation of reflections is achieved. Two rods of 
equal diameter spaced three- 
quarters of a wavelength apart 
have been used. The wavelength 
to be used is the effective wave¬ 
length for an average position of 
the slab at the midband frequency. 

Alternatively, three rods with 
quarter-wavelength spacing may 
be used. The center rod should 
produce twice as much reflection 
as the other two in order to achieve a broadband cancelation of reflections. 
For small rods, the reflection coefficient is proportional tod' 2 , consequently 
the central rod should have a diameter x/2 times that of the others. 

The ends of the dielectric slab are tapered in the manner indicated in 
Fig. 8-51, the length of the taper being half a wavelength. The wave¬ 
length to be used here is something like the mean between the normal 
guide wavelength and that, in the section containing the slab in an average 

position. The double taper shown in 
Fig. 8-53 was found also to give good 
results. It was expected that a 
broader band would result from this 
arrangement, but its superiority over 
the single taper has not been 
established. 

The dielectric that has been found 
to be most satisfactory for the slab 
material is polystyrene or one of the 
new materials of high softening tem¬ 
perature and the same dielectric con¬ 
stant. The plastic materials have the advantages of being easy to machine 
and unlikely to break in use. They have, however, the defect of being 
likely to suffer permanent damage if a spark is permitted to occur in the 
vicinity. Materials such as Mycalex, polyglas, or glass of various types are 
not damaged by sparking, but they are difficult to machine and subject to 
breakage. It is explained in the next paragraph that there is a maximum 
permissible thickness of slab which decreases as the dielectric constant 



Fig. 8-53. - --Double tapered dielectric 
slab. 



Fig. 8-52.—Section view of dielectric phase 
shifter. 
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of the slab material is increased. Since glasses in general have high 
dielectric constants, glass slabs must be made thin; hence, they are fragile. 
It is possible that either Mycalex or polvglas might offer a good compro¬ 
mise in regard to machinability, ruggedness, and arc resistance. 

If the dielectric slab is made too thick, or if the width a of the wave¬ 
guide is too large, more than one waveguide mode may be propagated. 
It has been observed that when this situation exists certain positions of 
the slab lead to a resonant condition. The resonance occurs when the 
effective length of guide section supporting the higher mode has a critical 
value of approximately half a wavelength. High values of dissipative 
loss and high values of input standing-wave voltage ratio result, and 
voltage breakdown is likely to occur. The waveguide normally used at 
wavelengths near 1.25 cm is so wide (a = 0.420 in.) relative to the wave¬ 
lengths used that it is subject to this difficulty. In the construction of 
phase shifters, the width is decreased, by means of a half-wavelength 
taper, to the value indicated in Table 8T. 

The dimensions and performance characteristics of dielectric phase 
shifters designed for three wavelength regions are given in Table 8-1. 


Table 8-1. —Dimensions of Polystyrene ( k , - 2.56) Phase Shifters 
(Wavelength range for r < 1.10) 



Symbol 

and 

units 

Model I 

X = 1.23 to 
1.27 cm 

Model 11 

X = 3.13 to 
3.53 cm 

Model III 

X = 8.5 to 
11.6 cm 

Waveguide dimensions. 

a, in. 

0.350 

0.900 

2.840 


b, in, 

0.170 

0.400 

1.340 

Slab thickness. 

c, in. 

0.075 

0.188 

0.500 

Clearance gap. 

e, in. 

0.020 

0.044 

0.170 

Slab length, including tapers. 

in. 

2 

5 

15 

Diameter of two rods. 

d, in. 

0.030 

0.041 

0.124 

Diameters of central rod, if used.. 

d , in. 

0.042 

0.058 


Rod spacing. 

in. 

0.173 

0.470 

4.426 

Dielectric taper length.. . 

in. 

0.346 

0.940 

2.050 

Breakdown power. 

kw 

70 

200 

1000 


POWER DIVIDERS 

Coaxial Power Dividers 

8-17. Fixed Coaxial Power Dividers. —When it is desired to send half 
the power into each of two loads, a circuit of the type illustrated in 
Fig. 8-54 may be used. A modification, giving an unequal division of the 
power, is presented in Fig. 8-56. Several alternative circuits have been 
devised, but the ones given here have proved to be most satisfactory. 

The operation of the circuit of Fig. 8-54 is good over a broad band, as 
















Sec. 8-17] 


FIXED COAXIAL POWER DIVIDERS 


517 


shown qualitatively by the following analysis. It may be reasoned that 
the two loads and the stub are effectively in parallel at the junction point. 
Each of the two loads presents the characteristic admittance To of the 
line at the junction point, giving a total load admittance at that point 
of 2 Y n . At midband wavelength, the stub length is adjusted to be effec¬ 
tively a quarter wavelength, consequently it adds zero susceptance. The 



Fig. 8-55.—Admittance transformations in power divider of Fig. 8-64. 

enlargement of the conductor of the quarter-wavelength section of the 
input line, a continuation of the center conductor of the stub, is chosen 
to give a characteristic admittance V2 To- This section acts as an 
admittance transformer, matching the load admittance 2T 0 to the char¬ 
acteristic admittance T 0 of the input line. 

At a wavelength longer than the midband wavelength, the stub is too 
short and adds an inductive (negative) susceptance B s to the load 
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admittance 2Y 0 , as indicated in Fig. 8-55. This is desirable, however, 
since at this wavelength the transformer section is also too short. The 
combined action of stub and transformer leads to an input admittance T< 
that is very close to Y 0 even at wavelengths longer than the midband 
wavelength, as indicated in Fig. 8-55. Similarly, for shorter wavelengths, 
the stub adds a positive susceptance that combines with the transformer, 
now too long, to give a good match in the input line. 

It is easily shown that for small departures from midband wavelength, 
the susceptance added by the stub is quantitatively equal to that required 
to produce the compensation indicated in Fig. 8-55. For larger depar¬ 
tures from midband wavelength, compensation is no longer exact, but 
it is still good. The dimensions given in Table 8-2 were found to give a 
VSWR below 1.1 for the wavelength range 9 to 11 cm. All dimensions 


Table 8-2.— Dimensions of Power Dividers of Fig. 8-54 


Dimension 

Standard line size 

! in. 

i in. 


1.220 

1.107 


0.325 

0.408 


1.110 

1.000 



except the stub length are calculated according to the simple theory 
outlined above. The stub length is then adjusted to give minimum input 



VSWR at midband wavelength. 

The principle of operation of 
the power divider of Fig. 8-56 is 
similar to that of the model shown 
in Fig. 8-54. In order to obtain 
unequal power division, quarter- 
wavelength transformers are in¬ 
serted in the two load lines. The 
characteristic admittances of the 
transformer sections are chosen to 
give the admittances IT and Y 2 , 
satisfying the relations 

Y i + IT = 2Y 0 , (10) 



Fig. 8-56. —Power divider for unequal . . 

division of power. -EjQU&XIOII FGCJUirGS til 6 tot&l 

load admittance at the junction to 

be equal to 2F 0 just as in the simpler model of Fig. 8-54. The same char- 
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acteristic admittance, \/2 Fn. is then used for the stub and the input 
transformer whose action, including compensation for wavelength change, 
is just as before. Equation (11) enables the circuit to be designed to 
obtain any desired ratio between the powers Pi and P 2 going to the two 
loads. At midband wavelength both Fi and F 2 are pure conductances, 
and they are in parallel and subject to the same rms voltage V. The 
powers Pi and P 2 going to the two loads are then F 2 F t and F 2 F 2 , and 
Eq. (11) follows. 

As the wavelength is varied, Fi and F 2 take on susceptive components; 
but their conductive components remain almost constant for wavelength 
variations that are not too large, and the power-division ratio remains 
almost constant. The constancy of the conductance component of 
admittance at the input side of a quarter-wavelength transformer is ^ 
easily demonstrated with the aid of an admittance chart or by means of 
the admittance-transformation equation. It is found also that the signs j 
of the suscept.anee components of Fi and F 2 are opposite; consequently, '' 
there is a tendency for them to cancel each other. Quantitatively, the j 
cancellation is good when Fi and F 2 are nearly equal, but the susceptance r 
component of the larger admittance F 2 is always larger. This situation ( 
leads to a greater frequency sensitivity than that of the simple circuit 
of Fig. 8-54. It is possible to obtain accurate compensation of the fre- ' 
quency sensitivities of the stub, output transformers, and input trans- ’ i 

former by suitable modification of the design. It is necessary to decrease 1 J 

the characteristic admittance of the stub and input transformer by ther 
proper amount and m»ke the appropriate change on the right sidefof j 
Eq. (10). In the limit, as Ft approaches zero, a right-angle stub vflth , 
a half-wavelength broadbanding transformer will result. By theory, ) 
the characteristic admittance of stub and transformers is, in this case, . ; 

1.22 Fo, which may be compared with 1.41Fo in the case of Fig. 8-54. , 

8-18. Variable Power Divider.—The purpose of this device is to vary J 
at will the ratio between the power delivered to two output lines. At the ‘ 
same time, the input impedance remains matched; therefore, no power 
is reflected by the circuit. The theory outlined below applies equally ” 
well for transmission lines of various types. Both coaxial and wavegtTfdb 
versions have been made and found to operate essentially as expected. 

Such power dividers are used to divide a given input power in any 
proportion desired between two operating loads (for example, two 
antennas) or, with a “dummy” load connected to one arm, to achieve an 
attenuator that has a minimum insertion loss of zero and is well matched 
at all attenuations. Although such an attenuator follows a calculable 
law closely, it is rather sensitive to slight frequency changes and hence 
not especially suitable for precision work. 

The principle of operation may be understood by considering the 
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model indicated schematically in Fig. 8-57. The conditions prevailing 
for three different stub lengths will be discussed. 

(1) l c = JX, hence l d = IX. In this case, stub C presents a short 
circuit (Zc = 0 or Y c = <») across the junction ACE. This prevents the 
passage of power into output line A. Since this short circuit occurs |X 



Fig. 8-57.—Variable power divider. 


To mo ve 
plungers 


from the input junction GUI, it presents an open circuit across this junc¬ 
tion (Z c = oo or Y c = 0). Thus the output branch Cl acts as a quarter- 
wavelength stub support, allowing free passage of power from input line / 
into the other branch H. This branch H is matched since the stub 
D (\\ long) acts as a normal stub support and permits free passage of 

power into the matched load B. Thus 
the input line I is matched, all the 
power is delivered to load B and none 
to A. 

(2) l.- = fX, hence Id = ^X. Now 
the stub D short-circuits the load B, 
while the stub C allows free passage 
into load .1, since it acts as if it were 
a quarter-wavelength stub support. 
Thus all the power is now delivered to 
load .4, none to B, and the input line 
I is matched. 

(3) l r . = |X, hence l d = fX. Stub 
D is now capacitive and stub C is inductive. These stub suseeptances are 
added in shunt with the loads A and B. At the input junction GHI, the 
admittances at E and F have been transformed by the quarter-wavelength 
sections EG and FH in such a way that the inductive effect of one branch 



Fig. 8-58.—Division of power vs. 
stub length for the power divider of 
Fig. 8-57. 
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is exactly compensated by the capacitive effect of the other, and the con¬ 
ductances add to give exactly the characteristic admittance of the coaxial 
line. Hence the admittance at the input line 7 exactly matches the line. 
The power divides equally between output lines A and B, as indicated by 
Fig. 8-58. 

Application of the transmission-line equation shows that, for all values 
of l c , the admittance at the input line 1 exactly matches the line. The 
fraction of the available power 
delivered to output line A and 
to output line B may be cal¬ 
culated from the equations 

r, - d„> (¥=) \ 

P B = sin ? >■ (12) 

p - 

These quantities are plotted 
in Fig. 8-58. 

It should be realized, how¬ 
ever, that a power divider of 
this type presents a matched 
impedance in the input line 
only when the line is the 
branch so indicated in Fig. 

8-57. If power is fed in 
through one of the other 
branches, say branch .4, and 
branch B and the branch 
indicated as the input line are 
terminated in matched loads, 
the impedance looking in at 
A will not, in general, be matched. For the setting of the stubs that 
would normally give complete transmission into load A, the imped¬ 
ance looking in the reversed direction will be matched. For other 
settings of the plungers, a certain amount of mismatch will occur. The 
percentage of the power in the incident wave which is coupled through 
from one branch to another is the same regardless of which branch is 
used as the input one. It is not. true, however, that the input impedances 
or standing-wave voltage ratios in the two cases are equal. In the first 
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case all the power of the incident wave not transmitted to load A is 
dissipated in load B, but in the reversed arrangement, the power not 
dissipated in the branch 7 is partly reflected back along branch A and 
partly dissipated in load B. 

The actual form of the final circuit is that shown in Fig. 8-59. The 
input line is shown in the rear and the two output lines are shown in the 
foreground. The right-angle stubs in the two output lines are like those 
of Fig. 4-31, including undercut transformers. An identical undercut 
transformer occurs in the input line. The two plungers are moved by 
pinioned gears attached to a common shaft. 

It was found necessary in order to obtain an improvement in imped¬ 
ance-matching to alter the length of the two stubs in the input and out¬ 
put branches. The YSWIt finally obtained was about 1.1 at the design 
wavelength of 9.1 cm. Power levels of about 500 kw were required to 
cause breakdown. 

The effectiveness of a variable-length stub in short-circuiting either 
one of the output lines is limited by the conductivity of the metals and 
the losses in the plunger. It was found that the maximum attenuation 
obtainable at either output line was limited to about 45 db. 


Waveguide Power Dividers 

8-19. Fixed Power Divider. 1 -—Fixed waveguide power dividers of 
two types have been developed, the Y and the T, so-called because of 
their shape. The principle of operation of the Y-shaped power divider 
is simple. A rectangular waveguide carrying power in the TA'io-mode 
is illustrated in Fig. 8-60a; a thin conducting plate may he inserted across 
the waveguide, perpendicular to the electric field, as in Fig. 8-606. The 
introduction of this plate does not change the fields inside the waveguide, 
nor does it change the currents in the walls; consequently, the input 
impedance relations undergo no change when the partition is put in. 
Since the field is uniform in the //-direction, the voltage across the wave¬ 
guide will be divided between the two branch waveguides in the ratio 
of V a./Fi = Ebi/Ebi = 6 2 /6i. In addition, the currents in the two 
branches arc equal to each other and to the currents in the main wave¬ 
guide. The two branches are. therefore, in series with the main wave¬ 
guide, and tfie power transmitted through the two branch waveguides 
will be in the ratio of their heights, This waveguide circuit is then a 
power divider. 

This power divider in its simplest form would not be convenient, since 


1 C ' 011 I l ibations to Sec*. 8-19 and 8-20 were made by F. T. Worrell. 
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each branch, having a height less than the height of the waveguide, has 
an impedance different from the impedance of the main waveguide. 
This simple version should be modified by tapering each branch into a 
waveguide of standard size, as shown in Fig. 8-60c. In practice, it is 
found convenient to have the two branch waveguides separated from one 



Fig. 8-60.—Development of Y-type power divider. 


another, rather than joined by a common wall, and a further modifica¬ 
tion that results in the Y-shaped power divider is made as in Fig. 8-60d. 

Models have been designed, as indicated in Fig. 8-61 and Table 8-3, 
for the 3-cm and 10-cm regions. All are for an equal division of power, 
although models can be designed for some other ratio of power divi¬ 
sion, if desired. It should be noted that the critical dimensions in each 


Table 8-3.—Design Parameters for the Power Dividers of Fig. 8 61 


Band for 
VSWR 
= 1.07 

a, in. 

I 

6, in. 

c, in. 

d, in. 

e, in. 

e 

10.0-11.1 

2.840 

1.340 

0.562 

2 

0.080 

11° 31' 

8.5-11.5 

2.840 

1.340 ; 

0.9375 

JL 

1 6 

0.080 

7° 6' 

3.1- 3.4 

0.900 

0.400 1 

0.200 

1 

0.050 

13° 14' 

3.1- 3.4 

0.900 

0.400 

0.230 

V 

0.050 

7° 3' 
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case are the angle of the Y, which determines the length of the taper, and 
the position of the leading edge of the vane. These dimensions were both 
determined experimentally. The 10-cm model has been tested on high 
power; it did not break down at the maximum available power of 1.1 Mw. 


Reef, brass tubing 



It is probable that a power divider of this type will handle almost as 
much power as the waveguide itself. 

Another possible form of fixed power divider makes use of a series- 
branching T-junction, as in Fig. 8-62. If power is fed into arm A, it 
will divide equally bet ween arms B and C. If the three branches are all 
waveguides of the same size, however, there will be a considerable mis- 



Fig. 8-62.—A T-type power divider. Fig. 8-63.—Power divider, modified T- 
Arrows represent electric fields. type. Arrows represent electric fields. 


match consisting, in part, of the mismatch due to the junction effect, and, 
in part, of the mismatch due to the load of impedance 2 Z a terminating a 
waveguide of impedance Z 0 . In practice it has been found difficult to 
match such a power divider over any reasonably large wavelength band. 
There are a number of ways in which this frequency sensitivity could be 
reduced. One way that might succeed would be to use the T of Fig. 8-133, 
a series-branching T, in which the output branches are half the height 
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of the input branch, with, therefore, half the characteristic impedance. 
Then, only the junction effect would be left to match. Again, the height 
of the output branches could be set at some other value found experi¬ 
mentally, to correct partially the junction effect. In either case, the 
output branches would have to be 
tapered up to full size, and the result 
would not be a particularly simple 
arrangement. In addition, because of 
the sharp corners, it probably could not 
handle as much power as the Y-type. 

The power divider just discussed 
used a series-branching, or .E-plane 
T. An //-plane T might be used, but 
it would probably be more frequency- 
sensitive than the E-plane T. It 
would have the advantage, however, 
of handling higher powers. 

If the geometric arrangement of the T is preferable to that of the Y, 
the latter can be modified to get a T that is almost as compact as a simple 
T, and that has the broadband characteristics of the Y. This design is 

illustrated in Fig. 8-64. It can be 
seen that this design uses a Y-type 
power divider the branches of 
which have mitered angles placed 
as close as possible to the divider. 
A dimensioned drawing is shown 
in Fig. 8-65. The input VSWR is 
below 1.1 over the wavelength 
band 3.15 cm to 3.65 cm. This 
power divider has been tested at 
pulse powers up to 225 kw, 1-^sec 
pulse duration, 1000 pps, without 
breakdown. 

8-20. Variable Power Dividers. 

A simple variable power divider 
can be made using a Y-junction 
with the dividing partition hinged 
at one end as shown in Fig. 8-66. 
Such a {lower divider should be 
well matched over a broad band, since it is derived from a broadband fixed 
power divider. The power divides between the two output branches in the 
ratio of the heights bi and b 2 , just as in the related fixed power divider of 
Sec. 8-19. Some work was done on such a power divider, but it was not 



Fig. 8 05.—Power divider for use at wave¬ 
lengths between 3.15 cm and 3.65 cm. 



Fig. 8-64.—A Y-type power divider 
with T-shape. 
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carried through to completion. A model designed for a wavelength of 
10.5 cm was tested at various wavelengths and found to have a maximum 
standing-wave voltage ratio of about 1.25 for all adjustments over the 
band from 8.2 to 11.5 cm. This model was not well constructed; as a 
result the data are not particularly meaningful. Better performance 

could probably be obtained from 
a well-built model. One trouble¬ 
some feature was the design of a 
capacitance joint to connect the 
moving partition to the waveguide 
walls. The joint on the one model 
that was made gave trouble with 
r-f leakage and was not considered 
satisfactory. 

A more successful power 
divider, although probably not so 
good intrinsically as the Y-type 
power divider, is the waveguide 
version of the coaxial-line power divider. An idealized model of such a 
power divider is shown in Fig. 8-67. Power enters arm A, arms B and C 
are connected to the two loads between which the power is to be divided. 
Arms D and E, each a quarter guide wavelength from .4, have plungers 
riding in them. The plungers are ganged and are set a quarter guide 
wavelength apart vertically. 

As was shown in the discussion 
of the coaxial-line power divider, if 
the T-junctions are all ideal the 
power divider will be matched at all 
settings of the ganged plungers. 

But the waveguide T-junctions are 
not ideal; hence an equivalent cir¬ 
cuit (Vol. 10) including a junction 
effect must be used in the analysis. 

Therefore, as the plunger in arm D is 
moved, instead of an impedance of 
1 + j tan pl being seen at the junc¬ 
tion of arm D with the main line, 
an impedance that differs from this 
value is seen because of the effect of the junction. A similar effect occurs 
at arm E. Thus, as the ganged plungers are moved, the impedance seen 
looking into the power divider will vary approximately as shown in 
Curve a of Fig. 8-68. This circle will close on itself when the plungers 
have moved a quarter wavelength from their starting position, since the 




Fig. 8-66.—A Y-junction variable power 
divider with hinged partition. 
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power divider then looks the same as in the beginning. The center of 
the curve is displaced from the center of the chart, since the junction of A 
with the main line also is nonideal. If, then, a matching iris is placed 
in the input arm, the impedance of the power divider as a function of 
plunger position will be a circle about the center of the chart. 

This nonideal behavior can be compensated by putting in a matching 
element that makes the junction behave like an ideal one. The matching 



iris that is used is the same one used in matching a series-branching T. 
When this iris was used in arms D and E, the impedance of the power 
divider no longer varied as Curve a of Fig. S■ OS but was fairly constant as 
in Curve b. Since the junction of A with the main guide is nonideal, a 
matching iris is required there also. When this iris is inserted, Curve c 
of Fig. 8-08 results. 

This power divider is frequency-sensitive, as might be expected from 
the design which includes several rather long stubs. One power divider 
has been designed for a wavelength of 3.20 cm. In the wavelength band 
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from 3.17 to 3.23 cm, the maximum standing-wave voltage ratio is 1.20. 
The power-division ratio is limited by the loss in the stubs and the plung¬ 
ers; the maximum ratio obtainable with this divider is about 35 db. 

This basic design of power divider for waveguide has been modified, 
as was the coaxial-line version, by putting a gas switch on one of the 
plunger arms. The tube is arranged to be ineffective at high-power 
levels, allowing the power divider to attenuate the transmitted signal. 
At low power, the switching tube is effective in reducing the attenuation 
of the low-level signal. An additional problem arose in the design of 
this model. It was discovered, when making standing-wave measure¬ 
ments on the first experimental model, that the plot of standing-wave ratio 
as a function of plunger position was a circle that closed only after a 
plunger motion of one-half wavelength. This effect was similar to that 
caused by the plungers being improperly set relative to one another. Since 
the plungers had been set accurately a quarter wavelength apart, the 
trouble was thought to be caused by an abnormally large phase shift intro¬ 
duced by the T-junction to which the gas switch was attached. This was 
found to be the case; and, when the distance between the plungers was 
changed to compensate for this effect, the performance was the same as in 
the simple power divider. 


SWITCHES 

8-21. Coaxial-line Switches.—The variable power divider described 
in Sec. 8-18 may be used as a coaxial-line switch by moving the pair of 
short-circuiting plungers between the two positions corresponding to full 
power transmission first into one load and then into the other. Such 
a switch would carry about as much power as the normal stub-supported 
line of which it is composed, and it would be well matched even during 
the switching process. 

For certain applications it is desired to have a switch that is more 
compact, lighter in weight, simpler to build, and faster in switching. In 
many of these applications the problem is simplified by the fact that the 
switch is not required to operate at high power levels, and usually the 
mismatch during switching is of no consequence. 

A switch that possesses all these desirable characteristics, but which 
is limited to low power levels and is not matched during switching, is 
shown in Fig. 8 (39. It was designed for use at wavelengths around 
10 cm, but there is nothing in the design which makes it unsuitable for 
other wavelengths. The switch was designed for laboratory test work, 
so it is equipped with type-N connectors, the connector most frequently 
used on coaxial test cables. Switching is accomplished bv shifting the 
connection of the center conductor from one output line to the other. 
The center conductor of the input line is pressed, by an internal spring, 
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against the movable section of the center conductor; thus good electrical 
contact is maintained. The center-conductor section is moved by means 



Fig. 8-69.—R-f switch, shown in off position. The horizontal pin in the center may be slid 
right or left to complete the circuit to either one of the two output lines. 


of dielectric pins attached, through a slot, to an external carriage moving 
on ways. Each end of this section 
is fitted with a pin that plugs alter¬ 
nately into one or the other of the 
slotted-finger receptacles in the 
two output lines. 

The number of switches of this 
type w r hich have been made is 
insufficient to give an accurate 
figure for the input VSWR that 
can be expected in production. 

Indications are that the value is 
probably about 1.5 at a wave¬ 
length of 10 cm. Although this 
figure is acceptable for many appli¬ 
cations, it is not very good. The 
high mismatch is probably caused 
by a combination of connector 
mismatches and mismatch at the 
right angle formed at the center of 
the switch. 

A switch of another type suita¬ 
ble for similar applications is that 
of Fig. 8-70. The design repre¬ 
sents a variation on a switch developed at Radio Research Laboratory 
at Harvard, which is a six-w r ay switch, type number M2415. Type-N 



Fig. 8-70.—Type-N switch with two out¬ 
put lines. Rotation of the shaft transfers 
the connection from one to another of the 
two output lines at the right. 
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connectors are again used, but the principle of operation is different. 
The input line is at the top of the figure, coaxial with the hexagonal 
block forming the body of the switch. The coaxial-line elbow inside 
the body is rotated by means of the, shaft indicated in the lower 
part of the figure. The upper end of the elbow is connected to the 
input line, but the output end may be rotated to either of the two 
output lines shown. With the hexagonal block, as many as six output 
lines could be used. The center conductor of the elbow makes contact 
with the input, line by means of a slotted tip inserted into a hole in the 
input center conductor. The connection to the center conductor of the 
output line is made by a projecting blade that is squeezed between two 
open fingers of the center conductor of the output line. The outer con¬ 
ductor of the elbow makes contact by a rotating machined fit. Contact 
with the output lines is furnished by a coaxial sleeve that is pressed, by 
the spring shown, against the cylindrical inner stirface of the hollow body. 
One end of the sleeve is rounded to fit this cylindrical surface, and the 
other end is slotted to form fingers that contact the outer conductor 
of the main part of the elbow. Of course, it is necessary to allow for the 
passage of the two fingers of the center conductor of the output line 
as the elbow is rotated. This is accomplished by cutting a wide hori¬ 
zontal slot through the end of the sleeve and through the end of the 
dielectric filling the line within the sleeve. 

The first group of switches made according to this design gave an 
average VSWR of about 1.5 to 2.0. It was felt that this was partly 
caused by mismatches in the connectors and in the elbow angle, but 
principally by the relatively large cutaway section for allowing passage 
of the center conductor of the output line. As an expedient, the imped¬ 
ance transformation resulting from drilling away a large part of the 
dielectric within the entire length of the elbow section was tried. Four 
holes of 0.L20-in. diameter were drilled parallel to the center conductor, 
removing most of the dielectric material. It was found that, this trans¬ 
formation decreased the VSWR to an acceptable value. A switch of this 
type, mounted on a box containing a relay, is shown on the left in Fig. 872. 

Two other modifications were found also to be desirable: 

1. Trouble was experienced from “freezing” of the metallic contacts 
in the rotating machined fit at the input end of the elbow, so the 
closeness of the fit was relaxed and a thin washer of poly-F dielec¬ 
tric was inserted as a spacer. This material is ideal for the pur¬ 
pose, being tough yet smooth and slippery. The low capacitance 
across the washer gives adequate coupling of the outer conductors. 

2. The coupling to the outer conductor of the output lines was also 
made capacitive by removing the spring and soldering the sleeve in 
place to leave a gap of from 0.005 to 0.010 in. between the sleeve 
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and the cylindrical inner surface of the body. Actually, the sleeve 
was rebuilt, omitting the slotted fingers and increasing the diam¬ 
eter of the output end to give maximum coupling capacity. Firm 
switches, incorporating these two modifications and having the 
holes drilled in the dielectric, gave a VSWR below 1.2 at a wave¬ 
length of 10 cm and below 1.3 at 9 cm and 11 cm. Operation was 
satisfactory from —50° to +75°C. 

Neither of these switches is capable of the extremely fast switching 
that is sometimes required. It is frequently desired, in certain rapid¬ 
scanning devices, to switch alternately between two antennas at rates 
measured in hundreds or thousands of switching cycles per minute. 



The power levels required are also beyond the capabilities of the two 
switches just described. Attempts have been made to design a coaxial¬ 
line switch capable of fulfilling these requirements, but none of these 
efforts has met with any noteworthy success. It may be remarked, 
however, that these unsuccessful attempts were made some time ago 
and it may be that a determined attack on the problem using present 
knowledge and techniques would prove more fruitful. 

One of the more promising early switches bore a resemblance to the 
variable power divider that was developed somewhat later. A combi¬ 
nation of some of the principles of this early switch with the power 
divider of Fig. 8-57 is represented schematically in Fig. 8-71. The two 
stub branches are cut to permit the two “choppers" c i and c 2 to short- 
circuit the line giving a stub length h, equivalent to a quarter wave¬ 
length, 



532 


TUNERS, POWER DIVIDERS, AND SWITCHES 


[Sue. 8-21 



A radial capacitance-coupling section is used on the outer conductor. 
The choke sections would have to be folded under as indicated in order 
to make them a full quarter wavelength long for suppressing leakage of 
power. The diameter d is made as large as possible in order to get 
maximum capacity in the. coupling. Unfortunately, there is not sufficient 
room for a full quarter wavelength of radial line. The gap g is made as 
small as is practical—perhaps 0.010 in. or less. Looking at the stub 
on the left, appreciable capacitive reactance will appear in the capacitance 
couplings of both inner and outer conductors. This may be compen¬ 
sated by proper adjustment of h in design. The capacitive reactance is 


Fig. 8 72.—R-f switches. 

still larger in both conductors when the copper sheet is removed, as on 
the right. This reactance is not serious, since it is in series with a very 
high reactance caused by the short-circuiting plunger, about a quarter 
wavelength away. Any slight effect may be compensated by adjustment 
of U. 

The action of the switch is as follows: The two chopper sheets and 
c 2 are essentially half disks mounted on shafts and S 2 . The shafts 
are rotated in synchronism in such a way that when one stub is short- 
circuited by its chopper the other is not. In the condition shown, the 
left stub is short-circuited and acts as a quarter-wavelength stub, allow¬ 
ing power to go past it to the load on the left. The right stub is short- 
circuited by the movable plunger at a length Z 2 equivalent to a half 
wavelength. Just as in the power divider, this short-circuits the right 
load cutting off its power. Since this short circuit appears a quarter 
wavelength from the input junction, the input power is permitted to flow 
out to the left load. 
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The original switch was essentially of this type, but the upper lines 
containing plungers were omitted. Trouble was experienced with break¬ 
down at moderate power levels, hence rounding of sharp corners is 
advisable. Care must be exercised to ascertain that both loads are 
never short-circuited at the same time. That is, the choppers should be 
slightly more than half a disk with the result that during switching, power 
is delivered to both loads for an instant, and the condition in which 
neither load can dissipate the input power is avoided. 

If such a switch does not give satisfactory performance, recourse 
may be had to the use of a waveguide switch. This alternative would 
involve transitions from coaxial lines to waveguide, but it is probable 
that the simplicity and high-power capabilities of waveguide switches 
would more than compensate for the necessity of using transitions. 

8-22. Waveguide Switches. 1 —The simple T-switch is basically a 
T-junction such as the one shown in Fig. 8-62 with the input line at A, 



and the two loads between which power is to be switched at B and C ., 
Some mechanical arrangement is used that alternately puts a short 
circuit in branch B, sending power into C, and then in branch C, sending 
power into B. The short circuits are so located that reflectionless trans¬ 
mission occurs around the corner when the T-switch is properly matched 
by an iris in .4. 

Several such switches have been designed at 3 and 10 cm for switch¬ 
ing power from one antenna to another. One design is shown in Fig. 
8-73. In this model there are, in the output branches, two choke-flange 
junctions with the choke on the input side of the junction separated 
from the flange just enough to allow a metal “chopper” plate to move 
in and out. The length S of the short-circuited branch and the dimen¬ 
sions of the input matching iris may be determined by experiment or may 

1 Contributions to Sec. 8-22 were made by F. T. Worrell. 
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be taken from data reported elsewhere (Vol. 10). The two choppers are 
mounted in such a way that when one is between its choke and flange 
the other one is removed from its choke and flange; thus power is allowed 
to go through the open junction. The choppers may be sections of disks 
mounted on a common shaft. They should short-circuit the respective 
branches somewhat less than 180° of rotation in order to avoid both 
loads being cut off at the same time. An alternative design differs from 
this version in having the corners of the junction rounded to reduce the 
likelihood of power breakdown. 



The British have also made a switch of this type. It differs in that 
the waveguide narrows down in the switch, as shown in Fig.’ 8-74, and 
uses a British choke like the one discussed in Sec. 4-10. The chopper 
consists of sector disks with 36° sectors. Since the waveguide height is 
so small, the switching can be done rapidly; as a matter of fact, this 
switch was designed to switch power from one antenna to another and 
back on alternate pulses. 

A waveguide switch that will switch power into any one of three 
circuits is presented in Fig. 8-75. The power applied to A may be 
switched into B, C, or D. Short-circuiting is accomplished by means of 
resonant rings, one in each output branch. The matching irises, required 
for matching around the corner into branch B or C, are inserted in these 
branches rather than in the input line where they would affect straight- 
through transmission into branch D. 

This switch is of interest because it is the only one of American design 
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to use resonant rings as the short-circuit devices. The ring used is 
shown in Fig. 8-76. The shape of the ring, which is different from the 
simple rectangular resonant ring normally used in rectangular wave¬ 
guide, is such that the impedance 
of the ring is relatively insensitive 
to frequency changes. A ring is 
desired which will be as good a 
short circuit as possible over a 
large frequency band when its 
plane is perpendicular to the longi¬ 
tudinal axis of the waveguide. 

Actually, a small amount of power 
leaks past the ring. The amount 
of power leaking past the ring is 
(SI db down from incident power 
level at midband wavelength, 9.1 
cm and 30 db down at the edges 
of a 7 per cent band. The rings 
are made of ^-in. duraluminum 
stock, and all edges are rounded 
to reduce tendency to spark. 

They are rotated by motors with 
stopping pins inserted in the 
mount. Switching may be accomplished in about 0.03 sec. In the 
switching cycle, the new branch is opened before the old one is closed 
to avoid complete reflection of input power. The VSWR during switching 

has a maximum value of about 2.7. 
Sparking occurs at an undeter¬ 
mined point, probably in the re¬ 
sonant ring, at a power of about 
200 kw. 

A special two-way switch has 
been designed for switching 3.2-cm 
power alternately into the two 
ends of a linear antenna array. In 
Fig. 8-77 is a schematic diagram 
showing the switch that w r as 
developed cooperatively by Radia¬ 
tion Laboratory and Bell Tele¬ 
phone Laboratory. 1 When the 
switch is in the position shown, power coming in arm C is switched 
to B, then through the antenna, from which most, but not all, goes 
1 Drawings and data on final design supplied by C. N. Nebel of BTL. 



Fig. 8-76.—Detail of resonant ring 



Fig. 8-75.—Views of three-way switch. 
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out into space. The power that is not radiated, amounting to some 
10 per cent, comes back in arm A and into an absorbing load in arm D. 
When the switch is thrown the other way, the power goes into A, through 
the antenna, back into B, and then into the load at D. The ratio of the 
power delivered into branches A and B (i.e., the discrimination factor for 



surface. Channels A. 

B.C, and D are 0.497" 
x 1.122' 

Fig. 8-77. Two-way r-f switch. 

one switch position) is about 40 to 50 db, on the average. The VSWR 
observed on one representative switch was below 1.02 over the frequency 
range 9320 to 9400 Mc/sec, rising to 1.04 at 9430 Mc/sec. Transmission 
loss through the switch was about 0.1 db. At a pressure corresponding 
to an altitude of 50,000 ft, breakdown occurred at about 50 kw pulse 
power on the average. 



Junctions that are Y-shaped with 120° between arms have been found 
to have properties that make them desirable for switching applications. 
In particular, if a short circuit is placed close to the junction in one output- 
branch, power will be transmitted around the corner into the other 
branch with only a small reflection over a broad band of wavelengths. 
This property has been used to advantage in the switch shown in Fig. 



iry 


switch. 
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8-78. The short circuit is provided by a rod that is inserted to within 
0.012 in. of the bottom of the waveguide. The power leaking past this 
rod is 55 db below that transmitted into the other branch. Breakdown 
occurred at about 10 kw pulse power when the switch was operated while 
the power was applied. 

A Y-switch using a resonant ring has been designed by the British. 1 
This switch, which is shown in Fig. 8-79, is designed for a wavelength 



of 3.2 cm, and uses the British waveguide 1- by i-in. ID. The standing- 
wave voltage ratio is less than 1.06 over a band whose total width is 
6 per cent. The discrimination between the two output branches is 
better than 25 db over this band. The switch has transmitted 20 kw 
at pressures down to 5 in. of mercury. 

A switch of a different type is that, operating on a rotary principle. 
One such switch that has been developed is based on a 3-cm FVmode 
rotary joint. A schematic drawing of such a switch is shown in Fig. 8-80. 
Power is introduced at A through a standard FVtransition into the rotary 
section. The transition back to rectangular waveguide has four branches, 
B, C, D, and E. In the application for which this switch was designed 
each of these four arms was fastened to a horn antenna feed. As the 

1 W. D. Allen, “ Resonant Rings and Ring Switches in Waveguides,” TRE Report 
C-10/R137/WDA, Feb. 19, 1943. 
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joint rotated, each feed in turn swept past the throat of a folded horn 
antenna. The switching arrangement, not shown in this figure, short- 
circuited the three arms which were not transmitting power into the 
antenna. 

The switching system is shown in Fig. 8-81. Each arm is broken at 
a certain place by an open choke-flange coupling in which the faces 
of the choke and flange are cut to a radius r. Fitting in between these 
open junctions is a stationary metal cylinder with an aperture. As the 
switch rotates, each arm in succession will carry power to the antenna 
while the others are short-circuited. The radius of the cylinder is so 
chosen that power is transmitted through the switch with minimum 
reflection. The chokes in the open junction are standard chokes that 
have been turned down as indicated to get a well-matched open junction. 
The aperture in the cylinder must be chosen carefully to afford the small¬ 
est possible impedance variation during switching. The aperture found 
to be best is 105°. 

The standing-wave ratio during switching is fairly low, a VSWR of 
slightly over 2, and the change in standing-wave ratio takes place in 
such a way that the phase is fairly constant. This is found to be desirable 
to avoid excessive frequency-pulling of the magnetron. A switch of 
this type performs well over a relatively narrow band of wavelengths, a 
total band width of about 1 per cent being all that may be expected. 
Powers of about 100 kw may be used. 

A switch of this type, designed for a wavelength of 1.25 cm, is shown 
on the right in Fig. 8-72. 



CHAPTER 9 


THE THEORY OF MICROWAVE FILTERS 

By R. M. Fano and A. W. Lawson 

Filters are passive networks which selectively transmit waves of 
different frequencies. The design of such networks consists in the 
appropriate choice and arrangement of circuit components to obtain 
specified frequency characteristics. Methods for designing networks 
consisting of inductances, capacitances, and resistances have been highly 
developed. When microwave components are used, however, the exist¬ 
ing low-frequency methods of design are no longer directly applicable. 
The proper solution of the design problem at ultrahigh frequencies 
would be the development of a new design method which would use 
microwave components as building blocks. The development of such a 
design method, however, presents mathematical difficulties which have 
not yet been overcome. Under these circumstances, it is natural to 
inquire whether microwave components could be used to approximate 
the behavior of lumped elements over a limited frequency band. If so, 
it would then be possible to obtain microwave filters from low-frequency 
filters by the simple process of substituting for the lumped elements the 
corresponding microwave components. Fortunately, such a design pro¬ 
cedure is feasible in most practical cases, and a variety of microwave 
filters have been successfully designed in this manner. 

In the light of the foregoing discussion, the subject of microwave 
filter design can be divided into two parts; namely, the design of lumped- 
element filters with prescribed electrical characteristics, and the trans¬ 
formation of these filters into microwave structures having approximately 
the same characteristics over a specified range of frequencies. 

The present chapter deals with the first part of the problem, that is, 
the design of lumped-element filters. Since a complete treatment of this 
subject would require at least an entire volume, this chapter represents 
a compromise. The authors have tried to present enough basic material 
to permit the reader not familiar with network theory to understand 
and profitably apply the simpler methods of design. On the other 
hand, it has been considered worth while to include more refined design 
procedures developed in recent years because they are not presented in 
any book available at this time. A good understanding of these pro¬ 
cedures, however, requires a certain familiarity with network theory, 

540 
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which for the sake of brevity is not discussed here. For a detailed dis¬ 
cussion of this subject, the reader is referred to Vol. 2, Communication 
Networks, by E. A. Guillemin, and to Network Analysis and Feedback 
Amplifiers, by H. W. Bode. 1 In this connection, it should be pointed 
out that some network theorems, as for example the reciprocity theorem, 
apply to microwave networks as well as to lumped-element networks. 
Other theorems, however, have been proved only in the case of lumped 
elements although they are generally believed to apply to microwave 
networks also. For a discussion of the extension of network theorems 
to distributed-constant systems, the reader is referred to Vol. 8, Chap. 5, 
of this series. 

Chapter 10 deals with the approximate transformation of lumped- 
element structures into microwave structures and with the realization 
of microwave filters in practical forms. Since filters are needed at 
microwave frequencies for the same purposes and reasons as at lower 
frequencies, the transformation of lumped-element structures provides 
an adequate variety of filter characteristics. However, one important 
practical difference exists. At low frequencies, low-noise amplifiers may 
be used to supply power lost in dissipative filters; at microwave fre¬ 
quencies, no satisfactory amplifiers have been built to date. Conse¬ 
quently, dissipative filters have not been studied, and all the filters 
described below provide frequency discrimination by selective reflection; 
any resistive loss is purely incidental and represents an unavoidable 
design hazard. 


MATHEMATICAL REPRESENTATION 
OF TWO-TERMINAL-PAIR NETWORKS 

9-1. Parameters Specifying Two-terminal-pair Networks. —The sim¬ 
plest type of filter consists of a network with a pair of input terminals 
and a pair of output terminals. It is customary to 
refer to such a network as a four-terminal network 
or a two-terminal-pair network. Filters with more 
than two pairs of terminals can be designed by 
properly connecting a number of filters of the sim¬ 
plest type. It seems appropriate, therefore, to 
focus our attention on two-terminal-pair networks and, in particular, on 
the mathematical representation of their external characteristics. 

A two-terminal-pair network is illustrated schematically in Fig. 9T 
as a box with two pairs of terminals. The network inside the box is 
assumed to be linear and passive but may be completely arbitrary in 

1 See, for example, references 5 and 1 of the bibliography at the end of the chapter. 
Numeral superscripts in the text refer to the corresponding numbered reference of the 
bibliography. 



Fig. 91.—A two-ter¬ 
minal-pair network. 
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all other respects. The external behavior of the network can thus be 
expressed by means of any two linear relations involving the variables 
Vi, Vi, 7!j 7 2 . Six pairs of such relations can be written expressing any 
two of these variables as functions of the other two. Only three of 
these six pairs, however, are sufficiently important in practice to deserve 
special attention. 

The first pair of relations is obtained by expressing the voltages 
Vi and as functions of the currents 7i and l-,. 

V i = Zn/i + Zuli, ] 

4 2 = Zuli + ZiJi. } 

One usually refers to the coefficients Z n , Z J2 , Z 21 , Z 22 as the “open-circuit 
impedances.” In fact, if the output terminals are open-circuited, that, is, 
if I-i = 0, one obtains 



Similarly one obtains for h = 0, 



According to the reciprocity theorem, which states that if, in any linear 
passive network, the positions of a voltage source V and an ammeter 
measuring a current I are interchanged, the ratio V/I remains the same, 
the two open-circuit transfer impedances Z l2 and Z 21 defined above are 
always equal. Consequently, an arbitrary two-terminal-pair network is 
completely specified by only three open-circuit impedances. 

The second pair of linear relations can be obtained by expressing the 
currents I L and 7 2 as functions of the voltages TT and V 2 as follows: 

71 = i nVi + Y n V 2 , 1 

7 2 = f nVi + F 22 F 2 . ) 

The coefficients Y u , Fi 2 , F 2 i, F 22 are called the “short-circuit admit¬ 
tances” because they can be defined as follows: 



As in the previous case, the short-circuit transfer admittances F i2 and 
} 2 i are always equal because of the reciprocity theorem. Therefore, as 
one would expect, three short-circuit admittances are sufficient to specify 
any arbitrary two-terminal-pair network. 
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By solving the pair of Eqs. (4) for V\ and V 2 and comparing the 
results with the pair of Eqs. (1), the following identifications can be 
made: 


Z n = 


22 


det Y 

Z = Zn — 


Z 22 — 


det Y’ 


12 


det Y 

where det Y is the value of the determinant 


det Y 


Y u 

Y n 


1 12 
5 22 


= YnY. 


Following the opposite procedure, one obtains 

■^22 ^ _ Z n 


Y " ~ det Z 

Y» = Y u = - 


Y 22 
Z 12 


det Z 


det Z 

where det Z is the value of the determinant 


det Z - 


^11 " 12 _ 7 7 V2 

r/ ry — ZliZ22 — ^12- 

Z21 Z22 


From these equations, one obtains 

det Z = 1/det Y. 


(7) 


(8) 


(9) 


00 ) 


( 11 ) 


The third pair of linear relations expresses the variables at the input 
terminals Fi, h, as functions of the variables at the output terminals 
F 2 , h, 

Fi — ay 2 — (b/ 2 , 

/, = eF s - sd/ 2 . 


( 12 ) 


The coefficients Ct, fit, C, 3L> are called the “general circuit parameters’’ 
and can be defined as follows: 



(13) 


G and 2D are dimensionless transfer ratios, whereas ffi and C have, respec¬ 
tively, the dimensions of impedance and of admittance. These circuit 
parameters are related to the open-circuit impedances and to the short- 
circuit admittances as follows: 
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(16) 


det Z 
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Zn 
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det Z ' 
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1 

det Y 
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Z 22 [ 
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1 12 

Zn 1 
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where 

Ip ®| = aa - «e = 1. (18) 


The last relation states that only three of the four circuit parameters 
are independent, as one would expect as a result of the reciprocity 
theorem. 

In the particular case of symmetrical networks, that is, of networks 
whose input and output terminals cannot be distinguished by means of 
external measurements, the parameters necessary to specify a two- 
terminal-pair network reduce to two. One has, in fact, 

Tn = T 22 , Z n — Zm, (X = 23. (19) 

Reciprocal impedance networks represent another special case in which 
the number of independent parameters is two. These networks are 
characterized by the property 

(B = 6 (20) 


from which one obtains, using Eqs. (16) and (17), 


det Y = det Z = 1, 

I 11 = Z22, Z 11 



( 21 ) 


It will be seen later that most practical filters are either symmetrical 
networks, or reciprocal impedance networks. 

9-2. The Use of Matrices in Circuit Analysis. —The linear relations 
between the current and voltage variables of a two-terminal-pair net¬ 
work can be written in matrix form as follows: 



( 22 ) 

(23) 

(24) 
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These three matrix equations may be considered as shorthand represen¬ 
tations of the three pairs of relations, Eqs. (1), (4), and (12). Such 
representations are very convenient when a number of two-terminal-pair 
networks are to be connected in series, parallel, or cascade. 

For the convenience of the reader not familiar with matrix algebra, 
four fundamental operations on four-element matrices are defined below 


A + B = 
A X B = 


An A 12 

An A 22 
A ii A 
Au A 
A u R n + .4 12 B 21 
A 21 B 11 “h A 22^21 


A'A = k 


)♦ 

fill 

Bijl 

.fill 

fi 22 J 

|x 

fill 

fi 2 l 

fil2 

^22j 


A 11 + B 11 
A 21 + Bu 


A nB 12 + A 18^22 
^21^12 + A 22 B 22 


A 12 -f- #12 
A 22 + Bn 


A~‘ = 


det .4 


ill 

A 12 


kAn 

kAn 


O21 

O22. 


kA 21 

kA 22 

} 




*4 22 

-.4 

21 

111 

O 12 I 

1 

det A 

det 

.4 

21 

O 22 J 


— . 4 12 

. -o 

1 




det A 

det 

.4 


An A 12 

-4 21 A n 


— -4 ad. 22 — -4 12.4 2 


The reader will notice that 


A X B x B X A. 


(25) 

(26) 

(27) 

(28) 

(29) 

(30) 


A matrix consisting of a single column may be considered as a square 
matrix in which the elements of 
the second column are equal to 
zero. The reader can convince him¬ 
self that, on the basis of the above 
definitions, Eqs. (22), (23), and (24) 
are identical to the pairs of linear 
relations Eqs. (1), (4), and (12). 

Suppose now one wishes to 
study the behavior of two net¬ 
works connected in parallel as 

shown in Fig. 9-2. One obtains for the currents 7 X and I 2 



h = I'l + 1" = {Y'uV'i + Y\ + 07,17 + r;07) 
= 07 + 17) TO + 07 + 172)10, 
h = r 2 + i" = 0000 + Y'„vi) + (707 + r»o 7 ) 
= 07 + 17)10 + (17 + 17)10. 


(31) 
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This pair of equations can be written in matrix torm as follows: 
M = f 7 0 4 - f 7 "] = f F 'n Y' u ) (V[) IF" F") ( 

U*J UJ l n,j x + UTi n'J x 1 

= l\Y'n + (Y'n > -) ) ( 7 ,) 

U YU Y'J + (f" F" J J X (f 2 J 

It follows that the matrix of the parallel combination of the twt 
/' Ideal ifltf works is sim Pl.Y 

0 - —w - 0 Y = Y' + Y". 

V.'t (Z) \v'° ° 

1 -ji. p The simplicity of this last equ 

F*F ,+ F* l" I 2 a* f=F ,+ H” Peaces in evidence the advar 

-T J of matrix algebra. The ideal 1 

F't W I formers of Fig. 9-2 can be elimi 


works is simply 

Y = Y' + Y" 


“ 1 J*. __ 11 The simplicity of this last equation 

F-F'+VJ* /(' I 2 A* f = F' + H” places in evidence the advantages 

' ) of matrix algebra. The ideal trans- 

F't (Z> fy 2 "l | formers of Fig. 9-2 can be eliminated 

o-----ide al-" ° the points A' and A " are at the 

1:1 same potential and can, therefore, 

Fig. 9-3.—A series combination of two- be tied together without changing 
terminal-pair networks. ,. , , r ,, ™ . 

the behavior of the system. This 
is the case in most practical networks because the input and output ter¬ 
minals are usually connected by a ground wire. 

Figure 9-3 illustrates two networks connected in series. In this case 
one finds that the Z-matrix of the whole network is the sum of the 
corresponding matrices of the two component networks. 

Z = Z' + Z". (34) 

In this case also, the ideal transformers can be eliminated if the points 
A' and A" are at the same potential 

and can, therefore, be tied together _, J Ah 

without modifying the behavior of 1 Ig' ®'| . fg" 3 "! 7 ~^° 

the system. As pointed out before, F = K ] e - jJ jV z '=V" 

this elimination is possible in most 0 L___J L_U 0 

practical cases. Flu - »-4—Cascade connection of two- 

. . . terminal-pair networks. 

1 he third and most important 

type of network combination is the cascade connection illustrated in Fig. 
9-4. The pair of relations between the input and output variables can 
be written in matrix form as follows: 


0— - - 

A 

[a' ®'| 

1 — —— I 

A 

[a" ®"1 

- 'nO 

Vi- Vi'} 

O- 

Q' E'j 


[e" 25 j 

Vz-V? 

-O 


Fig. 9-4.—Cascade connection of two- 
tcnninal-pair networks. 


The matrix of the whole network is, therefore, equal to the product of 
the matrices of the two component networks, namely. 


a' <b' 
e' sd' 


a" («' 
e" 25' 
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The above results can be generalized to any desired number of networks. 
In the particular ease of a cascade connection, the (Q®e£>) matrix of the 
whole network is simply the product of the corresponding matrices of 
the component networks. It is noteworthy that the multiplications 
must be performed in the proper order because the commutative law 
does not apply to products of matrices, as was pointed out in Eq. (30). 

For the convenience of the reader, a number of basic networks are 
shown in Tables 91 and 9-2, together with the matrices by which they 
are most simply represented. 


Table 91.—Simple Components and Their Corresponding Matrices 


Component 


Series 

impedance 


Circuit 


Z 

e- '\a/V 


Matrix 


-O 



O - - O 

A 


Shunt 

admittance 



1 

Y 


B 


Section 
of line 



cosh 7 1 Z o sinh 7 
sinh 7 1 

——— cosh 7 1 

A* 

Z 0 = Characteristic 
impedance 
7 = Propagation 
function 


C 


Ideal 

transformer 



(1 


1: 


0 


a) 


D 


9-3. Determination of Input Impedance and Insertion Loss. —The 

matrices discussed above specify the behavior of a two-terminal-pair 
network independently of the characteristics of the generator and of the 
load that are connected to the input and output terminals. In many 
cases, on the other hand, one is interested specifically in the behavior 
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Table 9-2. —Simple Structures and Their Corresponding Matrices 


Structure 

Circuit 

Matrix 

T-section 

Za Z h 

0 -•-o 

A 

Id = 

Z a + Z c Zc\ 
z e Zb -f Z c ) 

ir-sec t ion 

Y e 

0 -^A/VW- ° 

o— — *- A -■—o 

B 

[i/l = 

'y. + y. -y c \ 

l-F. Y„ + Y c ) 

Symmetrical 

lattice 

7 mi 

A A A Y “ 

II II 

Zb Za Zb — Za 

2 2 

Zb — Za Zb + Z a 

2 2 

n + Ya n - r„) 

7 11 

y o 

c 

2 2 

Y h - Y. Y„ + Y a 

2 2 



of the network when it is inserted between a given generator and a given 
load. Two functions are particularly useful in this 
connection, namely, the input impedance Z of the 
network when a load impedance Z L is connected to 
the output terminals, and the voltage insertion ratio, 
which wall be defined later. To compute the input 
impedance let the network be specified by the 
parameters Ct, (B, C, 2D, and let ®', 6 ', D' be the 
corresponding parameters of the cascade connection 
of the network and the load impedance Z L as shown in Fig. 9-5. One 
obtains then 


Fig. 9-5.—Two- 
terminal-pair network 
terminated in a load 
Z L . 


a' ®' 

e' 2D' 


)-(: 


a ffi 
e so 
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£> 


(37) 


At this point one observes that the driving-point impedance Z is the 
same as the open-circuit impedance of the cascade connection to which 
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Eq. (37) applies. Therefore, Z can be expressed in terms of ft' and ffi' 
by means of Eq. (14). One has then 


Z = 


CiZ -f - ffi 


ez L 


£> 


Zl + 


ffi 


34 

e 


(38) 


Another convenient expression for Z can be obtained by substituting 
for the ratios ft/e, (B/ft, and 34/6 by means of Eqs. (14) and (15) 


Zl + 


1 


Z n 


Zl T* Z 2 


(39) 
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Fig. 96.—Two-terminal-pair network in¬ 
serted between a generator and a load. 


It is interesting to note that this equation contains only driving-point 
impedances and admittances and, moreover, that one could multiply all 
the impedances measured at the 
output terminals by a constant k 
without changing the ratio Z/Zu. 

In other words, the ratio Z/Z u 
depends only on the relative values 
of the impedances measured at the 
output terminals. This fact is of 
primary importance in connection with -waveguide networks, as is shown 
in Sec. 10-6. 

The voltage insertion ratio is the function most commonly used to 
describe the over-all behavior of a filter when it is inserted between a 
specified generator and a specified load. It will be defined below, in a 
manner somewhat unconventional, for the particular case of practical 
importance in which both the load impedance and the generator imped¬ 
ance are pure resistances. With reference to Fig. 9-6, let V[ be the 
voltage across the load resistance Rl when the filter is removed and the 
generator is matched to the load by means of an appropriate trans¬ 
former in order to maximize the load power. The voltage insertion 
ratio is defined as the ratio of V[ to the voltage Vl measured across R L 
when the filter is inserted between the generator and the load. One 
obtains for the voltage V[ 




(40) 


The voltage Vl can be determined in terms of the general network 
parameters in the following manner. Let ft', ffi', C', 34' be the elements 
of the matrix representing the cascade connection of the generator 
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resistance, the filter, and the load as illustrated in Fig. 9-(i. 
can be computed as follows: 


[Sec. 'J-3 
This matrix 


i 




1 

' 0 

i 

x 

1 

l 

) 

k Rl 


RsQ + Rs'Sj'j (05 + RsSi) 

1 » 


( 41 ) 


One observes then that the ratio Vu/V L is, by definition, equal to Ct'; 
that is, 


p- = Ct + g- + RsQ + U 

\ L /t lj it L 


(42) 


It follows that the insertion ratio is given by 



If the filter is nondissipative, that is, if it contains only reactive elements, 
<2 and D are real quantities but (B and C are imaginary. This property 
can be derived from Eqs. (17) by observing that the open-circuit imped¬ 
ances and the short-circuit admittances are imaginary in the case of 
reactive networks. 

If one is concerned only with the frequency discrimination properties 
of a filter irrespective of its transient behavior, the phase of the ratio 
V’ L /Vl is immaterial. It is customary to refer to the square of the 
magnitude of the insertion ratio as the “power-loss ratio.” In fact, if 
P o is the maximum power available from the generator and P L is the 
power delivered to Ri. when the filter is inserted between the generator 
and the load, one obtains 



The reciprocal of this ratio, that is, Pl/P o, is called the “power-trans- 
mission ratio.” The insertion loss L, on the other hand, is the value in 
decibels of Po/Pi., that is, 


L = 10 logic ~ 

i L 


= 20 log,o 



(45) 


This definition of the insertion loss differs from the one made in 
many textbooks in that the power delivered to the load is normalized 
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with respect to the power available from the generator rather than to 
the power that would be delivered to the load if the load were connected 
directly to the generator. Of course, the two definitions coincide if the 
load resistance is equal to the source resistance. 

In the particular case of nondissipative networks, which is the most 
important case in practice, the expression for the power-loss ratio, given 
by Eqs. (43) and (44), can be transformed into a more convenient form 
in the following manner. Since the first term of Eq. (43) is real, whereas 
the second term is imaginary, using Eq. (18) one obtains for the power- 
loss ratio 

P o 

/», 


(!*■+! 


D 2 + 2fl‘D ) - 


1 + 


'it. 


H, 


■) - {£rr,. 

~ V / ® 

~lV ~WRji 


+ R,R,e- + 2me 


- VR. 


:R, ej ■ 


(40) 


The advantage of this last expression is that it simplifies readily in the 
case of a symmetrical network (R,. = R x , Q = SD) and in the case of a 
reciprocal impedance network {lidls = 1, ffl = <S). 

9-4. Wave Matrices and Accumulative Mismatches.—Before leaving 
the subject of the mathematical representation of two-terminal-pair net¬ 
works it is well to discuss, to some extent, two matrices which are par¬ 
ticularly useful in connection with transmission-line systems. Figure 9-7 
illustrates a network terminated in two arbitrary nondissipative trans¬ 
mission lines. Let 1\ be defined as the square root of the product of the 
voltage and the current of an incident wave at the input terminals of- 
the network. In other words, the magnitude of I\ is 
equal to the square root of the power carried by the 
incident wave, and the phase of l\ is equal to the phase 
of the voltage. Similarly, let R\ be defined as the 
square root of the product of the voltage and the cur¬ 
rent of the reflected wave at the input terminals. I, 
and It, represent the incident and reflected waves at the output terminal 
as indicated in Fig. 9-7. The variables Ii, It-,, I>, It, may be considered 
as normalized voltages. 

Matrices that relate these four variables may be defined as in the 
ease of terminal voltages and currents. For instance, one may write the 
following matrix equations, 


k 


Fig. 9-7.—Net¬ 
work terminated in 
lossless lines. 



(47) 

(48) 
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The elements of the two matrices thus defined can be determined as 
follows: 



where IT and lb are the reflection coefficients at the input and output 
terminals, respectively, when the line on the other side of the network 
is properly terminated, and and T 2 are the transmission coefficients 
measured under the same conditions. Because of the reciprocity theorem 
one has 

Ti = Tt - T. (51) 


The parameters defined by Eq. (50) are related to lb, lb, and 
follows: 



It follows that 

T11A22 — A12A21 = 1 . 


T as 


(52) 

(53) 


The reader will observe that the parameter A n = 1 /T is the voltage 
insertion ratio defined above and, therefore, An' 2 is the power-loss ratio. 
If the network is nondissipative, the power transmitted through the 
network must equal the incident power minus the reflected power. It 
follows that, if the output line is properly terminated, one has 

17? = 1 - lib] 2 . (54) 

Similarly, if the direction of power flow is reversed and the input line is 
properly terminated, one has 

|T|* = 1 - [Ib[ 2 . (55) 


It follows that the magnitudes of the reflection coefficients for the 
input and the output terminals are equal; that is, 

|lb| = |Ib| = |r|. (56) 


The VSWR measured in either line when the opposite line is properly 
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terminated is then given by 

r = (57) 

r i - in 


The A-matrix has properties similar to the (G, (B, e, 2D)-matrix, that 
is, the A-matrix of a cascade connection of a number of networks is equal 
to the product of the A-matrices of the component networks. One must 
observe, however, that this method of analysis can be used only if the 
transmission lines that are joined in the process of cascading the networks 
have the same characteristic impedance. It this is not the case, the 
junctions of transmission lines of different characteristic impedances must 
be considered as separate networks. 

An illustration of the use of A-matrices is the following problem. 
Let A' and A" be the matrices of two nondissipative networks, and r' and 
r" be the magnitude of the VSWIt in the input lines of the two networks 
when their output lines are properly 

terminated. If the two networks are - - -- 

i i i a'\ i a") To matched 

connected in cascade as shown in termination 

Fig. 9-8, the magnitude r of the " I_ _ 

VSWR in the input line will depend (♦«*■ 

on the angular length 9 of the line 1 ‘ IU - 9 S -“ , T '™ “ etwo,ks ! :o T , ' ,c<1 in 

° cascade by a transmission line. 

joining the two networks. It is de¬ 
sired to determine the maximum and minimum values of r that can he 
obtained by varying 9. The Ao-matrix of the section of line of length 9 
is found to be 

a >- hi < 5s > 


To matched 
termination 


1'iG. 9-8. -Two networks connected in 
cascade by a transmission line. 


Therefore, the matrix of the whole system is 


A = 1 

r r 

11 

f) 

x(‘ 




= 1 

(A'n 

Uj. 

-'in' 

A^ 

|x( 


(-in a;; 

1-17, A" 


:e o 
0 c-’ e 


At this point one observes that the maximum and minimum values 
of r must correspond, respectively, to the minimum and maximum 
values of the magnitude of the transmission coefficient T of the whole 
network since no power is lost in the network. The value of An, that is, 
of 1 /T, is easily obtained from Eq. (59) as follows: 

A,, = 1 /T = A' n A"c' # + A j 2 A 


= ¥l7pr , (1 - 


(00) 
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The maximum and minimum values of the magnitude of T are evidently 
given by 

i _ i + |r'||r"| _ i + |r'||r"| 


|7 T |nii> 

1 

|T!»« 


\T'\\T"\ V(i - |r^| 2 )(i - |r;'| 2 ) 
i - irjlirj'l _ i - |rj||rf| 
\T'\\T"\ V(i - |r^| 2 )(i - |r"| 2 ) 


(61) 

(62) 


One has, then, for the minimum and maximum values of the magnitude 
of the reflection coefficient, 


|rU = Vi - |!T|L. = 


[Til 


|r;i 


1 - tr'/llr'l 
r"! + \K\ 


Irl = a,/i — IT 7 ! 2 = i 11 ~ 1 21 - 

|-l | max V ± I J |min ^ | | [ | 


(63) 

(64) 


Finally, by means of Eq. (57), one obtains for the maximum and mini¬ 
mum values of the VSWR in the input line 

r m „ = r'r", (65) 


and 


min 


l-^ for r' > r"J 

)r 

{— for r" > r') 

i r i 


( 66 ) 


IMAGE PARAMETERS 

9-6. Image Impedance and Propagation Functions. —The so-called 
“image” parameters of a network play a very important part in the 
conventional design of filters. It is desirable, therefore, to review briefly 
their definitions and to discuss some of their properties. 

The image parameters of a two-terminal-pair network are the image 

impedances of the two pairs of ter¬ 
minals and the propagation function. 
The two image impedances Z n and 
Z n may be defined as follows: with 
reference to Fig. 9-9, Z n is the im¬ 
pedance which would be measured 
between terminals 1 and 1', if an 



Fig. 


9-9.—Two-terminal-pair network ter¬ 
minated in its image impedance. 


impedance equal to Zn were connected to terminals 2 and 2'; conversely, 
Z, 2 is the impedance which would be measured between terminal 2 and 
2' if an impedance equal to Z n were connected to terminals 1 and 1'. 

The propagation function specifies the transmission properties of the 
network when the source and load impedances are equal to the image 
impedances. With reference to Fig. 9-9, suppose a voltage source is 
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placed in series with Z n . The ratio TT/Fo may be expressed in terms 
of the propagation function 7 as follows: 



The factor y/Zn/Z /2 represents the transformer action of the network 
and becomes unity in the case of a symmetrical network. If the voltage 
source is placed in series with Zn, the voltage ratio becomes 



Tlie consistency of Eqs. (07) and (08) follows from the reciprocity 
theorem. The. propagation function is, in general, a complex 'quantity 

7 = a + j/9. 

The real part a is called the “attenuation function,” and the imaginary 
part f} is called the “phase function.” 

The image parameters are related to the circuit constants fi, <B, G, 5D, 
defined in Sec. 9-1, as follows: 

Z n = VomTeiD, z n = V»®/ea, (f>9) 

cosh 2 7 = atO, sinh 2 7 = ffiC. (70) 

Two other quantities, namely, the open-circuit and short-circuit imped¬ 
ances of a network, are often useful in the computation of the image 
parameters. These are defined in the following manner. Let Z oci and 
Z, r 1 be, respectively, the impedances measured between terminals 1 and 
V when terminals 2 and 2 ' are open-circuited and short-circuited. Let, 
Zoc 2 and Z, c 2 be the corresponding impedances measured between ter¬ 
minals 2 and 2'. It can be shown that the image parameters are given by 
the following equations: 


Z 1\ \/ Z oc \Z8C\y 


(71) 

Z 12 V«c 2 , 


(72) 

7 = tanh - 1 Jy/- = 

\ “OC\ 

■ tanh - 1 

\ ^>oc 2 

(73) 

which may be written alternatively as 



1 1 + y/Z,n/Z oc i 

y — ~ In-- - = 

1 j n 1 + y/ ■Z in/Z 0 c 2 

(74) 

2 1 - vzzjzyi 

2 1 — y/Z, C i/Z oc i. 

In the case of geometrically symmetrical networks, the image param- 


eters can be expressed in terms of the open-circuit and short-circuit 
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impedances of half the network. Special consideration must be given 
here to the meaning of open circuit and short circuit since the terminals 
involved may be more than two. With reference to Fig. 9-10, Z och is 
determined by separating the two halves of the network at the geometric 
plane of symmetry and then short-circuiting the terminals resulting 
from any pair of wires which cross each other on that plane, leaving all 

the other terminals disconnected. 
Conversely, Z sc k is determined by 
tying together all the terminals at 
the geometric plane of symmetry 
except the ones that were short- 
circuited before. In terms of these 
impedances, Bartlett’s bisection 
theorem, as extended by Brune , 3 states that the image impedance 
(obviously Zn = Z n = Z,) and the propagation function are given by 



-Bisection of a symmetrical net¬ 
work. 


7 = 2 tanh' 


- i 4. 


Z ach 

Z och 


Zr — VZ achZ „ 

± jir = In 1 + 


vz Mch/Z och 

1 — \/Z, c h/ZocH 


± j*-- 


(75) 

(76) 


Equations (75) and (76) are extremely useful in connection with sym¬ 
metrical networks because they save a considerable amount of labor in 
the computation of the image parameters. Moreover, as will be shown 
later, they form the basis of a classical method of filter design. 

Two networks connected in cascade as shown in Fig. 911 will now 
be considered. It is assumed that Z n = Z n . The image impedances 
for terminals 1 and 4 of the cascade connection are, respectively, Z n and 
Z, 4 , that is, the image impedances for the same terminals of the two net¬ 
works, considered separately. In fact, if an impedance equal to Zn is 
connected to terminals 4, the netw'ork 3-4 will load the network 1-2 with 
an impedance equal to Zn, which 
by assumption is equal to Zn. 

Consequently, the input impedance 
measured at terminals 1 will be 
equal to Zn as required by the 
definition of image impedance. 

Similarly, if an impedance equal to 
Z n is connected to terminals 1 , the impedance measured at terminals 4 
will be equal to Zn. The propagation function of the cascade combina¬ 
tion is then by definition 



L~)V a 



Fig. 911.—Two-terminal-pair networks 
connected in cascade and terminated in 
image impedances. 
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(77) 


Both networks are separately terminated in the proper image impedances 
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712 




and consequently, 


7 = 712 + 734- 


(78) 

(79) 


In other words, the propagation function of the two networks in cascade 
is equal to the sum of the propagation functions of the two networks. 
These results can be generalized for a cascade connection of any number 
n of networks in which the image impedances are matched at every 
junction. The propagation function of the cascade connection will be 
equal to the sum of the propagation functions of the individual net¬ 
works, and the two image impedances will be equal to Z n and Z, 2 „. 

9-6. Behavior of Image Parameters of Reactive Networks. —The 
properties of the image parameters of nondissipative networks will now 
be considered in more detail. In such networks the impedances Z ocU 
Zed, Z, c i, Z, c 2 become purely imaginary, and if X„ cl , X 0 d, X >c i, X sc « are 
the corresponding reactances, the expressions for the image parameters 
become 


Zn — y/ — X oc iX, c i, Zn = V-XcaX^i, 

_ 1 , 1 + y/XJXl* 

7 2 n 1 _ y/X,./Xj 


(80) 


It follows that both image impedances are real and 7 is purely imaginary 
when (X, c2 /X 0 n) = (X, c i/X m {) < 0 . The band of frequencies in which 
this condition is satisfied is called the “pass band,” since the attenuation 
a is identically zero. Conversely, when (X, c i/X 0 n) = (X, c2 /X oc 2 ) > 0, 
both image impedances become purely imaginary and 7 becomes 


7 = « + jk (81) 

where k is an integer. The band of frequencies in which a 9^ 0 is called 
the “attenuation band.” The sign of the ratio X, c i/X„ c i = X sc2 /X oc2 
must change, by definition, at each end of a pass band. But, according 
to Foster's reactance theorem, the slope of any reactance function is 
always positive. It follows that one of the two reactances ( X sc or X oc ) 
must be either zero or infinite whenever the ratio X sc i/X oc i = X sc2 /Xod 
changes sign. This must be true, of course, for both pairs of terminals. 
Conversely, a pole or a zero of either reactance marks the limit of a pass 
band unless both reactances are critical, that is, both change sign at the 
same frequency. It follows also that the image impedances become 
either zero or infinite at the ends of any pass band. The attenuation a 
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becomes infinite when X tc /X oc = 1. However, the image impedances 
are noncritical when a is infinite, unless both reactances are, independ¬ 
ently, critical. 

The propagation function has been shown to have very useful prop¬ 
erties in connection with the design of filters. The actual transmission 
characteristics of a filter, however, are represented correctly by the 
propagation function only when the source and load impedances are 
equal to the image impedances. In practice, the source and load imped¬ 
ances are pure resistances and, consequently, do not properly terminate 
the filter at all frequencies. Let R L and R.? be the source and load 
resistances, respectively. The power-loss ratio is given in terms of a, 
08, < 2 , 2D by Eq. (46) which is rewritten below. 



(82) 


When the image parameters are introduced, by means of Eqs. (69) and 
(70), this equation becomes 



It will be noticed that the image impedances and the terminating resist¬ 
ances appear in this equation only as Z n /R s and Z ni /R L . Therefore, 
it is possible in all cases to normalize the image impedances with respect 
to the corresponding terminating resistances. This is equivalent to say¬ 
ing that both terminations can be made equal to unity without loss of 
generality. Physically speaking, this is done by changing the impedance 
level of the whole network and by using, if necessary, an ideal trans¬ 
former. It will be sufficient, therefore, from now on to consider only 
networks terminated in 1 -ohm resistances. 

Two groups of networks are particularly important; symmetrical 
networks for whicli, according to Eqs. (19) and (69), Z n = Z, 2 , and 
networks with reciprocal image impedances for which, according to 
Eqs. (20) and (69), Zn = I/Z 12 . In the case of symmetrical networks 
with 1-ohm terminations, Eq. (83) reduces to 

k = 1 ~ i [ Zl - y] sinh2 7 - (84) 

In the pass band, 7 is a pure imaginary j/3, and Z, is real. Therefore, 
Eq. (84) becomes 
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FZ<«- i+ 4 


it 2 '"?.. 


sin 2 8. 


(85) 


Zi is finite over the whole pass band but becomes either zero or infinite 
at the cutoff frequencies. The function Q must have a positive slope 
and must equal an integer times it at the cutoff frequencies. In fact it 
can be shown that, in the case of a symmetrical network, Z. c cannot 
vanish while Z cc is finite, and Z oc cannot become infinite while Z, c is 
finite. It follows that the power ratio oscillates between unity and the 


value 1 + 


1 T 1 l 2 


sin 2 0=1, that is, when , 


cutoff points. 




The maxima occur approximately when 
is equal to an odd integer times it/ 2. At the 
becomes infinite and sin /3 vanishes. The 


limit of the product can be found by substituting in Eq. (85) the values 
of Zt and sin /3 expressed as functions of Z oc and Z„. This limit is 
always finite. 

In the attenuation band, Zi is imaginary and 0 is equal to an integer 
times jt. Therefore, Eq. (84) reduces to 


£(“) = ' +4 


iz,\ + w 


sinh 2 a. 


(80) 


The limit of this expression at the cutoff, that is, when a approaches zero 

and \Zi\ + r ir approaches infinity, must be equal to the value obtained 
\Z,\ 

when approaching the cutoff from the pass band. The power ratio is 
never less than, and, for large values of a, is approximately equal to 



\Zi\ 


1 

1271 


(87) 


The minimum value of 



+ 


1J 2 

| 2 ,|. 


is 4. 


Therefore, the power ratio 


is never smaller than 



( 88 ) 


The common statement of this fact is that the insertion loss is never more 
than 6 db below the attenuation function. 

Networks of the second group have image impedances reciprocal to 
each other. Let Zi = Zn = 1 /Z ;2 . Equation (83) is simplified to 


Po 

Pl 




cosh 2 y. 


(89) 
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In the pass band, y is imaginary and Z , is real, as in the previous ease. 
Therefore, this equation reduces to 



It can be shown that, when Z n = 1/Z, 2 , Z oe cannot vanish while Z„ is 
finite and Z sr cannot become infinite while Z„ c is finite. This situation 
is exactly opposite to that encountered in the case of symmetrical net¬ 
works. It follows from Eq. (80) that, at the cutoff points, 0 must be 
given by 

0 = ^ + Mir, (91) 


that is, cos 0 vanishes at both ends of the pass band. At these points 
[Z, — 1 /Z,\ becomes infinite but, as in the previous case, the limit of 
the product of the two factors is finite. Again the power ratio oscillates 
between unity and the value 1 + \[Zi — 1 /Zi\, the maxima occurring 
approximately when cos 2 0 = 1. 

In the attenuation band, 0 is a constant equal to the value at the 
cutoff given by Eq. (91), and Z, is imaginary. Therefore, Eq. (89) 
reduces to 

j; (a) = 1 + ^ \Zi\ + j-^. sinh 2 a. (92) 

Since this equation is identical to Eq. (80), no further discussion is 
required. 

NORMALIZATION OF FILTER DESIGNS 

The particular values of the components used in a final filter design 
depend on the electrical specifications which include, among other 
things, the desired values of the terminating impedances and the width 
of the pass band. To avoid unnecessary duplication in computation, it 
is desirable to “normalize” designs so that, by slight alterations, a single 
basic design may be made to satisfy a variety of given specifications. 

First, a procedure will be developed by which a filter design appropri¬ 
ate for 1-ohm terminations may be adapted for use with any pair of 
terminating impedances. In principle, such a procedure is always 
applicable but may in certain instances lead to practical problems requir¬ 
ing special handling. Fortunately, such cases are the exception rather 
than the rule. Second, certain frequency transformations that normal¬ 
ize the frequency dependence of most practical filters will be discussed. 
The first and simplest transformation reduces the design of all low-pass 
filters to the design of prototypes with cutoff frequencies of 1 radian/sec. 
More complex transformations will then be introduced which permit 



Sec. 9-7] 


IMPEDANCE NORMALIZATION 


561 


the design of a whole class of high-pass, bandpass, and band-elimination 
filters from these low-pass prototypes. The use of such transformations 
reduces considerably the amount of algebraic manipulation and numerical 
computation required to yield final data and eliminates the necessity 
for redundant expositions in the remainder of the chapter. It should be 
realized, however, that the filters generated from a basic low-pass filter 
by such transformations of variables do not always afford the most 
advantageous design for a given problem. Except for rather special 
applications, however, such filters are quite satisfactory and are widely 
used. 

9-7. Impedance Normalization. —The normalization with respect to 
the terminating impedances does not present any difficulty when the 
terminating impedances are equal. It is evident that the insertion loss 
of a filter remains unchanged when all the impedances of the system, the 



(a) (6) 

Fig. 9-12.— Impedance-level transformations in a low-pass filter. 


source and load impedances included, are multiplied by the same con¬ 
stant. Therefore, a filter designed to operate between 1-ohm termina¬ 
tions can be modified to operate between TE-ohm terminations by simply 
multiplying all the inductances and the resistances by R and dividing 
all the capacitances by R. In the case in which the terminating imped¬ 
ances are not equal, the basic design can still be used, but the impedance 
level of one side of the filter must be changed. In theory this can be done 
very easily by means of an ideal transformer, but in practice the behavior 
of an ideal transformer can be only approximated. In many practical 
cases, however, the ideal transformer can be lumped with other elements 
of the network. In other words, the network can be modified so that 
the proper change of impedance level is produced at the most con¬ 
venient place between the input terminals and the output terminals. 

A similar procedure must be followed when the basic design requires 
terminating impedances different from each other, whereas the specified 
impedances are equal. By way of illustration, consider Figs. 9-12a and 
9 13a, which show the simplest basic designs for a low-pass filter and a 
bandpass filter, respectively. In the case of the low-pass filter, the basic 
design can be modified to operate between equal terminations only by 
means of a transformer (Fig. 9T25). Therefore, the original frequency 
response cannot be reproduced exactly since all practical transformers 
are frequency-sensitive. The bandpass filter, on the contrary, can be 
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transformed very easily as shown in Fig. 9-136 and c without any change 
of frequency behavior. Even in this case, however, the transformation 
is possible only if the coupled coils are practically realizable, that is, if 

it>w 0 L ' >u ^ 

It turns out that this condition is satisfied whenever the band of the filter 
is greater than 1 radian/sec, that is, in all practical cases. For a further 
discussion of such changes of impedance level, the reader is referred to 

standard texts on network theory. 
It must be pointed out, however, 
that there is no straightforward 
procedure which leads in all cases 
to the desired result, and that 
the success of a network manipula¬ 
tion of this type depends to a 
certain extent on the ingenuity of 
the designer. 

9-8. Pass-band Normalization. 

Normalization with respect to the 
pass band and to the attenuation 
band reduces most practical filters 
to basic low-pass structures. 
From the mathematical point of 
view, such normalization consists 
simply of a change of variable. 
To study this question, consider 
first an arbitrary two-terminal- 
pair network connected between 
a source and a load. The insertion loss, L(u), of the network is pro¬ 
portional to the logarithm of the magnitude of a real function of the 
variable ju ; thus 

L(oj) = 20 logm |/0'w) |. (91) 

But f(—ju) is the conjugate of f(ju) since the function (not the value of 
the function) is real. It follows that 

L{u) = 20 logm |/(i«)| = 20 login |/(— ju)| = L(—u). (95) 

In words, the insertion loss is always an even function of the frequency. 
Consider now the change of variable 

w = ha', (96) 

where A; is a positive constant. This substitution is obviously equivalent 
to a change of the frequency scale. The variable enters in the func- 



Fir,. 9-13.—Impedance-level transformations 
in a bandpass filter. 
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tion L(kai') always in the combinations Lkw', Cku', and Mka', and 
in those combinations only. Therefore, if is considered as a real 
frequency, the function L(ku') is the insertion loss of a network obtained 
from the original one by multiplying all self-inductances, mutual induct¬ 
ances, and capacitances by the constant k. In particular, given the design 
of a low-pass or high-pass filter whose cutoff frequency is 1 radian/sec, 
the cutoff frequency can be altered to an arbitrary value w c by merely 
dividing the values of all the reactive elements by u c . 

Consider now another change of variable, namely, 

CO = -k/ a’. (97) 

This substitution has the effect of interchanging the origin with the point 
at infinity, and the positive axis with the negative axis. For instance, 




Fig. 9-14.—Insertion loss of a low-pass and a high-pass filter. 

the insertion loss of a low-pass filter shown in Fig. 9i4a is transformed 
into the function shown in Fig. 9-146, which is obviously the insertion loss 
of a high-pass filter. When u>' is a real frequency, the change of variable 
of Eq. (97) transforms any inductive reactance oiL into a capacitive 
reactance —kL/w' and any capacitive reactance — l/u c into an inductive 
reactance u>/kC. Therefore, the function L(—k/w ' c ) shown in Fig. 9146 
is the insertion loss of a network obtained from the original one by 
substituting for any inductance L a capacitance C' = 1 /kL and for any 
capacitance C an inductance L' = 1/kC. 

The presence of any mutual inductance in the original network would 
lead to difficulties, since there is no such thing as a mutual capacitance 
which can be substituted for a mutual inductance. A mutual inductance 
M can produce an inductive mutual reactance wM between two loops of a 
network without, requiring any electrical connection between the loops 
(Fig. 915a). In order to introduce a capacitive mutual reactance in the 
same manner, it is necessary to use an ideal transformer as shown in 
Fig. 9T56. The equivalent mutual capacitance of the coupling circuit 
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of Fig. 9-156 is equal to aC. As in the case of impedance transformations, 
the presence of an ideal transformer is very important from the con¬ 
struction point of view, but is immaterial as far as the theoretical work 
involved in the process of normalization is concerned. 

The transformation just described can be used to design a high-pass 
filter from a low-pass filter. If the constant k is made equal to the 
cutoff frequency of the low-pass filter, the high-pass filter will have the 
same cutoff frequency. Conversely, any high-pass filter can be reduced 
to a low-pass filter by the reverse transformation. By combining the 
transformations defined by Eqs. (96) and (97), any high-pass or low-pass 
filter can be derived from a low-pass filter with a cutoff frequency of 

1 radian/sec by uniform changes of 
the elements, regardless of the com¬ 
plexity of the structure. 

Finally, consider the change of 
variable 

a = koi' 0 

where both iii’ 0 and k are positive constants. This substitution transforms 
an even function of u into an even function of a' which has a geometric 
symmetry with respect to the points u’ = u>' 0 and u>’ = — u’ 0 . In fact, the 
points an and — on are transformed into the two pairs of points 





Ideal 

(a) (6) 

Fiu. 9-15.— Mutual inductance and effec¬ 
tive mutual capacitance. 


u[ = ~Tk + VS + ( ““ )2 
u > = § + y/w 2 + ( “° )2 
_ “' 1 = S “ + (u ° )2 


CO n - 


“1 _ 

2k '\ik- 


rh + M ) 2 


The product of the points of each pair is 


ft ( t\ q 
•>!<*> 2 - 


(99) 


( 100 ) 


( 101 ) 


which reveals the geometric symmetry involved in the transformation. 
The difference between the points of each pair is 


v/ = u', — ii>[ = uj/k. (102) 

Tt follows that an insertion loss function L(oi) such as the one shown in 
Fig. 9-14a for a low-pass filter is transformed into the function of a 1 
shown in Fig. 9T6, which is obviously that of a bandpass filter. 
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The change of variable of Eq. (98) transforms any inductive reactance 
aL i into a reactance 



(103) 


This function is easily recognized as the reactance of the series-tuned 
circuit of Fig. 9T7 a, in which 


L[ = kL\, 


C\ 


L'MY 


l 

A-Zn(u'o ) 2 


(104) 


Similarly any capacitive susceptance uC 2 is transformed into a sus- 
ceptance, 



resulting from a mutual inductance M, it is again necessary to use an 
ideal transformer, as shown in Fig. 9-17c, in which 


aL' m = kM, C' m = 1 /L' m (v' o y. (108) 


By the use of Eq. (98), a low-pass filter with a cutoff frequency of 1 
radian/sec is transformed into a bandpass filter with a bandwidth w equal 


L'i 

o—OSW' — |(-0 


(O) 




la 


o o 
2 2 


Ideal 

(c) 


Fig. 9-17.—Resonant elements. 


to l/k. Therefore, the design of a bandpass filter with mean frequency 
oi' 0 can be obtained simply by substituting for any inductance Li a series- 
tuned circuit with elements 


L[ = Li/w ', 


C[ = l/LI(«i)*; 


(109) 
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for any capacitance C 2 , a parallel-tuned circuit with elements 

C 2 = C t /w', LI = l/C««oI)*; (110) 

and for any mutual inductance M, a circuit such as the one of Fig. 9-17c 
in which 

aL’ m = M/w, C' m = l/L'MY. (Ill) 


The converse, however, is not i 



Fig. 9*18.—Insertion loss of a band- 
rejection filter. 


general true. Only a bandpass filter 
whose insertion loss has the proper 
geometric symmetry about the mean 
frequency can be reduced to a low- 
pass filter. The transformat ion of Eq. 
(98) can also be applied to a high-pass 
filter having an insertion loss such as 
the one plotted in Fig. 9-146. The 
result would be, evidently, a band- 
elimination filter whose insertion-ratio 
curve would look like the one shown 
in Fig. 9T8. The mechanism of the 
transformation and the equations 
relating the parameters are the same 
as in the case of the bandpass filter. 


By combining the changes of variable of Eqs. (96) and (98), it is possible 


to obtain a band-elimination filter from a low-pass filter. As in the 


previous case, the converse is not true. 


REACTIVE NETWORKS WITH SPECIFIED IMAGE PARAMETERS 


9-9. Designs Based on Lattice Structures. —The symmetrical lattice 
shown in Fig. 9-19 is, for two reasons, a very useful structure in filter 
design. First of all, it is the most general symmetrical network. In the 
second place, it lends itself to a simple synthesis 
procedure based on prescribed image parameters. z a 

Both properties become evident when Bartlett's bisec¬ 
tion theorem is applied to the lattice structure. The 
open-circuit and short-circuit impedances of half the 
network are simply 



Zfty Z Hch Z a. 


, _ metrical lattice. 

( 112 ) 


Since Z a and Z b can be any two physically realizable impedances, it is 
evident that any symmetrical network can be reduced to a symmetrical 
lattice. Moreover, the image impedance is specified by the product 
Z a Zb. whereas the propagation function is specified by the ratio ZJZ h . 
It follows that the two image parameters can be specified independently, 
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and the two impedances Z a and Z b can be found from them without 
difficulty. In the case of nondissipative networks, Z a and Z b are react¬ 
ances and can be realized in Foster form, in either Cauer form, or in any 
convenient combination of them. 

The design problems for nondissipative filters will now be considered 
in more detail. It has been shown previously that Z oc and Z sc must have 
opposite signs in the pass band and the same sign in the attenuation 
band. The same is true for Z och and Z scti since Eqs. (75) and (76) have 
the same forms as Eqs. (71), (72), (73), and (74). It follows that either 
Z a or Z b (not both) must be critical at the cutoff frequency. Moreover, 
the poles and zeros of Z a and Z b must 
coincide in the attenuation band, 
whereas in the pass band the poles of 
Z a must coincide with the zeros of Z h 
and vice versa. A possible distribution 
of poles and zeros for a low-pass filter 
is shown in Fig. 9-20. 

According to Foster’s reactance 
theorem, a reactance is specified, except 
for a constant multiplier, by the loca¬ 
tions of its poles and zeros. For instance, Z a and Z b can be written, for 
the case of Fig. 9-20, as follows: 


0 % u. u 2 

• i * I 



Fig. 9-20.—Distribution of poles 
and zeros in the impedance functions 
of a low-pass filter. 


V JCaju(o>l ~ O’ 2 ) 

(c 4 ~ a, 2 ) ’ 

y _ kb(ul ~ I 2 ) (Oil ~ “ 2 ) 

joi(w\ — u 2 ) 


(113) 

(114) 


The image impedance is then 

Z, = y/ZaZb = VkJb - “V “->• ( 115 ) 

V coj — <ji 2 


The ratio v Z a /Z b which determines the propagation function is 



fka ju \A)| ~ (W 


(116) 


It will be noticed that Z, depends on the cutoff frequency o>i and on the 
other critical frequency w 2 but not on On the contrary, v ZJZ b 
depends on ui and u a but not on « 2 . This fact may be generalized in the 
following manner. The image impedance depends on the critical 
frequencies located in the attenuation band (cutoff frequency included) 
and not on the critical frequencies located inside the pass band. The 
ratio \fZJ~Z b , on the other hand, depends on the critical frequencies 
located in the pass band (cutoff frequency included) and not on those 
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located in the attenuation band. This makes even more evident the fact 
that the image-impedance function and the propagation function can be 
specified independently. 

Equation (85) shows that the power ratio in the pass band is unity 
when Zi is equal to unity (for 1-ohm terminations). Therefore, the 
image-impedance function must be selected so that unity is approximated 
over the pass band in the best possible way. The larger the number of 
critical frequencies in the attenuation band, the closer the function may 
be made to approximate unity. However, the number of elements 
required in the filter also increases with the number of critical frequencies. 
Consequently, in general, some compromise must be made between 
performance and practicability. 

The attenuation function a becomes infinite when y/Z a /Z h = 1. 
Consequently, to obtain high off-band attenuation, the function y/Z a /Z b 
must be selected so that unity is approximated in the best possible way. 
The approximation may be improved by increasing the number of critical 
frequencies in the pass band but only, as before, at the expense of increased 
circuit complexity. The procedure for determining the location of the 
critical frequencies that yield the best approximation will not be discussed 
here. 5 

The symmetrical lattice is very useful for the basic design of filters, 
but is quite impractical as a final filter structure. For instance, the 
tolerances on the values of the elements are very strict, and the balanced 
form of the structure leads to difficulties in grounding the network. It 
is therefore necessary, once the basic design has been made, to develop 
the lattice into a more convenient structure—an unbalanced ladder, for 
example. This operation depends to a large extent on the ingenuity 
of the designer and, moreover, cannot always be performed since the 
lattice is a more general structure than the ladder. The lattice develop¬ 
ment will not be completely discussed here. Two basic steps, however, 
are sufficiently important to deserve attention. 

In the network of Fig. 9-21a, the open-circuit and short-circuit 
impedances of half the network are 


Z„r* - Z + Z„\ 
Zsch ~ Z + Z a J 


(117) 


These impedances, on the other hand, form the arms of the lattice of 
Fig. 9-216. The network of Fig. 9-21a is thus equivalent to the lattice 
of Fig. 9-216. It. follows that, if the arms of a lattice contain a common 
series impedance, this impedance can be taken out of the lattice as shown 
in Fig. 9-21a. 

The dual operation is shown in Figs. 9-2Ic and d. The open-circuit 
and short-circuit admittances of half the network of Fig. 9-21c are 
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Yoo, = y + n I 

Y sch = Y + Y. I 


(118) 


Again, these admittances form the arms of the lattice of Fig. 9-2Id, and 
the two networks are thus equivalent. It follows that if the arms of a 
lattice contain a common parallel admittance, this admittance can be 
taken out and placed in shunt to both pairs of terminals. Both methods 
of lattice development can be used in succession to take out common 
poles and zeros of the two impedances Z a and Z b . 

Another method of developing a lattice is based on the fact that the 
propagation function of a filter is entirely specified by the cutoff fre¬ 
quencies and by the locations of the infinite peaks of attenuation. The 
infinite peaks of attenuation can be divided among a number of lattices 
all having the same image impedance. These lattices, when placed in 



Fig. 9-21.—Two equivalent lattice structures and their duals. 


cascade, are equivalent to the original lattice since their combination has 
the same propagation function. The resulting lattices are then sepa¬ 
rately developed into more convenient structures. 

9-10. Constant-/r Filters.—The method of design based on constant-l¬ 
and m-derived structures was the first to be developed and because of its 
simplicity is still widely used when the design requirements are not too 
strict. For this reason, it will be discussed here in some detail. These 
designs will be treated as particular cases of the lattice structure. 
Although the meaning of conventional expressions such as “constant k” 
and “ m-derivation ” will be partially lost by such an approach, other 
more important concepts will be made clearer than they would be if the 
traditional derivations were followed. The discussion will be limited 
to low-pass filters designed to operate between 1-ohm resistances. All 
the other types of filters can be derived from these basic designs by means 
of the transformations described in Secs. 9-7 and 9 8. 

Consider the simplest possible type of filter, that is, one with no 
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critical frequency other than that which separates the pass band from 
the attenuation band. There are two sets of reactance functions which 
may be used for Z a and Z h . These functions are plotted in Fig. 9-22. 
The two functions of each set have opposite signs from oi = 0 to u = 1, 
and the same sign from to = 1 to to = * . The cutoff frequency is, 
therefore, 1 radian/sec, and the filter is of the low-pass type. The image 
impedance and the ratio y/ZJZ\, are, for the functions of Fig. 9-22a, 


Z, = x'Z^Zi = y/Ljjh Vl — 

and, for the function of Fig. 9-225, 

1 


Tja 

Lb y/\ 


Zj — v 7 ' Z a Zb — 


lh- /£? 

\z b \c, a 


7“ 


Vi - 


(119) 


( 120 ) 


VcTh \/i - 

It is evident that the functions corresponding to Fig. 9-225 are the 

reciprocals of the functions corre¬ 
sponding to Fig. 9-22a. There¬ 
fore, it is not necessary to carry 
further the design for the case of 
Fig. 9-225. The final network for 
this case will be the dual of the 
network resulting from the func¬ 
tions of Fig. 9-22a. 

The product LJ Jh is fixed by 
making the image impedance equal 
to unity at zero frequency. The 
ratio \/ L a /L b specifies the location 
of the peak of infinite attenuation, 
since a = °° for -\f-ZJZ}, = 1. 
If a — x at « = x it follows that 



simple filters. 


Jj a — Lb — 1- 


( 121 ) 


This means that the functions Z a and Z b of Fig. 9-22a are tangent at 
infinity where their slope is equal to unity. The resulting lattice is 



(a) (b) (c) 

Fig. 9-23.—Transformation of lattice in Fig. 9-22a to an equivalent ladder structure. 


shown in Fig. 9-23a. This lattice can be developed following the method 
described in Figs. 9 21 and 9-22. First of all, the inductance is taken 
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out; the remaining capacitances in the 6-arras of the lattice are in parallel 
and can be lumped together. These steps are shown in Figs. 9'236 and c. 
The dual network resulting from the functions of Fig. 9-226 is shown in 
Fig. 9-24. The propagation function for both filters is given by 

i + -J?L= 

y = 2 tanh- 1 - — = In-—— • (122) 

Vi - <» 2 i _ 

■\/1 — O ) 2 

Fig. 9-24.—Lad- 

The image impedance for the filter of Fig. 9-23 is der equivalent of 

lattice structure 

Wu = a/T^T 2 , (123) shown in Fig. 9-22f>. 

and for the filter of Fig. 9-24 the image impedance is 

- vr=r.' (,24) 

Plots of these functions are shown in Figs. 9-25a and 9-256. It will be 
noticed that the half sections obtained by bisecting the filters of Figs. 




Fig. 9-25.-—Image parameters for structures shown in Figs. 9*23 and 9-24. 


9-23c and 9-24 arc identical. It follows that the image parameters of the 
nonsymmetrical filter shown in Fig. 9-26, are 


W u = Vl - « 2 , 

Wn = VT^T 2 ’ 

7i/2 = tanh- - /r = = g In -- 


(127) 
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The power-loss ratio for the filter of Fig. 9-23c can be computed by 
substituting Eqs. (122) and (123) in Eq. (84), after noting that 


tanh : 


yt 


sinh 2 Yit = 4'- 


(l -tanh 2 ^ 


= —4w 2 (l — co 2 ). 


Thus, after some algebraic manipulation, one finds 

ft = 1 + " 6 


(128) 


(129) 


The same expression is found for the filter of Fig. 9-24. 

The power ratio for the half section of Fig. 9-26 is found by sub¬ 
stituting Eqs. (125) and (127) in Eq. (89) and noting that 


cosh 2 


1 


1 — tanh : 


7 k 


The final expression reduces to 


P 0 . , 1 4 

Tr 1 + i“- 


(130) 


(131) 


o— 


f 


Fig. 9-26.—Half 
section of struc¬ 
tures shown in Figs. 
9-23c and 9-24. 


The filters of Figs. 9-23c, 9-24, and 9-26 are usually referred to as 
, “constant-A:'’ structures. The name originates from 

the fact that the ratio k of the impedances of the 
series branch to the impedance of the shunt branch is 
a constant independent of frequency. 

911. m -derived Filters. —The physical meaning 
of the well-known process of m-derivation becomes 
evident when the operation is performed on a 
lattice structure such as the one of Fig. 9-27a. The impedance Z„ is 
multiplied by a positive constant m, while the impedance Zb is divided 
by the same constant, as shown in Fig. 9-276. The image impedance 
which depends on the product of the 7 

two new impedances Z' = mZ a and 
Z' b = Z b /m remains unchanged. The 
cutoff frequency also remains un¬ 
changed. The ratio Z a /Z b , on the 
contrary, is multiplied by m 2 : 

Z'JZ' h = m\ZJZ h ). (132) 


o—o 



lie. 9-2: 


-Illustration of w-derivation 
of a lattice structure. 


It follows that the ratio Z'JZ' h can be made equal to unity at any desired 
frequency in the attenuation band by properly adjusting the value of m. 
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In other words, since a = » for Z'JZ' b = 1, a peak of infinite attenuation 
can be produced at any desired frequency in the attenuation band. 

Application of this process of m m m 

m-derivation to the lattice of Fig. 

9-23 a leads to the lattice of Fig. 9-28a 
which can be developed into the T-sec- 
tion of Fig. 9-286. In this particular 
case, m must be smaller than unity 
since Z a is larger than Z b . The func¬ 
tions Z' a and Z' b are plotted in Fig. 

9-29. The peak of infinite attenuation occurs at a frequency u 
by the solution of the equation 



(a) (b) 

Fig. 9-28.—Two equivalent forms for 
m-derivation of lattice in Fig, 9 23a. 


given 


K 

Zl 


which yields 


- i 


= l, 


Vl - m 2 ' 


The attenuation for o> = °o becomes 


cth ( 00 ) =2 tanh -1 m = In 


1 + m 
1 — m 


(133) 

(134) 

(135) 


The propagation function y tm = a + j/3 is plotted in Fig. 9-30. 

The process of m-derivation may also be 
applied to the filter of Fig. 9-24. The result¬ 
ing network shown in Fig. 9-31 is the dual 
of the network of Fig. 9-286. The image 
impedance of this filter is still given by Eq. 
(124) and its propagation function is the 




Fig. 9-29.— Z'a and Z'b for 
the m-derived section shown in 
Fig. 9-28.. 

same as for the filter of Fig. 9-286. 
for both types of m-derived filters, 


Fig. 


9-30.—Propagation function 
of an m-derived section. 


The power-loss ratio turns out to be, 
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1 - (1 - m 2 V 


(136) 


2 m 


J 


It is interesting to note that the ratio 
at the cutoff frequency (« = 1 ) is 
still equal to 2 as for the original 
filters of Figs. 9-23e and 9-24. 

The process of m-derivation is 
traditionally performed directly on 
the T- and ir-structures as shown in Fig. 9-32a and b. The lattices of Fig. 
9-27 can he developed into the T- and ir-structures of Fig. 9-32, provided 
the following identifications are made: 


Fio. 9*31.—Dual of network shown 
in Fig. 9-286 developed by m-derived 
filter shown in Fig. 9-24. 





+ 2 F, 



(137) 

(138) 


It is seen that in the nonsymmetrical filters shown in Fig. 9 33 and 
obtained by bisecting the m-derived filters of Figs. 9-286 and 9-31, the 
image impedances IFi* are still equal to the image impedances of the 



smr 


~nm ^ 


Wit 



—i-O o- 


HH 

(m -m ) 


-w 1>m 


(o) ( b ) 

Fiq. 9-33.—Two derived half sections corresponding to filters shown in Figs. 9-286 and 9-31. 


original constant-A structures, and the propagation function 7 t .„ /2 is half 
of the propagation function of the m-derived filters. The image imped¬ 
ances IF 2 km and IF U m are 
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vr^~ 

1 - w\\ - 


W u 

1 - (1 - 


It follows that if two identical half sections are connected in cascade as 
shown in Figs. 9-34a and b, the resulting symmetrical filters will have 
image impedances equal to W 2 t m and W ltm , respectively, and propagation 
functions equal to jkm as for the wi-derived filters. 



The two image impedances W and W are plotted in Fig. 9-35. 
It is evident that these functions approximate unity better over the pass 
band than do Wu, and W 2 *. The process of m-derivation and bisection 
can be carried further by using the structures of Fig. 9-34 as starting 
points. The resulting structures can be again m-derived and bisected, 
and so on. This procedure leads to filters 
whose image impedances approximate 
unity to a better and better degree, over 
the pass band, and whose propagation 
functions have more and more peaks of 
infinite attenuation. 

It must be pointed out, however, that 
the image impedance and the propagation 
function cannot be specified independently. 

In practice, image impedances resulting 
from more than one, or at most two, 

^-derivations are used very seldom. As 
far as the propagation function is con¬ 
cerned, the desired number of infinite 
peaks of attenuation is obtained by cas¬ 
cading m-derived sections having different V '° J^Z “7^ " f 
values of These sections have sim¬ 
ple constant-fc image impedances. If m-derived impedance is desired 
for the whole network, one section is bisected and the two half 
sections are placed at the two ends of the network as shown in Fig. 
936, The propagation function for this network is the sum of the 
propagation constants of the individual sections. The image impedance 
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of the whole network is equal to The image impedances of the 

individual sections at the four junctions are all equal to Wu,. If the 
image impedance and the propagation function have to be specified 
entirely independently, the lattice method of design must be used. This 
is particularly true when the required image impedance is not a simple 
function. 


1 * m' 



I I I I 

Fig. 9-36.—Cascade of m-derived sections terminated in half sections. 


9-12. Limitations on the Use of Image Parameters. —The image- 
parameter method of design fails when the design specifications are so 
strict that the effect of mismatched terminations cannot be neglected. 
In order to estimate the order of magnitude of such effects, the power 
ratio in the pass band must be considered. This quantity, given by 
Eq. (85), depends on the product of (Z, — 1 /Z,)- and sin 2 0. The 
quantity (Zi — 1/Z,) 2 becomes infinite at the cutoff while sin 2 0 becomes 
zero. It has already been pointed out that the limit of the product of 
these two quantities is finite at the cutoff. In other words, the large 
value of (Zi — 1/Z;) 2 is balanced by the small value of sin 2 0. However, 
if 0 changes so fast that sin 2 (3 becomes unity one or more times while 
(Zi — 1 /Zi) 2 is still large, sizable peaks of insertion loss will result. 

For a given image-impedance function and a given pass band, the 
tolerance on the loss depends primarily on the total change of 0 in the 
pass band, assuming for the moment that the rate of change of 0 is fairly 
constant. In fact, the larger the number of frequencies at which sin 2 0 
becomes equal to one, the closer one of these frequencies will be to a 
cutoff point. The number n of these frequencies is equal to one plus 
the number of poles and zeros of \/ZJZ b inside the pass band, (the 
cutoff points and the points « = 0 and w = « excluded), since 0 becomes 
equal to an integral multiple of ir every time \/ Z a /Z b vanishes or becomes 
infinite. On the other hand, these poles and zeros are the parameters 
controlling the behavior of a in the attenuation band. For instance, the 
number of infinite peaks of attenuation, that is, the number of roots 
of the equation \'Z a IZ b = 1 corresponding to real positive values of o>, 
can be at most equal to n. It follows that a large change of 0 is unavoid¬ 
able when a has to be very large in the attenuation band. 

When the behavior of the propagation function is considered in more 
detail, it is found that the rate of change of 0 in the vicinity of a cutoff 
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frequency is usually larger than its average value over the pass band. 
This is particularly true when the attenuation rises steeply on the other 
side of the cutoff. This fact makes the situation even worse as far as the 
tolerance in the pass band is concerned. 

It may be concluded that, for a given image impedance, the tolerance 
in the pass band limits the attenuation in the rejection band and vice 
versa. In particular, there is an upper limit to the number of m-derived 
sections with a specified image impedance that can be placed in cascade 
if the loss in the pass band has to be kept within a specified tolerance. 
This tolerance can be improved by a better choice of image impedance 
but only at the expense of added complexity in the sections. A special 
case will be considered more quantitatively because of its practical 
importance in the microwave field; it is a filter composed of n identical 
sections in cascade. Let Zi and do be, respectively, the image impedance 
and the phase function of one section. The power ratio in the pass band 
is, for n sections, 


where 



(141) 

(142) 


Then the ratio of this quantity for n sections to the corresponding 
quantity for one section is given by 


e 2 _ sin 2 w/3 0 
e? sin 2 do 


(143) 


l’lots of Sn/si for n = 3, 5, and 10 are shown in Fig. 9-37. 

Let the sections be, for instance, of the constant-^ low-pass type. 
The power ratio for one section is given by Eq. (129). The quantity 
sj is then 


e? = w 6 . (144) 

The phase function d» is given by Eq. (122) 


do = 2 tan 1 — r = 2 sin -1 w. (145) 

\/1 — CO 2 

Plots of e 2 /ej for n = 3, 10, and * are shown in Fig. 9-38. Figure 9-39 
shows the insertion loss, in decibels, for n = 1, 10, and °o. It is evident 
from these curves that the pass-band tolerance becomes progressively 
worse as n is increased. 

The analysis of filters consisting of several sections in cascade has 
been carried out for the particular case of symmetrical sections. The 



578 








Sec. 912 ] LIMITATIONS ON THE USE OF IMAGE PARAMETERS 579 

results, however, can be extended to the case of nonsymmetrical sections, 
provided the image impedances for any two pairs of terminals which are 
joined together are identical. The case of nonsymmetrical sections, 
however, is not sufficiently important to deserve a detailed analysis. 

It is evident from the preceding discussion that, for a given image 
impedance, bandpass tolerances smaller than several decibels will be 
difficult to obtain by the image-parameter method if high attenuation 
in the stop band is required. Such a tolerance is not objectionable in 
many low-frequency filters in which the tolerance is usually determined 
by the maximum allowable distortion of the signal, and very seldom by 
loss considerations. Unfortunately, the situation is otherwise in the case 
of microwave filters. In the first place, no satisfactory microwave 
amplifiers have been developed as yet, and consequently any reflection 

H-Pass band-H 



W-t- 

Fig. 9-39.—Insertion loss for a cascade of constant-fc low-pass sections. 

losses in the pass band of a receiver filter are equivalent to a decrease in 
receiver sensitivity. Secondly, in microwave systems, and particularly 
in radar systems, it is often necessary to limit the frequency spectrum of 
the high-power transmitter. It turns out that the magnetron, which is 
the only high-power oscillator available at present, does not operate 
satisfactorily if the power reflected by the load is too large. In general, 
the power reflected must be less than ^ of the incident power, correspond¬ 
ing to a voltage standing-wave ratio of less than 1.5. Moreover, since 
allowance must be made for small reflections in other components of the 
transmitting system, it is desirable to use filters that, in the pass band, 
produce a VSWR smaller than 1.2, or in other words, that reflect less 
than about 1 per cent of the power. This means that, neglecting the 
effect of dissipation, the insertion loss should be less than 0.04 db in the 
pass band. The problem is made even more complex by the effect of 
incidental dissipation; the input VSWR or the input reflection coefficient, 
rather than the insertion loss, must then be kept within a specified toler¬ 
ance. Such bandpass tolerances can be achieved with the image- 
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parameter method only by using an image impedance that approximates 
unity sufficiently well within the pass band. Thus as the tolerance 
becomes stricter, one is forced to use more and more complex sections to 
achieve the required image-impedance function. In principle, such a 
procedure may always be carried out; but as the sections become more 
involved, one encounters practical problems of manufacturability, par¬ 
ticularly in the case of microwave filters, where mechanical design is 
complicated by the distributed nature of the components. Even then it 
is apparent that the components have not been used in the most efficient 
manner, since the design procedures based on the image-parameter 
method do not lead to uniformly distributed tolerances in insertion loss 
over the pass band. Of course, one may attempt to achieve a more uni¬ 
form tolerance by cut-and-try manipulation of the basic design, but such 
a procedure is very tedious and often fruitless. Consequently, in the 
case of strict design requirements, when reflection losses can no longer 
be neglected, a method for directly synthesizing a network having a 
prescribed insertion loss becomes necessary. Such a method is described 
in the succeeding sections. 

REACTIVE NETWORKS WITH SPECIFIED INSERTION LOSS 

A design procedure 4 which does not suffer from the drawbacks of the 
image-parameter method has been developed for nondissipative networks 
by S. Darlington* of the Bell Telephone Laboratories. This method 
permits the determination of the elements of a reactive network from a 
knowledge of its insertion loss for specified resistive terminations. In 
the following discussion each termination, that is, the load resistance and 
source resistance, is assumed to be equal to 1 ohm. This assumption 
does not limit the generality of the results since either termination can 
be made independently equal to any desired value by means of appro¬ 
priate changes of impedance level. 

9-13. Physical Realizability of Insertion-loss Functions. —The first 
question to be considered is the physical realizability of the insertion-loss 
function. It is evident that not every function of frequency can be the 
insertion loss of an actual network. Therefore, it is necessary to deter¬ 
mine what restrictions must be imposed on a function of frequency in 
order to guarantee the existence of a network with such an insertion loss. 
The following analysis is limited to linear passive networks consisting of 
lumped elements only. 

First will be considered the conditions of physical realizability for a 
two-terminal-impedance function. It can be shown that any impedance 
(not necessarily reactive) must be a real function Z(joi) of the imaginary 

* The following discussion of Darlington’s method, which diverges somewhat from 
the original presentation, is due to E. A. Guillemin. 
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variable ju, and that this function is the ratio of two finite polynomials. 
A considerable amount of information about this function can be obtained 
by studying its behavior over the whole complex plane instead of on the 
imaginary axis only. Therefore, let p be a complex variable, 

p = a + ju. (146) 

The function Zip), which coincides with the physical impedance for 
a = 0, is a real function of the complex variable p. Since Zip) is the ratio 
of two finite polynomials, it is a rational meromorphic function. 

By making use of the fact that the network is passive, it can be shown 
that Z(p) must be a positive real function (p.r.); that is, it must satisfy 
the condition 

Re [Z(p)} ^ 0, for (147) 

Several properties of Z(p) can be derived from this condition. The most 
important of these properties is that Z(p) has no poles or zeros in the 
right half of the complex plane. In other words, the roots of the two 
polynomials of which Z(p) is the ratio have nonpositive real parts. 

Brune 2 showed that the p.r. condition is sufficient as well as necessary. 
In other words, any rational meromorphic function which satisfies Condi¬ 
tion (147) is necessarily the impedance of a physical network. Brune 
proved this theorem by developing a method of determining the elements 
of a two-terminal-pair network having the prescribed impedance. Dar¬ 
lington 4 gave a different proof of this theorem and, at the same time, 
showed that any dissipative impedance can be realized by means of a 
nondissipative two-terminal-pair network terminated in a pure resistance. 
This second theorem forms the basis of the new direct method of filter 
design, by permitting the determination of a nondissipative filter having 
any given input impedance when a pure resistance is connected to the 
output terminals. This output resistance can always be made equal to 
1 ohm by means of an ideal transformer. 

The input impedance, however, is not a convenient function to specify 
in the case of a filter. It is necessary, therefore, to develop a method of 
obtaining the input impedance from the insertion loss and, at the same 
time, to derive the conditions of physical realizability for the insertion 
loss from the conditions that must be satisfied by the input, impedance. 
This problem has to be solved -before the synthesis procedure can be 
discussed. 

In the network of Fig. 9-40, the voltage reflection coefficient T(p) at 
the input terminals is given by the well-known expression 


Zip) - 1 
Z(p) + 1 


(148) 




582 


THE THEORY OF MICROWAVE FILTERS 


[Sisu. 9-13 


where Z(p ) is the input impedance of the nondissipati ve network ter¬ 
minated in a 1-ohm resistance. The right half of the 2-plane becomes, 
in the T-plane, according to Eq. (148), the region inside a circle of unit 
radius centered at the origin. In other words, the absolute value of 
r(p) is smaller than unity when the real part of Zip) is positive. The 
imaginary axis of the Z-plane transforms into the circle of unit radius in 
the T-plane. Consequently, 


1 1 



57 


i< 

t 




|r(p)| g 1 for Re [Z(p )] 5; 0. (149) 

Since Z(p) is a positive real function, this inequality becomes 

|r(p)( g 1 for <r §: 0. (150) 

Conversely, if the absolute value of 
T(p) is smaller than or equal to one, 
the real part of Z(p) must be positive 
or zero. It follows that if Eq. (150) 
is satisfied by an arbitrary function 
T(p), the corresponding function Z(p) 
is necessarily positive real. Of course, F(p) must be a rational mero- 
morphic function in order that Z(p) may be the impedance of a lumped- 
element network. 

It can be shown that if a function of a complex variable is regular in 
a region S, its absolute value at any point of S is smaller than or equal to 
the maximum absolute value over the boundary of S. This theorem 
can be applied to the function V(p) which must be regular for a Si 0. 
Let S be the entire right half of the p-plane. Then, if the absolute value 
of T(p) is smaller than or equal to one over the boundary of S, that is, if 


Yig. 9-40.—Two-terininal-pair network 
with input impedance Z. 


then 


|r(i»)i ^ i, 

|T(p)| g 1, for er ^ 0. 


(151) 

(152) 


To summarize, if r(p) is a rational meromorphic function which is regular 
in the right half of the p-plane and satisfies Eq. (151), then the function 
Z{p) defined by Eq. (148) is positive real and consequently is a physically 
realizable impedance. 

The fact that Eq. (151) has to be satisfied is physically obvious, since 
the fraction of the incident power which is reflected at the input to the 
network at real frequencies, |r(jo>)| 2 , cannot be larger than 1. Equation 
(151), however, is a necessary but not a sufficient condition, since T(p) 
must also be regular in the right half of the plane. 

The power-loss ratio is defined as the ratio of the power available 
from the source to the power delivered to the load. Since the two- 
terminal-pair network of Fig. 9-40 is nondissipative, the power reaching 
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the load is the difference between the power incident from the source and 
the power reflected. It follows that the power-loss ratio is 


Po 

Pl 


1 - |ro«)|* - L 


The insertion loss for equal terminations is simply 


(153) 


L = 10 login —■ 
r l 


(154) 


Since r(joi) is a real function of ju, the square of its magnitude must he 
an even real function oi oi, that is, a real function of u 2 : 

11’(>>)1 2 = ry u ) • r(-y«). (155) 


Moreover, l'(p) is a rational meromorphic function of p, and must satisfy 
Eq. (151). It follows that |r(j«)| 2 must he of the form 


|r (»| 2 


M(u*) 

N(u-) + M(d> 2 )' 


(156) 


The polynomials M(to-) and N(w-) must be real and nonnegative for all 
real, nonnegative values of u-. In terms of these quantities, the power- 
loss ratio becomes simply 


P o N( C0 ? ) + Af( OJ 2 ) _ M( u> 2 ) 
Pl N( u> 2 ) + iV(w 2 ) ‘ 


(157) 


It will be shown later that N (w ? ) must be the square of either an even 
or an odd polynomial in u>. This condition, however, can be satisfied 
without imposing any further restriction on the function representing the 
power-loss ratio. In fact, it is sufficient to multiply both the numerator 
and the denominator of Eq. (157) by all the root factors of N(u 2 ) that 
have odd multiplicity. It follows that no loss of generality results from 
rewriting Eqs. (156) and (157) as follows: 


and 


P o P(^ 2 ) + Q 2 (u) , , P{^) 
Pl Q ! ( «) ^ <2*(«)’ 


(158) 


iro’u ,)! 2 


P{ U> 2 ) + Q 2 (u>) 


QM 

P(<j3 2 ) 


(159) 


The even polynomials P(u 2 ) and Q 2 (u) must be real and nonnegative for 
all real values of w. 

9-14. Determination of Input Impedance from a Prescribed Insertion 
Loss. —It remains to be shown that for any function of the type repre¬ 
sented in Eq. (159) it is possible to find a function T(p) which is regular 
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in the right half of the p-plane. In other words, it must be shown that 
the conditions imposed on |r(jw )| 2 are sufficient, as well as necessary, for 
the determination of T(p). This proof will consist of giving a method for 
obtaining from [TCjoj) | 2 a function T(p) which is regular in the right half 
of the p-plane. 6 Let 


r(p) = 


Ml + Vl 
U« + V 2 ’ 


(160) 


where u it u 2 are even functions of p, that is, polynomials with even powers 
of p, and Vi, v 2 are odd functions, that is, polynomials with odd powers of 
p. It follows from Eq. (159) that 


ITOI 2 


u\ — V 2 

(ui + Vi) (ill — Vl) 

P(« 2 ) 

_ V-\ ~ t’l _ p—ju 

,(«2 + V 2 )(m 2 - v 2 )_ 

P(u' 2 ) + Q 2 (co) 


(161) 


By substituting —p 2 for w 2 in P(co 2 ) and Q 2 (w), the following two equa¬ 
tions are obtained 


P(-p 2 ) = (ui + iuXm! - iq), (162) 

P(-p 2 ) + QK-3P ) = («* + v 2 )(u 2 - v t ). (103) 

It should be noticed that, for p = ju, (ui — vi) and (u 2 — v 2 ) are con¬ 
jugates of (u i + vi) and (u 2 + v 2 ), respectively. 

First, the function w 2 + v 2 will be determined. The polynomial of 
Eq. (163) can be expanded in a product of root factors as follows: 

P(-p 2 ) + Q 2 (~jp ) = Hp 2 ~ p\)(p 2 -Pi)’-' (p- - pi), (164) 

where k is a real constant and p\, p|, p 2 are the roots of the polynomial in 
the variable p 2 . The roots pi can be either real or complex. If they are 
complex, they must be present in conjugate pairs pi and (pi)*, since the 
coefficients of the polynomial are real. Any pair of conjugate roots 
results in two root factors which can be expanded as follows: 

[p 2 - p 2 ][p 2 - (pi)*} = [(p - p„)(p - p?)][(p + p,)(p + p*)]- (165) 

The location in the complex plane of the four p-roots resulting from the 
pair of conjugate p 2 -roots is shown in Fig. 9-41. On the imaginary axis, 
that is, for p = ju, the product (p — p„)(p — p*) is the conjugate of 
the product (p + p,) (p + p*). In fact, these products can be developed 
as follows: 

(P ~ P*)(P - P*) = l — <r, + j(<» ~ w»)][-<r» +j(" + "•■)] 

= [el - (co 2 - u 2 )] - j2a*r„ { 1 

and 

(P + P,)(p + P*) = [<r, + j(oi + u,)][r, + j(u - &>„)] 

= [a 2 , — (co 2 — u 2 )] + j2oxr r . 


(107) 
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Therefore, the right-hand side of Eq. (165) can be split into two parts, as 
indicated by the square brackets, which are conjugate on the imaginary 
axis. The product of these two parts is thus real and positive for p = ju. 
Any double real p 2 -root is a degenerate case of a pair of conjugate roots 
to which Eqs. (166) and (167) are applicable. 

It follows that the corresponding root factor 

[j V 2 “ = l(P ~ P>)(P + Pv)] 2 (168) 

is nonnegative for p = ju. 

Any negative real root, pi = (jw„) 2 , must 
be of even multiplicity. In fact, if the root 
were simple, the factor [ —o> 2 + w 2 ] would be 
negative for u 2 > u 2 and positive for a> 2 < oj 2 
and thus violate the assumption that 
P(u 2 ) + Q 2 (oi) is nonnegative for nonnegative 
values of w 2 . 

Any nonnegative real root pi = a\ of odd multiplicity results in a 
factor (p 2 — <r 2 ) which is negative or zero for p = joi. Since 

P{u 2 ) + Q 2 ( u ) 

is nonnegative by assumption, the total number of nonnegative real roots 
of odd multiplicity must be even; otherwise the constant k of Eq. (164) 
must be negative. Since (p 2 — a 2 ) is negative, it is obviously impossible 
to express it as the product of two conjugate root factors. However, 
it is possible to associate a minus sign with all such roots provided a 
minus sign is also associated with k when the number of such roots is odd. 
Any such factor can then be expanded into a product of two factors which 
are conjugate for p = ja 

~(P 2 ~ <r?) = [ — (p — <r,)][p + <rj- (169) 

This product is, of course, real and nonnegative for p = jw. 

It can be concluded that Eq. (164) can be written as the product of two 
groups of factors that are conjugate on the imaginary axis of the p-plane. 
Because of this property, the two groups can be identified with the two 
polynomials (u 2 + v 2 ) and (u 2 — v 2 ). Each polynomial contains, as a 
multiplier, the constant y/k if k is positive, or y/—k if k is negative. The 
two conjugate factors resulting from any pair of conjugate pi roots 
(double real roots included) or from any single nonnegative real root can 
be placed arbitrarily in either polynomial. However, all the zeros of 
the polynomial (w 2 + v 2 ) must be in the left half plane since the function 
T(p) must be regular in the right half plane and on the imaginary axis. 
Therefore, all the factors (p ± p„) in which the real part of (±p„) is 
negative must be placed in the polynomial (w 2 + v 2 ), and all the other 


•p. 

•-p; 


a 

•/>„* 


l'K. 9 41.—A 

quadruplet of 


conjugate roots. 
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factors, in which the real part of (±p,) is positive, are placed in the 
polynomial (u 2 — v 2 ). The real part of the p, can never be zero; that 
is, there cannot be any negative real root pi = — u\, for then 

P (a> 2 ) + Q*(u) 

would vanish and r(jV)| 2 would become infinite for oj = u„ contrary to 
the assumption made at the beginning of this discussion. 

Equations (165), (168), and (169) ensure that the separation of the 
two polynomials can be performed. Therefore, the polynomial (u 2 + v?) 
in the variable p can be determined in all cases from the polynomial 
P(o> 2 ) + Q 2 ( oi) by following the procedure outlined above. This pro¬ 
cedure does not present any difficulty once the pi roots of 

P(-p 2 ) + QK~jp ) 

are known. The polynomial (Ui + Vi) can be determined in the same 
manner from the function P(u 2 ). In this case, however, the zeros of 
(ui + Vi) can be anywhere in the p-plane. It follows that the poly¬ 
nomials («i + Vi) and (u 2 + v 2 ) can be separated in more than one way, 
and, therefore, the result is not unique. In most practical cases, however, 
all the zeros of P(o> 2 ) occur for real nonnegative values of to 2 , that is, the 
real part of all p„-roots is zero, and, therefore, the polynomial (mi + tq) is 
unique. 

9-16. Specification of a Network with a Prescribed Input Imped¬ 
ance.—It may be concluded that a physically realizable function r(p) 
can be obtained in all cases from a power-loss function Po/Pl which 
satisfies the necessary conditions discussed before. It follows that these 
conditions are sufficient as well as necessary. The requirement on the 
regularity of T(p) is automatically satisfied when the polynomial 

(m 2 + v 2 ) 

is properly determined. The input impedance of the nondissipative 
network of Fig. 9-40 can be found readily from T(p) by means of the 
equation 

7l \ 1 + T(p) (Uj + tq) + (Uj + Vi) _ (mi + u 2 ) + (v i + Vi) C170-) 

W ~ 1 - r(p) (w 2 + Vi} - (Ml + Vl) (m 2 - Ui) + (v 2 - Vi) 

For convenience, let 

mi = w 2 + Mi Mi = v 2 + Vi (171) 

m 2 = m 2 — Mi n 2 = v 2 — Vi (172) 


so that Z(p) can be written as 


Zip) 


mi + Mi 

m 2 + n 2 


(173) 
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At this juncture, further development depends on whether Q(“) is even 
or odd. If it is assumed for the moment that Q(co) = Q( — p 2 ) is an even 
function, the input impedance can be expressed in terms of the open- 
circuit and short-circuit impedances of the nondissipative network as 


Z(p) = Z oc i 


Z, c t + 1 

Zoc 2 + 1 


m i 


m 2 + n 2 


— + 1 
ni mi mi 


n 2 Tl + i 

nt 


(174) 


This equation leads to the identifications 


oc 1 

m 1 

- 

+_ 

Ml 

(175) 


n 2 

Vt 

~ 

Vi’ 

'■c2 

_ Hi _ 

v 2 

±_ 

Vi 
— 1 

(176) 


m 1 

Ut 

+ 

Ml 

'oc 2 

_ m 2 

n 2 

_ Ut 

Vt 

__ 

Ui 

Ml 

(177) 


The three open-circuit impedances Z u , Z l2 , Z 22 and the three short-circuit 
admittances Yn, Y 12 , T 22 can be obtained without difficulty from Eqs. 
(175), (176), and (177). Thus, 


„ mi Ut + U\ 
An = — = 


7 _ 

*22 = — = 


Ut — Ui 


Z \2 — 


n 2 Vt — Vi ~ n 2 v 2 — Vi 

_ -y/miWj — nin 2 _ \/(wj - m|) - {v\ - af) _ Q( — p 2 '). 

n 2 Vt — Vi Vt — Vi ’ 


Y = — = W2 ~ Ml 

rij r 2 + Vi 


v mi u 2 + Mi 

I 22-— 


- Kl2 = 


Ml + Cl ’ 

V mmt — nins _ V(m 2 - M 2 ) - (i»| — a?) Q(-p 2 ) 


Hi 


Vt + Cl 


Vt + Cl 


(178) 

(179) 

(180) 
(181) 


It remains to be shown that the impedances and admittances defined 
above are separately physically realizable, and that they collectively 
satisfy the conditions of physical realizability for a two-terminal-pair 
reactive network. It can be shown by means of function theory that the 
ratio of the even part of either polynomial forming Z(p) to the odd part 
of either polynomial behaves exactly like a reactance function. This 
property results from the fact that Z{p) is a positive real function. It 
follows that all the driving-point impedances and admittances defined 
by Eqs. (175) to (181), inclusive, are physically realizable. The poles 
of the transfer impedance Z i2 and of the transfer admittance Ti 2 coincide 
with poles of Z n and Z 22 and with the poles of Y u and T 22 , respectively. 
This property together with the fact that both numerators are even 
polynomials guarantees the physical realizability of Z [2 and Ti 2 . It 
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can be shown also that the residues fen, fc 22 , ku of Z n , Z 22 , Zi 2 forany one 
of their common poles satisfy identically the equation 

k n k 22 - k,\ = 0. (182) 


This equation guarantees the physical realizability of the two-terminal- 
pair reactive network defined by Zn, Z 22 , and Z J2 . The same equation is 
satisfied by the residues of T n , F 2 », and Fj 2 . 

It was pointed out, in connection with Eq. r (157), that the polynomial 
N( a; 2 ) had to be the square of either an even or an odd polynomial Q(w). 
Equations (179) and (181) justify this requirement since v 7 N (“ 2 ) appears 
in the numerators of Z n and Yu. Now Zi 2 and l'i 2 have been shown to 
be physically realizable if Q(oi) is an even polynomial, but this is not true 
if Q(w) is an odd polynomial. In fact, the ratio of two odd polynomials 
is an even function and, therefore, cannot be physically realized as a 
transfer impedance or a transfer admittance. When Q(w) is equal to 
Q(-jp), an odd function, Eq. (174) may be manipulated in an alternative 
fashion to obtain 


Z(p) — Z or l 


Z SCS + 1 

Zi oci T" 1 


mi + n 1 
w 2 + n 2 


— + 1 

n 1 n 1 

m 2 


( 183 ) 


The following identifications can be made: 


Vll - 

~ id 


£l 

m 2 

w 2 

- 

Ml' 

m 1 

- 

+ 

_U_1 

fti 

V 2 

+ 

Vl' 

n 2 

v 2 

— 

£i, 


«2 


Mi 


(184) 

(185) 

(186) 


Equations (178) to (181), inclusive, are then replaced by 


Z„ 
F„ 
- Y 12 


n 1 _ v t + V i 

m 2 n 2 — Mi 

V 7 7iin 2 — miW 2 

m 2 

n 2 _ t’ 2 — t’i 

mi Uo + Mi 

y/nitli — mjWs 

m 1 


„ n-> _ Vn — vi 

Z 22 — — — - > 

m.o w 2 — Mi 

V-Q-(-jp) _ jQ(-jp) . 

M 2 — Mi M 2 Mi 7 

V - n > — V - Vl 
22 mi m 2 + Hi 

V—QH—jp) = jQ(-jp) 

Mo + Ui U 2 + Ui 


(187) 

( 188 ) 

( 189 ) 

(190) 


The numerators of Z !2 and Fi 2 are odd functions of p. It should be noted 
that the imaginary unit results from the fact that Q(—jp) is an even func¬ 
tion of p multiplied by —jp. The denominators of Zi 2 and F J2 are even 
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functions of p. It follows that Z i 2 and Y 12 are odd functions of p, and 
are, therefore, physically realizable. It can be shown that also in this 
case the residues of Z lh Z 22 , and Z n at any common pole satisfy Eq. 
(182). The same is true for the residues of 7 n , Y 22 , and F 12 . It follows 
that the nondissipative network defined by Eqs. (187) to (190) is physic¬ 
ally realizable. 

9-16. Summary of the Method of Designing Reactive Networks with 
Specified Insertion Loss. —The major steps in the design of a reactive 
network with specified insertion loss are summarized below for the 
convenience of the reader. 


1. The input impedance Z(p) must be a rational meromorphic func¬ 
tion which is positive real. 

2. In order to satisfy Condition (1), the reflection coefficient T(p) 
must be a rational meromorphic function, regular in the right half 
plane and satisfying the inequality 

|T(p)[ ^ 1 for a §: 0. (191) 

3. Condition (2) can always be satisfied if 


£0 = , , MW) 

p L t nwY 


(192) 


where the polynomials M and N are nonnegative for real values 
of at. 

4. If 


then by writing 


NW) = Q»(«), 


r(p) 


Ui + t'l 

U 2 -T v 2 


(193) 

(1941 


where u 1 , w 2 are even and v u v 2 are odd functions of p, it is possible 
to determine (u 1 + Vi) and ( u 2 + v 2 ) from the roots of the polyno¬ 
mials PW) + Q 2 (") and PW), respectively. 

5. Finally, from u h v h u 2 , v 2 it is always possible to determine at 
least one set of open-circuit impedances (or short-circuit admit¬ 
tances) specifying a two-terminal-pair reactive network having 
the prescribed power-loss ratio P 0 /Pl ■ Succeeding sections will 
discuss the appropriate selection of the power-loss-ratio function 
and the synthesis of the two-terminal-pair reactive network speci¬ 
fied above. These steps will complete the solution of the original 
synthesis problem. 


SELECTION OF POWER-LOSS RATIOS 

9-17. Selection of Polynomials PW) and Q-(oj). —The selection of 
the polynomials PW) an d Q 2 W depends on the purpose for which the 
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filter is designed. Moreover, practical considerations concerning the 
physical structure of the filter may place further requirements on the two 
polynomials. Microwave filters are designed, at present, to provide 
frequency discrimination without regard to transient response. It 
follows that the ratio P L /P o must approximate unity in the pass band and 
zero in the attenuation band. Physical intuition tells one that the best 
function for this purpose is that for which all the minima in the pass band 
are equal and all the maxima in the attenuation band are equal. More¬ 
over, it seems evident that there should be as many frequencies of zero 
loss (Pl/P o = 1) and infinite loss (Pl/P o = 0) as the degrees of the 
polynomials used permit. Since the zeros of P(w 2 ) are evidently fre¬ 
quencies of zero loss and the zeros of Q 7 (u) are frequencies of infinite loss, 
it follows immediately that all the co- roots of P(co r ) and Q 2 (co) should be 
real and nonnegative. Fortunately it turns out, as will be shown later, 
that this condition guarantees that the network will be physically 
realizable in the convenient form of a ladder structure. The numbers of 
zeros of P(co 2 ) and Q 2 (co), that is, the degrees of the polynomials, can be 
specified independently. Therefore, it seems logical to consider first 
the case of Q 2 (co) = 1- The case of P(a i 2 ) = 1 can be treated in a similar 
manner. If Q 2 (<o) = 1, the loss can be infinite only for co = cc , when 
P(co 2 ) becomes infinite. All the zeros of the polynomial P(w 2 ), on the 
other hand, must be in the pass band and must be separated by equal 
maxima. These requirements can be met by using Tchebysheff poly¬ 
nomials of the first, kind, properly modified for this purpose. 

9-18. Tchebysheff Pass-band Behavior.— Consider the function 

T n (w ) = cos (n cos -1 co) = Re [(co + j \/l — w 2 )"]. (195) 

This function oscillates between — 1 and 1 as co is increased from — 1 to 1. 
At the two ends of this band, 

Tn(l) = 1, \ 

T , _ f — 1 for n odd, > (196) 

" ( 1 for n even. J 

The n zeros of T„(<o) occur for |u>| < 1. When |wj > 1, cos -1 w is imagin¬ 
ary, and the magnitude of T„{co) becomes larger than unity and, in fact, 
approaches infinity as the nth power of co. 

The right-hand side of Eq. (195) can be expanded in the form of a 
polynomial for integral values of n. The recurrence formula 

7’„ h = 2co7’„ - 7Vi (197) 

provides an alternate method of obtaining the same polynomials. Table 
9-3 gives these polynomials for values of n from 1 to 8. The polynomials 
T 3 (co) and Pi(o>) are plotted in Fig. 9-42. 
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Table 9-3.— Tchebysheff Polynomials 
T i(w) = a). 

Tj(ai) = 2u 2 - 1. 

T,M — 4a) 3 — 3a). 

T,(a.) = 8a: 4 - 8a> 2 + 1. 

Ts(ai) = 16a. s - 20a) 3 + 5ai. 

T a.) — 32a. 6 — 48a: 4 -f- 18a: 2 — 1. 

T,(a>) = 64a: 7 - 112a) s + 56a. 3 - 7a:. 

T.M = 128a: 8 - 256a: 8 + 160a> 4 - 32a: 2 + 1. 

The T n (a) functions, when squared and multiplied by an arbitrary 
positive constant h?, provide polynomials suitable for use as P(co 2 ) in the 



case of low-pass filters. In fact, h-Tl(w) is an even polynomial whose 
value oscillates between zero and h 2 in the band — 1 < <o < 1. All the 
a) 2 roots are real and positive since they coincide with the n roots 

r„(u) = 0. 

The power-loss ratio and the square of the magnitude of the reflection 
coefficient are then 
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pf = 1 +P(«*) = 1 +A*T*(«), 


|r (j u )\* = — P( -- ) = .... (199) 

1 U ;l 1 +P(« 2 ) l+h'-Tl^) ^ j 

The functions T\ and T\ are plotted in Fig. 9-43. The tolerance of the 

power-loss ratio Po/Pl in the pass band is 

e 2 = h 2 . (200) 

For small values of h 2 , the maximum insertion loss in the pass band is 
approximately 

L m „ « 4.23fi 2 . (201) 

For large values of o>, the power ratio approaches the asymptotic value 



- 1.2 - 0.8 - 0.4 


(202) 

It follows that the ratio of this 
asymptotic value to the tolerance 
in the pass band is independent of 
h 2 since 

I P l " = \ (2w) 2n . (203) 

Thus, the tolerance in the pass 
band can be improved only at the 
expense of the loss in the attenua¬ 
tion band, or vice versa. The 
integer n may be considered as an 
over-all figure of merit of the 
filter. It can be shown that no 
polynomial P(o> 2 ) of 2n degree in 
« can lead to a ratio 


l [Pc' 

e 2 


1 ig. 9-43. —Plots of the functions 7V( w) and larger than 4 (2oj) 2n . 

T '* M - Once P(u 2 ) is chosen, its zeros 

must be found together with the zeros of the polynomial 1 + P(m 2 ), as 
required by Eqs. (162) and (163). Fortunately, Eq. (195), which defines 
the function T„(o>), permits a direct determination of these zeros. The 
double zeros of h 2 T 2 (ia) occur for 


n cos -1 w 


= + niT^j (m = 0 , 1 , 2 , • • • , n — 1 ); 
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that is, for 

«- -ip« cob + (205) 

The zeros of 1 + h^TKu) occur for 

cos ( n cos -1 oi) = ±j (206) 

that is, for 

n cos -1 ui = ^ + mr'j — j sinh -1 ^ 0 (m = 0, 1 , 2 , • • • , n — 1 ); 

(207) 

or 

"-'»[(l; + £')-4“ h - , ( ± 0] |208) 

949. Tchebysheff Behavior in the Attenuation Band. —The case of 
P( u 2 ) = 1 can be treated in the same manner, and leads to Tchebysheff 
behavior in the attenuation band. The polynomial hT n (u) can be 
identified with Q(io) so that the power ratio becomes 



1 + ft*T»(«)* 


(209) 


The corresponding expression for the square of the magnitude of the 
reflection coefficient is 


IrCMI 2 


l 

l + QH") 


l 

i + h*rz(u,y 


( 210 ) 


The function h 2 T‘(u) is small for |co| < 1 and large for |«| > 1 so that the 
ratio Po/Pl approximates unity at high frequencies. The filter having 
such a power-loss ratio is, therefore, of the high-pass type. The zeros 
of T\(w) yield peaks of infinite loss; Po/Pl on the other hand approaches 
unity at high frequencies when h 2 Tl(w) approaches infinity. The 
minima of Po/Pl for |oj < 1 are all equal to the value of the ratio for 
u = 1. 

=1+ h> =1+ ?■ (2u) 

A low-pass filter may be derived from the high-pass filter by following the 
procedure discussed in Sec. 9-8, or by substituting — 1/V for co in Eq. 
(209) to obtain 


Eo 

Pl 



(212) 
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Consider now the case in which both P (u ? ) and Q 2 (w) differ from unity, 
that is, the case in which there are several frequencies of infinite loss as 
well as several frequencies of perfect transmission. The desired type of 
behavior for the insertion loss is shown in Fig. 9-44. Consider the 
function 




P(»’) (a,j - • • ■ (cj_, - a, 2 ) 2 

(l - wX) 2 (i - <4“> 2 ) 2 •■■(!- 1 j 


which satisfies the conditions of physical realizability for arbitrary 
positive real values of the « 2 ; it can be shown that this function has the 
desired Tchebysheff behavior in the attenuation band as well as in the 
pass band if the to 2 are chosen as follows: 


ul = k sn 2 



(214) 


where A; is a positive real constant smaller than unity. The function 
sn(u) is the Jacobean elliptic function 7 of modulus k defined by the two 
equations 


=i; 


m(u) = sin <£, 

di 


(215) 

(216) 


-\/l — A 2 sin 2 ^ 

The constant K is the complete elliptic integral of modulus A defined by 


K = 


-r. 


■n 


dt 


\/\ — A 2 sin 2 £ 


(217) 


The insertion loss corresponding to the function defined by Eq. (213) is 
sketched for n = 2 in Fig. 9-44a. The maxima in the pass band (u < 1) 
are equal to the value of the function for u = y/k. 


e* = F(k) = F(0) = A 2 [anu 3 • ■ • a,*.-,] 4 . (218) 

The minima in the attenuation band are all equal to 


since 



1_ 

A 2 


F(w 2 ) 


h 2 

F(»-*y 


(219) 

( 220 ) 


It follows from Eqs. (218) and (219) that the product e 2 e| is fixed by the 
value of n, that is, by the degree of P(« 2 ) and Q 2 ( ui). Thus, 


ejej = [wiu 3 ■ ■ ■ u 2 n-i] 4 . 


( 221 ) 
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(a) 



Fia. 9*44.—Plots of the insertion-loss functions corresponding to F(a>*) and F'fw 2 ). 
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The value of k determines the width of the transition region between pass 
band and attenuation band. The width of this region is 


Aco 


A _ s/l = 1 ~ k 

Vk V Vk 


( 222 ) 


Evidently, a large value of k results in a sharp cutoff. When k ap¬ 
proaches unity, however, co„ approaches k, and consequently the product 
s 2 e 2 also approaches unity. Since this product is a measure of the toler¬ 
ance in both bands, it can be concluded that, for a given n, the rate of 
cutoff cannot be increased indefinitely except at the expense of increased 
tolerances. In addition to this theoretical limitation on the choice of k, 
there are certain practical limitations. First, the incidental dissipation 
is particularly effective in reducing the peaks of attenuation when such 
peaks are close to cutoff. In the second place, the adjustment of the 
filter elements is very critical when k is large. These factors should be 
taken into consideration in any practical design. 

The function F(co 2 ) whose corresponding insertion-loss function is 
sketched in Fig. 9-44a is the square of an even function of co. On the 
other hand, the function F'(u-) that corresponds to the insertion-loss 
function sketched in Fig. 9-446 is the square of an odd function of co. Let, 
then, 


F'(co 2 ) = 


^ 2)2 (coL _ w «)» 
(1 - co 2 co 2 ) 2 (l - Cofr 2 ) 2 •■•(!— C0 2 „C0 2 ) 2 ' 


(223) 


This function is seen to satisfy the conditions of physical realizability. 
Tchebysheff behavior can be obtained by choosing the co 2 as follows: 


CO 


2 


k sn 2 


vK 

2 n + l‘ 


(224) 


Figure 9-446 is a sketch of the insertion loss corresponding to F'(u 2 ) for 
n = 2. 

The maximum values of *>') for |co| < 1 are all equal to F'(k) and 
are given by 

Sp = F'(k) = h"-k {• • • co 2 „_i] 4 , (225) 

since 

tt 5 } < 226 > 

The minimum values of F'(u 2 ) for ]co| > 1 are all equal to F'(l/h) and are 
given by the expression 


I = p> = _ — _ 

e« \k/ F’(k ) k [coicoj • • • co 2 „_i] 4 


(227) 




597 


Sec. 0 20] PROPERTIES OF LADDER NETWORKS 

It follows that the product sjU! is independent of h. Thus, 

= k*[wiWs<tiS • • ■ 0)2„_l] 8 . (228) 

Since the considerations on the value of k made in connection with F(a> 2 ) 
apply also to the case of F'{u 2 ), no further discussion is required. 

The zeros of the polynomial F(co 2 ) are the wl appearing in the numer¬ 
ators of F(o> 2 ) and F’(u-). The determination of the zeros of 

P(« 2 ) + 

that is, of the roots of the equations 

F(ur) + 1=0, F’(u 2 ) + 1 = 0 (229) 

does not present any serious difficulty. The procedure, however, involves 
the use of certain properties of elliptic functions which, for the sake of 
brevity, cannot be discussed here. The reader is referred to the original 
paper by Darlington 4 or any standard treatise on elliptic functions. 7 

PHYSICAL REALIZATION OF SPECIFIED REACTIVE NETWORKS 

9-20. Properties of Ladder Networks. —The next step in the design 
of a filter is the determination of a two-terminal-pair reactive network 
whose impedances Z n , Z 22 , and Z i3 or admittances Yu, F 22 , and Fj 2 are 
specified. Such a network can be obtained without difficulty in the form 
of a canonic T- or II-structure. 6 In practice, however, the branches of 
these structures are very difficult to construct, particularly in the case 
of microwave filters. Darlington 4 of the Bell Telephone Laboratories 
has developed a general method of synthesis that permits the realiza¬ 
tion of the network in the form of a cascade of a number of sections, each 
of which corresponds to a pair of conjugate zeros of Z 12 or Y vl . Such a 
cascade structure turns out to be satisfactory in most practical cases. 
Darlington’s general method of synthesis, however, is not discussed here 
because most microwave filters fall in a special class for which the syn¬ 
thesis procedure is considerably simpler. In general, it is desired to have 
as many peaks of infinite loss as possible for a given number of elements. 
These finite frequencies at which the loss is infinite are the zeros of Q(u) 
and, therefore, are also the zeros of Z u and Fi 2 . Under these circum¬ 
stances, that is, when the zeros of Z 12 and F 12 occur for finite imaginary 
values of p, the filter can be realized as a simple ladder structure. 

Consider the ladder structure shown in Fig. 9-45. Let Z' lv Z' 22 , Z[ 2 
be its open circuit impedances. It can be shown that all the zeros of 
Z[ 2 are at real frequencies which coincide with the resonance frequencies of 
the shunt branches. Furthermore, Z’ u , Z 22 , and Z[ 2 have the same poles, 
at finite frequencies, and the residues at these poles satisfy the equation 

knkn - k \j = 0. (230) 
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This equation is also satisfied by the residues at the internal poles of 
Z 11 , Z 22 , and Z l2 for the network to be synthesized. This fact does not 
mean that the internal poles of Z n, Z 22 , and Zi 2 must always coincide, 
for Eq. (230) can be satisfied if k 2 2 = k 12 = 0 while k u 5 ^ 0. However, 
if it is assumed for the moment that all the finite poles of Zu, Z 22 , and Z l2 
do coincide, and furthermore that it is possible to design a structure of 
the type shown in Fig. 9-45 for which Z(j = Z n and the zeros of Z’ n 
coincide with the zeros of Z 12 , it follows that Z 12 and Zj 2 must also have 
coincident poles, and, therefore, can differ only by a constant multiplier 
which can be made equal to unity by a proper choice of the value of a. 
If Zn — Z' u and Z J2 = Z' l2 , the residues at the internal poles of Z 22 must 
be equal to the residues at the poles of Z 22 since the residues for both sets 
of impedances satisfy Eq. (230). The elements C 2n+ j and L 2n+1 which 
control the behavior of Z 22 at infinity and at the origin can be adjusted to 
make Z'„ = Z 22 without changing Z ' 12 and Z' u . The assumption that 
Z u , Z 22 , and Zi 2 have coincident poles at finite frequencies can now be 



eliminated. In fact, all the terms of the partial fraction expansion of 
Zu that correspond to poles not common to the other two impedances 
can be lumped together in any convenient form as a reactance in series 
with the input terminals. This series reactance does not change either 
Z 22 or Zi 2 . The same procedure can be followed in the case of the poles 
of Z 22 that are not common to Z n and Zi 2 . In most practical cases, 
however, the original assumption concerning the poles of the Z’s is 
satisfied. 

9-21. Determination of Ladder Elements. —The synthesis of the net¬ 
work has now been reduced to the problem of finding a ladder structure 
whose input impedance equals Zu and whose shunt branches resonate at 
the zeros of Zi 2 . It can be shown that it is always possible to design such 
a ladder structure, provided the conditions assumed above are satisfied. 
Some of the series inductances may turn out to be negative. However, 
it is always possible to eliminate them by using coupled coils as shown in 
Fig. 9-46. Fortunately, in most practical cases, this situation does not 
arise. For further discussion of this point, the reader is referred to 
Darlington’s original paper . 4 

The actual synthesis of Z n can be performed in the following manner. 
Let +w 2 , ±Ui, ±io 6 , • • ■ , ±io 2n be the zeros of Zi 2 . Subtract from Zn 
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a reactance equal to the value of Z n for u> — u> 2 . Use this reactance 
(realized in a manner consistent with the behavior of Zn at = 0 and 
at = oo) as the first series branch of the ladder structure. The remainder 
Zff has zeros for w = ± <o 2 . Subtract from the partial fraction expansion 
of 1 /Z$ the term corresponding to the pair of poles at u = ±u> 2 . This 
term is the admittance of the resonant branch L 2 , C 2 . Let the inverse of 
the remainder be Zff. Subtract from the reactance juL 3 so that 
the remainder Z[ 3 J has a pair of zeros coincident with the pair of zeros 
+ w 4 of Z i 2 - Eliminate these zeros by subtracting from the expansion of 
the term corresponding to the poles at a = + ou- The same 
operation is repeated on Z'f{, the inverse of the remainder, and so on, until 
all the zeros of Z i3 have been used. At this point, the synthesis of Zn 




O-O--i " - - —o 


JL„ 


a 


has been completed, and the re¬ 
mainder must be zero. 

Some of the zeros of Zn may 
occur for u = <x>. Since Z J2 is an 
odd function of u, the multiplicity 
of the zero at infinity must be odd. 

Let it be, for instance, 2m — 1. In 
this case the ladder has m purely 
capacitive shunt branches. The 
same thing can be said about the zeros of Z l2 for « = 0, except that in this 
case the shunt branches become purely inductive. 

The special case in which all the zeros of Z 12 occur at infinity is particu¬ 
larly important. If there are no internal zeros of Z 12 , the polynomial 
Q(u ) must be a constant. The determination of the ladder structure 
reduces to a continuous fraction expansion of Zn, that is, to a realization 
of Z a in the well-known Cauer form 


M lb) 

Fig. 9-46. —Elimination of negative 
ductances by use of coupled coils. 


Zit - pLi + 1 


(231) 


pCi + 1 


pL, + 


+ J_ 

pCn 

All the inductances in the shunt branches vanish and the capacitances Ci 
and C n+ i are short-circuited. The inductance L„ + i is determined from 
the behavior at infinity of Z 22 , and the ratio a of the ideal transformer from 
the constant multiplier of either Zi 2 or Z 22 . In this case all the elements 
>f the ladder are positive and no difficulty is encountered. Obviously 
he impedance Z 22 can be expanded into a continued fraction instead of 
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Z n. The two expansions must lead to the same ladder, and, therefore, 
they provide a convenient method of checking the final results. It is 
also possible to expand into a continued fraction the input (or output) 
impedance of the network terminated in 1-ohm resistance. This method 
of synthesis must also lead to the same network obtained by expanding 
either Zn or Z 22 . 

Most practical filters turn out to be of either the symmetrical or the 
reciprocal-impedance type. For a symmetrical filter Z n = Z 22 , F u = Y 22 , 
whereas for a reciprocal impedance filter Zn = F 22) Fu = Z 22 . A sym¬ 
metrical filter consists of two identical sections connected in cascade 
back-to-back. A reciprocal impedance filter, on the other hand, con¬ 
sists of two dual sections connected in cascade back-to-back. It is 
obvious that a priori knowledge of such properties facilitates the syn¬ 
thesis of the network. 



Fig. 9-47.—Dual of ladder structure shown in Fig. 9-45. 


First will be considered the case where Q(u ) is an even polynominal. 
Equations (178) and (179) show that for a symmetrical network 

mi = m 2 , Tii = 0. (232) 

It follows from Eq. (162) that P(kr) must be the square of an odd func¬ 
tion of u. Reciprocal impedance networks are obtained, on the other 
hand, when 

n i = n 2 , i'i = 0; (233) 

P(u 2 ) is then the square of an even function of oi. The attention of the 
reader is called to the fact that all the loss functions considered in Secs. 
9T8 and 9-19 correspond to either symmetrical or reciprocal filters. 

When Q(u) is an odd polynomial, the situation is reversed. Sym¬ 
metrical filters are obtained when P(ai-) is the square of an even function, 
and reciprocal impedance filters are obtained when P(u 2 ) is the square of 
an odd function. 

The synthesis procedure discussed above is based on the open-cir¬ 
cuit impedances Zn, Zn, and Z 22 . It is evident that a dual procedure can 
be followed which is based on the short-circuit admittances Fu, Yn, 
and F 22 . The ladder structure resulting from this procedure is shown in 
Fig. 9-47. The details of the procedure can be obtained from the previous 
discussion by substituting admittance for impedance, short circuit for 
open circuit, series for shunt, capacitance for inductance, and vice versa. 
The zeros of F i2 , for instance, correspond to the resonance frequencies of 
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the series branches. Both procedures become identical when all the 
zeros of Z V1 and Y 12 occur at u = », that is, when Q(oi) is a constant. In 
all other cases, one procedure is preferable to the other, but the resulting 
networks are not identical. Furthermore, in some cases, namely, in 
the case of reciprocal networks, it may be convenient to develop part of 
the network by one procedure, and the rest of the network by the other 
procedure. As a final remark, it should be pointed out that reciprocal 
networks, that is, networks for which F' u = Z n , Y 22 = Z 22 and F' 12 = Z, 2 
have the same insertion loss when terminated in 1-ohm resistances. 

EFFECT OF INCIDENTAL DISSIPATION ON FILTER CHARACTERISTICS 

The methods of design discussed in the preceding sections are limited 
to nondissipative networks. In practice, since a small amount of dis¬ 
sipation is always present, the actual behavior of a filter differs somewhat 
from the behavior predicted theoretically on the assumption that the 
network is purely reactive. The two main effects of incidental dissipation 
are the introduction of a small but finite loss in the pass band and the 
rounding-off of the peaks of infinite loss in the attenuation band. The 
approximate effect of incidental dissipation can be computed without 
difficulty in most practical cases. In some cases it is even possible to 
modify the design of the network so that the incidental dissipation is 
taken into account, to a first approximation. 

9-22. Analysis of Uniformly Dissipative Networks. —In most practical 
filters, the losses can be assumed to be uniformly distributed. In other 
words, if a series resistance R is associated with any inductance L and a 
shunt conductance G with any capacitance C, the ratios R/L and G/C are 
approximately equal for all elements. If the two ratios are equal, the 
computation of the effect of incidental dissipation is simplified by the 
substitution 



In terms of this quantity, the impedance of any dissipative inductance 
L and the admittance of any dissipative capacitance C become 

Zl = R + jo>L = (5 + ju)L, (235) 

Y c — G + joiC = (5 + ju)C. (236) 

If the complex variable p = a + ju is substituted for ju, these equations 
become 

Z L = (p + S)L, (237) 

Y c = (p + i)C. (238) 

Consider any analytic function of the complex variable p character¬ 
izing the behavior of a nondissipative network, namely a driving-point 
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impedance Zip). If dissipation is introduced uniformly so that Eq. 
(234) is satisfied, the reactance of any inductance pL and the susceptance 
of any capacitance pC are given simply by Eq. (237) and Eq. (238), 
respectively. Since Z(p) depends on p only through the reactances and 
the susceptances of the individual elements of the network, the imped¬ 
ance Zs(p) of the dissipative network can be obtained from Z{p) by 
substituting p + 5 for p. Thus, 

Z s (p) = Z(p + 6). (239) 

It follows that the impedance of a uniformly dissipative network at any 

real frequencies (p = joi) is equal to the impedance of the nondissipative 
network at the complex frequency 

p = S -)- ju. (240) 

To estimate Zs(jw), the function Z(p + 6) is expanded 
in a Taylor series about the point p as follows: 

Uv) = Zip + «) = Z(p) + f« + « 2 + • • • • 

(241) 

For p = ja>, Zip) is a pure reactance; 

Z(p) = jX(u). (242) 

Substituting Eq. (242) in Eq. (241), it is found that 

z> (j») = Z(* + jv) = jXM + S 2 + ■ • ■ . (243) 



cle of convergence 
for Taylor series ap¬ 
proximating a dis¬ 
sipative impedance. 


This Taylor series converges uniformly only within a circle centered 
at jiji (in the complex p-plane) whose radius equals the distance from jw to 
the nearest singularity as shown in Fig. 9 48. In other words, the series 
cannot be used in the vicinity of a pole. However, this difficulty can 
be overcome easily by using the Taylor expansion of 


Y f (p) = Y(p + 5) = ^ 


r 


Z{p + 5) 

which has a zero where Z(p + 5) has a pole. Then, for p = joi, 

Y(p) = jB («) 

and consequently, 


Y-,ijoi) = Y (5 + ;<o) =jBit o) + 


dB(u) 

du 




(244) 

(245) 


When the Taylor series converges uniformly and { «io, the values of 
Zs(jui) and Ys(joi) are given to a good approximation by the first two or, 
at most, the first three terms of the series. 
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Consider now the case of dissipative networks for which the ratio 
R/L is the same for any L, and the ratio G/C is the same for any C but 




It can be shown that if 


1 H 

2 co/j 



(247) 


the impedance of the dissipative network is still given, to a good approxi¬ 
mation, by Eq. (239) and, therefore, by the Taylor series of Eq. (243). 
The same is true for the admittance or any other analytic function of the 
complex variable p. It should be noted, however, that power ratios and 
magnitudes of functions of p are not, in general, analytic functions of p. 

9-23. Effect of Dissipation on Pass-band Characteristics. —Some of 
the most important applications of these formulas to the determination 
of the effects of incidental dissipation on the behavior of filters will 
now be discussed. First will be considered the case of filters designed by 
means of the image-parameter method. The propagation function 
7 = a + id is imaginary in the pass band and is an analytic function of p. 
Equation (243) may be used directly to study the effect of incidental 
dissipation in the pass band by substituting d(V) for X(u) and, of course, 
7 j (ju) for Zi(joi). Then 

Yj(i«) = y( 5 + i") = j0(o>) + S + ■ • • (248) 


In general, it is unnecessary to take into account the third term of the 
series. To a good approximation, then, the effect of incidental dissipa¬ 
tion is to add an attenuation 


= dp(o>) 
die 


5 


(249) 


to the phase function jd(“) of the nondissipative filter. It is interesting 
to note that aj is proportional to the slope of the phase function. It 
follows that uniform attenuation in the pass band is obtained only when 
the phase function is linear. 

The average attenuation in the pass band can be estimated from the 
total phase shift Afi over the pass band and the corresponding bandwidth 
w. The average slope of the phase function is 
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. and the average attenuation is 

(«.)« = * ~ (251) 

Equation (74) shows that ft increases by ir/2 between a zero and a pole 
(or vice versa) of -\/Z„/Z x . On the other hand, the number of zeros 
and the number of poles must be equal to the number of roots of the 
equation Z, c jZ x — 1 , that is, to the number of frequencies (real or 
complex) at which the attenuation becomes infinite. In the particular 
case of filters consisting of a cascade of n cons tan t-t or m-derived sections, 
the total phase shift over the pass band is 2 mr, provided the pass band of a 
low-pass filter is taken equal to twice the cutoff frequency. Then, by 
Eq. (251) 

(«.)« = 5 (252) 


In the case of bandpass filters consisting entirely of resonant LC- com¬ 
binations tuned at the center frequency &jo, the quantity 5 can be expressed 
in terms of the Qn of the resonant combinations as follows: 



Substitution for 6 in Eq. (252) yields 

w)av K = q — nepers = 8.686 — db. (254) 

In other words, the average attenuation is inversely proportional to Q 0 , 
and is directly proportional to the number n of sections and to the ratio 
of the mean frequency to the bandwidth. 

9-24. Effect of Dissipation on Rejection-band Characteristics. —The 
effect of incidental dissipation on the propagation function 7 in the 
attenuation band will now be considered. Since, in most cases, 7 has 
poles at real frequencies (imaginary values of p), it is convenient to study 
the function g = '\AZ, c /Zoc which is supposed to approximate unity for 
real frequencies in the attenuation band. This function may become 
infinite at a cutoff frequency, but this difficulty can be surmounted by 
considering instead the function \ZZ M /Z, C which has a zero where g 
has a pole. 

If g(p + S) is substituted for Z(p + S) in Eq. (241), the expression 
for \/Z, c /Z oc becomes, in the presence of dissipation, 


».W- 9 < P + »)- S « + ^< + i^»’+ • ■ ■ 

g(joi) = a + jh | 
gs(ju) - a s + jbi I 


(255) 

(256) 
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Since g(p) is real for real frequencies in the attenuation band, the follow¬ 
ing expression may be written: 

gi(jo>) = a s + jb s = g(& + ja>) 

(257) 




du> 


2 dw 2 


At this juncture it is desirable to express the propagation function in the 
presence of dissipation in the form of Eq. (74), namely, 


i to 1 i„ (1 + Uj) + jbs 

ys = m + j&i ~ 2 n (1 _ Qj) _ j bi 


(258) 


Equating real parts of the preceding equation gives, for the attenuation 
as, 

1 j- ^ a> 

1 1 + a\ + b] + 2 as 1 
4 m 1 + a\ + b\ - 2a { 4 


as 


1 - 


1 + a] + b\ 

2 as 

1 + a\ + b * 


(259) 


When no dissipation is present, the attenuation is 

2 a 


i 1 + a 
a = T In 
4 


1 - 

If the following substitutions are made, 
2 a 


2a 


1 + a 2 


k = 


ks = 


2 as 

l.+ ar+M’ 


1 4 <I ! J- .~r ~r wj 

Eqs. (259) and (260) may be written in the same simple forms 

_ 1 , 1 + k s 
as 4 n 1 - ks 
1 . 1 + k 

a = i ln rr 


(260) 

(261) 

(262) 

(263) 


When the dissipation is small, the following approximation can be used: 

‘•-rM' + trn^^-nb®’]4 < 2 «> 

Since ks is always smaller than unity for 8^0, ft follows that the attenua¬ 
tion is never infinite when dissipation is present. When 5 = 0, a becomes 
infinite for k = a = 1. The corresponding k s for the dissipative network 
is 


[AjL 


l 


<5* 

2 \dw ) ’ 


(265) 
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and the corresponding attenuation in the dissipative case is reduced to 
the approximate value 





(266) 


Further simplification is possible in the special case of an m-derived 
section of a filter. The function a is given by Eqs. (120) and (132). 



= m 



for oi > 1. 


(267) 


Since Z' a and Z' b are the short-circuit and open-circuit impedances for 
half the network, it will be necessary to multiply the resulting attenua¬ 
tion by two in order to obtain the as for the whole network. It is found 
for the rate of change of a 


da _ m 
doi = (<o 2 - 1)M - 


(268) 


The peak of attenuation occurs for a = 1, that is, when 


m 


y/o> 2 — 1 

03 


(269) 


At a frequency of infinite attenuation oi„, Eq. (268) becomes 


da 

doi 


1 

- i) 


(270) 


The attenuation for the whole m-derived section is twice the value given 
by Eq. (266), or 


[<*sL = l n 



i). 


(271) 


This equation shows that the maximum attenuation approaches zero 
when oi M approaches the cutoff frequency, that is, unity. In other words, 
if the peak value of the attenuation must be larger than a given a 0 , 
must be larger than the value given by Eq. (271) for [aj]„ = a 0 . 

The effect of incidental dissipation on loss arising from mismatched 
terminations is secondary in importance to the effect on the propagation 
function discussed above. It can be computed, if necessary, by following 
a procedure very similar to the one used in connection with propagation 
function. It must be pointed out, however, that, in general, there is 
no need of computing accurately the total effect of incidental dissipation 
since the image-parameter method of design leads to a loss function that 
is only roughly equal to the attenuation function. In other words, the 
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loss function is already so different from the design data that it would be a 
waste of time to compute accurately second-order corrections. 

9-25. Correction for Uniform Dissipation. —The situation is quite 
different in the case of filters designed to have a specified insertion loss. 
Since in this case the loss of the ideal nondissipative filter is exactly equal 
to the specified function, it is desirable to compute more accurately the 
effect of incidental dissipation. Moreover, in this case it is worth while 
to make allowance in the original design for the effect of incidental dis¬ 
sipation, so that the dissipative filter will have a satisfactory loss function. 

The general procedure discussed in the preceding pages may be 
applied to the voltage insertion ratio which is an analytic function of the 
complex variable p. It should be noted that the power-loss ratio Pa/Pi. 
is the square of the magnitude of the voltage insertion ratio for p = ju. 
It follows from Eqs. (158) and (163) that the voltage insertion ratio p 
is given by 


p(p) = 


! Ui -f Vi 

Q(-P 2 ) 

u 2 + Vi 

jQ(-jp) 


for Q(u) even, 
for (2 (oj) odd. 


(272) 


The power insertion ratio of the dissipative filter is then 

(jr)j = = I p(p + 


(273) 


Since the computation involved is straightforward, no further discussion 
is required. 

Darlington 4 has developed a method for making allowance in the 
original design for the effect of incidental dissipation. This method is 
based on the following reasoning. It has been shown that the voltage 
insertion ratio pc(p) of a dissipative filter can be obtained by substituting 
p + 5 for p in the expression for the insertion ratio p(p) of the correspond¬ 
ing nondissipative filter. Consider now a nondissipative filter whose 
voltage insertion ratio is 


p'(p) = p(p - 6). (274) 

The ratio for the corresponding dissipative network is then 

Ps(p') = p(p + S - S) - p(p). (275) 

It follows that in order to obtain a filter whose insertion ratio is 
Pi(p) = p(p ) it is sufficient to design a nondissipative filter with a pre¬ 
distorted ratio p'{p) = p(p — S). 

The new function p(p — 5) must satisfy the condition of physical 
realizability in order to be the voltage insertion ratio of a nondissipative 
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filter. Consequently, according to Sec. 9-13 and to Eq. (272), the zeros 
of p(p — S) must have negative real parts. Moreover, the magnitude of 
p(p — 5) must not be smaller than unity at real frequencies, that is, for 
imaginary values of p. It follows that, assuming that p(p ) is physically 
realizable, S must be smaller than the magnitude of the real part of any 
zero of p(p). Moreover, p(p — 5) must be multiplied by a real constant 
equal to the reciprocal of the minimum value of p'(jco ) = p(jw — S) in 
order to make p'(joi) 1. A final requirement on p'(p) is that the 
polynomial Q'(-jp) = Q[—j{p — 5)] be either even or odd. In general, 
since this condition is not satisfied automatical)}', it is necessary to 
multiply both the numerator and the denominator of p(p — S ) by root 
factors of the type (p + p„), where p„ is any zero of Q[—j{p — 5)] which 
does not come in a pair p y , —p y . These root factors have the effect of 
increasing considerably the number of elements of the network. Further 
analysis reveals, however, that a satisfactory solution can be obtained by 
using as a predistorted insertion ratio the function 


P"(P) 


Ui(p — S) + v 2 (p - S) 

Q(-p") 

• u t (p — 8) + Vi(p - 3) 

-jQ(-jp) 


for Q{—jp) even, 

(276) 

for Q{—jp) odd. 


In other words, (p — 6) is substituted for p only in the numerator of 
p(p). The voltage ratio for the dissipative network will then be 


P'/(P) = 


U 2 + V2 

Q[-(p + 5) 2 ] 

Ui + Vi 

Q[-j(p + «)] 


for Q(—jp) even, 
for Q(—jp) odd. 


(277) 


This function is a good approximation of p(p) except in the vicinity of the 
internal poles of p(p), that is, of the zeros of Q(—jp). The peaks of 
infinite loss of p(p) are thus rounded off in the final dissipative network. 
In the particularly important case of Q(oo) = 1, that is, when the loss in 
the attenuation band is a monotonic function, this difficulty does not 
arise. 

Once the predistorted ratio p'(p) has been determined, the polynomial 
P'( u> 2 ) is computed as follows: 


P> 2 ) = \u'(jv) + v'(j u ) I* = [Q'(«)]*. (278) 

If the ratio p"(p) is used, the polynomial P"(w 2 ) is 

P"(u> 2 ) = \u 2 (ju - S) + v t (jo> - S)) 2 - Q 2 (o>). (279) 


The filter is then designed following the procedure developed above for 
the nondissipative case. 
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The same predistortion procedure can be applied to the reflection 
coefficient T(p) instead of to the voltage ratio p(p). In this case T'(p) 
becomes 


r'(p) = r( P - 6 ) 


UjXp - 5 ) + v,(p — 5 ) 

ui{p - a) + 1’2 (p — h) 


(280) 


The conditions of physical realizability lead to the requirement that 5 
must be smaller than the magnitude of the real part of any internal pole 
of r(p). Furthermore, T(p — S) must be multiplied by a real constant to 
meet the requirement 

|r0'o> - 6)1 < 1. (281) 

The polynomial 

IQ'(")] 2 = 1*40") + »s(j«>)l J ~ + 4(>>)l 2 (282) 

can be made a perfect square by multiplying both the numerator and the 
denominator of T'(p) by the proper root factors, as in the previous case. 
The predistorted network is then designed following the original pro¬ 
cedure for nondissipative networks. 

It should be noted that it is not possible to predistort T(p) and p(p) 
independently. It follows that the predistortion procedure should be 
applied to T(p) when strict tolerances are placed on the reflection coef¬ 
ficient, and to p(p) when strict tolerances are placed on the insertion ratio. 


EFFECT OF MISMATCHED TERMINATIONS ON FILTER CHARACTERISTICS 

9-26. Superposition of Mismatches. —Before concluding the general 
discussion on the methods of filter design, it is worth while to consider the 
behavior of a filter when connected to the other components of a system. 
This question is very important because, although the filter is designed as 
a separate unit, it is the over-all behavior of the system including the 
filter that really matters. More specifically, the distortion of the loss 
characteristics of the filter arising from other components of the system 
must be tolerable, and conversely the design specifications for the filter 
must be consistent with the specifications for the other components of 
the system. 

This last point is particularly important in view of the difficulties 
encountered in designing filters with very strict tolerances. For instance, 
the input voltage standing-wave ratio of a microwave system may be as 
large as the product of all the ratios for the individual components. Care 
must be taken, then, to divide the over-all VSWR among the components 
in proportion to the difficulty of design. It is often advisable to let the 
filter have a VSWR as high as the maximum VSWR of all the other 
components together. 

Somewhat less important, but far from negligible, is the effect of 
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the other components of a system on the loss in the attenuation band of a 
filter. It will be shown later that the difference between the decibel 
loss of a filter and the decibel loss of the whole system may be as large as 
the sum of the VSWR’s of the two terminations of the filter expressed in 
decibels. This fact points out that, if the loss of a system must be 
approximately equal over a certain band of frequencies to the loss of a 
filter that is part of the system, the other components must be reasonably 
well matched over the same band. 

The characteristics of a filter have been computed on the assumption 
that both terminations are purely resistive and constant at all frequencies. 
In practice, this assumption is very seldom justified, particularly in the 
case of microwave filters. In this case both sides of the filter are con¬ 
nected to transmission lines or guides which would provide the proper 
resistive terminations for the filter if they were terminated in their 
characteristic impedances at the other ends. In practice, small reflec¬ 
tions in the input and output lines are always present. Let r„ and r L be 
the voltage standing-wave ratios of the input and output lines, when 
they are not connected to the filter. The mismatches in the two lines 

may be considered as arising from 
mismatched reactive networks in¬ 
serted in perfectly terminated 
lines. The equivalent network 
for the filter and its terminations 
is shown in Fig. 9-49. It is as¬ 
sumed in the following discussion 
that the filter is nondissipative. Let r„ be the VSWR produced 
by the filter in the input line when the output line is properly terminated, 
that is, when r L = 1. When r L = 1, the value of the VSWR in the input 
line, r', depends on the phase of the reflection in the output line. It 
was shown in Sec. 9-4 that the maximum and minimum values of the 
r' 0 are given by 



Fig. 9-49.—Filter with mismatched termina¬ 
tions. 


WX 


'<> r h 



\r- 

for r L 

> r 0 , 

:• 

\ r L 

for r j. 

< r„. 


(283) 


(284) 


Equation (283) gives the maximum VSWR that may' be present in the 
input line of a filter when the filter is not properly' terminated at the 
output terminals. If other nondissipative components are inserted in 
the input line between the filter and the generator, the maximum VSWR 
in the output line of the generator will be 

[r'h„ = r s [r(] m „ = rjr„r L . (285) 
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where r, is the VSWR produced in the output line of the generator by 
the components preceding the filter when r' = 1 , and is equal to the 
VSWR measured from the filter toward the generator when a matched 
termination is substituted for the generator. The minimum value of 
rj when r 0 > r,r L} is 

KU = ^ = ~• (286) 


9-27. Accumulative Effect of Mismatches. —In general, r, results 
from the reflections produced by a number n of components. Let r, k be 
the VSWR on the input line of one of these components when its output 
line is properly terminated. Repeated application of Eq. (283) leads 
to the following expression for the maximum possible value of r ,: 

k = n» 

[r,] m „ = f] r,k. (287) 

A-l 

Similarly the maximum possible value of r L is 

k = m 

= P[ Tli,, (288) 

k = i 


where rn is the VSWR of the A:th of the n L component on the load side 
of the filter. The maximum and minimum values of r' are obtained by 
substituting Eqs. (287) and (288) forr, and rz, in Eqs. (285) and (286). 

The magnitude of the reflection coefficient corresponding to r' is 

|rj| = ffqrr ( 289 ) 

Let P' Q be the power available from the generator, that is, the power 
flowing in its output line when the line is properly terminated. Let 
P[ be the power delivered to the load of the system. Since all the com¬ 
ponents are nondissipative, the ratio P' 0 /P[, that is, the power-loss ratio 
for the whole system is given by 


P' 1 

Pi = i - |r;K 


(290) 


The maximum value of this power ratio is found to be 

_ (r,r L r„ + l) 2 
\P'Jn,i 4r,r L r 0 

Since 

Po = 0r. + l) a 

Pl 4 r„ 


(291) 

(292) 


is the power-loss ratio of the filter alone when properly terminated, 
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improper terminations may increase the power-loss ratio of the system by 
the factor 


(293) 


_ (r,rtf„ + 1)- 
\P'i.)m„ r s ri(r„+ 1)- 

If r„ » 1, that is, in the attenuation band of the filter, this factor becomes 
approximately 

(£t)..' <2!H| 

Consider now the minimum value of P'u/P't,, when r„ > rtf,. This 
assumption limits the validity of the results to the attenuation hand of 
the filter. However, it is only in the attenuation hand that the minimum 
value of the loss is of any practical importance. Then 


(295) 


(K\ = (r„ + r,r L Y- 

\P'J, 1''../ye/. 

It follows that the improper terminations may decrease the power-loss 
ratio of the system by the factor 


(P A = .(c+_r.Cz,) 2 _ 
\P'i.)m in Urd.ro + l ) 2 


(29ti) 


When r „» l, r,r t „ that is, for large values of the loss, this factor 
reduces to 

iwi - (297) 



This reduction of loss may he far from negligible. For instance, if 
r, = r h — 2 in the attenuation band of the filter, the loss of the system 
is 6 db lower than the loss of the filter alone when properly terminated. 
It follows that it is necessary to limit the WSWIi of any component of a 
system that includes a filter not only over the pass band of the filter, 
but also over the portion of the attenuation band in which the minimum 
total loss of the system is specified. 
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CHAPTER 10 


THE DESIGN OF MICROWAVE FILTERS 

By A. W. Lawson and R. M. Fano 

A direct method of designing microwave filters has not yet been 
developed. In other words, no design procedure is available which leads 
directly to a structure physically realizable by means of microwave 
elements. Most microwave filters hitherto designed have been derived 
from lumped-element structures by approximating the behavior of induct¬ 
ances and capacitances by means of microwave elements, such as sections 
of lines, cavities, irises, etc. As will be seen, the lack of a direct synthesis 
procedure sets limitations on the design. 

In addition to theoretical and practical limitations on filter design, 
the actual system applications often impose widely varying geometrical 
and physical requirements. These requirements are largely responsible 
for the ultimate appearance of any filter. Thus, two filters having 
exactly the same attenuation characteristics and circuit specifications 
may have radically different forms. For instance, one filter may be for a 
system using coaxial transmission line and another for a system using 
waveguide; alternatively, a cavity filter of reasonable dimensions at 
10,000 Mc/sec may be prohibitively large at 100 Mc/sec for airborne 
systems; or again, a compact, rugged design suitable for low power levels 
may be completely inadequate in a system using higher power. For such 
reasons it appears impractical to discuss here all designs existing at the 
time of preparation of this manuscript. Rather, it appears desirable to 
describe typical examples as illustrations of the general methods of 
deriving microwave filters from lumped-element structures. These 
examples do not necessarily represent the most efficient designs or the 
ultimate, either practically or theoretically. In fact, a large number of 
the filters described below were designed, manufactured, and used before 
the theory involved was generally understood. In particular, some of the 
more elaborate methods of designing lumped-element filters will not be 
used in connection with any of these practical examples. This fact does 
not mean that such methods are not useful, but that, because of time 
limitations, the designer was forced to employ only techniques already 
available to him. Fortunately, however, these practical examples serve 
very well as illustrations of the methods of designing microwave filters. 

In this chapter it will be shown how the simple ladder structures basic 
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to all methods of design discussed in the previous chapter are readily 
transformed into microwave structures. The relative values of the 
lumped elements, which depend on the method of design employed, are 
of no consequence in the transformation process. The discussion of 
practical microwave filters resulting from such transformations will be 
divided into four parts on the basis of the techniques used in approximat¬ 
ing the behavior of lumped elements at microwave frequencies. The 
first part will deal with filters employing sections of lines alone or in 
combination with lumped inductances and capacitances. For practical 
reasons, filters of this type cannot Ire used when narrow pass bands (less 
than approximately 10 per cent ) are required. The second part will deal 
with filters consisting of a cascade connection of direct-coupled cavities. 
The use of these filters is limited by the fact that the couplings between 
cavities become rather critical when the pass band is less than approxi¬ 
mately 1 per cent.. A design procedure suitable for narrow-band filters 
is presented in the third part. These filters take the form of chains of 
cavity resonators separated by quarter-wavelength sections of line. 
Filters with broader pass bands may be obtained by substituting resonant 
irises for the cavities. The fourth part will be devoted to miscellaneous 
types of filters some of which should be considered merely as suggestions 
for future developments. 


FILTERS EMPLOYING TRANSMISSION LINES 


10-1. The Frequency Behavior of Lines. Before considering any 
practical filter structure, it is desirable to discuss in some detail the fre¬ 
quency behavior of a seel ion of transmission line in order to determine 
under what, conditions and to what extent it can be made to approximate 
the behavior of inductance's and capacitances. 

Let Z o be the characteristic impedance of a lossless line and i its 
length. If the section is short-circuited at the far end, the input imped¬ 
ance is 


Z = jX = jZ 0 tan to -•» 


( 1 ) 


where oj is the angular frequency and c the velocity of light in the dielec¬ 
tric. The reactance function represented by this equation is plotted in 
Fig. I0T. The reactance has an infinite number of poles and zeros at 
frequencies at which the length of the line is, respectively, an odd or even 
number of quarter wavelengths. The plot of the admittance of the line 

("Fig. 10T6) is an identical curve displaced to the left by ^ | Thus, 


z =jB = 3 k cot ■ 


/ , / 
= — 7 ) (i Cot to - 
c r 


(2) 



Sec. 1011 


THE FREQUENCY BEHAVIOR OF LINES 


Cl 5 


Suppose now that the section of line is open-circuited at the far end. The 
input impedance becomes 

Z = jX — —jZo cot « - (3) 

c 

and the input admittance becomes 

= jB = j 7 )- tan oi - — jY D tan w -• (4) 


It will be noticed that Eq. (3) is identical in form with Eq. (2) whereas 
Eq. (4) is identical in form with Eq. (1). Therefore, Fig. 10-In may be 
used also as a plot of Eq. (4) and Fig. 101 b as a plot of Eq. (3). 




Fkj. 101.- Frequency behavior of open-nimiited and short-pirouitod linos. 

It is interesting to compare these curves with the reactances and 
susceptances of an inductance, a capacitance, a series-tuned circuit, and a 
parallel-tuned circuit. The reactance of a simple inductance Xl and the 
susceptance of a condenser Be are identical in form; 

X L — OlL 
Be = o,C. 

The plot of these functions is, evidently, a straight line of slope equal to 
L and C, respectively. The reactance of a series-timed circuit and the 
susceptance of a parallel-tuned circuit are also identical in form. 
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X, = (- - --= Leo„ (5) 

\ C \COq 03 / \O)0 03 ) 

Cu ° (- - -) (6) 
\L\u0 <0/ \<oo eo / 

where io 0 = l/\/LC is the resonance frequency. These functions are 
plotted in Fig. 10-2. 




<i>) 


Fig. 10-2.—Frequency behavior of resonant circuits. 


It will be noticed that the curve of Fig. 10-la may be used to approx¬ 
imate a straight line in the vicinity of the origin. The slope of the curve 
at the origin is 



Therefore, the frequency behavior of an inductance can be approximated 
by a section of short-circuited transmission line, provided the length of 
the section is much smaller than (ir/2)(c/a>) at any frequency of interest. 
The slope given by Eq. (7) must be made equal to the inductance L, thus, 

L = Z 0 - c - (9) 

This is done by adjusting Z 0 once the quantity l/c has been fixed to satisfy 
the required length of line. 

A capacitance C can be simulated in a similar manner by means of an 
open-circuited section of transmission line. In this case, the slope of the 
susceptance function at the origin, as shown in Eq. (8), is made equal to C: 



(10) 
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The quantities F 0 and l/c are adjusted to satisfy this equation while the 
length l is kept much smaller than the minimum value of (x/2)(c/a>). 

Consider now the susceptance of a short-circuited line and the react¬ 
ance of an open line (Fig. 10-lh) in the vicinity of a zero, that is, when the 
length of the line is close to an odd number of quarter wavelengths. In 
any one of these regions the function can be made to approximate the 
curve of Fig. 10-2. It follows that a short-circuited line can simulate a 
parallel-tuned circuit in a relatively small frequency band centered at 
the resonance frequency. Under the same conditions, an open line can 
simulate a series-tuned circuit. The line length is given in both cases 
by the expression 



where n is any positive integer. The line admittance (or impedance) 
must be such that the slopes of the two curves are equal at the common 
zero. The slope of the susceptance function of a short-circuited line at a 
zero is 



Similarly the slope of the reactance function of an open line at a zero is 



The corresponding slopes for a parallel-tuned circuit and a series-tuned 
circuit are 


(te’L - 

(14) 

a' 

ii 

3 

u 

3 

IE 

(15) 


It follows that, in the case of the parallel-tuned circuit, equivalence is 
obtained if 


2 a = 



(16) 


and in the case of the series-tuned circuit., if 

2i - !i (? + »')■ <"> 

The integer n should be as small as possible since, for a given tolerance, 
the width of the approximation band, in percentage of w 0 , is inversely 
proportional to 2n -f- 1. On the other hand, since the slope is directly 
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proportional to (2 n + 1), it may be necessary to make n > 1 in order 
to obtain a sufficiently large slope. 

Series- and parallel-tuned circuits can be simulated also by means of a 
short-circuited line and an open line, respectively, of lengths equal to 

l — flTV ——* (18) 

W 0 

This equivalence results from the fact that the curve of Fig. 1(M« is 
identical to the curve of Fig. 10-lb, apart from a translation to the left 
of Aw = (n/2){c/l). The slope of the reactance function of a short- 
circuited line at one of its zeros is 



Therefore, in order to approximate the behavior of a series-tuned circuit, 
the line impedance must satisfy the equation 


2 L = Z„ —• (20) 

Wo 

Similarly, in the case of an open line approximating a parallel-tunc'J 
circuit, the line admittance must satisfy the equation 


2 C = 



( 21 ) 


Compare a system in which all the reactive elements are equal lengths 
of line of arbitrary characteristic impedances with the network formed 
by the corresponding lumped elements. The impedance of each section 
of line can be obtained from the impedance of the corresponding lumped 
element (or elements) by means of a simple change of variable. In the 
case of simple inductances and capacitances, the change of variable is 


tan w ; - = w. 
L c 


( 22 ) 


In the case of tuned circuits, the substitution is 


if w 0 = (jr/2 + riw)(l/c), and 


C , , / W(t ( W W|,\ 

- cot w - = ? - I 

£ C z \w 0 w / 

and 

, l Wo ( W Wo\ 

tan w - = 5 (- ) 

C Z \wo w / 


( 22 ) 


( 21 ) 


if w u = tiTr - Since, by assumption, the change of variable is the same 
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for all the elements of the system, any function describing the frequency 
behavior of the distributed-constant system can be obtained directly 
from the corresponding function for the lumped-element network by 
means of the same change of variable. 

It is interesting to consider in more detail the physical significance 
of the change of variable. The substitution of Eq. (22), for instance, 
transforms the interval — » to + <*> in the u domain into the interval 
— (ir/2)(c/f) to + (tt/2) (c/I) in the domain. However, since a/ is a 
multivalued function of o>, the same interval in the a domain is repeated 
an infinite number of times in the to' domain in any interval [ir/2 + n7r]- 
(c/Z) to [jt/2 + (n + l)ir](c/I). To make this point clearer, consider the 



Fig. 10-3.—Transformation of a low-pass filter into its microwave equivalent. 


simple low-pass filter of Fig. 10 3a and the corresponding distributed- 
constant system of Fig. 10-36. The power-loss ratio for the filter of 
Fig. 10-3a can be shown to be 


Vi 

2V 2 


2 



(25) 


where u c is the half-power frequency. The loss ratio for the filter of 
Fig. 10-36 becomes then 



1 + 


tan o>' - 
c 


tan w' - 
c c 


(26) 


The reciprocals of these power ratios are plotted in Figs. 10-4a and 10-46, 
respectively. Figure 10-46 shows that the structure of Fig. 10-36 is at 
the same time a low-pass and a bandpass filter. When it is considered as 
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"c 

(a) 


a low-pass filter, its half-power 
frequency is 

to' = Y tan^> u c ~ (27) 

When it is considered as a band¬ 
pass filter, its bandwidth is always 
equal to the expression 

w' = 2w' = 2 - tan- 1 co„ 4 (28) 



( 6 ) 


Fio. 10-4.—Power transmission ratios for 
structures of Figs. 10-3a and 10-36, respec¬ 
tively. 

filter shown in Fig. 10-5a, which is 


whereas the mean frequencies are 
given by 

= nir (29) 

The change of variable defined 
byEq. (23) transforms the interval 
0 to * in the u domain into the 
interval 0 to t(c/1) in the «' do¬ 
main, or better, into any interval 
nir(c/l ) to (n + 1 )ir(c/l). Com¬ 
pare. for instance, the bandpass 
erived from the low-pass filter of 


Fig. 10-3a, with the corresponding distributed-constant system shown in 


Z 0 =R 



(a) (A) 

Fig. 10‘5.—Transformation of a bandpass filter into its microwave equivalent. 


Fig. 10-56. The power-loss ratio for the lumped-element, filter is found 
to be 










Sec. 10-1] 


THE FREQUENCY BEHAVIOR OF LINES 


021 



On the other hand, the ratio for the structure of Fig. 10-56 is 


Vi 2 

2F 2 


1 + 


cot u 


, I' 


cot 


v/l 
2 c 


(30) 


(31) 


The reciprocals of these power ratios are plotted respectively in Figs. 
10-6a and 10-66. It will be noticed that the curve of Fig. 10-66 is identical 


U)‘ 


(a) (ft) 

Fla. 10 0. °Power transmission ratios for structures of Figs. 10-5a and 10-56, respectively. 

to the curve of Fig. 10-46 but for a translation of ( ir/2)(c/l ). There is 
an infinite number of pass bands, all of which have a bandwidth equal to 

w ' = 2 l cot ~ l Vc (32) 

The mean frequencies are given by the equation 



It is interesting to note that each pass band possesses arithmetic sym¬ 
metry with respect to its mean frequency whereas in the case of Fig. 
10-6a the symmetry is geometric. 

The change of variable defined by Eq. (24) transforms the interval 0 

to <» in the u domain into the interval ^ j to (ir/2 + ir ){c/l) in the oi' 

domain. However, since this interval is repeated an infinite number of 
times,‘the complete plot becomes identical to the plot of Fig. 10-46. 
This similarity should not be surprising since the low-pass to bandpass 
transformation used to obtain the filter of Fig. 10-5a from the filter of 
Fig. 10-3a is mathematically equivalent to a change of variable of the 
type (see Sec. 9-8) 
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(34.) 


This change of variable combined with Eq. (22) leads to the substitution 
defined by Eq. (24). 

Sections of lines may be used also as two-terminal-pair networks. 
Such elements may operate as integral parts of a filter, or merely as links. 
Here the correspondence between sections of lines and lumped elements 
is not so simple as in the previous cases. Two functions are required to 
describe the element since there are two symmetrical terminal pairs. 
These two functions may be chosen in several different ways, but the 
open-circuit and the short-circuit impedances of half the section, Z Mh , 
Z„ ch, are particularly convenient for reasons that will become evident 
later. Bartlett’s bisection theorem already mentioned in Sec. 9-5 show's 


Zsch 



Fio. 10-7.—Symmetrical lattice structure. Flo. 10-8.—Low-frequency lattice equiva- 

lent of a section of line. 


that the lattice structure of Fig. 10-7 is equivalent to the section of line 
under discussion. Let Zo be the characteristic impedance of the line and 
l its length. The short-circuit impedance of half the network is then 

Z BC h — jZo tan w (35) 

The open-circuit impedance is 

Zooh = JZo COt w Jr" (30) 


The Z„ ch arm of the lattice is evidently a short-circuited line of character¬ 
istic impedance equal to Z 0 and length equal to 1/2. Similarly, the Z„ h 
arm is an open-circuited line having the same length and the same charac¬ 
teristic impedance. It follows that when 1/2 is much smaller than a 
quarter w r avelength, the section of line approximates the behavior of the 
lattice structure shown in Fig. 10-8. From Eqs. (7) and (8) the values 
of L and C are 

L = Z 0 ~- c * (37) 

C = Fo ~ (38) 

If l is made equal to an odd multiple of half wavelengths, the section 
of line may be used to simulate the behavior of the lattice structure 
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shown in Fig. 10-9. Both arms are tuned at a frequency u 0 at which 
the line is an odd multiple of half wavelengths, 


W 0 



The values of L l and C 2 are given by Eqw. (20) and (21), 


(39) 

(40) 



If l is made approximately equal to an even multiple of half wavelengths, 
the lattice of Fig. 10 9 is transformed into the lattice shown in Fig. 10-10. 



Notice that one lattice can be obtained from the other by interchanging 
the output terminals. In fact, Kqs. (20) and (21) show that 


U = 


Z o nr 

2 wo 


Cj = 


1 0 W7T 

2 W 0 


Zo l 
4 c 
I n i 
4 c 


(43) 

(44) 


10-2. Practical Limitations on the Use of Lines.—Idle technique of 
using sections of parallel wire or coaxial transmission line to approximate 
the behavior of lumped elements is relatively old. 1 The older filters, 
however, were designed to operate at relatively low frequencies. During 
the war, the range of operation of these filters was extended to frequencies 
as high as 3 X 10 9 ops. At higher frequencies, the dimensions of con- 

1 See. for example, the first reference listed in the bibliography at the end of the 
chapter. Numbered superscripts ill the text, refer to the corresponding numbered 
cferences of the bibliography. 
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ventional transmission lines become impractically small if the propaga¬ 
tion of higher modes is to be prevented. This fact sets a limit to the 
range of application of filters employing sections of conventional trans¬ 
mission lines. It must be pointed out also that the stray effects due to 
geometrical discontinuities in a transmission line become rather important 
when the frequency of operation approaches the cutoff frequency of the 
7\E n -mode. For instance, it cannot be assumed that two lines having 
the same characteristic impedance but different dimensions can be 
joined without any reflection taking place. In practice, the stray effects 
become so important at frequencies of the order of 3 X 10 9 cps that filters 
cannot be designed by purely theoretical means. Although empirical 
adjustments of the elements can compensate to a certain extent for the 
stray effects, the actual characteristics of the filter are always somewhat 
different from the theoretical ones. 

Another limitation to the field of application of filters using sections 
of lines is set by bandwidth considerations. Consider a prototype low- 
pass ladder structure with a cutoff frequency equal to 1 radian/sec and 
1-ohm terminations. It turns out that in any structure of this type the 
inductances measured in henrvs and the capacitances measured in farads 
have values of the order of magnitude of unity. Let. this structure be 
transformed into a bandpass filter with a bandwidth w and a mean 
frequency co 0 - Following the method discussed previously (see Sec. 
9-8), each inductance becomes a series-tuned circuit whose reactance 
function at the mean frequency u 0 has a slope of the order of magnitude 
of 2/w. Similarly each capacitance becomes a parallel-tuned circuit 
whose susceptance function at the mean frequency a 0 has a slope also of 
the order of magnitude of 2/w. For these tuned circuits, let. lines of 
length equal to an odd number (2 n + 1) of quarter wavelengths at the 
mean frequency wo be substituted. The order of magnitude of the charac¬ 
teristic impedance of the open-circuited section of line which is sub¬ 
stituted for any series-tuned circuit must be, according to Eq. (13), 

Z 0 = -- /TTii - (45) 

tt w (2/i +1) 

Similarly the order of magnitude of the characteristic admittance of the 
short-circuited section of line corresponding to any parallel-tuned circuit 
must also be, according to Eq. (12), 


4 Wo _1_ _ 1 

7T W (2/7 -(- 1 ) Z't) 


(■*#) 


It follows that the ratio of the characteristic impedances of the two lines is 


Zu /4 con 1 \ 

Z' a \7T w 2n + 1/ 


(17) 
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Note that the terminations of the filter are equal to 1 ohm, or in other 
words, that Z a and Z' 0 are normalized with respect to the terminating 
impedances. 

The difficulties involved in obtaining narrow bands, that is, large 
ratios of Z 0 /Z' 0 , are obvious when it is remembered that the characteristic 
impedance of a coaxial line is directly proportional to the natural loga¬ 
rithm of the ratio of the diameters of the two conductors and inversely 
proportional to the square root of the dielectric constant of the medium 
filling the line. Ratios of Zo/Z' a as large as even 3 or 4 are difficult to 
obtain in practice without considerably increasing the losses of both lines. 
It follows that a large value of uo/w must be balanced by an almost equal 
value of 2n + 1. Lines several wavelengths long are again impractical 
because of their inconvenient dimensions and their high losses. This 
bandwidth limitation may be circumvented by using loosely coupled 
cavity resonators instead of sections of lines. The techniques involved 
in this method of design will be discussed in Sec. 10-8. In practice, the 
upper limit for the ratio uo/w when sections of lines are used is about 10 . 

10-3. Filters Employing Lines as Two-terminal Elements.—It is of 
historical interest to note that, except for the simple resonant cavity, 


R L L 



Fig. 10-11.— A low-paws filter with its lumped-element, equivalent circuit. 


low-pass filters were among the first to be required in the application of 
microwave techniques to radar. This circumstance arose from the fact 
that the efficient operation of crystal mixers requires the rejection of the 
third harmonic of the fundamental frequency to be received. Figure 
10-lla illustrates the typical design of such a filter for a coaxial mixer 
input line. This filter, which consists of two reentrant line sections 
separated by a concentric condenser, is the coaxial embodiment of a 
simple constant-^ prototype section whose equivalent lumped-constant 
analogue is represented schematically in Fig. lOllb. This analogy 
obtains only at those frequencies for which the reentrant line sections are 
shorter than a quarter wavelength. At higher frequencies the reactances 
of the sections of line have poles and zeros that are not present in the 
lumped-element ease and consequently the existence of spurious pass 
bands must be expected. 
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Let (ii c be the cutoff frequency of the lumped-element filter. The 
values of L and C given in Fig. 10116 are obtained by properly trans¬ 
forming the prototype section of Fig. 9-23c. The characteristic imped¬ 
ance of the reentrant lines is given 



by Eq. (9), 


Zo - Lj = 


R c 

iOc l 


(48) 


1 ()• 12.—Attenuation characteristic 
low-pass filter of Fig. 10-1 la. 


The capacitance C may be assumed 
to be lumped if the width of the 
concentric condenser is small com¬ 
pared with l. Under these con¬ 
ditions the attenuation function 
behaves in the manner shown in 
Fig. 10T2. The actual cutoff frequency w' is somewhat smaller than u, 
because the reactance of the line is always larger than uL. A peak of 
infinite attenuation occurs when 
the length l is a quarter wave¬ 
length. Since a spurious pass 
band appears when l is a half 
wavelength, the length should be 
made as small as possible. 

The drawing of Fig. lOlla is 
scaled to dimensions suitable for 
a 5 -in., 46.2-ohm coaxial line. 

Polystyrene filler is used in the 
concentric condensers to shorten 
the filter and to add mechanical 
rigidity. The measured insertion 
loss for this filter is shown in Fig 
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2600 2800 3000 3200 

Frequency in Me/sec 

10-13.- -Kcjeetion-bancI characteristics 
of filter of Fig. 101 la. 


10-13. The design formulas given 
above predict a cutoff frequency of 2860 Mc/sec; the actually observed 
value corresponding to 3-db insertion loss is 2440 Mc/sec. The dis¬ 
crepancy between the calculated 
and observed value arises in part 
from the approximation inherent 
in treating the sections of line as 
lumped inductances instead of as 
transmission lines; the remainder 
of the discrepancy may be ac¬ 
counted for by the extra fringing 
capacity neglected in the design formulas. In practice, it is possible to com¬ 
pensate lor such end effects by shaving down the length of the dielectric 
beads until the characteristic impedance of the filter matches the line. 
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Frequency in Mc/sec 

10-14. Bandpass characteristics 
of Fig. 1(M la. 
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Under these circumstances, the standing-wave characteristics in the pass 
band are shown in Fig. 1014. 

A high-pass analogue 5 of the harmonic filter described above is shown in 


Fig. 10-15 together with its equiv¬ 
alent lumped circuit. As in the 
case of the low-pass filter, a short- 
circuited line of length l is sub¬ 
stituted for the lumped inductance 
L. The characteristic impedance 
of this line is again given by 

Zo = L C l - (49) 



The two concentric condensers 
may be treated as lumped capaci¬ 
tances if their length is much 
smaller than l. Otherwise they 
should be considered as open-cir¬ 
cuited lines. In the former case, 
a spurious pass band appears when 
the length of the short-circuited 
line becomes longer than a quarter 
wavelength. The attenuation, however, rises very slowly and hence the 
insertion loss may remain small until the length of the line approaches 
one-half wavelength. 



Fig. 


1015.—High-pass microwave filter and 
its equivalent lumped circuit. 


C C/2 C 



A two-section filter of this type is shovn in Fig. 10-16. This drawing 
is scaled to dimensions suitable for a 50-ohm coaxial line. The filter was 
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intended to have a cutoff frequency of 900 Mc/sec; at this frequency the 
insertion loss should be, theoretically, equal to 7 db [see Eqs. (9-129) and 
(9-141)]. Actually, as seen from Fig. 10-17, which illustrates the experi¬ 
mentally determined insertion loss of the filter, the cutoff frequency is 
about 680 Mc/sec. As before, this large discrepancy is caused by the 
roughly approximate nature of the design equations. The insertion 
loss is less than 0.5 db over most of the frequency range from 800 Mc/sec 
to 4000 Mc/sec. There is, however, a small hump of about 1 db occur¬ 
ring at 2700 Mc/sec approximately, the frequency for which the coaxial 

stubs are a quarter wavelength long. 

The concentric condensers used 
in this filter are filled with Dilectene 
(k e = 3.5) to provide mechanical 
rigidity and to reduce the over-all 
length of the filter. It will be noted 
that in the two-section filter, the 
center condenser is only one-half the 
size of the end condensers since it 
must be equal to two of the end con¬ 
densers in series. 

A group of filters that is some¬ 
what analogous to the m-derived 
filters and suitable for the frequency 
range from 150 Mc/sec to 1000 
Mc/sec has been developed. These 
filters are typified by the use of 
lumped elements in the series arms 
of the ladder structure and coaxial¬ 
line sections in the shunt arms. 
Since the coaxial lines are sufficiently 
long to be resonant near the pass 
band of the filter, they may be considered as a convenient means of build¬ 
ing resonant impedances. As in the case of m-derived structures, these 
filters may be designed to have very sharp cutoffs, at some cost in the 
attenuation farther from the pass band. Moreover, the use of half sec¬ 
tions at the two ends of the filter, combined with a proper choice of their 
frequencies of infinite attenuation, results in improved bandpass 
characteristics. 

Lumped-element structures are used as guides in the design of these 
filters. The values of the elements, however, must be determined with¬ 
out making any approximations concerning the frequency behavior 
of the lines. More specifically, in order to obtain satisfactory bandpass 
characteristics, it is necessary to plot families of image-impedance curves 



400 600 800 

Frequency in Mc/sec 

Fig. 10-17.—Rejection-band charac¬ 
teristics of high-pass filter shown in 
Fig. 10-16. 
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for various values of the design parameters. Attention must also be 
paid to the existence of superfluous pass bands arising from the repetitive 
dependence on frequency of the impedance of the coaxial lines. 

It must he pointed out, however, that even when the above design 
procedure is followed, the neglect of the connecting-lead inductances and 
of the stray capacitances of the coils may result in small but appreciable 
differences between predicted and observed characteristics. Finally, the 
Filter type Attenuation Equivalent circuit 



u c 




incidental dissipation, which is not taken into account in the design, will 
smear the peaks of infinite attenuation and slightly increase the loss in 
the pass band. 

The four types of filters that have been developed are schematically 
represented in Fig. 10-18 together with their attenuation functions. 
Type 1 is a low-pass filter obtained from a conventional m-derived section 
by substituting, in the shunt arm, a short-circuited line for the lumped 
inductance and an open-circuited line for the lumped capacitance. By 
properly transforming the prototype section of Fig. 9-286 to obtain a 
cutoff frequency uv and terminations equal to 77, it is found for the lumped 
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Li = 


mR 


2m 

Rolr 


- m ) 


U = 1 - 


[Sr c. 10 3 


(50) 




Vi 


It follows that the characteristic impedances of the two lines must be, 
according to Eqs. (9) and (10), 


y __ 1 l 1 _ II RbJ r 

/o1 “ c (\ ~ r 2m 


Z 0! = V 


c R \ 


is 2O), \m 


— ?H.y 


(51) 

(52) 


If li and Z 2 are much smaller than one-quarter wavelength over the 
frequency band of interest, their actual values do not matter. If this is 
not the case, however, they must be selected in such a way that the actual 
cutoff frequency ay is kept unchanged. Consider the behaviors of Z„ ch and 
Z„,. h , that is, of the open-circuit and short-circuit impedances of one-half 
the actual network. Since Z<*, h must vanish for u = u t , 


cot u c — — tan u, — = 


•>cL i 


c 

jjJ i 


c Z 01 ‘c 2 Zo, 

But from Eqs. (51) and (52) the following expression is obtained: 

a - ™>). 

^01 

Equation (53) becomes, then, 


h . h 

a? c — tan do,- — 

c c 

*)■ 


tan . 


/i 


l, 

c 


7U-. 


(53) 


(54) 


(55) 


This equation may be solved for l, when U is given or vice versa. Atten¬ 
tion must be paid to the fact that the frequency at which / 2 becomes a 
quarter wavelength is the cutoff of a spurious pass band. Therefore, 
it is desirable to keep i, as small as possible. The constant m is usually 
made equal to 0.6 since for this value the image impedance of the half 
section (midshunt impedance) is reasonably constant over the pass band. 

The peak of infinite attenuation occurs when Z ork = Z„ h , that is, 
when the impedance of the shunt arm is equal to zero. Therefore, 


tan 


/.. u 

- tan oi_ — 
c r 


Zy, 

Z 02 


! d-jw;: 

r 2 (l — m-) 


(56) 
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It is interesting to note that depends on the product UU. Equations 
(55) and (56) can be solved approximately by using the first two or three 
terms of the series expansions of the tangents. The propagation func¬ 
tion of the filter is given by the expression 

7 = 2 tanh- 1 = 2 tanh- 1 (1 - ^ - 

\Zoch { U C L 1 CO 

. ( CO C0 C M Zq2 , ( to Wch \ I A /rn\ 

cot U~J“^ tan U^J! ' (57) 

The image impedance of the midshunt II-section is 



Filter No. 2 of Fig. 1018 is derived from a conventional low-pass 
constant-A section by substituting open-circuited lines for the shunt 
capacitances. However, if the length l of the line has its quarter-wave 
resonance at a frequency u>„ slightly larger than the cutoff frequency u c , 
the frequency behavior of the filter becomes similar to the one of an 
in-derived section. The proper design procedure consists of making the 
cutoff frequency and the frequency of infinite attenuation of the actual 
filter coincide with u c and w, of the m-derived lumped-element section. 
The following expression is, then, obtained: 


l 

,c c 

Z 0 


IT W c 



U r L , I 
- 7 T- — tan u c - 
2 c 


(59) 

(60) 


The image impedance of the filter at zero frequency may be made equal 
to any desired value R, usually the impedance of the terminations. In 
this case, 

(Z^Z«h)._o = 2Z„ [ L = R\ (61) 


Equations (59), (60), and (61) yield 

(62) 
(63) 

where, for the m-derived section, the ratio «,/«. is equal to \/\ — ru¬ 
in the case of lumped-element sections, m must be made equal to approxi- 


Z a 1 luj , l l hr u c . rr 
R = 2\^ 2 \2 tan 2 

L = f u c l/c = J_ Iru |c_ CQt x i 
R u c \ tan uj,/c u c \ 2 2< 
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mately 0.6 in order to obtain a well-behaved image impedance for the 
midshunt half section. In the present case a somewhat smaller value of 
m, approximately 0.55, may be used. The first spurious pass band starts 
at the frequency at which l becomes equal to one-half wavelength, that is, 
at a frequency equal to 2w^. For this filter, the propagation function is 
given by 


7 = 2 tanfr 


VI 


- 2 tanh -1 



(64) 


and the image impedance of the midshunt II-section is 


z\ = VzL,zi t 


2 Zo cot (" 

\Uc c / 



(65) 


Filter Xo. 3 is derived from a bandpass constant-A: section by substi¬ 
tuting for the tuned circuit in the shunt arm an open-circuited section 
of line resonating at the mean frequency w 0 . By properly transforming 
the prototype low-pass structure into a bandpass filter with a mean 
frequency w 0 , a bandwidth w, and terminations equal to R, the following 
expressions are obtained for the lumped elements 


L, = 


R 


Co = 


1 


w " Rw u ° \ZLiCi 
The length of the line is given, obviously, by 


v />;:Co 


( 66 ) 


w 0 ? 

c 


= 7T. 


(67) 


The characteristic impedance of the line must be, according to Eqs. (16) 
and (66), 


Zo 


T 

2Cocoo 


= R 


TT W 

4 a;,) 


( 68 ) 


If uu/w is relatively small the actual bandwidth of the filter becomes 
somewhat smaller than w and can be computed as the difference between 
the frequencies at which Z m . ,, is equal to zero. 

Peaks of infinite attenuation occur at the frequencies for which l is 
one-quarter and three-quartern wavelength. In spite of this fact, the 
filter can hardly be considered ot the m-derived type since these fre¬ 
quencies are determined entirely by the mean frequency u>„, being equal 
to w 0 /2 and |w 0 . However, the image impedance of the midshunt 11-sec- 
tion is somewhat flatter than the image impedance of the corresponding 
lumped-element section, although its behavior cannot be adjusted 
independently of w N and w. This image impedance is 
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The propagation function is, similarly, 



Spurious pass bands start at frequencies equal to 2w 0 , 3a>„, 4w 0 , etc. 

Filter No. 4 is derived from a lumped-element structure which is not 


of any conventional type. It has 
bandpass characteristics without 
any superfluous low-pass band. 
Its main advantage is that there 
are no condensers in the series 
arms. This fact makes it parti¬ 
cularly suitable for use at high 
power levels. For design data on 
this filter, the reader is referred to 
the original report by Mode and 
Nosker. 7 

The filter of Fig. 10-19 will be 
examined in detail to illustrate the 
practical design procedure. This 
filter is intended to operate be¬ 
tween 50-ohm terminations, to 
have a pass band from 220 to 260 
Mc/see, and rejection bands from 
165 to 215 Mc/sec and from 275 
to 375 Mc/sec. In order to obtain 
such characteristics, a Type 2 low- 
pass filter is used in tandem with 



Fig. 10-19. —Filter composed of five sections 
of Type 2 and five sections of Type 3. 


a Type 3 bandpass filter. The sharp cutoff of the low-pass filter is 
used to eliminate the high-frequency portion of the pass band of 
the Type 3 filter where the image impedance is varying rapidly wfith 
frequency. Furthermore, the Type 2 filter increases the amount of 


attenuation obtainable per section far from the pass band. The resulting 
filter is composed of five coaxial lines making up the bandpass filter and 
five coaxial lines composing the low-pass filter. The two sets of lines 
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form a fasces which is bound in a cylindrical tube 21 by 3 in. OD. The 
lines are interconnected by a centrally located coaxial line. 

The schematic diagram for the low-pass unit is shown in Fig. 10-20. 
The filter consists of four II-sections. The A lines are made from a pipe 
| in. in diameter with yV-in. inner conductors. These lines have a char¬ 
acteristic impedance of 111 ohms and are 8 in. in length. The B lines are 
made from f-in. tubing with center conductors ^2 in. in diameter. Their 
characteristic impedance is 55.5 ohms and their length is also 8 in. 
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Fig. 10-20.—Low- 




The schematic diagram for the bandpass unit is shown in Fig. 10-21. 
The filter consists of four Il-sections. The A lines are re-in. ID tubings 
with -j^-in. OD center conductors. In this case Z 0 = 139 ohms. The 
lines are 13-Hr in. long. The B lines, having a characteristic impedance 
of 69.5 ohms, are obtained from re-in. ID tubing and |-in. OD rods. 
Their length is equal to that of the A lines. 

The theoretical curve for the attenuation function and the experi¬ 
mental curve for the insertion loss of this filter are compared in Fig. 10-22. 
It is not unusual to encounter 10 per cent discrepancies between theo¬ 
retical and experimental results if allowance is not made for junction 
effects. 
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Fig. 10-21.—Bandpass unit of filter shown in Fig. 10-19. 


10-4. Filters Employing Lines as Four-terminal Elements.—A num¬ 
ber of other filters employing sections of lines have been developed. A 
comprehensive survey including the types shown in Fig. 10-23 can be 
found in a report by P. Richards. 3 Reference should also be made to a 
much earlier survey by Mason and Sykes. 1 Four of these filters will be 
analyzed in some detail as illustrations of the design technique. 

Some of the sections shown in Fig. 10-23 make use of lines as two- 
terminal-pair networks. These sections are used in some cases in 
combinations with sections of different types to provide mechanical 
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spacing. In other cases they are used to suppress undesired pass bands 
resulting from the periodicity of transmission-line impedances. The 
resulting filters cannot be analyzed by means of the image parameters 
of the individual sections because the image impedances of different 
sections are not, in general, equal. In such a case, the advantages of the 
image-parameter method of analysis disappear, and instead of computing 
the image parameters of the whole filter it is often just as easy to compute 
the elements of the Qffieaj matrix (see Sec. 9-1) by multiplying the corres- 



Mc/sec 


Flu. 10-22.—Comparison of observed insertion loss and computed attenuation character¬ 
istic of filter shown in Fig. 1019. 


ponding matrices of the individual sections. The insertion loss of the 
filter can be found readily from this matrix as shown in Sec. 9-3. A rough 
estimate of the attenuation function of the whole filter can sometimes, 
but not always, be obtained simply by adding the attenuation functions 
of the individual sections. The warning is necessary, however, that this 
method, which is correct when matched conditions exist at the junctions 
of different sections, may be misleading when mismatches are present. 
It may happen, for instance, that the whole filter has a pass band where 
the individual sections have an attenuation band. The physical meaning 
of this phenomenon is that the reflection from one section may cancel 
partially or totally the reflection from another section. Because of these 
considerations, the parameters CJOJCD for the individual sections will be 
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Flu. 10-23.-- Four filter types and their attemuition characteristics. 

Filter No. 1 (T-section) is derived from the constant-/.; bandpass 
section of Fig. 10-24. Let w be the bandwidth and <a„ the mean fre¬ 
quency. A short-circuited line of characteristic impedance Z 0 1 and 
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length 2 1 is substituted for the series arm, and a short-circuited line of 
characteristic impedance Z 02 is substituted for the shunt arm. The 
length l is given by the expression 

wo? _ 7T 

~c ~ 2 ' 


(71) 


With reference to Fig. 10-24a and using Eqs. (16) and (20), it is found 
for Zoi and Z,,. that 

2R Wo „ Rir w 

—, 75 i >2 — "73 

w 8 wo 

The ratio of the characteristic impedances is then 


Zni — 


(72) 


Zoi 

Z 02 


= (t ^y. 

\ir W ) 


(73) 


These design equations are satis¬ 
factory when the ratio ic/wo is 
much smaller than If this is 
not the case, the actual bandwidth 
will be appreciably smaller. 



Fig. 10-24.—Constant-A; bandpass section. 

The proper design equations may be found by 
computing the cutoff frequencies of the filter as the frequencies for which 
Z 0C h is equal to zero. After proper manipulations, the following expres¬ 
sion is obtained: 



Zoi 

Z02 


= cot ; 


firw\ , firw\ 


PD 


Furthermore, imposing the condition 

ZochZscfc, = 77 " 

at the mean frequency 'w 0 yields the equation 


ZoiZ„ 


(75) 
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Fig. 10-25.—Insertion 
loss of filter Type 1 shown 
in Fig. 10-23. 


Equations (74) and (75) together with Eq. (71) 
provide all the necessary design equations. It 
must be added, however, that because the 
impedance of the line in the series arms 
becomes infinite for w = w 0 /2 and w = fw 0 , there is a peak of infinite 
attenuation on each side of the pass band. However, since the locations 
of these peaks obviously cannot be controlled, the filter can hardly be con¬ 
sidered to be of the m-derived type. The propagation function is 


2 tanlr 


4 


Z. ; „, 

Z oc h 


= 2 tanh 


1 + 


-(l - tan 2 1 -) 

i \ -4 wo/ 


(76) 



Table 101.—Matrix Elements for Filter Section of Fig. 10 23 
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An experimental curve is reproduced 
in Fig. 10-25 showing the insertion 
loss of one L-section, that is of one 
half of the filter shown in Fig. 10-24. 
Table 10-1 gives the matrix compo¬ 
nents for Filter No. 1 (T-section) and 
for the II- and L-seetions derived from 
it. 

Filter No. 2 in Fig. 10-23 is ob¬ 
tained from the «i-derived Il-section 
shown in Fig. 10-20a. The series arm 
of the section is transformed into a 
series combination of two resonant 
circuits tuned to the frequencies of 
infinite attenuation and as 
shown in Fig. 10-206. These two fre¬ 
quencies occur on opposite sides of 
the pass band. Two short-circuited 
lines of length 



(77) 


are substituted for the shunt arm. 
The characteristic impedance of these 
lines must be 


1 l _ Rt w 
Zo1 “ 2Ci c ~ 4 ^ 


(78) 


In the series arm two short-circuited 
lines of length U and 1 2 are substituted 
for the two resonant circuits. Then, 


l , 




(79) 


For filters with a reasonably narrow 
band the following approximation (tan 
be made: 

h + lt = 21. (80) 


It follows that the two lines must have 
the same characteristic impedance 
Z 02 , since for u = the sum of their 
impedances must be equal to zero. 
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The quantity Z lYi can be found by equating the slope of the reactance of 
the shunt arm at the mean frequency to 2 Li, that is, to the corresponding 
value for the lumped network. Thus, it is required that 


Z 02 

where w„ = to, 


U( 


tan w - + tan w — 
c c 


)1 


63q 


= 2L, 


O>0 


whence it follows that 
4 mR too 


r, 2tO 0 . . „ 7r 

£ 02 ~ - Lj2 sin 2 — - 

7r 4 Wo 


. o Trw x 

sin 2 -r — • 

W 4 Wo 


For small values of w m /oq this equation reduces to 


Z 02 — mR 


w w f w„ y 

4 too \ III / 


R- 


m 


(81) 


(82) 


(83) 


4 1 — m- too 

Equations (77), (78), (79), (80), and (83) form a complete set of design 
equations in the case of narrow-band filters. For larger values of w/ to 0 



- vr~ 

(a) (b)‘ 

Fig. 10-26.—Two equivalent forms of m-derived bandpass filter. 

the same equations may be used, but some disagreements must be expected 
between actual and predicted characteristics. 

The components of the affiCID matrix are 
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Spurious pass bands are centered at frequencies 3u>o, 5w 0 , etc. The 
characteristics of the filter, however, are not periodic functions of to. 
For instance, the difference between the frequencies of infinite attenu¬ 
ation bracketing the pass band centered at 3co 0 is £co„. For further dis¬ 
cussion of filters of this type, the reader is referred to the original paper 
by Richards. 3 

The measured insertion loss for a filter of this type is compared in 

Fig. 10-27 with the predicted at¬ 



tenuation function; except for the 
anomalous bump in the pass band 
the agreement is good. Part of the 
discrepancy, particularly near the 
frequencies of infinite attenuation, 
is caused by incidental dissipation. 
The bump in the pass band is 
inexplicable, unless it arises from 
spurious effects introduced by the 
test procedure. 

Filter No. 3 may be considered 
as a high-pass filter derived from 
the lumped-element structure in 
Fig. 10-28. The cutoff frequency 
for this filter coincides with the 
zero of Z sch , that is, with the resonance frequency of L\ and C. The 
image impedance for o> = °° is made equal to the terminating resistance 
R . The design equations are then 
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Fio. 10-27.—Insertion loss of filter Type 2 
shown in Fig. 10 23. 


R 2 = L, 
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10-28.—Equivalent circuit for 
Type 3 shown in Fig. 10-23. 


filter 


A section of a line of character¬ 
istic impedance Z 0 and length 21 is 
then substituted for the lattice. From Eqs. (37) and (38) it is found that 

l „ 1 l 


L x — Z o 


Ci = 


Z o c 


Equations (84), (85), and (86) then yield, for a> C l/c « 1, 

Z 0 — R 

r 1 c 

= p —T 
K to,-1 


( 86 ) 

(87) 

( 88 ) 


The length l is arbitrary but must be made short compared with a quarter 
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wavelength over the frequency band of interest. When this condition is 
satisfied, the behavior of the actual filter approximates closely the 
behavior of the lumped-element network. On the other hand, if this 
condition is not satisfied, the behavior of Z och and Z„. h must be examined 
for the actual filter. It is easy to show that the exact value of the cutoff 
frequency u c is given by the expression 

Zo^cC tan o) c - — 1 for u c - < ~ (89) 

c c z 

The impedance Z 0 can still be made equal to the terminating impedance 
R, since it is well known that under these conditions there is always a 
frequency at which the reflections arising from the two condensers cancel 
each other and perfect transmission results. 

^-Polystyrene r- Dilectene spacers 
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Fig. 10-29.—A practical form of filter Type 3 shown in Fig. 10-23. 



Spurious attenuation bands appear between the frequencies at which / 
becomes equal to an integral number n of quarter wavelengths and the 

frequencies at which Eq. (89) is satisfied for (n — 1) ~ < — < n It 

z c z 

follows that this filter may be used also as a bandpass filter. 

For the components of the Cfc(Be£> matrix it is found that 


1 . 2a )l *20)1 

d = sin- V cos —; 

ai(_/ Zq C c 


i z " ( 1 u*r-zi) sl 


2a )l 2 2 co l 
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. 1 . 2c ol 

e = 3 v sin —; 

Z/o c 

1 . 2c ol 

23 = oJ cZo sin T 


A practical design for a filter of this type is shown in Fig. 10-29. 
It consists of a coaxial line with polystyrene filler between the inner and 
outer conductors. The inner conductor is broken periodically and the 
sections thus formed are spaced with Dilectene washers to form series 
capacitances. The capacitances of the first and last condensers are equal 
to C whereas the capacitances of the other seven condensers are equal to 
C/2. The filter consists, thus, of eight prototype sections. The experi¬ 
mentally determined insertion loss for this filter is shown in Fig. 10-30. 
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Filter No. 4 in Fig. 10-23 may be derived from the low-pass filter 
shown in Fig. 10-31. The cutoff frequency co c of this filter coincides with 
the zero of Z 0 ,. hj that is, with the resonance frequency of Li and CV The 
zero-frequency image impedance is made equal to the terminating 
resistance R. Under these conditions, the design equations are 


, _ 1 

“c r fi 

A'jo i 

R2 = u+u 

F 1 


(91) 

(92) 


Note that the attenuation never 
impedance, and consequently the 
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Flo. 10*30.-—Insertion loss of filter shown 
in Fig. 10*29. 


becomes infinite; however, the image 
insertion loss, become infinite for 

CO = CO . 

The corresponding microwave 
filter is designed by substituting a 
line of characteristic impedance Z 0 1 , 
and of length 21 for the lattice, and a 
short-circuited line of characteristic 
impedance Z 02 and of length l for 
the series inductance. Then 



According to Kq. (92), the result is 
R 1 = Zy\{Z{)i T Zui). 


However, if u c l/c is small compared with unity, that is, if l is much 
smaller than one-quarter wavelength for u = &v, the design can be 
simplified by letting Z 01 = R. This will change the loss in the pass 
band somewhat; as a matter of fact, it will tend to improve the char¬ 
acteristics of the filter since perfect transmission will be obtained not only 
at zero frequency but also at the frequency for which tin- image impedance 
is equal to R. 

Note that all the lumped elements have been effectively replaced In¬ 
sertions of line of equal length /. It follows, according to the discussion 
in Sec. 10-1, that the frequency characteristics of the microwave filter 
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can be obtained without any approximations from the corresponding 

functions for the lumped-element filter by simply substituting tan w' - 

c 

Q 

for u. Thus the resulting functions have a period equal to ir j, as shown 

in Fig. 10-23. The components of the GttBeSD matrix can be obtained 
from Eq. (90) by substituting Z 0 1 

for Z 0 and Z a2 tan for- 

i uL 

Other types of filters, similar 
to the one discussed above, can 
be designed without difficulty. 

For further discussion of these 
filters, the reader is referred to the 
original report by Richards. 3 

10-6. Waveguide Filters. —It may be noted that no waveguide filter 
has been described up to this point. Theoretically speaking, the behavior 
of hollow-pipe waveguides is so similar to the behavior of conventional 
transmission lines that one might expect to find waveguide filters analogous 
to the broadband filters discussed in the preceding section. No such fil¬ 
ters, however, have ever been built for a number of reasons. 

First of all, a waveguide is intrinsically a high-pass filter. Low-pass 
filters are thus excluded, and the need for any high-pass filter other than a 
simple section of guide is rather improbable. The characteristics of 
guides as high-pass filters are discussed below. In the second place, 
it would be rather difficult to design filters employing sections of wave¬ 
guides as elements because of the junction effects. Theste junction 
effects, which in general can be minimized in the case of conventional 
transmission lines, become of paramount importance in the case of wave¬ 
guides. It follows that not only does any theoretical design become 
worthless, but even the mathematical analysis of a given system becomes 
impossible to perform. In the case of narrow-band filters, however, the 
difficulties arising from the use of waveguides are easily overcome, as 
will be shown later. 

In view' of this situation, it is fortunate, indeed, that waveguide 
filters very seldom require a broad pass band. TR switches are the only 
broadband filters ever built. Even in this case, the design procedure for 
narrow-band filters is applicable. The fact that broadband filters are 
seldom needed becomes clear when one considers that the absolute fre¬ 
quency band required to transmit a given intelligence is independent of 
the frequency of the carrier. It follows immediately that the same 
intelligence that requires, for instance, a 10 per cent band at 300 Mc/sec 
will require only a 1 per cent band at 3000 Mc/sec, 
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Flo. 10-31.—Equivalent circuit for filter 
Type 4 shown in Fig. 10-23. 
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It seems worth while to discuss the behavior of waveguides as high- 
pass filters in more detail. Below a certain critical frequency, an exciting 
field in a waveguide will die out exponentially according to the law 
E = E 0 e~ ax where E 0 is the amplitude of the field at the point of excitation 
and x is the distance from this point to the point of measurement. The 
threshold frequency for this phenomenon is known as the “cutoff fre¬ 
quency” and depends on the geometry of the waveguide and the particu¬ 
lar mode excited. In the follow¬ 
ing discussion, attention will be 
confined to the damping of domi¬ 
nant modes in rectangular and cir¬ 
cular waveguide. 

The attenuation function is 
given in all cases by 
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10-32.—Attenuation below cutoff in 
waveguide. 


db/meter 

where X and X„ are, respectively, 
the free-space wavelength and the 
cutoff wavelength in meters. It 
should be recalled that this at¬ 
tenuation is not a consequence of 


dissipation of a traveling wave, but is attenuation by reflection just as 
in the case of nondissipative filters. 

It is clear from the foregoing equation that the maximum obtainable 
attenuation is 54.6/X db/meter. For the TE l0 -mode in rectangular 
waveguide X„ = 2 a, where a is the wide dimension of the guide; for the 
TFn-mode in circular waveguide, X c = 3.41r, where r is the radius of the 
guide. 

Figure 10-32 gives a normalized plot of the attenuation function as a 
function of X f /X. It is apparent i 

C T.-4.-~^ 3 


from this graph that any device 
that alters X c will change the cutoff 
frequency. Thus, for instance, a 
variable cutoff high-pass filter can 
be obtained by placing in the guide 


Fig. 10-33.—High-pass filter constructed 
from a tapered rectangular waveguide. 


a thin, longitudinal dielectric or 
metallic slab which can be moved across the waveguide. A method of 
obtaining the same result by means of a variable-width guide has been 
described by Wadey. 4 

The insertion loss of a section of guide differs from the total attenua¬ 
tion of the section and depends on the source and load impedances just 
as in the case of conventional filters. ”Tapers are used in most cases to 
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match the input and output guides to the attenuating section as shown 
in Fig. 10-33. However, a perfect match can never be obtained because 
the guide wavelength approaches infinity when the frequency approaches 
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Ac 

Fig. 10-34.—Behavior of tapered waveguide near cutoff frequency. 

its cutoff value. Figure 10-34 gives typical data on a filter section of 
this type. 

FILTERS EMPLOYING DIRECT-COUPLED CAVITY RESONATORS 

It has been pointed out that the use of lines in filter design is limited 
by the values of characteristic impedances obtainable in practice. More 
specifically, it is not practical to build narrow-band filters employing 
lines, inductances, and capacitance, exclusively. A similar situation 
arises also in connection with lumped-element filters because of practical 
limitations on the size of the elements. In the latter case, the difficulty 
is overcome by transforming the network, usually a ladder structure, into 
a cascade of resonant circuits loosely coupled through mutual inductances. 
As an example, consider the bandpass section of the constant-^: type 
shown in Fig. 10-35a. This filter is designed for a mean frequency 
wo, a bandwidth w, and terminating impedances equal to R. With 
reference to the design equations given in Fig. 10-35a, it is obviously 
difficult to build inductances and capacitances of the widely different 
sizes required for a 1 per cent bandwidth, that is, for a ratio w 0 /w equal to 
100 . 

To circumvent this difficulty the network is transformed into the 
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equivalent structure shown in Fig. 10-35b. The reader who is not familiar 
with the details of this transformation procedure is referred to Chap. 4, 
Sec. 6, of Communications Networks by E. A. Guillemin. The equivalence 
of the two structures as two-terminal-pair networks can be checked with¬ 
out difficulty, however, by computing the impedances Z oA and Z sch . In 
the transformed network, all the inductances have the same value, and 
the ratio Cj/C\ is only 2. If L, is still too large, the impedance level of 
the whole network may be changed by means of ideal transformers or, 
in practice, by means of two suitable matching networks. This method 
of designing narrow-band lumped-element filters leads to a solution of 
the analogous problem in the case of microwave filters. Cavity reso¬ 
nators are known to behave, in the vicinity of a resonance frequency, 
like simple resonant circuits, ft follows that a possible microwave 
realization of a narrow-band filter "'ill consist of a number of cavity 
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Fig. 10-35.—A prototype ermstaut-fc bandpass filter transformed into a more practical 

equivalent form. 


resonators coupled to one another in such a way that they form a chain. 
For this reason, cavity filters will now be discussed. Initially, however, 
there will be a digression for the discussion of the properties of cavities as 
network elements. 

10-6. Cavity Resonators as Circuit Elements. —Any cavity resonator 
is inherently a very complex network. It has an infinite number of 
natural frequencies of oscillation and, moreover, it may oscillate in more 
than one mode at any given natural frequency. The present section is 
concerned, particularly, with the external characteristics of cavities, 
that is, with their behavior as circuit elements. In view of this fact, one 
must consider a cavity together with the elements that couple it to the 
rest of the network. Under these conditions the frequency behavior of 
a cavity can be represented by means of any convenient set of three 
independent functions of frequency. The three open-circuit reactances 
A'n, N 12 , A ’»2 are particularly suitable for this purpose because they lead 
directly to a convenient form of equivalent circuit. These reactances 
are measured at the terminals of the cavity. No difficulty arises when 
the terminals consist of coaxial lines operated in the dominant TEM- 
mode. In the case of waveguide terminals, however, doubt may exist 
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concerning the exact meaning of impedance. This question deserves 
some attention before an analysis of cavities is given. 

Impedance, when defined in the conventional manner as the ratio of 
voltage to current, loses its meaning in connection with waveguides 
because of the lack of terminals at which these quantities can be meas¬ 
ured. It turns out, however, that the ratio of the transverse component 
of the electric field to the transverse component of the magnetic field is 
constant over any cross section of a waveguide and has the physical 
dimensions of an impedance. This ratio can be substituted, for most 
practical purposes, for the impedance as defined in the conventional 
manner. In particular, this ratio has the same functional properties 
with respect to frequency as regular impedance functions, that is, it 
obeys the same restrictions and fol¬ 
lows the same theorems. 

The only limitations to such a 
concept of impedance is that two 
such impedances cannot be compared 
when they are measured in different 
guides. This limitation, however, 
has no practical importance since 
such a situation never arises. In 
fact, the behavior of a network 
depends only on the relative values 
of the impedances measured at the 
same pair of terminals and never on 
the relative values of impedances 
measured at different pairs of ter¬ 
minals. A proof of this fact for the 
case of a two-terminal-pair network is given in Sec. 9 3. For further dis¬ 
cussion of the physical meaning of waveguide impedance the reader is 
referred to Vol. 8. 

According to the above definition of impedance, the characteristic 
impedance of a waveguide becomes the ratio of the transverse component 
of the electric field to the transverse component of the magnetic field for 
matched conditions, that is, when no standing wave is present in the 
guide. This ratio, which is also called the “wave impedance,” can be 
expressed in the case of TIE-modes as follows: 



Fig. 


10-36.—Equivalent circuits 
cavity resonator. 


of 




l 




(94) 


where o>„ is the cutoff frequency of the guide. 
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It is common practice in transmission-line work to normalize any 
impedance with respect to the characteristic impedance of the line in 
which such impedance is measured. The same practice is followed in 
the case of waveguides. It should be remembered, however, that since 
in this case the characteristic impedance is an irrational function of fre¬ 
quency, the normalized impedance does not have the same functional 
behavior as regular impedance functions. 

The foregoing considerations on the meaning of impedance in wave¬ 
guides permit the discussion of the frequency behavior of cavities with¬ 
out any limitation on the type of terminals. Consider first the case of a 
cavity with a single input line. Foster’s reactance theorem 19,20 states 
that the input reactance X(«) of any two-terminal reactive network can 
be represented in the form shove in Fig. 1036a. When this theorem is 
applied to a lossless cavity, each tuned circuit of the equivalent network 
corresponds to one of the resonance frequencies of the cavity, that is, one 
of the frequencies at vdiich the input reactance becomes infinite. 

The reactance of the cavity can then be written 


A» coL' + £ c , (a) 2 _ W ,J 

k-\ 


The values of the parameters are given by the expression 


Cl = 


k 2 
L'„ = 


dB{ o>) 
du 

dec 


d-\^] , 

L do: Jw=o 


Li = 


1 

II . 

k^k 


(95) 


(96) 

(97) 

(98) 


where B(u) is the input susceptance of the cavity. 

Another form of equivalent network is shown in Fig. 10-365. The 
reactance A'(u>) can be written in terms of the parameters of this network 
as follow-s: 



k = 1 
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„ , V„ (/ ( A ' < “ ) - =k) 

0 0 + Zy k ~ L —J’ 

Jfc = l 

t Of,, wl\dB(a) 

1 -= - - 2 -» 

, _ _l [d ff(g>) 

4 co|/: t ’ l# l J--o 


c\ = - 


The Ath term of the summation of Eq. (99) is the, reactance of the Ath 
resonant loop reflected in the primary loop through the mutual induct¬ 
ance Mi. It is physically clear that, given any arbitrary value «' of to, 
at any frequency co < to', the terms of the summation for which <o|» o>' 2 
can he neglected. In fact, under these conditions the resonant loop is 
approximately an open circuit, and therefore the reactance reflected in 
the primary loop is negligible. For q 

this reason, Eq. (99) and the cor- o-1(- ( j ( - o-j 

responding network of Fig. 10-305 JL | . o 

arc preferable, in the case of distrib- c p " p ^Pa 

uted-constant, systems, to E<[. (95) 0 f |_ 0 T 

and the corresponding network of (o) (6) 

Fig. 10-3<>«. For a mathematical Km. io:)7. Approximate circuit* of a 
discussion of this question and of the 1 ,l '"- v leM> "‘ U01 ' 

convergence of the infinite summations of Eqs. (95) and (99), the, reader 
is referred to the original paper by S. Bchelkunoff, 1 ” and to Yol. 8. 

In most practical cases it is the behavior of a cavity in the vicinity of 
a resonance frequency w„, that is, of a pole of A'(o>) that is of interest,. 
By '‘vicinity” is meant a frequency band that is centered at a> p and has 
a width small compared with a> p and with the difference between w p and 
the adjacent resonance frequencies. Under these conditions all the terms 
of the summations in Eq. (99) either are negligible compared with the 
pth term or behave approximately like negative inductive reactances. 
The equivalent network reduces then to the one shown in Fig. 1037a in 
which 

C = Cn (103) 


( b) 

ireuits of ;i 


If one step further is taken by neglecting the reactances of C and L and 
Ihe variation of w ui,.. the equivalent network of Fig. 10-375 is obtained; 
its reactance is simply the pth term o! the summation in Eq. (95). 
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Consider now the case of a cavity with input and output couplings. 
The cavity becomes then a two-terminal-pair network with an infinite 
number of natural modes of oscillation, that is, an infinite number of 
frequencies at which the open-circuit reactances In, X 12 , X 22 become 
infinite. If no dissipation is present, the extension of Foster’s reactance 
theorem 19 to the case of two-terminal-pair networks leads to the following 
expressions for the open-circuit reactances of a cavity:* 


**Mh 


Xll(ill) — toLlo- p -b ^ T-j—2 2\' 

* = 1 

V / \ _ r 1 , V 

x2a( “) = “ L20 _ ^0 + 4 


■V t \ If I 1 V' 

X 12 (a) — aM 0 p -b y f—j —; 

ut»o L k (a, 


3 MikMtk 


(105) 



Fig. 10*38.—Equivalent circuit of a cavity 
with two pairs of terminals. 

(101), and (102), namely, 


The corresponding equivalent cir¬ 
cuit is shown in Fig. 10-38. Each 
resonant loop is tuned to a natural 
frequency of the [cavity and cor¬ 
responds to one term in each of 
the summations of Eq. (105). 
The mutual inductance M 0 repre¬ 
sents direct inductive coupling 
between the input and output 
terminals. The two capacitances 
C m /2 together with the ideal 
transformer represent direct ca¬ 
pacitive coupling between the 
input and output terminals. 

The values of the elements in 
the equivalent network of Fig. 
10-38 are given by equations 
similar in form to Eqs. (100), 


* This analysis is based on the assumption either that only one mode of oscillation 
is associated with any resonance frequency of the cavity or, if several modes have the 
same resonance frequency, that these degenerate modes are coupled symmetrically to 
the input and output terminals. The case of degenerate modes asymmetrically 
coupled to the terminal can be considered as the limiting case of normal modes with 
almost equal resonance frequencies. This case, however, is rare since asymmetric 
couplings eliminate, in general, any preexistent degeneracy of modes. 
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Lk _ /dSn(oi)\ 

MU ~ 2 \ do, ) mm J 
Lk __ /dB 22(<j)\ 

MU ~ 2 \~fa~J„ = J 

L k _ / dBi^{oT)\ 

MikMtk 2 \ doj /„=*«* 

„ _(dBuM\ j _ d { XnM ~i) 

\ UU3 / U)~fl L dw J w = o 

r (dB n ( a )\ T d ( A " (w) “ J’j 

^20 — 1 j - I f iv20 555 - » - t 

\ aw / w »o dtji Jw = n 


c - - (^L- * - 


d( X„(«) - 


C m «,) 

- / 

. oj * 0 


where Bn — — , B !2 — — Bi 2 = — -J— are the open-circuit sus- 

^ ii A 22 A12 

ceptances. As in the case of a cavity with a single pair of terminals, given 
any arbitrary value 01 ' of a, for u < the terms of the summations for 
which oil » ( U 'Y can be neglected. 

Similarly, in the vicinity of any c, c m c 2 c m 

resonance frequency op, the equiv- c m -c 1 Ideal c * ” c 2 
alent network reduces to the one ° _L ib Xi 

shown in Fig. 10-39o. The param- ^2 ~ T~ 0 } jS -r- 9jb 

eters Lx, C 1 , L 2 , C 2 are given by s M 7 

equations similar to Eqs. (103) ° 1 / g 

and (104), whereas M and C m are , S b L p 1 g , 

given by the expression ° - —J o 


AT = M 0 


C m = C„ 


MxtMu. 

U 



If a further simplification is made 1 - 0 0 -*-Ideal 0— ^ 

by neglecting the reactances of Li, ® 

C 1 T C* li/f A r* 4 -\* * ?*<*■ —Approximate equivalent circuits 

L/1, Li 2, L-2; ana C m , tue. 6 QU. 1 V- 0 f 3 cav ity with two pairs of terminals. 

alent circuit shown in Fig. 10-395 

is obtained. The ideal transformer produces the required change of imped¬ 
ance level if the network is not symmetrical. The values of the elements 
are given by 
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CL = 


a 


1 Lp _ 1 / i T ' — '' 

m\ p ~ 2 v J " ~ «*£;’ 

_ A/;,, _ /(/Bn(ti)\ / dB,] (,rA 

A/ip \ rfw A_ b A /»-«,, 


(113) 

(114) 


The effect of incidental dissipation can he taken into account, to a 
first approximation, by inserting a series resistance IB in every resonant 
loop of the equivalent circuit of Fig. 10-38. The value of /f,. is usually 
expressed in terms of the Q of the cavity at. the frequency «* by the 
relation 


<J>khk 

"J ?„ 


= Qk, 


(115) 


where Q k is defined as 2ir times the ratio of the energy stored to the 
energy dissipated per cycle when the cavity oscillates at the 4th natural 
frequency. The quantity Q k can also he expressed in terms of the fre¬ 
quency behavior of the open-circuit impedances Z n. Z T2 , and Z 12 . bet, 
w k be the difference between the frequencies on both sides of o>,.. at which 
the square of the magnitude of any one of the three open-circuit imped¬ 
ances becomes one-half of its maximum value; then 


a - "*■ 

Qk _ MV, 


(ll(i) 


It should be noted, however, that this equation is correct only if w k is 
small compared with the difference between a > t and the nearest resonance 
frequency of the cavity. 

Dissipation is taken into account in the equivalent circuit of Fig. 
10-396 by means of a shunt conductance G’ :> given by 

(117) 

It is common practice in dealing with a cavity resonator to express 
the elements of the equivalent circuits in a normalized form bv means of 
the so-called “loaded Q’».” Let Zi 1 and Z m be the characteristic imped¬ 
ances of the input arid output lines respectively. The quantity (Q,,) M 
is defined as the Q of the cavity at the frequency when a resistance 
equal to Z 01 is connected to the input terminal. With reference to the 
equivalent circuit of Fig. 10-396, which is exactly correct for « = 


«2„)j,. 


MpZ ni dB n(cil) 

2 (r*o> = 


Zm 

- { t\ P 


(1181 


(Qp)li is defined similarly as the Q of the cavity when a resistance equal 
to Z 0 2 is connected to the output terminals. In this case 
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(Qp)l2 — 0>pCp 


/ Zo 


du 


Z02 Lp 

“p Aflp 


(119) 


a 2 2 

It follows that the Q of the cavity, when loaded on both sides, becomes 


ZniZo 


ir . \ _ ri t -^ 01^02 

(Qph ' ~ WpC Pa*Zoi + Z 0 2 


{Qp)li{Qp)l2 
{Qp)l 1 + (Qp)l2 


( 120 ) 


Note that in defining these loaded Q’s it has been assumed implicitly 
that there is no dissipation inside the cavity. If the loaded Q’s were 
determined experimentally, instead of (Q p )i i, ( Q p )li the following values 
would be obtained: 


(<&)« 

(<£)« 


Qv(Qp)li 
Q p + (Qp)li 
Qp(Qp)l 2 
Qp + ( Qp)i 2 


( 121 ) 

( 122 ) 


In conclusion, the behavior of a cavity in the vicinity of a resonance 
frequency u 0 is determined by three parameters, namely, Qo, Qn and Q t ». 
The subscript p has been dropped since from now on the behavior of 
cavities in the vicinity of only one resonance frequency will be considered. 

10-7. Design of Cavity Resonators. —Of all the various types 
described, only the simple cylindrical cavity, the reentrant cylindrical 
cavity, and the rectangular cavity need be considered. These types 
satisfy, in general, the size and weight requirements imposed on filters 
and can be manufactured by simple processes. 

The unloaded Q of a cavity is determined by the volume-to-surface 
ratio of the cavity, the mode excited, and the resistivity of the surface. 
In designing simple resonant cavities for filters, it is desirable, if possible, 
to have only one resonance frequency lying within the frequency range 
of interest. In general, this procedure sets an upper limit on the size 
of the cavity and consequently on the Qo of the cavity for a given surface 
material. In some cases a compromise must be effected, since to reduce 
the dissipative loss in the filter to a minimum, Qo should be as large as 
possible. 

For quantitative illustration, consider the use of a symmetrical cavity 
as a selective transmission device. Let the input and output lines be 
properly terminated in their characteristic impedance Z 0 . An approxi¬ 
mate equivalent circuit for the system is shown in Fig. 1040a. The 
voltage source E s in series with the line impedance Z 0 is transformed into 
an equivalent current source shunted by Z 0 as shown in Fig. 10-405. 
The ratio of the power delivered to the load to the power available from 
the source behaves with frequency as a simple resonance curve, as shown 
in Fig. 10-41. The ratio of the mean frequency « 0 to the difference w 
between the two half-power frequencies is, by definition, equal to Q' t , 
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the Q of the dissipative cavity when loaded on both sides by Z 0 . If 
Q 0 is the unloaded Q of a symmetrical cavity, for the insertion loss L 
at resonance 

L = 20 log« (1+ (123) 

In view of the relation between Qi and bandwidth, it is clear that losses 
are more important in narrow-band filters. 



Fig. 10-40.—Two equivalent circuits of a cavity loaded on both sides. 


From the foregoing discussion, it is evident that to change the effective 
bandwidth of a cavity, the coupling to the cavity must be altered. The 
exact manner in which this may be done depends on the type of coupling 
used, which in turn is largely dependent on system requirements. 

In many cases, it is convenient to make a cavity resonator by placing 
two irises in a section of rectangular waveguide. This procedure has 
the advantage of permitting the theoretical calculation of the size of 

irises required for a given loaded 
10 j 7\ | Q. In waveguides, inductive irises 

§ / \ ! Q = sr are a l mos t always used as cou- 

| / \ plings. These are superior to 

c / \ capacitive irises from the point of 

“ 05 “ \ view of both loss and power-han- 

■5 y' \. dling capacity. Even more im- 

K portant, perhaps, is the fact that 

_[_for a given amount of coupling, 

"o the opening for an inductive iris is 

Frequency always bigger than for the cor- 

Fig. 10-41.—A simple resonance curve. *. .... . 

responding capacitive iris, and 
hence the inductive iris is easier to make. For instance, a normalized 
susceptance of 10 in a 1- by 1-in. waveguide requires a gap size in a 
capacitive iris of 0.004 in. whereas the opening in a symmetrical inductive 
iris with the same susceptance is approximately 0.25 in. For similar 
mechanical reasons, the symmetrical inductive iris is preferred to the 
asymmetrical iris. Moreover, the second mode excited by a symmetrical 
iris in a rectangular guide is the TIE^o-mode whereas the asymmetrical 
iris excites the 7'E-_.o-mode also. 


Frequency 

Fig. 10-41.—A simple resonance curve. 
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It is possible to calculate bv simple formulas, as shown below, the 


normalized susceptance required 
for a rectangular cavity with a 
given loaded Q. From the nor¬ 
malized susceptance the size of the 
inductive iris required may be cal¬ 
culated. It is important to take 
into account the thickness of the 
iris since this has an appreciable 
effect on the normalized suscep¬ 
tance and hence on the loaded Q. 
Figure 10-42 shows a theoretical 
curve of the loaded Q as a function 
of iris size when zero iris thickness 
is assumed, and a similar experi¬ 
mental curve for irises -jV in. thick 
in a 1- by ^-in. guide. 

If the cavity is made of rectan¬ 
gular waveguide with completely 



0.4 0.3 0.2 0.1 0 

Aperture d in inches 

Fig. 10-42.—Loaded Q as a function of 


iris size for rectangular cavity in 1- by 1-in. 
guide. 

closed ends, the resonance frequency 


occurs when the length of the cavity is equal to X„/2. When the coupling 



irises are introduced, however, the 
length of the cavity must be re¬ 
duced to maintain the same reso¬ 
nance frequency. For stronger 
couplings, that is, larger iris open¬ 
ings, the shortening required is 
correspondingly greater. Figure 
10-43 shows this relation for cavi¬ 
ties made from 1- by -j-in. rectan¬ 
gular waveguide using -g^-in. 
inductive irises. It is obviously 
impossible to build a cavity whose 
resonance frequency is exactly 
equal to a specified value. There¬ 
fore, it is considered good practice 
to make the distance between the 
irises slightly shorter than required 
and to provide a capacitative tun¬ 
ing screw which can be used to 
tune the cavity over a 10 per cent 


Fig. 10-43. —Foreshortening of rectangular 
waveguide cavity as function of loaded Q. 


frequency band. If the screw is 
placed at the center of the cavity 


where the currents are a minimum, it introduces only a slight additional loss. 






656 


THE DESIGN OF MICROWAVE FILTERS 


[Sec. 10-7 


The final form of such a cavity constructed from 1- by -f-m. rectangu¬ 
lar waveguide and designed to resonate at 3.3 cm is shown in Fig. 10-44. 



Fio. 10-44.—Rectangular cavity resonator. 

can be determined by making the o 
normalized) equal to zero for u> = u> 0 . 


In order to illustrate the general 
remarks made above it appears 
worth w'hile to give the design 
calculations for this cavity as an 
example of the required procedure. 
Furthermore, these calculations 
will offer the opportunity of point¬ 
ing out the effects of certain ap¬ 
proximations currently made in 
the design of cavities. 

The arrangement of two induc¬ 
tive irises in a rectangular wave¬ 
guide and its equivalent circuit are 
shown schematically in Fig. 10-45a 
and Fig. 10-455. Let 5 be the nor¬ 
malized susceptance of either iris. 
The length l of the section of guide 
en-circuit input susceptance (not 
For B u 




5 + tan 


5 + 




1 — 5 tan 




(124) 


Therefore, the proper length l is given by the expression 


tan = ( 125 ) 

where 5 0 is the value of 5 for 
w = co 0 . To determine the loaded 
Q’s of the cavity, the slope of Bu 
for w = goo must first be computed. 
If Ql is larger than 100; it is rea¬ 
sonable to neglect the frequency 
variation of 5. On the basis of 
this assumption, from Eqs. (124) 
and (125) there is obtained the 





(a) ( b) 

Fiu. 10-45.—A simple rectangular cavity 
in waveguide and its transmission-line 
equivalent. 

equation 



(126) 
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Ql 
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1 - ^ 


(s)’ 


tan - 


2& 0 
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For large values of b 0 this equation becomes approximately 


Ql 



(128) 


Thus, to a first approximation, Q L varies quadratically with b 0 . 

The design of an inductive iris for a given b 0 is3 straightforward. For 
an infinitely thin symmetrical iris there is the approximate relation 


b 


0 — 



(129) 


where d is the opening of the iris and a is the width of the guide. Sub¬ 
stitution of Eq. (129) in Eq. (128) yields 


Ql 



(130) 


Thus, for sufficiently small values of d/a, Q L is proportional to d~ 4 . This 
relation reveals how critical are the iris dimensions for large values of 
Ql. Equation (128), on the other hand, points to the necessity of cor¬ 
recting Eq. (129) to take into account the thickness of the irises. 

The amount of loss at resonance may be calculated from Eq. (123). 
For instance, a cavity with a Q 0 of 10,000 and a loaded Q L of 100 has a 
loss at resonance of only 0.08 db; but if Q L is increased to 500, the cor¬ 
responding loss is 0.42 db. 

It is interesting to compare the above results with the insertion loss 
computed from the elements of the affiCSD matrix of the system. For 
the matrix elements 


G = X> = cos 6 — b o sin 9, ) 

0 i = j sin 9, > (131) 

6 = i[(l — bl ) sin 6 + 2b 0 cos 9} ) 

» 

9 = l - vV - (132) 


where 
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Consequently, it is found that for the insertion loss 


L = 10 logi 


1 + --- (2 cos 6 — b 0 sin 6) 2 


Since perfect transmission is obtained for 


(133) 


tan 6 = <-1 
0 o 


the proper value of l is given by 

l 


tan - V“o - “c = j-- 

C Do 


(134) 


(135) 


The apparent disagreement between this equation and Eq. (125) 
results from the implicit assumption that perfect transmission through 
the cavity occurs at the resonance frequency oi„ as the equivalent circuit 
of Fig. 10-396 would indicate. This equivalent circuit, however, neglects, 
in our case, the reactances woLi = unL% = — Zo/bo (see Fig. 10-326). It 
can be shown that these reactances shift the frequency of perfect trans¬ 
mission from u 0 to 


0>o — COo 


1 - 


bo 


2Q t (l + b,*) J 


(136) 


The bandwidth 
curve becomes 


u’ between the half-power points of the transmission 


_ 

Ql 1 + bl 


(137) 


For large values of b 0 these corrections are evidently negligible and Eqs. 
(125), and (135) lead to identical results for any practical purposes. 

Consider now a rectangular cavity asymmetrically loaded. Let 61 
and 6 2 be the normalized susceptances of the input and output irises 
respectively, and l the distance between the two irises. For B n and B- n 






bl + 


& 2 + tan ( - \4' 2 




62 + 


tan 

_ Q >/«’-»*) 

1 — bi tan ^ y/ a 2 — 


1 - b 
b 1 + tan I - 


(138) 


(139) 


For ai = u 0 both Bn and £22 must vanish. It follows that the proper 
length of the cavity is given by • 


l 


61 + 62 


tan - V«o - «! = ii , 
c b]U 2 — 1 


(140) 
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The slopes of Bn and B 22 at their common zero are given by 


- j- ? " ' tan- 
\ dctf VmvuT 7 ®I 

Aig.A = /dBu\ bt 

\ dti? )iii = oia \ dw / w = wo 


_! fei d~ 5? 
6162 — 1 

+1 


The loaded Q’s of the cavity are then 

bt + 1 


Ql 1 — 


[‘-(5)' 

Qz.2 = Ql 


t, tan' 


+ 1 


b 1 -f- ^2 
bib 2 — t 


61 + 1 

bj + 1' 


(141) 

(142) 


(143) 

(144) 


These equations can be further simplified for large values of b 1 and b 2 
as in the case of symmetrical cavities. 

A design procedure similar to the one just described can be followed 
when a circular waveguide is used instead of a rectangular waveguide. 
In this case circular irises are recommended. 

In some cases it is desirable to use other types of cavities with rec¬ 
tangular waveguide feeds. Irises are still used as coupling elements 
although theoretical design is usually impossible since the field distribu¬ 
tion is not, in general, the same on the two sides of an iris, and the cor¬ 
rect coupling must be determined empirically. For obvious reasons of a 
mechanical nature, circular irises are preferred to inductive irises. An 
example of the use of circular irises is shown in Fig. 10 62. 

To connect a cavity to a coaxial line, three types of coupling devices 
may be used, namely, loops, probes, and irises. These three methods of 
coupling are illustrated schematically in Fig. 10-46. The cavities shown 
in this figure are of the reentrant cylindrical type. They may be con¬ 
sidered, roughly, as sections of coaxial lines short-circuited at one end 
and loaded with a capacitance at the other end. From the point of view 
of reproducibility, the iris and probe couplings are to be preferred. 
However, the loop coupling presents considerable advantages when the 
coupling has to be adjusted after assembly. In fact, the coupling can 
be varied very easily by rotating the plane of the loop with respect to 
the cavity. 

The introduction of the coupling elements in a cavity alters the 
resonance frequency by a small but unpredictable amount. For this 
reason, as in waveguides, it is general practice to provide a method for 
tuning the cavity to the desired frequency after assembly. This tuning 
can be accomplished in reentrant cavities by making the length of the 
center conductor adjustable. A cavity with loop couplings and adjust¬ 
able-screw tuning is shown in Fig. 10-47. This cavity can be tuned over 
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more than a 10 per cent band at about 3000 Mc/sec. Its Q 0 is about 
5000 and the loaded Q with the loop size shown is about 500. The 
resulting transmission loss at resonance is about 0.5 db. 



(o) (6) (c) 

Fig. 10-46. —Alternative couplings to a reentrant cylindrical cavity. 


The main disadvantages of a cavity resonator are its size and weight. 
In many cases where a loaded Q of less than 30 to 40 is sufficient, it is 
possible, by replacing cavities with resonant irises, to reduce the weight 
and space required. These irises behave like parallel-tuned circuits in 
shunt to the line and, therefore, may be considered as combinations of 



Fig. 10-47.—A reentrant cylindrical cavity resonator with loop couplings and provision 

for tuning. 

inductive and capacitive irises. Several types of such irises may be used, 
the most common of which are illustrated schematically in Fig. 10-48. 

The saving in space and weight associated with the use of a resonant 
iris results from the fact that the waveguide is used to store the energy 
associated with the iris, while still performing its function as link to other 
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components of the system. However, since the ratio of the effective 
volume to the surface is always smaller for an iris than for a cavity with 
the same loaded Q, the dissipative losses in the iris will always be greater. 
Thus, the use of resonant irises is restricted to values of loaded Q suf¬ 
ficiently small to keep the trans¬ 
mission loss within reasonable 
limits. On the other hand, the 
design of cavities becomes rather 
difficult when small loaded Q’s of 
the order of magnitude of 50 are 
desired because the coupling ele¬ 
ment becomes a major portion of 
the cavity. It follows that reso¬ 
nant irises are complements to 
cavities rather than substitutes for 
them. Their application in the design of broadband waveguide filters 
will make this fact more evident. 

10-8. Theory of Direct-coupled Cavities.— In many applications, a 
simple resonant cavity does not provide sufficient off-band attenuation 
for a given maximum insertion loss in the pass band. Consequently, it 
is appropriate to inquire how more satisfactory characteristics may be 
obtained by using & chain of cavities directly coupled to one another. 
It has been pointed out previously that such a system resembles the well- 
known lumped-elemeht structure characteristic of narrow-band filters. 
The following analysis will show that microwave filters consisting of a 
chain of cavities all tuned to the same frequency can actually be derived 
without difficulty from corresponding lumped-element filters. 

Each cavity in a chain can be represented in the vicinity of its reso¬ 
nance frequency oj,> by an equivalent circuit of the type shown in Fig. 
10-39a. For simplicity, any direct coupling between input and output 
terminals will be neglected. Furthermore, since narrow-band filters are 
under consideration, the frequency dependence of all nonresonant react¬ 
ances such as those resulting from mutual inductances will be neglected. 
It follows that the actual nature of such a nonresonant reactance is 
immaterial. For the sake of simplicity, these reactances will be indicated 
schematically as inductances. 

On the basis of the above assumptions, the equivalent circuit for a 
chain of cavities takes the form shown in Fig. 10-49a. The reactance X k 
is the coupling reactance a> a M k between the fcth cavity and the preceding 
one. Xs amd X L are the reactances of the input and output loops 
respectively. All elements of the network are normalized with respect 
to the terminating resistances, or, in other words, the network is designed 
to operate between 1-ohm terminations. 
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Fig. 10-49.—The equivalent circuit for a chain of cavities and the corresponding prototype 

low-pass structure. 


Let Z be the impedance of any one of the resonant loops and let ojo be 
the resonance frequency thus: 

Z-jU io (---)• (145) 

The input impedance Z\ of the network when terminated in a 1-ohm 
resistance can be written in the form of a continuous fraction as follows: 


Z\ — jX s -f- 


XI 


z + V 


z + 


z + 


(146) 


• + 


Xi-t 


2 + 


i + jXi 


If the number n of cavities is even, this equation becomes 


Z\ — jXs + 


1 



1 

+ _ 

x\ + zx\ 

• XlXl + 


(147) 
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zx\x\ ■ ■ ■ xj 
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If n is odd, the last terms of this equation become 
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zx\x I 


x\x\ 


• XI 


XU + 


zx\x\ 
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x\x\ 


XI 




(1 +}Xl) 
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Consider now the prototype low-pass ladder structure shown in Fig. 
10-496; its cutoff frequency is 1 radian/sec. The input impedance Z[ of 
this filter terminated in a resistance R can also be expressed in the form of 
a continuous fraction. To avoid confusion with the oi used in connection 
with the bandpass filter, let «' represent the frequency. For the imped¬ 
ance Z\ 


z[ = 


JCo'Cl 


^ ju'Lt + 


1 


ju'Ca + 


(149) 


+ 


1 


joi'C „_i + . 


1 


ju'L„ R 


If the last element of the ladder of Fig. 10-496 were a condenser, that is, if 
the total number n of elements were odd, the last terms of Eq. (149) would 
become 

+ —— - 1 

ju L n -i H--——r (160) 

+ 5 * 


It has been shown in Sec. 9-8 that a prototype low-pass filter with a 
1-radian/sec cutoff frequency can always be transformed into a bandpass 
filter by means of the change of variable 



(151) 


where a>o is the mean frequency of the bandpass filter and w is its band¬ 
width. If this change of variable is introduced in Eqs. (149) and (150), 
the reactances and susceptances appearing in the continuous fraction 
expansion of Z[ are transformed as follows: 


jiji'Lak 



(152) 
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jco'CW -» j (153) 

ty \^o w / 

where A; is any positive integer. With reference to Eq. (145), these 


reactances and susceptances can be identified with those appearing in the 
continuous-fraction expansion Tor the input impedance of the chain of 

cavities. This identification yields the relations 


L* r X ' X * • ’ ■ 
w XIX\ ■ ■ ■ Xl 

(154) 

cv> , x\x\ ■ ■ ■ X\ k 
w L X\X\ ■ • - Xl +i 

(155) 

These two equations yield the following expressions 
reactances: 

for the coupling 

Xl = %-w 

W 

(156) 

-^-2 k in ^ r 

1 l~t2k'-'2k— 1 

(157) 

V! _ ,,.2 _ VI 

^:*+i in w A i t n 

t'2kl'2k+l L>2k^2k+l 

(158) 


If for the moment the reactance Xl is neglected, the output-coupling 
reactance X n -i is given by 


,X;Li = kS- w = X \ ^1 R for n even 

" Y " +I = w = X *7T n S for n odd - 


(159) 


The reactances X s and Xl of Fig. 10-49o do not correspond to any 
elements of the prototype structure of Fig. 10-496. They may be con¬ 
sidered as stray reactances whose presence, however, is unavoidable. 
It will be seen, on the other hand, that since Xs and X L are of the order 
of magnitude of y/w/u 0 , they are very small in the case of narrow-band 
filters. 

The determination of the effects of these stray reactances on the 
characteristics of the filter presents the same problem as the determina¬ 
tion of the effects of mismatched terminations, which has been discussed 
in Sec. 9-27. It is found that because of the presence of Xs and Xl, the 
VSWR in the input line is multiplied or divided by a factor equal, at 
most, to the product of the VSWR’s produced by the two stray react¬ 
ances if they were placed separately in a properly terminated line. If 
both X s and Xl are small compared with unity, the maximum value of 
this factor is equal, approximately, to 1 + Xs + X L . It follows that 
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the resulting distortion of the insertion-loss curve is usually negligible in 
the attenuation band. In the pass band, on the other hand, the increase 
of VSWR may not be tolerable. The reflections arising from X s and X L , 
however, can usually be eliminated over a sufficiently broad band by 
inserting equal and opposite reflections in the manner discussed in Sec. 
2-15. 

The method of design described above applies to any filter of the type 
shown in Fig. 10-49. The values of the lumped elements in the prototype 
structure can be determined by following any one of the design procedures 
discussed in Chap. 9. The fact that the first element of the network of 
Fig. 10-496 is a shunt capacitance does not limit the generality of the 
method of design; any similar filter whose first element is a series induct¬ 
ance can be transformed into its dual whose first element is then a shunt 




Fig. 10*50.—Chain of direct-coupled resonant cavities and equivalent circuit. 


capacitance, as explained in Sec. 9-7. The power-transmission character¬ 
istics are not changed by such a transformation because dual networks 
have the same insertion loss. 

The main limitation on the low-pass characteristics that can be 
obtained with a structure of the type shown in Fig. 10-496 is that no peak 
of infinite attenuation can exist at finite frequencies. Such a limitation, 
of course, applies also to the characteristics of the corresponding micro- 
wave filter but only in the frequency band in which the cavities can be 
considered as simple resonant circuits. It is likely that a similar method 
can be found for designing direct-coupled cavity filters with infinite 
peaks of attenuation near the pass band. However, no filter of this type 
has ever been designed. 

A chain of direct-coupled cavities can be built by properly spacing 
inductive irises in a section of rectangular waveguide, as shown schematic¬ 
ally in Fig. 10-50a. The values of the normalized susceptauces b u 62 , 
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. . . , b n , 6 *+i can be computed from Eqs'. (166) to (159) inclusive with 
the help of Eqs. (106), (107), (141) and (142). If o>o/w is larger than 100, 
to a L good approximation 


m - {-c,- # r i - 

[ V w 

(s)T 

(160) 


* 

(161) 

|6^ = b!^P< 


(162) 

_ ( hi 7 
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for n even j 

for n odd. I 

1 

► (163) 

1 



The lengths of the cavities are computed by means of Eq. (140). In 
practice, however, the irises are uniformly spaced and the cavities thus 

formed are tuned separately to 
the frequency <*> 0 by means of 
capacitive screws. An equivalent 
circuit for this chain of cavities is 
shown in Fig. 10-506. This circuit 
is obtained from Fig. 10-49a by 
transforming the coupled coils 
into T-networks of inductances. 
This transformation places in evi¬ 
dence the fact, already clear from 
the above discussion, that the 
reactances of the irises are just the 
coupling reactances shown in Fig. 
10-49a. 

The design procedure discussed 
above is not limited, of course, to 
rectangular cavities. However, 
when other types of cavities are 
used, the dimensions of the cou¬ 
pling irises must be determined 
experimentally since no design 
equations are available. 

10-9. Filters Employing Di¬ 
rect-coupled Cavities. —The simplest type of cavity filter consists, of 
course, of two direct-coupled cavities. The equivalent circuit shown in 
Fig, 10-51a is of the familiar double-tuned type. By varying the cou- 



Fig. 10-51.—Two direct-coupled cavities, 
their equivalent circuit and the corresponding 
prototype structure. 
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pling between the resonant loops in this circuit, the well-known trans¬ 
mission curves plotted in Fig. 10-52 may be obtained. 

The two-cavity filter may be derived from the prototype structure 
shown in Fig. 10-516. If 

Li = C 2 = R = 1, g 

$ 

this structure becomes identical to the E 
constant-/: half section discussed in | 

Sec. 9-10. The power ratio for this 5 
half section was found to be J 

O) 

OC 

jr = l + “ 4 - (164) 

rhe Condition L\ 0 2 — J't = 1 cor- Fig. 10-52.—Effect of coupling on 
responds, then, to critical coupling. transmiasion through double-tuned cir- 

If rectangular cavities are used, the 

irises can be designed theoretically, as explained above. With reference 
to Fig. 10-51c from Eqs. (160) and (151), 

w - VIM'-WI (,65 > 

N = bl (166) 

A filter of this type has been designed and built by Fox. The dimensions 
of the filter are given in Fig. 10-53 for a mean frequency equal to 3000 




Fig. 10*53.—A bandpass filter consisting of two rectangular cavities, direct-coupled. 

{After Fox.) 

Mc/sec and a bandwidth equal, approximately, to 1 per cent. Apart 
from a midband loss (due to dissipation) of 0.6 db, the general behavior 
of the filter follows the theoretical curve so closely that no useful purpose 
is served by reproducing the experimental curve. 
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A different example of critical cavity coupling is afforded by the design 
of Cork and Clark 12 illustrated in Fig. 10-54. This filter is an engineered 
version of two reentrant cavities with iris couplings and coaxial terminals. 
In order to obtain a ratio u 0 /w between 85 and 105, it was found neces¬ 
sary to open the input iris until it extended the full height of the cavity. 
Likewise, to obtain critical coupling, the coupling iris also had to be 
extended the full height of the cavity. The consequent shape with 
reentrant cylindrical cavities was so grotesque that the rectangular 
shape shown in the final design was adapted to facilitate manufacture. 
Figure 10-55 shows the rough form of the filter for both cylindrical and 
rectangular shapes and illustrates the development. For practical 
reasons, it was also found desirable to bend the inner conductor of the 



Fra. 10-54.—Tunable bandpass filter con¬ 
sisting of two direct-coupled reentrant cav¬ 
ities. (After Cork and Clark.) 


input and output lines through 
90°. These couplings thus appear 
more like loops than irises in the 
final design. 

This filter was designed to 
have a resonant frequency adjust¬ 
able from 950 to 1150 Mc/sec with 
a constant bandwidth over the 
range of adjustment. In order 
to accomplish this, it was neces¬ 
sary to provide a mechanism for 
ganged tuning the cavities. Of 
the various possibilities, metal- 
slug tuning was selected because 
of its freedom from sliding metal 
contacts and because of the lin¬ 
earity of tuning with displacement 


of the slugs, which is illustrated in Fig. 10-56. A dielectric bridge serves to 


couple the tuning slugs and permits ganged tuning. The introduction of 


the slugs increases the dissipation in the cavities, but the extra loss is 


not excessive when the cavities are loaded sufficiently and may be mini¬ 
mized by proper design of the slugs. In order to adjust the cavities to 


the same resonance frequency initially, trimmer screws are provided. 

As the cavities are tuned over the band from 950 to 1150 Mc/sec, 
it is found that the condition of critical coupling is not maintained. The 


cavities appear overcoupled at the high-frequency end and undercoupled 
at the low-frequency end. In order to compensate for this variation, 
the metal diaphragm was introduced. The resulting pass bands at the 
middle and at the edges of the tuning range are shown in Fig. 10-57. 

The empirical design of such a filter by “bench” testing is an under¬ 
taking of no mean proportions. Many of the distances are very critical. 
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For instance, it is evident from the plot of the input loaded Q of either 
cavity (Qli) against the separation of the input line and the cavity cen¬ 
ter line shown in Fig. 10-58 that a 


change in this distance of only 
0.04 cm produces a change in 
Qli of about 10. The distance 
between cavity center lines 
is almost as critical. Thus, a 
change of 0.1 cm between cavity 
center lines alters the bandwidth 
by approximately 10 per cent. 

Other distances are much less criti¬ 
cal. For instance, there is very 
little dependence of loaded Q on 
the length of the input and out¬ 
put irises. However, as in all coupled resonant circuits, the tuning of the 



950 


1150 


1050 

Frequency in Mc/sec 
Fig. 10-56.—Resonant frequency of re¬ 
entrant cavity shown in Fig. 10-54 as a func¬ 
tion. of slug position. 
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Fig. 10*57.—Bandpass characteristics of filter shown in Fig. 10-54 for various values 
of the mean frequency. 

cavities is critical. For instance, if the trimmer screw is advanced by 
0.011 in. in one cavity, the center of the filter pass band is shifted by 

5 Mc/sec. 

In addition to the difficulties 
of manufacture imposed by close 
tolerances, other production prob¬ 
lems are created by assembly re¬ 
quirements. Thus, it was decided 
to make the dielectric bridge from 
steatite, whose distortion temper¬ 
ature exceeds 1000°C, so that 
silver solder might be used in the 
final assembly. However, steatite 
is very hard and results in consid¬ 
erable wear on the cavity center 
conductor unless it is chromium- 
plated. Fortunately, in this case, 
the chromium does not introduce 
an excessive amount of loss since 
the pass band is relatively broad. 

In actual practice, this filter is 
used as a duplexer by substituting 
a TR tube for one of the trimmer 
screws. The transmitter power 
° Distance from iris center 4 and the local oscillator signal are 

line to cavity center line in cm applied to opposite ends of the 

fio. 10-68.— Dependence of Qm of the cavity filter through additional irises 
shown in Fig. 10-54 on coupling. , . . . . 

which are omitted from the draw¬ 
ing in the interests of simplicity. The two coaxial terminals are connected 
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to the antenna and mixer, respectively. Consequently, the desirable filter 
feature is high image rejection. Table 10-2 gives the attenuations 
observed for image frequencies 120 Mc/sec away from various signal fre¬ 
quencies in the tuning range. This filter has been described in somewhat 
greater detail than some of the others because it is one of the few filters 
that to date have been engineered for quantity production. 

Table 10-2.—Image Rejection of Direct-<:oi:plei> Filter 


Signal frequency, 

Image frequency, 

Insertion loss, 

Me /sec 

Mc/sec 

db 

950 

830 



1070 

48 

1050 

930 

39 


1170 

52 

1150 

1030 

38 


1270 

> 50 


The two filters described above are adjusted for critical coupling. 
This adjustment, however, does not yield maximum bandwidth for given 
loss tolerances in the pass band and given sharpness of cutoff. The 
optimum design for frequency discrimination corresponds to over¬ 
coupling. The amount of overcoupling required depends on the toler¬ 
ance allowed in the pass band. This question can best be investigated 
by studying the behavior of the power-loss ratio for the prototype low- 
pass structure of Fig. 10-516 for arbitrary values of K and C 1 ,. The value 
of Li cannot be specified independently if the cavity filter must be sym¬ 
metrical. In fact, Eq. (159) yields for -YJ = „Y; +1 , 

U = 7?C,. (167) 

When IICi is substituted for L-> in the expression for the power ratio, 


= , , 0 _-JW 

Pl 47? 


("W 

1 - 7? 



(168) 


This equation can be identified with Eq. (198) of Sec. 9-18 in which the 
Tchebysheff polynomial is 7’ 3 (r>). Since the coefficient of oi- must be 
equal to 2, the following relation must be satisfied by 7? and C 2 , 


r t _ 2(1 ~ R) 
1 7? 


(169) 


The tolerance of the power ratio in the pass band is then 


£ - — h~ — 


(i - w 

47? 


(170) 
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Eqs. (167), (169), and (170) thus permit the design of a low-pass filter 
having a cutoff frequency equal to one radian/sec and a specified tolerance 
of s 2 . The cutoff frequency is defined, in this case, as the maximum 
frequency at which the power ratio is within the specified tolerance. 
Since, as pointed out in Sec. 9T8, Tchebysheff polynomials yield maxi¬ 
mum sharpness of cutoff for a given tolerance and a given cutoff fre¬ 
quency, an optimum design has been obtained. 

For critical coupling, that is, for monotonic behavior of the ratio 
Po/Pl, R must be equal to I. Equation (168) becomes then 

The tolerance for unity cutoff frequency is 



It follows that for the same bandpass tolerance and the same bandwidth, 
the off-band insertion loss for an overcoupled filter is 6 db larger than for 
a critically coupled filter. Once the values of the elements of the proto¬ 
type section are determined, the microwave filter can be designed by 
following the procedure discussed above. 

The actual insertion loss of a two-cavity filter will depart from the 
predicted behavior because of dissipation in the cavities. The effect 
of dissipation is a distortion of the characteristics as well as a finite loss 
over the whole pass band. Nothing can be done, of course, about the 
loss. However, it can be shown that it is possible to correct approxi¬ 
mately for distortion of the characteristics by substituting for C j, L 2 , R 
the values C\, L 2 , R' defined by 

C[ = ( , ^' SCi) L[ = Li{ 1 + iCi) R' = R( 1 + 5C 1 y. (173) 


The loss factor 5 depends on the unloaded Q 0 of the two cavities and on 
the ratio u 0 /w as follows: 


1 too 
Qt w 


(174) 


If these corrections are made, the actual power ratio will be equal to the 
theoretical power ratio in the absence of dissipation multiplied by the 
factor (1 + SCi) 2 . In other words, the final effect of dissipation will be 
a constant loss L d given by the expression 
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The design of direct-coupled cavity filters is straightforward. There 
are, however, several practical considerations that limit the usefulness of 
such filters. First of all, the tolerances on the dimensions of the coupling 
irises set a practical limit to the ratio a) 0 /w. For instance, in rectangular 
cavities the susceptance of each coupling iris is about (1 /ir)(w 0 /w). It 
follows from Eq. (129) that in the case of a 1- by i-in. rectangular wave¬ 
guide for u 0 /w = 300, a change of 0.005 in. in the opening of the iris would 
correspond approximately to a 10 per cent change of bandwidth. It is 
evident that such a tolerance in the dimensions of the irises would result 
in a considerable distortion of the characteristics of the filter. 

A second practical difficulty arises from the fact that, the individual 
cavities cannot be separately tested and adjusted before assembly. The 
lineup procedure after assembly becomes very complex if more than two 
or three cavities are used. These difficulties may be overcome through 
careful construction, but the manufacturing cost will be correspondingly 
high. A method of designing cavity filters that circumvents most of the 
limitations noted above is discussed in Sec. 10-11. 

In the preceding sections, the direct coupling of modes in separate 
cavities has been considered. Before leaving the subject of direct cou¬ 
pling, it is worth while to considei the possibility of utilizing several modes 
in a single cavity. The next section is devoted to this topic. 

10-10. Cavities Excited in More Than One Mode.—The reader will 
recall that a cavity resonator is inherently a complex reactive network as 
the equivalent circuit of Fig. 10-38 indicates. Therefore, the possibility 
of approximating the behavior of a complex lumped-element filter by 
means of a single-cavity resonator may be considered. Such a method of 
design would result obviously in a considerable saving of space and weight. 
Although very little research has been done up to the present along this 
line, it seems worth while to indicate a method of attack that may lead to 
useful results. A type of cavity that, alone, behaves like a two-cavity 
filter will also be described. An experimental model of such a cavity has 
been built by the authors and the results of the test are reported below. 

According to Foster’s reactance theorem, any two-terminal-pair reac¬ 
tive network can be represented in the form shown in Fig. 10-38 with the 
possible addition of arbitrary reactances in series with the input terminals. 
It can be shown, however, that most practical filters, and, in particular, 
the ones that have the optimum Tchebysheff behavior discussed in Secs. 
9-18 and 9-19, do not require these additional series reactances. It fol¬ 
lows that if the resonance frequencies of a cavity and the coupling to the 
different modes are successfully adjusted to coincide with the corre¬ 
sponding quantities for a lumped-element filter, the behavior of the filter 
will be approximated by the cavity over a limited frequency band. 

As an illustration of this statement, consider the equivalent circuit of 
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the two-cavity filter shown in Fig. 10 59a. This circuit can be trans¬ 
formed into either one of the normal forms shown in Figs. 10 59b and 
10-59c. The two normal frequencies wi and oj-i can be expressed in terms 
of u 0 and the coupling coefficient k = M/L, as follows: 


Ul 


U>o 

T+T 


U>2 


CO 0 

r=r 


(176) 


Note that one of the mutual inductances of Fig. 10-596 is negative. This 
negative mutual inductance corresponds to the ideal transformer (Fig. 



Fig. 10*59.—Three equivalent forms of a double-tuned filter. 

10-59c) which produces a 180° phase shift. If the ideal transformer were 
missing, the insertion loss of the filter would be infinite for « = because 
the reactance of the shunt arm of the T would vanish at that frequency. 

Consider now a cavity consisting of a section of square guide closed 
at both ends. Such a cavity has two independent modes of resonance 
at the frequency for which the length of the cavity equals one-half the 
guide wavelength for the TE io-mode. The lines of electric field and mag- 
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netic field for these two modes are shown in Figs. 10-60a and 10-606. 
The resonance frequency of one mode can be changed with respect to the 
frequency of the other mode by deforming the square into a rectangle or, 
more simply, by inserting a capacitive screw as shown in Fig. 10-60c. 
Thus the resonance frequencies of the two modes can be adjusted to 
coincide with o>, and in Fig. 10-59. The two modes are then equally 
coupled to the input and output coaxial lines by means of loops lying in 
the diagonal planes of the guide at 90° with respect to each other. Such 
an arrangement provides equal 
couplings for the two modes, to¬ 
gether with the 180° phase shift 
required by the network of Fig. 

10-596. In fact, the magnetic 
fluxes of the two modes linking 
the loop shown in Fig. 10-60d are 
equal in both magnitude and phase 
for one orientation of the loop, but 
they are opposite in phase for the 
other orientation as shown in Fig. 

10-60e. The self-inductances of 
the loops are represented by the 
two inductances L 0 in Fig. 10-596. 

In conclusion, if the presence of 
other modes ot resonance is neg¬ 
lected, the cavity is equivalent to 
the network of Fig. 10-596 and, 
therefore, to the network of Fig. 10-59a. 

The equivalence of the cavity to the original network of Fig. 10-59 a 
can be seen more directly in the following manner. The independent 
modes of oscillation of the cavity, before the introduction of the screw, 
can be chosen in an infinite number of ways as arbitrary linear combina¬ 
tions of the particular modes shown in Figs. 10-60a and 10-606. For 
instance, modes that may be considered as independent are those having 
the field configurations shown in Figs. 10-60/ and 10-60<?. The mode of 
Fig. 10-60/ is coupled to the loop shown in Fig. 10-60d but not to the loop 
shown in Fig. 10-60e. Vice versa, the mode of Fig. 10-60<? is coupled to 
the loop of Fig. 10-60e and not to the loop of Fig. 10-60d. It follows that 
no transmission can take place if the loops are normal to each other. 
However, if the two modes are coupled to each other inside the cavity 
by any convenient device, the cavity becomes equivalent to the network 
of Fig. 10-59a and power will be transmitted from one loop to the other. 
The screw shown in Fig. 10-60c, for instance, can be used to couple the 
two modes so that the two methods of design lead to the same result. It 





of a rectangular cavity behaving as a double- 
tuned filter. 
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is evident from this discussion and from Eq. (176) that the coupling coeffi¬ 
cient k depends on the length of the screw. It follows that by adjusting 
the screw transmission, curves of the types shown in Fig. 10-62 may be 

obtained. In this process, how- 

# ever, the length of the cavity must 
/f7V_ be readjusted if the mean fre- 

-(-£-44 ( (j) | {) quency to 0 is to be kept constant. 

=4> V/ w JLHA Loop coupling is not essential to 

the design. Iris coupling can also 
be used as shown in Figs. 10-60/i 
’ (o) (6) and 10-6Ch'. 

, A cavity of the same type can 

_ _ e ^ _ be designed using a section of cir- 

cular waveguide. The configura- 

—ft—-})- \ --0— : - tions of the two independent 

modes for this case are shown in 
Figs. 10-61a and 10-616. The in- 

1—J _put and output waveguides are 

(c) (d) coupled through the cylindrical 

Fig. 10-61.—Illustration of the operation surface although the end plates 
tuned filter. could be used just as well for this 

purpose. The operation of this 
cavity is very similar to the operation of the cavity discussed above, as 
indicated schematically in Fig. 10-61. An experimental model of a cavity 
of this type is shown in Fig. 10-62. Figure 10-63 is a plot of the insertion 
loss as a function of frequency for such a filter. It will be observed that 
the stray direct coupling between the irises, 
which has been neglected in the above 
analysis, limits the ultimate off-band inser¬ 
tion loss that is obtainable to 35 to 40 db. 

This effect becomes progressively more 
important as the bandwidth of the filter is 
increased by opening the iris holes. One 
would expect the direct coupling to be 
smaller for the same bandwidth when the 
input and output guides are connected to 
the end plates. This fact, however, has not 
been checked experimentally. The adjust- Fig. 10 - 62 .—A cylindrical cav- 

ment of the bandwidth and of the coupling ; t u 5 „ e t d h fif t 0 ehaves “ a double ~ 
screw must be done experimentally but 

.pparatus described below make such adjustments relatively simple, 
n actual practice, it has been found desirable to provide two 
dditional tuning screws symmetrically inserted into the cavity along 


Fig. 10-62.—A cylindrical cav¬ 
ity that behaves as a double- 
tuned filter. 
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radii at 45° to the coupling screw to permit the tuning of both modes to 
the same desired frequency. This procedure is necessary, in general, 
unless the cavity has perfect symmetry about the plane of the coupling 
screw, a condition impossible to 
achieve in practice. 

It is possible to couple two such 
cavities with a quarter wavelength 
of transmission line, as explained in 
the next section, and obtain charac¬ 
teristics equivalent to those for four 
quarter-wavelength-coupled cavities 
with single resonances. The advan¬ 
tage of this type of filter from the 
standpoint of weight and space is 
obvious. 

In principle, a cavity that has 
three independent modes of oscilla¬ 
tion successively excited may be 
designed. However, to date this has 
not been accomplished, according to 
the best information of the authors. It should be remarked that in 
extending the principle of multiresonance, spurious modes excited at 
frequencies near the pass band must be avoided. 



Fig. 10*63.—Insertion loss of filter shown 
in Fig. 10-62. 


FILTERS EMPLOYING QUARTER-WAVELENGTH COUPLINGS 

The difficulties of manufacturing and adjusting filters employing 
direct-coupled cavities become increasingly serious as the pass band 
becomes narrower. However, a method of cavity coupling which circum¬ 
vents these difficulties has been developed and will be described below. 
This method is by no means limited to narrow-band applications but may 
be used advantageously in certain broadband designs. 

10-11. Theory of Quarter-wavelength Coupling.—The method of 
coupling discussed in this section is based on the impedance-transforming 
properties of quarter-wavelength lines. In order to understand this 
transformation property, consider a quarter-wavelength line terminated 
in a normalized impedance Z. The normalized input impedance of such 
a line is 


Z + j tan ~ l 
1 + jZ tan ~ ^ 


(177) 


It follows that the circuit of Fig. 10.64a is equivalent to the circuit of Fig. 
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10-646 if the normalized impedance Z' is equal numerically to the normal¬ 
ized admittance Y and if both lines in Fig. 10-64a are one-quarter of a 
wavelength long. In fact, the two networks have the same open-circuit 
and short-circuit impedances. 

Consider now the ladder structure of Fig. 10 65a. This structure can 
be transformed as shown in Fig. 10-656 where Y 2 , Y 4 , F 6: etc. are equal, 

respectively, to Z' 2 , Z{, Z[, etc. 


-O o- 


-A/W- 

z' 


’y>z' 




(o) 


(fc) 


Fro. 10-64.—Illustration of the impedance- 
transforming properties of X y /4 lines. 


The two networks are exactly 
equivalent at the frequency for 
which the coupling lines are one- 
quarter wavelength long. All the 
sections of line must, of course, 
have unity characteristic imped¬ 
ance, that is, the admittances 
and impedances of the elements 
must be normalized. However, if the frequency band of interest is small 
compared with the mean frequency, as in the case of narrow-band filters, 
the frequency dependence of the electrical length of the lines may be 
neglected to a first approximation. 

Let Y 1 , Fj, F 5 , . . . of Fig. 10-65a be the normalized admittances of 
parallel-tuned circuits resonating at the frequency oj 0 , and Z[, Z' t , Z[ be 
the normalized impedances of series- 
tuned circuits also resonating at the 
frequency wo. A filter of this type, 
shown in Fig. 10-66a, can be derived 
from the prototype low-pass struc¬ 
ture of Fig. 10-496 by following the 
procedure described in Sec. 9-8. 

The corresponding filter employing 
X„/4 couplings is shown in Fig. 

10-666. The Q’s of the parallel- 
tuned circuits, when loaded on both 
sides by the characteristic imped¬ 
ances of the adjacent lines, are 
given by 

1 r W 0 
o ’ ik +1 — 

2 w 





(CW2 


(178) 


Fig. 10-05- 


4 -1* 

( 6 ) 

Equivalent ladder structures. 


where w is the bandwidth between the two frequencies corresponding to 
the point 01 = 1 in the frequency response of the prototype structure. 

Since a symmetrically loaded transmission cavity has been found to 
be approximately equivalent to a shunt-tuned circuit, whose loaded Q 
is given by Eq. (178), a simple microwave realization of the structure of 
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Fig. 10-666 is obtained in the form of a chain of cavities coupled by quarter- 
wavelength lines. The only difficulty may arise from the fact that the 
terminating resistance R is not in general equal to the characteristic 



impedance of the output line, that is, R ^ 1, In this case, the last ele¬ 
ment of the network is transformed as shown in Fig. 10-67. Because of 
the transforming property of the quarter-wavelength line, a conductance 


G' = R can be substituted, as 
shown in Fig. 10-676, for the last 
section of line of Fig. 10-67o ter¬ 
minated by the resistance R. The 
conductance G' is then transformed 
into a properly terminated line of 
unity characteristic impedance 
preceded by an ideal transformer 
of ratio 1 to \/R, as shown in Fig. 
10-07c. The last tuned circuit 
together with the ideal transformer 
is then identified with an asym¬ 
metrically loaded cavity, as shown 
in Fig. 10-396. for Z ol = Z u -i = 1 
and a = \/R. The input and 
output loaded Q’s of the cavity are 

(Q/-i)» = 

(<?«)» ■ 



Fig. 10-67.—Change of impedance level 
at the output terminals of the structure 
shown in Fig. 10-666. 


then, respectively, 

- T 0)0 \ 

~ -* / 
w f 

Rn “(I i 

R w ) 


( 179 ) 
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The Q of the cavity loaded on both sides then becomes 


m n = 


L„ Wo 

1 + R w 


If the last element of the structure of Fig. 10-496 is a shunt-tuned cir¬ 
cuit, the last quarter-wavelength section of line will be missing from the 
structure of Fig. 10-666. In this case 


(Qi 2)» 
(.Ql) n 


RC wo 
1 + R w 


(181) 


Changes of impedance level similar to the one just described can be per¬ 
formed at other points in the structure. 

The method of design based on the use of quarter-wavelength cou¬ 
plings is not limited to cavity filters. For instance, resonant irises can be 
used to approximate the behavior of the parallel-tuned circuits in Fig. 
10-666. However, since resonant irises have relatively low Q 0 ’s, they 
are not used in connection with narrow-band filters. On the other hand, 
in the case of bandwidths of a few per cent, the use of resonant irises 
instead of cavities results in a considerable saving of space and weight. 
Some examples of filters employing resonant irises will be described later. 
The design procedure for such filters is the same as for cavity filters. It 
must be pointed out, however, that only structures for which the termi¬ 
nating resistance R is equal to unity can be physically realized by means 
of resonant irises. In fact, no change of impedance level can be per¬ 
formed in this case since resonant irises are inherently symmetrical. 

The advantages of quarter-wavelength coupling over direct coupling 
are evident from the above discussion. In the first place, the tolerances 
on the dimensions of the cavity couplings are considerably relieved. 
For instance, in the case of rectangular cavities that are quarter-wave¬ 
length-coupled by rectangular guides of the same dimensions as the 
cavities, the irises have susceptances approximately equal to 



that is, to the square root of the value required if the cavities were 
directly coupled. In the second place, the quarter-wavelength lines 
provide a simple way of mechanically connecting the individual cavities. 
Since these coupling lines are not resonant, an electrical connection made 
at any point in the line will not interfere with the filter operation, pro¬ 
vided this connection satisfies reasonable specifications on voltage 
standing-wave ratio and loss. The connection should also be sufficiently 
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far from the cavity couplings to prevent interference with their operation. 
Each cavity can then be built, adjusted, and tested as a separate unit, 
so that only minor readjustments are necessary when the cavities are 
assembled into a filter. The advantages of this adjustment and test 
procedure for quantity production are obvious. 

The construction problems can be further simplified by making all 
the cavities identical. Such a design is not optimum in the sense that 
better filter characteristics could be obtained with the same number of 
cavities, but very often the resulting simplicity of construction is worth 
the loss of performance. The power-loss ratio of a filter consisting of n 
identical cavities (or resonant irises) can be computed by means of Eqs. 
(141) and (143) of Sec. 9T2. In fact, the structure of Fig. 10-66 can be 
considered as a cascade combination of n identical sections when all the 
tuned circuits are equal and the terminating resistance is equal to one. 
Each of these sections consists of a quarter-wavelength line of character¬ 
istic impedance equal to one, shunted at its midpoint by a tuned circuit. 
Let the normalized susceptance of the tuned circuit be 


where 


B = 2x 


x 



(182) 

(183) 


is a frequency variable normalized with respect to the resonance frequency 
wn and the loaded Q. In terms of this variable, the power-loss ratio for 
one section is 


Po 

Pl 


1 + x 2 , 


(184) 


and the propagation function is 

7o = cosh -1 ( — x). (185) 

It follows that- the power-loss ratio for n sections is given by 



1 x 2 si n ; [n c os -1 (— x)] 
sin 2 [cos- 1 (—x)] 


= \+x-Ui{-x)=\+x-Ul(x). (186) 


The function ( „(x) is the Tchebysheff polynomial of the second kind 
and of the order n. The polynomials corresponding to n = 1, 2, 3, 4 
are given below. 


LiM = 1 \ 

L'-Ax) = 2x ( 

r 3 (x) = 4x 2 - 1 ( 

l\(x) — 8x 3 — 4x. / 


(187) 
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The recurrence formula for these polynomials is 

L'n+l = 2 xV„ — U n -l- (188) 

Note that the validity of Eq. (186) is not limited to the case in which the 
shunt branches are tuned circuits. In this circuit B can be any sus- 
eeptance, provided, of course, that the proper expression for x is used. 



0 0.2 0.4 0.6 0.8 1.0 1.2 1.4 1.6 



Fig. 10*68.—Power-transmission curve for n quarter-wavelength-coupled resonant 

elements. 

Plots of the percentage transmission, that is, of (P t /P 0 ) n , are shown 
in Fig. 10-68 for n = 1, 2, 3, 4. These curves show that the bandpass 
tolerance increases with n; consequently, values of n larger than 4 are 
seldom used. For large values of x, the off-band insertion loss becomes 
approximately 


L n ~ 6 in — 1) + 20n log 10 x. 


(189) 
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The application of these formulas to the design of practical filters will be 
discussed in the succeeding section. 

10-12. Filters Employing A„/4-coupled Cavities. —Because of the 
construction advantages mentioned above, A„/4-coupled cavities are 
becoming increasingly popular. The applications are scattered through¬ 
out the frequency range from 200 to 10,000 Mc/sec, using both waveguide 
and coaxial couplings. Typical examples will be described, one of them 
in detail. The actual behavior of these filters deviates so little from the 
predicted behavior that it does not appear worth while to give complete 
experimental data in all cases. 

The filter that will be discussed most completely consists of a number 
of reentrant cylindrical cavities of the type illustrated in Fig. 10-47, 
separated by quarter-wavelength coaxial lines. The lines are loop- 
coupled to the cavities so that the effective locations of the input terminals 
of the cavities must be determined experimentally. This determination 
can be performed, with the help of a standing-wave detector, by finding 
the position of the voltage zero in the input line when the cavity is detuned. 
Under these conditions the input terminals of the cavity are effectively 
short-circuited. It follows that their location must be an integral 
number of half wavelengths from the position of any voltage zero. This 
experimental determination may be done in such a way that the equiva¬ 
lent line length of whatever fittings are used to connect the cavity to the 
coaxial lines is included. The effective length of the coupling lines is 
often made equal to three or five quarter wavelengths to provide addi¬ 
tional mechanical spacing. These longer lines are, of course, more 
frequency-sensitive, but their frequency behavior can still be neglected 
in most practical cases. 

Because of incidental dissipation, perfect transmission is never 
obtained. The minimum insertion loss of n identical cavities quarter- 
wavelength-spaced is very nearly n times the minimum loss of one 
cavity. Dissipation tends also to smooth out the curve of the insertion 
loss in the pass band. For instance, the experimental curves for the 
insertion loss plotted in Fig. 10-69, which are in good agreement with the 
corresponding theoretical curves in the attenuation band, show no 
appreciable wiggles in the pass band. 

The fact that type N couplings may be used in practice to link the 
cavities to the transmission lines mechanically would indicate that the 
tolerance on the effective length of coupling lines is extremely liberal. 
This contention was experimentally substantiated by inserting a line 
stretcher between two cavities and observing the effect on the transmis¬ 
sion curve of the filter. The resulting characteristics observed for 
various line lengths in the case of a two-cavity filter are presented in 
Fig. 10-70. It will be noted that a variation of ±A„/20 in the length 
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of the coupling line is tolerable for most purposes. As the length of the 
coupling line approaches half wavelength, the transmission curve becomes 



10.95 


10.85 


10.90 
Wavelength X 0 cm 

Fig. 10-69. —Observed insertion loss of n quarter-wavelength-coupled cavities of the type 
shown in Fig. 10-47. 



J_is_I_I_I_L. 

fo fo fo 


Frequency 

Fig. 10-70. —Effect of improper spacing between two identical cavities. Curves 
a, b, c y d, e , and/ refer to spacings of X p /4, 1.2 X p /4, 1.4 X ff /4, 1.6 X p /4, 1.8 X^/4, and X^/2, 
respectively. 


lopsided and a double hump appears. These two humps separate more 
and more until finally, at exactly half-wavelength spacing, three sym¬ 
metrically arranged humps appear. It should be remarked that this 
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experiment justifies the assumption made above in neglecting the 
frequency behavior of the coupling lines for narrow-band filters. 

When the length of the coupling line is held fixed at a quarter wave¬ 
length, it is found, as one would expect, that the angular position of the 
coupling loop in the cavity is not critical. Transmission curves for 


various orientations of the loops are 
shown in Fig. 10-71. This method of 
varying the coupling provides a 
feasible method of adjusting the 
bandwidth over a limited range. 
Thus a rotation of the loops through 
45° from the position of maximum 
coupling should reduce the band¬ 
width by a factor of 2. Since the 
loaded Q is doubled in this process, 
an increased midband loss as actually 
observed is to be expected. Roughly 
speaking, the loaded Q of a cavity 
varies inversely as the square of the 
area of the coupling loop. Conse¬ 
quently, when the bandwidth is 
critical, the loop size must be held to 
The theory of quart er-wavelength- 
the cavities are tuned to the same 



Frequency 


Fig. 10*71.—Effect of loop orientation 
on transmission through two A c /4-coupled 
cavities. Curve a shows all loops oriented 
for maximum coupling; Curve b shows one 
loop of coupling line rotated off 30°; and 
Curve c shows all loops rotated off 45° 
and thus reducing loaded Q of each cavity 
by a factor of approximately 2. 

close tolerance. 

-coupled cavities assumes that all 
frequency. This adjustment is 


perhaps the most critical in the construction of such a filter. Figure 


10-72 shows the effect of detuning one of the cavities in a two-cavity 



10.653 10.653 10.653 

, , X, = 10.653 Wavelength— X,= 10.653 
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Fig. 10-72.—Effect of detuning of transmission through two X„/4-coupled cavities. 

filter by an amount equal to the bandwidth of a cavity. As might be 
expected, the minimum loss is greatly increased and the center of the 
pass band is shifted. Of course, the higher the loaded Q , the more 
critical the adjustments are. Fortunately, the accurate adjustment of a 
cavity to a given frequency by means of a tuning screw is not a difficult 
procedure. 





686 


THE DESIGN OF MICROWAVE FILTERS 


[Sec. 1012 


Before progressing to a discussion of other types of quarter-wave¬ 
length-coupled filters, it is interesting to investigate the characteristics 
that can be obtained if the tuning of the cavities is varied and the length 
of the coupling lines readjusted to optimum values. Unfortunately, no 
simple method of theoretical analysis is available to handle the general 

case. Figure 10-73, however, pre¬ 
sents an observed transmission 
curve which illustrates how the 
bandwidth may be expanded at 
some cost in minimum transmission 
loss. This curve is included mainly 
to satisfy the curiosity since, in 
general, more satisfactory transmis¬ 
sion curves can be achieved in 
other ways. 

Filters similar to those just 
described have been constructed at 
both 200 and 300 Mc/sec. At 
these frequencies, reentrant cavi¬ 
ties using uniform center conductors 
become inordinately large. If the 
required loaded Q is not too high, 
it is customary to foreshorten the cavity by increasing the capacity 
between the reentrant line and the end wall of the cavity. In the 
extreme case, the cavity appears as in Fig. 10-74 and may be regarded 
as composed of an inductive line L and a lumped capacity C. Increas¬ 
ing the capacity decreases the length of line required to produce a certain 
resonant frequency since 



Frequency 

Fio. 10-73.—Observed transmission 
through four X ff /4-coupled cavities, stag¬ 
ger-tuned. 


1 


Wo 


Vlc 


(190) 



'§Zt c 


(a) (6) 

Fig. 10-74.—A reentrant cylindrical 
cavity foreshortened by the use of capac¬ 
ity loading and its equivalent circuit. 


Even if the capacity is estimated 
from the electrostatic capacity of 
the parallel plate combination with¬ 
out regard for fringing and the 
inductance is treated as the lumped 
equivalent of a short section of 
concentric line, the frequency esti¬ 
mated by the familiar equation given above is accurate to 10 per cent. 

The sketch of Fig. 10-75 is scaled to dimensions suitable for a loaded Q 
of about 30 and a resonance frequency adjustable from 190 to 220 Mc/sec. 
The condenser plates are made unequal to increase the linearity of tuning 
with displacement and to increase the displacement required for a given 
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frequency change. Type N fittings are suitable for input and output con¬ 
nections to either coaxial line or cable. The center conductor of the 


coaxial line is usually run straight 
through the cavity and is connected to 
the cavity center conductor. Such 
coupling obviously constitutes a loop 
and thus the loaded Q may be changed 
by varying the distance h of the wire 
from the bottom of the cavity since Ql 
is roughly inversely proportional to h 2 . 
As in the previous case, the effective 
location of the input terminals of the 
cavity must be determined experimen¬ 
tally. In a typical application of these 
cavities, the distance for effective 
quarter-wavelength coupling between 
successive cavity center lines is only 
in., only slightly larger than the diam¬ 
eter of the cavities used, namely, H in. 

The introduction of lumped capaci¬ 
ties in the cavity considerably decreases 
the unloaded Q because of the increased 



Fig. 10-75.—A practical structure 
for a capacity-loaded cavity with loop 
coupling. 


surface area. However, for a loaded Q of 30, the minimum transmission 


loss for the cavity just described is only 0.2 db. The tandem arrange¬ 


ment of three cavities of this type is not unusual. A similar cavity used 



Fig. 10-76.—Production model of capacity-loaded cavity used at 300 Mc/sec. 
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at 300 Mc/sec has been produced on a fairly large scale in the form shown 
in Fig. 10-76. 

A practical procedure for the design of high-Q, quarter-wavelength- 
coupled filters in waveguide is illustrated in Fig. 10-77. Each cavity of 
the type shown in Fig. 10-44 has a section of waveguide, one-eighth of a 
guide wavelength long at the resonance frequency, extending past each 
iris. Choke and flange connectors are alternately attached to the ends. 
Thus, when several cavities are connected in cascade, the cavities are 
effectively spaced by quarter wavelengths. As pointed out above, the 
choke and flange electrical connection does not disturb the operation of 
the filter. 

Such filters have been extensively investigated. Line stretchers have 
been inserted between cavities and the effect of the connecting line length 
observed. The results differ in no way from those presented above for 
the case of reentrant cavities. As many as four cavities with a loaded 

Q of 130 and a resonance wave¬ 
length of 3.3 cm have been suc¬ 
cessfully coupled. The observed 
characteristics in no case differ 
from the expected behavior by 
more than an amount accounted 
for by dissipation. The midband 
loss due to dissipation was about 
0.4 db per cavity for the particular 
type of cavities used. Since the 
detailed design of rectangular cavities with given loaded Q and w 0 has 
been considered in Sec. 10-7, no further discussion is required here. 

10-13. Filters Employing Quarter-wavelength-coupled Resonant 
Irises. —A discussion of practical quarter-wavelength—coupled filters 
would not be complete without a description of the special type employing 
resonant irises. In fact, this type of filter was built before quarter- 
wavelength-coupled cavities were contemplated. The use of resonant 
irises is indicated in all cases where the loaded Q is sufficiently low, 
about 40, and space is at a premium. The reasons for using resonant 
irises instead of cavities have been discussed in Sec. 10-7. 

One of the outstanding uses of this type of filter, 9 and 10, is in the 
construction of broadband TR tubes, illustrated in Fig. 10-78. These 
tubes have been designed and manufactured for operation at both 3000 
and 10,000 Mc/sec. Their properties are fully discussed in Vol. 14, 
Chap. 3, to which the reader should refer for a detailed discussion. 
However, for the sake of completeness it seems worth while to mention 
a few of their electrical features. The tubes generally contain four or 
five resonant irises. Two of these irises are ovoid windows which serve 
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1'iti. 10-77.—Practical form of filter composed 
of Xo/4-coupled, waveguide cavities.. 
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to seal the tubes; the others are of the dumbbell-slot variety. The 
loaded Q of all the elements is usually equal to about 4. Since the loaded 
Q is very low, its value is not critical. Moreover, the tolerance on the 



Fiq. 10'78.—A broadband TK tube illustrating quarter-wavelength coupling of resonant 

irises. 


tuning is so large that fixed-tuned irises may be used and, therefore, no 
adjustment is required after assembly. A typical curve illustrating the 


input voltage standing-wave ratio 
for such a tube is shown in Fig. 
10-79. 

When a filter with a narrower 
band is desired, it is no longer 
feasible to use resonant irises of 
the dumbbell-slot type. In fact 
an iris with a loaded Q of 30 and 
a resonance frequency of 2880 
Mc/sec for use in a l£- by 3-in. 
waveguide has a capacitative gap 
of only 0.004 in. The required 
tolerances in Q L and oi 0 are such 
that a tuning screw must be pro¬ 
vided. However, since the total 
range of the tuning screw must be 



10.0 10.4 10.8 11.2 

Wavelength in cm 

Fig. 10-79.—VSWR characteristics of the 
TR tube shown in Fig. 10-78. 


less than 0.0d4 in., this adjustment is extremely critical. An iris suitable 


for narrow-band filters is the simple circular opening shown in Figs. 


10-80a and 10-806. This iris resonates when the periphery of the opening 
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is approximately equal to half a wave¬ 
length. The voltage standing-wave 
ratio for an iris of this type is plotted 
in Fig. 10-81. Such an iris may be 
machined to a very close tolerance 
and, moreover, may be tuned over a 
reasonable range with a capacitive 
screw. Since the capacitive screw is 
only a trimmer and carries a small 
fraction of the current at resonance, 
it does not introduce so much dissipa¬ 
tion as a tuning screw-in a dumbbell- 
slot iris of the same loaded Q. Fur¬ 
thermore, the tuning rate of a screw 
in a circular iris is considerably slower 
than that of a screw in an iris of the 
dumbbell-slot type. For instance, 
the gap width in a circular iris corre¬ 
sponding to a 0.004-in. gap in the 
dumbbell slot is 0.075 in. A filter 
of this type 8 employing three reso¬ 
nant irises is shown in Fig. 10-82. 


The transmission characteristics plotted in Fig. 10-83 reveal a loss of 


about 0.5 db. 


Several remarks should be made concerning the construction of n-iris 


filters. In general, the losses are 
found to be appreciable in silver-plated 
brass irises unless the silver is bur¬ 
nished. In fact, plain brass has been 
found superior to unburnished silver 
plating. Some care must be exer¬ 
cised in soldering the tuning screws 
after final adjustment to ensure that 
such soldering does not itself alter 
the tuning adjustment. The actual 
lineup procedure for a multi-iris filter 
of this type will be discussed in Sec. 
10 - 22 . 

10-14. Refined Theory of Quarter- 
wavelength Coupling.—It is perhaps 



9.8 10.0 10.2 10.4 10.6 10.8 11.0 


worth while to review the simplifying 
assumptions made in the previous 
analysis of quarter-wavelength-cou- 


Wavelength in cm 

Fig. 10-81.—VSWR characteristics 
of a typical resonant iris of the type 
shown in Fig. 10-80. 
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Fig. 10-82. —Narrow-band filter employing X fl /4-coupled resonant irises. 


pled filters. The first assumption concerns the frequency sensitivity of 
the coupling sections. No theoreti¬ 
cal investigation has yet been made 
of the distortion caused by this fre¬ 
quency dependence in the general 
case of unequal cavities or resonant 
irises. However, in the case of 
identical elements, it is possible to 
develop a simple expression for the 
power-loss ratio which takes into 
account the frequency dependence 
of the electrical length of the lines. 

Let 6(u) be the angular length of 
a coupling section. At the mean 
frequency o > 0 this angular length is, 
by definition, equal to ir/2. Pro¬ 
ceeding as in the case of constant 
angular length, for the propagation 
function of one section, if the char¬ 
acteristic impedance of the lines is 
unity, 
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10 83.—Characteristics of filter shown 
in Fig. 10-82. 
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where B is the susceptance of the resonant elements. The power-loss 
ratio for one section is still given by Eq. (184), 

k = 1 + ?- (192) 


The power-loss ratio for n sections is, therefore, 


(£). 


B 2 sin 2 [n cos -1 (y)] 


= 1 + 


sin 8 — cos 8. 


! „(?/) is the Tehebysheflf polynomial of the second kind appearing in 
Eq. (180). 

In order to compute the power-loss ratio, both B and 8 must be 
expressed as functions of the frequency us. as follows: 


B ~ 2Q 


8 = T “ 
2 con 


( U! a>o\ 

US [i US ) 

h®. 


Ql is the loaded Q of the resonant element and us c is the cutoff frequency 
of the guide used as coupling line. Note that us c = 0 when a coaxial 

line is used. 

10 j - T , I Curve A in Fig. 10-84 is a plot 

0 g 1 _l_l_ I d _ B _ of the insertion loss obtained from 

^ | 1 Retmed theory Eq. (193) for a filter consisting of 

■n o. 6 —-1-1---- three resonant irises with Qc — 4, 

f 1 \ Approximate theory i quarter-wavelength-spaced in a 

^ ^ ■ \ j \ sensitivity of couplings /, l - hy rectangular guide. 

J ! \[ \ | | /! Curve B, on the other hand, is a 

V i ^~\J / j Pl°t °l the i nsel 'tion loss as ob- 

0 \/\ f\ J 1 tained from Eq. (180) which neg- 

3.0 3.1 3 2 3.3^ 3.4 3.5 3.6 lects the frequency dependence of 

Flu. 10-84.—Effect of the frequency sensi- the Set tions ot guide. The pass 
tivity of (■oupiiiipr lines <m riiaiac-tcristies of a band of Curve B is approximately 

filter consisting of three elements, A,,/4- ir . , , .. 

coupled. pei’ cent larger than the pass 

band of Curve A. Moreover, the 
tolerance in decibels for Curve B is twice as large as for Curve A. 

A simple formula for the ratio of the two bandwidths can be derived 
bom Eq. (193). For this purpose it may be assumed that both B and 8 


Approximate theory 
neglecting frequency 
sensitivity of couplings 


3.0 3.1 3 2 3.3 3.4 3.5 3.6 

X m cm 

I* Hi. 10-84.—Effect of the frequency sensi¬ 
tivity of coupling lines on characteristics of a 
filter consisting of three elements, A„/4- 
coupled. 
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are proportional to the frequency difference Am = m> — w 0 ; hence Eqs. 
(189) and (190) reduce to 


B = 4 Q l 


Am 

OJo 



(197) 

(198) 


Equation (194) can be simplified for values of 9 near ir/2 by means of the 
following approximations: 


sin 6 — 1, 
cos 6 « ^ — 9 ■ 


Then, for the variable y, 
V « 2 Q l 


Am) 


fl JU* 1 \ 

r 1 4 

\ Ql 

1 - 

3| 3 

1 


(199) 


It is convenient to introduce again the normalized frequency variable 

Am) 


x — 2 Q l '■ 


OJq 


( 200 ) 


already defined in Eq. (183). The ratio y/x is a constant 


k = 1 



( 201 ) 


Substituting for y and B in Eq. (193) by means of Eqs. (195), (199), (200), 
and (201), 



1 + x*Ul{kx)- 


( 202 ) 


Equation (202) is identical to Eq. (186) but for the fact that the variable 
of the Tchebysheff polynomial is multiplied by k. Let w g be the width 
of the pass band between the outer zeros of U\(kx), and w r/2 be the 
corresponding bandwidth for 6 = it/2 , that is, the width between the 
outer zeros of U*(x). It is evident that 


^ = k £ 1- (203) 

We 

In the case of Fig. 10-84, that is, for Q ; . = 4 and <d c /m ) 0 = 0.73, k is equal 
to 1.42. Equation (202) shows also that the frequency dependence of 9 
reduces the bandpass loss. In fact, x 2 is inversely proportional to k 2 for 
any given value of Ul. 
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The percentage error in bandwidth, which results from assuming that 
6 is independent of frequency, is inversely proportional to Q L and becomes 

approximately 3 per cent for 
Ql = 50. Therefore, such an as¬ 
sumption is quite reasonable in 
the case of narrow-band filters. 

Equations (193) and (194) can 
also be used to study the effect of 
making the length of the coupling 
lines different from a quarter wave¬ 
length at the mean frequency u> 0 . 
It is clear that when 0 (u o ) ^ tt /2 
the frequency characteristics of 
the filter are not symmetrical with 
respect to « 0 - The curves of Fig. 
10-85 represent the percentage* 
transmission obtained from Eq. 
(193) for n = 3 and for three dif- 
0 i'erent constant values of 0 (u o ). 

X '-Qi. (s^w) The second important assump- 

i-'iu. 10-85.—Kffcrt of improper Iouki i> of lion involved in the analysis of 
coupling line. quart er-wavelength - coupled fil¬ 

ters concerns the representation of cavity resonators as simple parallel 
resonant circuits. Figures 10-3‘Ja and 10-396 show that in using such a 
representation the series reactances of the input and output loops are 
neglected as well as the direct coupling between input and output ter¬ 
minals. The direct coupling is actually negligible in well-designed cavi¬ 
ties. The series reactances, on the contrary, may 
have an appreciable effect on the bandpass charac¬ 
teristics of the filter. 

To investigate this phenomenon, consider the 
section of a quarter-wavelength-coupled filter shown 
in Fig. 10-86. in which the two series reactances are 
equal to A 0 . In the case of rectangular cavities, A 0 
is of the order of magnitude of 1 /x'Qr. [see Kq. 

(128)]. It follows that in computing Z 0 ,. k for the 
section of Fig. 10-86 A u may be neglected whenever 
XqB « 1. This condition is satisfied over the pass band when Ql is 
larger than about 100. On the other hand, for Z sch 



Fig. 10-8G.—Sec¬ 
tion of A/7/4-rouplccl 
filter with series rcae- 
tfinees. 



z„ c , — j 


A 0 + tan “j 
1 An tan ^ 


(204) 
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In this equation the presence of X 0 may be corrected for by making 0 
equal to the value for which Z tcb = j, that is, approximately 

0„ = 2X 0 - (205) 

Note that this correction is made automatically if the effective location 
of the terminals of the cavity is determined experimentally in accordance 
with the procedure outlined in Sec. 10-12. 

As an illustration of the effect of the reactances A r 0 , the filter shown 
schematically in Fig. 10-87 will be considered. This filter consists of 
four irises placed in a waveguide in such a way that two cavities separated 
by a quarter-wavelength section 
of guide are formed. According 
to our method of design, this filter 
behaves like a critically coupled, 
doubly tuned circuit when all the 
irises are equal. Overcoupling 
and undercoupling can be ob¬ 
tained by varying the ratio p of Fio. 10-87.—Two rectangular cavities, A„/4- 
the susceptance of the two inner coupled, 

irises to the susceptance of the two outer irises. To find the frequencies 
of perfect transmission, one must solve the equation ® — 6 = 0, as indi¬ 
cated by Eq. (46), Sec. 9-3, where in this case, 

® = (cos 6 — b 0 p sin 0) 2 — sin 2 0 (206) 

6 = —{bop cos 0 + sin 6 + b„ cos 0 — 6§p sin 0) 2 

+ (cos 6 — b 0 sin 9)- (207) 

where b a is the normalized susceptance of the outer irises and 0 is the 
angular length of each cavity. The particular case of critical coupling 
occurs when the two 0 roots of the equation ® — e = 0 coincide. Such 
degenerate roots are found for a value of p, given by 

p 4 = 1 + (208) 

U 0 

or, for b > 10, by 

P « 1 + (209) 

Note that in this case the series reactance Xr> is equal to — Since 

o o 

critical coupling is obtained when p > I. the two cavities are effectively 
undercoupled when all the irises are equal. It follows that the stray 
series reactances have the effect of decreasing the coupling between the 
two cavities. However, if the loaded Q of the cavities is about 100, this 
effect is of the order of magnitude of only 1 per cent. 
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In the narrow-band extreme, the elements of a quarter-wavelength- 
coupled filter may no longer be considered “dissipationless.” In the 
theoretical section, methods for computing the effect of incidental 
dissipation and for correcting the design formulas have been discussed. 
However, in many cases the work involved in such corrections and the 
changes required in mechanical design do not pay sufficient dividends in 
improved performance to justify this procedure. It is common practice 
to accept such deviations from the predicted performance without com¬ 
pensating for them since, in many cases, the deviations are of minor 
importance. By way of illustration, Fig. 10-88 is included to show the 



correspond to values of g =0, 0.02, and 0.05. 


effect of a varying degree of dissipation on the characteristics of filters 
with two, three, and four identical resonant elements. The parameter 
used to measure the dissipation is the ratio of the loaded to the unloaded Q 
of the elements. 

10-15. Quarter-wavelength-coupled Filters with TchebyshefE Charac¬ 
teristics.—Most of the quarter-wavelength—coupled filters that have 
actually been designed and built make use of identical cavities. How¬ 
ever, in such a design, as pointed out before, t he mechanical simplicity 
is achieved at. the cost of electrical performance. For this reason, it is 
perhaps worth while to investigate this matter in some detail by com¬ 
paring the optimum loss characteristics of the general structure shown in 
Fig. 10-66 with the characteristics of filters employing identical cavities. 
This structure can be derived from the prototype low-pass structure of 
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Fig. 10*89.■—Off-band insertion loss for various filters having a bandpass tolerance ol 

1 db (V = 0.25). 

Fig. 10*496, for which the optimum behavior of the power-loss ratio is of 
the form (see Sec. 9-18) 


p{= l + •T.V) (210) 

where T ri is a Tchebysheff polynomial of the first kind, n is the number 
of elements, and e 3 is the bandpass tolerance. It will be recalled that all 
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the maxima of this function and its value for w = 1 are equal to 1 + e-. 
The method of network synthesis that yields filters with prescribed power- 
loss ratios has been discussed in Chap. 9. 



Fig. 10-90.—Off-band insertion loss for various filters having a bandpass tolerance of 

0.5 db (g* = 0.125). 

A quarter-wavelength-coupled filter consisting of two identical 
cavities can be derived from the prototype low-pass structure of Fig. 
10496 in which the inductance, the capacitance, and both terminating 
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resistances are equal to unity. This type of design which corresponds to 
critical coupling has already been discussed in Sec. 10-9 in connection 
with directly coupled cavity filters. It was found there that by over¬ 
coupling the two cavities, that is, by deriving the filter from a prototype 
structure having a power ratio of the optimum form, the off-band loss 
could be increased by 6 db, while maintaining the same bandwidth and 
the same bandpass tolerance. Design equations for this prototype 
structure are presented in the same section, together with a method of 
compensating for the effect of incidental dissipation. Plots of the off- 
band insertion loss of two element filters are shown in Figs. 10-89,10-90, 
and 10-91 for different values of the bandpass tolerance. 

In the case of three identical, quarter-wavelength-coupled cavities, 
the power-loss ratio is of the optimum form, but the tolerance e 2 , which is 
equal to ^V, cannot be changed. In fact, it can be shown that Eq. (186) 
for n = 3 can be rewritten in the form 

®),- 1 + s w (2 “> 

by means of the change of variable 

x' = V3 x. (212) 

This transformation is merely a normalization of the independent 

variable which makes the power ratio equal to 1 + -jt for x' = 1. 

In this connection, it is interesting to note that if the same trans¬ 
formation is applied to Eq. (202), which takes into account the frequency 
dependence of the coupling lines, 

(ft), - 1 + 27F- < 213 > 

This equation shows very clearly that the frequency dependence of the 

coupling lines reduces the bandwidth by a factor equal to k. Moreover, 
it shows that the bandpass tolerance is reduced by the factor A 2 , a fact 
which is not evident in Eq. ( 202 ). In the particular case of Fig. 10-84, k 
is equal to 1.42 and the maximum loss in the pass band is thus reduced by 
0.8 db. 

The value of -jV for t- in-Eq. (211) corresponds to a maximum loss in 
the pass band equal to 0.16 db which is satisfactory in most practical 
cases. However, if a different tolerance is desired, the loaded Q of the 
middle resonant element has to be different from the loaded Q of the outer 
resonant elements. The relation between the ratio of the loaded Q’s 
and the tolerance can be determined from the frequency behavior of the 
prototype structure of Fig. 10-92. The power-loss ratio of this structure 
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f,u. 10-91.—Insertion loss for various filters having a bandpass tolerance of 0.25 db 

(£- = 0.0625). 

is found to be 



This equation can be identified with Eq. (210) lor n = 3, in which r l\{oi) 
is given by 

y'.r(oj) = ojf-luj- — 3); (215) 


therefore the following conditions must be sal isfied tor optimum frequency 


response: 
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From these conditions the following two design equations can be derived: 


8 C 

3 C 2 + 4 
L C 3 

8 C 2 3C' 3 + 4 


(218) 

(219) 


In transforming the low-pass structure to a bandpass structure, 
the pass band of the filter is defined as the frequency band in which the 
power ratio is smaller than, or equal to 1 + s 2 . 

If w is the width of this band, one obtains for 
the loaded Q of the outer resenant element 
[seeEq. (120)] 

Ql=\c^ ( 220 ) 

2 w 

Fig. 10-92.—Three-element pro- 

and the ratio of the loaded Q of the inner totype low-pass structure, 
element to the loaded Q of the outer element becomes 




( 221 ) 


That this ratio becomes unity for e 2 = - 3 V can be checked. 

Curves of the off-band insertion loss for different values of the 
maximum bandpass loss are plotted in Figs. 10-89, 10-90, and 10-91. 
The insertion loss for a filter derived from a constant-^ low-pass section 
is also plotted in the same figures for the same values of bandpass loss. 
For a constant-/; section the ratio r is equal to 2 and the transmission 
ratio has no maxima in the pass band other than the one at the mean 
frequency o> 0 . 

In the case of a filter consisting of four identical resonant elements, 
the maximum value of the power-loss ratio is found to be 1.25. This 
value corresponds to a loss of approximately 1 db and a tolerance 
e 2 = i. The curve of the off-band insertion loss for this filter is compared 
in Fig. 10-89 with the corresponding curve for a four-element filter of 
optimum design which has the same bandwidth and the same bandpass 
loss. It can be seen that far from the pass band the filter of optimum 
design has a loss 2.65 db larger than the loss of the filter with equal 
elements. Since such a difference is negligible, the simple design with 
equal elements is quite satisfactory if a bandpass loss of 1 db is per- 
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mitted. If a different tolerance is desired, however, the filter must be 
designed following the procedure discussed in Chap. 9. 

The off-band insertion loss of the filters discussed above is, in all 
cases, a monotonic function which increases with the frequency deviation 
from the center of the pass band. The rate of cutoff, for a given bandpass 
tolerance, is determined by the number n of resonant elements. More 

precisely, in the case of optimum 
design sufficiently far from the 
pass band, the insertion loss in 
decibels is proportional to n. It 
follows that extremely sharp cut¬ 
offs require large numbers of reso¬ 
nant elements. In the case of 
lumped-element filters, this diffi¬ 
culty is circumvented by using fil¬ 
ters of the m-derived type, that is, 
filters derived from prototype 
structures such as the ones shown 
in Fig. 10-93. These structures 
can be designed in a number of 
ways, for instance, by cascading a 
number of actual w-derived sections, or by means of the direct synthesis 
procedure discussed in Chap. 9. The insertion loss of a low-pass filter of 
this type has a number of infinite peaks which coincide with the resonance 
frequencies of the branches of the ladder. These resonance frequencies 
can be placed in the vicinity of the pass band to increase the sharpness of 
the cutoff. The optimum design for filters of this type is discussed in 



(<*) 


m jwn 

" hh* 


d>) 

Fig. 10-93.—Prototype low-pass structures 
of the m-derived type. 


Sec. 9-19. 

Low-pass structures of the types 
shown in Fig. 10-93 can be transformed 
into quarter-wavelength-coupled filters 
by following the same procedure used 
in the case of the structure of Fig. 10-496. 

The only difficulty encountered concerns 
the transformation of the resonant 
branches into microwave elements. 

Consider, then, one of the resonant 
branches of the structure of Fig. 10-93a which is assumed to have a cutoff 
frequency a>„ equal to 1. This branch, shown in Fig. 10-94a, resonates 
at the frequency 

aw, = —1L=- (222) 

” \/LC 



Fig 


10-94.— Ti ansformation 
nant branches. 



When the low-pass structure is transformed into a bandpass filter with a 
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bandwidth w and a mean frequency <oo, the resonant branch is trans¬ 
formed into the network shown in Fig. 10-945. Both tuned circuits 
resonate at the frequency co 0 . This network cannot be realized directly 
at microwaves. Therefore, it is further transfoimed into the network 
of Fig. 10-94c by applying Foster’s reactance theorem. The resonance 
frequencies « and u„ t of the two series-tuned circuits are given by the 
following equations: 


u> 




“ “o 

- to*, = W. = “.W. 


(223) 

(224) 


For large values of oj 0 /w the following expressions are approximately 
true: 

^ (225) 


<*>», « “o 


2 ' 


(226) 


The network of Fig. 10-94c places in evidence the fact that and are 
the frequencies at which the insertion loss of the bandpass filter becomes 
infinite. The values of Li and L 2 can be determined by requiring that the 
sum of the susceptances of the tuned circuits shall vanish at the frequency 


ojo and shall have, at the same frequency, a slope equal to 



Then 


Li = 

Li w„ i 
L\Tji L 
L i -f- Li w 

In the case of narrow-band filters, 
these equations yield approxi¬ 
mately 

Li = Li = 2—■ (229) 

w 


(227) 

(228) 




The network of Fig. 10 94 can Fl ° 10-95.—Microwave realizations of the 

resonant branches shown in Fig. 10-94. 

be approximated m a number of 

ways by means of microwave elements. In the case of coaxial-line filters 
with a relatively broad band, two simple stubs in shunt with the main line 
may be used. When the ratio u>o/w is so large that stubs become imprac¬ 
tical, cavities quarter-wavelength-coupled to the main line as shown in 
Fig. 1095a may be used. The Q of the cavity when loaded by the char¬ 
acteristic impedance of the coupling line is related to L by the approxi¬ 
mate equation 


Qli 


2 L 


(230) 
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Figure 10-96 illustrates the microwave realization of a bandpass rre-derived 
section. A similar arrangement of cavities can be used in the case of 
waveguide filters. 

An entirely different approach to the problem of transforming the 
branch of Fig. 10-94o into microwave elements is illustrated in Figs. 
10-956 and 10-95c. The branch is considered as a separate filter whose 

output terminals are open-cir¬ 
cuited. The transformation into 
the structure of Fig. 10-95c can 
be performed exactly as in the case 
of a direct-coupled, two-cavity fil¬ 
ter. Both cavities are tuned to 
the frequency o> 0 , and the band¬ 
width between the frequencies 
of infinite loss is controlled by the 
coupling between the two cavities. 
A similar arrangement can be 
used, of course, in the case of 
waveguide filters. 

All the filters discussed in the 
preceding sections are of the 
bandpass type. Band-rejection 
filters are seldom used, but can be designed in the same manner. 
A lumped-element bandpass filter can always be transformed into 
a band-rejection filter by substituting series-tuned circuits for parallel- 
tuned circuits and vice versa in accordance with the procedure 
discussed in Sec. 9-8. For instance, the structure of Fig. 10-666 would be 
transformed into the structure of Fig. 10-97. The L’s in Fig. 10-97 are 



made equal numerically to the C ’s in Fig. 10-666, for coupling lines of 
unity characteristic impedance, and vice versa. Let the power-loss ratio 
of the bandpass filter be 

0r) Bp = f +.fc 2) (231) 

where 




Fig. 10-96.—Microwave realization of an 
m-derived section. 


X 


(232) 





( 6 ) 

Fig. 10-98.—Two alternative microwave realizations of hand-rejection structure. 


interchanged in the frequency spectrum; thus the frequencies correspond¬ 
ing to x = ±1, that is, the two ends of the pass band are left fixed. 

Microwave band-rejection filters can be designed without difficulty 
by using quarter-wavelength couplings as 
in the case of bandpass filters. Figure 
10-98a illustrates a practical realization of 
a waveguide filter of this type. The cavi¬ 
ties are placed in series with the guide 
and therefore they behave like parallel- 
tuned circuits in series with the line. 

However, this type of structure and the (a) (b) 

structure of Fig. 10-97 have the same I,[G - to-99.—A series-resonant 
, ri> , ... i structure with its equivalent circuit, 

insertion loss. Inis equivalence can be 

checked easily by simply adding quarter-wavelength sections at both ends 
of either structure. A structure more directly equivalent to the filter of 
Fig. 10-97 would consist of cavities coupled in shunt to the main guide, 
as shown in Fig. 10-986. The input terminals of these cavities are effec- 
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tively spaced one-quarter wavelength from the guide since no reflection 
takes place in the guide when these terminals are short-circuited. In the 
case of coaxial-line filters, cavities quarter-wavelength-coupled to the 
main line, such as the ones shown in Fig. 10-96, may be used. 

Transmission-resonant irises have their counterpart in the rejection- 
resonant irises which behave approximately like series-tuned circuits. 
Rejection irises can be obtained from transmission irises by the simple 
procedure of interchanging metal with hole. A very simple type of 
rejection iris is shown in Fig. 10-99 together with its equivalent circuit. 
Irises of this type can be quarter-wavelength-spaced in a guide to form a 
broadband rejection filter. The design procedure is the same as in the 
case of bandpass filters, apart from the transformation from bandpass to 
band-rejection filter already discussed above. 


MISCELLANEOUS FILTERS 

10-16. Lattice Networks. —Symmetrical lattice networks are exten¬ 
sively used in the process of designing lumped-element filters because 



Fig. 10-100.—Simple waveguide magic T and its equivalent circuit. 

they represent the most general form of symmetrical two-terminal-pair 
network. However, they are seldom used as final filter structures because 
they require extremely close tolerances on the values of the elements. 
The reader can be convinced of this fact by noting that proper operation 
of a lattice filter requires perfect coincidence of the critical frequencies of 
the series and shunt arms. Small differences between corresponding 
critical frequencies may produce considerable distortions of the frequency 
characteristics of the filter. 

In spite of these practical considerations, it is of interest to inquire 
whether it is possible to simulate a lattice network by means of wave¬ 
guides. An investigation of this question reveals that the simple magic '1' 
may be regarded as the nucleus of a lattice network. It will be recalled 
that a magic T in rectangular waveguide consists of an H-plane T and an 
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A-plane T formed at the same point of a waveguide, as shown in Fig. 
10-100a. If, now, two of the arms of a properly matched magic T are 
terminated with impedances Z a and Z b as schematically represented iri 
Fig. 10- 100b, the behavior of the resulting two-terminal-pair network may 
be represented by the lattice network of Fig. 10-100c. 

As in the case of a lattice network, it is found that in a magic-T filter 
the impedances connected to the A and B arms must be held to very 
close tolerances. Moreover, the behavior of a magic T can be made to 
approximate the behavior of a simple lattice network only over a limited 
frequency range. For these reasons, magic-T filters are not, in general, 
feasible although they may present advantages in very special cases. 

10-17. Mode Filters.—It is sometimes desirable to transmit energy 
through a waveguide or a coaxial line in a single preferred mode. For this 
purpose, structures have been designed that selectively propagate certain 
modes while reflecting others. Such devices are known as “mode 
filters.’’ These filters are outside the scope of this chapter but reference 
may be made to Chap. 7 for a detailed discussion of their application in 
rotary joints. 

In certain special cases, however, mode filters may be used with advan¬ 
tage to provide frequency discrimination. Thus, if the two frequencies 
to be separated are extremely close together, it is often simpler to arrange 
to propagate the two frequencies in different modes and to utilize the 
difference in mode rather than the difference in frequency as the basis for 
discrimination. As an example, the simple case will be considered in 
which it is desired to separate two signals of slightly different frequencies 
received by the same antenna. If the antenna is designed to receive 
circularly polarized waves, it will accept waves of all possible polari¬ 
zations. If the two waves to be received are plane-polarized at right 
angles, they may be transmitted through the same guide using different 
modes of propagation or different polarizations of the same mode. The 
two modes can then be separated by means of a mode filter. In this 
manner, it is possible to achieve without difficulty 20- to 30-db discrimi¬ 
nation over a band of a few per cent. A filter that performs the same 
operation by frequency discrimination would become progressively more 
complex as the frequency difference between the two signals became 
smaller. Unfortunately', it is difficult by this method to extend this 
principle to obtain discrimination between more than two frequencies or 
to separate two signals of widely different frequencies. 

10-18. Absorption Filters.—In some cases, in which it is desirable to 
attenuate a wide band of frequencies, the use of absorption filters is indi¬ 
cated. Such filters do not discriminate by reflection but by dissipation 
and, consequently-, their use is limited to those cases where the attenuated 
frequencies are not to be utilized. Although substances, such as 
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Fig. 10-101. —Attenuation as a function 
of frequency for dielectrics with constant loss 
angles, and for Corning Glass No. 6460. 


ammonia, which have absorption bands in the microwave range are 
known, in general the application of absorption filters is limited to low- 
pass filters with gradual cutoffs. In these cases, it is possible to find 
suitable solid dielectric materials for which the loss functions vary as in 
Fig. 10-101. The dielectric may then be introduced into the trans¬ 
mission line or waveguide as a 
slug with suitable tapers to avoid 
reflections. For design informa¬ 
tion on dielectric materials, the 
reader is referred to a comprehen¬ 
sive report by A. von Hippel. 20 

10-19. Multiplexers.—In the 
terminology of communication 
engineering, a multiplexer is a 
device for separating signals of 
different frequencies present in the 
same circuit and directing them 
into subsidiary circuits, or vice 
versa. Such a device is not to be 
confused with a duplexer as used 
in radar for electronic switching in 
systems designed to transmit 
pulses and detect subsequent echoes. Multiplexers permit the transmis¬ 
sion of a number of signals from one station to another wit hout the intro¬ 
duction of appreciable crosstalk and constitute, therefore, one of the main 
applications of filters. 

It is obvious that microwave multiplexing requires a method of con¬ 
necting channel filters across a transmission line or waveguide in such a 
way that the power in each signal i.s diverted to the appropriate branch 
with negligible loss. One such method, analogous in principle to that 
used in radar duplexing, has been experimentally tested by Fox 14 and 
found to be very satisfactory. This multiplexer, schematically repre¬ 
sented in Fig. 10-102, consists of n bandpass filters centered at the n 
frequencies of the signals to be separated. Each of these filters is con¬ 
nected in shunt to the main transmission line. For frequencies within a 
particular channel, the corresponding filter acts as a shunt impedance 
approximately equal to the characteristic impedance of the line; for such 
frequencies, the remaining filters appear as open circuit,s. 

It follows from the above discussion that a signal of frequency co* 
within a particular channel is effectively aware of the presence of only one 
filter, namely, the one tuned to its own frequency. If the main guide is 
then short-circuited at the proper place, that is, approximately an odd 
number of quarter wavelengths from the center of the kth side branch, 
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the signal of frequency w k is matched into this branch without appreciable 
loss. The input iris of the last filter may be substituted for the end plate 
of the guide, as shown in Fig. 10-102, without modifying the behavior of 
the system. The branches containing all the other filters are then con¬ 
nected to the main guide at the proper distance from the input iris of the 
last filter as shown in Fig. 10-102. In the particular case considered, each 
filter consists of a simple cavity. However, more complex filters can be 



used if required by the frequency separation of the channels. Coaxial¬ 
line multiplexers similar to the waveguidb'.multiplexer just described can 
be designed in a similar manner. 

ASSEMBLY AND TEST 'PROCEDURES 

10-20. Broadband Filters.—For broadband filters where the pass 
band is greater than 10 per cent in frequency, the mechanical tolerances 
are sufficiently loose, in general, to eliminate the necessity for adjustment 
after assembly. It suffices to check the insertion loss at several points in 
the pass band, for example, at the center and edges, to ensure that no 
gross mechanical error is present in the particular filter under test. The 
exact test procedure depends on the particular specifications, but usually 
does not present a major problem. For the measurement of insertion 
loss, an apparatus of the general type schematically represented in 
Fig. 10-103 is needed. When the generator is isolated from the filter 
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under test by an attenuating pad which reflects negligible power, and 
when a well-matched detector terminates the line, a comparison of the 
power reaching the detector with and without the filter interposed 
determines the insertion loss. It is wise to, use a power monitor on the 
generator to ensure that the power output of the generator is unaltered by 
reflections from the filter since it is often not feasible to use sufficient 



Fig. 10-103.—R-f bench for testing broadband filters. 


padding to provide complete isolation. In this manner, it is possible 
to ascertain insertion losses up to about 60 db. For higher attenuations, 
extreme care must be exercised to avoid direct r-f leakage from the gener¬ 
ator to the detector. In many cases, the available power from the gener¬ 
ator is such that with 60 db of attenuation in the filter plus adequate 
padding, the power level is below the limit of sensitivity of the detector. 

It should be recalled in the 
testing of broadband filters that 
spurious results are often intro¬ 
duced by the fact that the con¬ 
nectors to the filter are not 
sufficiently frequency-insensitive. 
For this reason, it is common 
practice to insert dummy connec¬ 
tors of the same type employed 
in the filter between the generator 
and load when the measurements 
are made with the filter removed. 
It must be realized, however, that 
this procedure does not determine 
the over-all insertion loss produced 
by the filter in actual practice. 

As an example of the over-all 
reproducibility of electrical characteristics including both manufacturing 
and test errors, curves for a number of Type 2 filters described in Sec. 10-3 
are shown in Fig. 10-104. 

10-21. Narrow-band Filters.—Point-by-point determination of inser¬ 
tion loss as a function of frequency is cumbersome but possible whenever 
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Frequency in Mc/sec 

Fig. 10-104.—Insertion loss for three 
filters of the same type, illustrating repro¬ 
ducibility. 
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adjustments after assembly are not required. In narrow-band filters, 
where mechanical tolerances are close and compensating adjustments 
must be made after assembly, the point-by-point procedure becomes 
prohibitively expensive and other test and lineup procedures must be 
found. It is highly desirable in lining up multi cavity filters, for instance, 
to be able to ascertain at a glance the effect of a small change of any one 
of the parameters of the system on the whole loss characteristic. In the 



Fig. 10*105,-—Schematic diagram of a volume control for a reflex oscillator. 


case of narrow-band filters, it is possible to sweep a generator over the 
range of frequencies concerned and observe on a cathode-ray tube a 
frequency plot of the power transmitted by the filter to a detector. In 
order for the trace on the screen to represent sufficiently well the fre¬ 
quency characteristics of the filter alone, a scheme that keeps the output 
power of the generator constant over the frequency band of interest 
must be provided. A generator with such a volume control, used in con¬ 
junction with a frequency-insensitive detector, provides an adequate 
test system. 

A circuit that maintains a con¬ 
stant output power from a reflex 
oscillator* is shown schematically 
in Fig. 10-105. A small fraction 
of the power carried by the wave 
traveling from the generator to the 
load is coupled into a detector by 
a directional coupler. The recti¬ 
fied voltage from the detector is 
amplified and applied to the voltage regulator which controls the reflector 
voltage of the generator. Whenever possible, it is desirable to modulate 
the tube because high-gain d-c amplifiers are, in general, very trouble- 

* Most tunable generators are of the reflex type. In such oscillators, even if 
constant output is not required, the reflector voltage must track the resonance fre¬ 
quency of the cavity to maintain oscillations. 



Fig. 10*106.—Power output of a reflex oscil¬ 
lator as a function of the reflector voltage. 
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some. In this case, the output of the amplifier must be rectified before 
being fed into tlie voltage regulator. 

Fig. 10-100 shows a typical plot of the output power of a reflex 
oscillator as a function of the reflector voltage for a given resonance 
frequency of the cavity. If the reflector voltage is initially adjusted for 
operation at the point .1, any small change of the power coupled into the 
detector produces a large change of the reflector voltage, which in turn 
corrects the output power of the tube. This correction can be adjusted 
to have the proper sign for stable operation. The stability conditions 
can be expressed mathematically in the following manner. The reflector 
voltage V r consists of two components F 0 and Tv F 0 is independent 
of the output power of the tube and is manually adjusted, whereas F„ is a 
function of the output power specified by 

V c = f(P). (234) 

The tube characteristics can be expressed by 

P = *(V r)W ) = 4>{(V o + F,),m] (235) 

where w is the resonance frequency of the cavity. The output power 
can be determined by substituting Eq. (234) for F c in Eq. (235) and solv¬ 
ing for P. Let P o be a value of the output power that can be obtained 
at any frequency within a specified band centered at co 0 . F 0 can then be 
adjusted to the value for which Eqs. (234) and (235) are satisfied by 
P — Pa and w = w 0 . This condition of operation is stable if 



that is, if a positive increment of P in Eq. (234) corresponds to a negative 
increment of P in Eq. (235). If this condition is not satisfied at the 
point .4 in Eig. 10-106, it will certainly be satisfied at the point B and 
vice versa. 

Suppose now it is desired to vary w over the specified band centered 
at w 0 while keeping the deviation of P from P 0 within a given magnitude 
APo. Let AF C be the maximum change of V c required, according to Eq. 
(235), to keep P within these specified limits. This change of reflector 
voltage can always be obtained by means of the feedback circuit, pro¬ 
vided the gain of the amplifier is sufficiently high. It follows that AP„ 
can be made arbitrarily small. Note that the only restriction to be 
placed on the functions f(P) and <£>[(F 0 + F c ),w] is that they must 
satisfy Eq. (236) for all values of P considered. 

The, directional coupler and the detector have been implicitly assumed 
to be frequency-insensitive. This is not the case in practice, however; 
the minimum value of APo is therefore actually limited by the frequency 
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behavior of the r-f components. In fact, the output voltage of the 
detector, rather than the output power of the tube, is the quantity that 
is kept constant. Detectors of the barretter type can be matched to a 
VSWR less than 1.2 over a 10 per cent band. The frequency behavior of 
the directional coupler is therefore the actual limiting factor. 

The volume control scheme of Fig. 10-105 has been tried out in con¬ 
nection with a type 2K45 oscillator. This tube is thermally tuned by 
controlling the grid voltage of a triode, which is the heating element. 
The resonance frequency of the cavity can thus be swept over a 10 per 
cent band with a 14-sec period* by alternating the control grid voltage 
over a suitable range. Any convenient on-off circuit can be used for this 
purpose. The same circuit can also provide the required sweep voltage 
for the oscilloscope presentation mentioned above. The long period 
associated with thermal tuning requires the use of a long persistence 
screen. 

The accuracy of the measurement of the insertion loss of a filter may 
be improved by the use of logarithmic amplifiers in comparing the inci¬ 
dent power with the power transmitted through the filter. If the output 
voltages of two logarithmic amplifiers are proportional, respectively, 
to the logarithm of the incident power and to the logarithm of the trans¬ 
mitted power, their difference is by definition proportional to the insertion 
loss. This method of measurement can be used in connection with the 
sweep frequency oscillator described above. If the output voltages of 
the two amplifiers are connected directly to the vertical plates of the 
oscilloscope, the vertical deflection of the beam will be proportional to 
the insertion loss. A plot of the insertion loss as a function of frequency 
can thus be obtained. 

A satisfactory type of logarithmic amplifier 21 makes use of a special 
type of germanium crystal, in which the “cat whisker” is welded to the 
surface of the crystal. For these crystals the static voltage-current 
characteristics obey the logarithmic law 

V = K log I 

sufficiently well over a range of currents as large as 1000 to 1. If a 
crystal of this type is used as the plate load of a pentode, the voltage 
across the crystal will be proportional to the logarithm of the grid volt¬ 
age of the pentode. Appropriate current feedback must be used to 
counteract the effect of the nonlinearity of the tube characteristics that 
would otherwise limit the accuracy of the logarithmic response. Other 
stages of amplification of conventional design can be used before and after 
the stage in which the crystal is connected. 

* When tubes with external cavities are available, mechanical tuning permits 
frequency modulation at audio rates. 
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Quarter-wavelength-coupled filters are lined up experimentally in 
the following manner. Each cavity is tuned separately to the correct 
frequency. The value of the loaded Q is checked at the same time. The 
cavities are then connected and the frequency response of the filter is 
observed on the screen of an oscilloscope in the manner described above. 
Small readjustments of the elements are then made to obtain optimum 
bandpass characteristics. In general, if a filter is aligned for opti¬ 
mum bandpass characteristics, the off-band insertion loss will behave 
as predicted. The loss in the pass band depends critically on the align¬ 
ment, and with a swept generator it takes only a matter of minutes to 
adjust a four-cavity filter. Without a swept generator and the aux¬ 
iliary detecting apparatus, such an adjustment may require days of 
tedious measurements. 

The alignment of a doubly' resonant cavity may be easily' accomplished 
with the same apparatus in the following manner. With the coupling 
screw almost removed, the screws that independently tune the two modes 
are adjusted until the transmission curve consists of a single peak of 
maximum amplitude. The coupling screw is then adjusted until the 
dip between the two peaks is equal to the allowed bandpass tolerance. 
The whole curve is then shifted to the desired resonant frequency by 
tuning both modes with a movable end membrane or by readjusting both 
tuning screws simultaneously'. A filter consisting of two direct-coupled 
cavities can be lined up in the same manner. 

10-22. Quarter-wavelength-coupled Filters.—In certain cases, special 
lineup procedures, which do not require swept generators, are practical. 
As an example, a method of adjusting quarter-wavelength-coupled 
filters is described. The apparatus required is schematically illustrated 
in Fig. 10-107. A frequency-stabilized generator should be used in 
connection with narrow-band filters. The filter to be adjusted is inserted 
between two standing-wave detectors in a line that is perfectly ter¬ 
minated. Initially, the resonant elements (cavities or irises) are all 
detuned and the generator is adjusted to the desired resonant frequency. 
Under these circumstances a large standing wave exists in the first 
slotted section. The, positions A and A' of two minima of the voltage 
standing wave are determined. The first iris is then tuned until one ol 
the minima coincides with the point B , half way between A and .1', 
that is, until the standing-wave minima are shifted by X u /4. The second 
iris is now tuned until the minima shift back to their original positions, 
A and A'. Thus, successive irises are tuned by' alternately adjusting 
the position of a standing-wave minimum to occur at A and B. The last 
iris, however, cannot be tuned by' this procedure. It should be adjusted 
to the desired midband response, that is, in many' cases, maximum out¬ 
put power. Note that in the case of lossy filters the adjustment for 
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maximum output power does not yield unity standing-wave ratio in the 
input line. After these adjustments are made, the filter is checked at 
the edges of the pass band to make sure that the over-all behavior of the 
filter is satisfactory. 

The details of the adjustment and test procedure may vary from filter 
to filter. However, it cannot be overemphasized that ease of adjustment 
should be a prime consideration in the design of any filter. Moreover 


Oscillator 



Input Slotted section Filter section Slotted section Matched 

transition No. 1 No. 2 termination 


Fig. 10-107.—Test bench for X„/4-noupIed filters. 

versatile test benches, including swept oscillators and logarithmic 
amplifiers, are of great help in laboratory work and become a virtual 
necessity in the ease of quantity production of multielement filters. 
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Matching diaphragms, capacitive, 214, 
215 

inductive, 211-214 
Matrices, 544-547 
wave, 551-554 
Maxwell, E., 117 
Maxwell’s equations, 3, 37 
Metal-hose, wound, 274-279 
Metallic materials, 115-124 
Metals and alloys, attenuation of, 120 
conductivity of, 120 

Microwave realizations of resonant 
branches, 703 

Microwave transmission circuits, 5 
Microwaves, useful properties of, 2 
Mismatched terminations, effect of, 
609-612 

Mismatches, accumulative, 551-554, 611 
measurement of, 85 
Mks units, rationalized, 8 
Mode, D. E., 633 
Mode purity, 99 
Modulator, 227 
Molding, compression, 138 
extrusion, 138 
transfer, 138 
Montgomery, C. C., 483 
Montgomery, D. D., 483 
Morgan Brush Company, 143 
Motional joints, 407 
in coaxial line, 407-416 
combining coaxial line and waveguide, 
446-455 

waveguide, 433-445 


Multiplexers, 708 

Mycalex, General Electric, 491 

N 

Nebel, C. N., 535 

Networks, connected in cascade, 546 
connected in parallel, 545 
connected in series, 546 
ladder, 597—601 
lattice, 706 

with prescribed input impedance, 
586-589 

reactive, image parameters of, 557- 
561 

with specified insertion loss, 580- 
589 

reciprocal image impedance, 559 
reciprocal impedance, 544 
symmetrical, 544, 558 
two-terminal-pair, 541-554 
uniformly dissipative, 601-603 
Niemann, F. L., 353 
Nosker, L. W., 633 

P 

Pass band, 557 

average attenuation in, 603 
characteristics of, effect of dissipation 
on, 603 

Pass-band behavior, Tchebysheff, 590- 
593 

Pass-band normalization, 562-566 
Phase constant, 49 

Phase distortion, in broadband T-stub, 
176 

Phase function, 555 
Phase shifter, 478-481, 513-517 
dielectric, 514 
slotted-waveguide, 513 
Phase velocity, 12, 20, 42, 50 
Phosphor bronze, 119 
Pickering, W. H., 204 
Pierce, J. R., 196 

Pierce method for design of choke 
grooves, 198 
Pipe, elliptical, 57 
Plane wave in free space, 36 
Plate, quarter-wave, 371 
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Plugs, dielectric, half-wavelength, 222 
T-shaped, three-quarters wavelength 
long, 223 

Plungers, short-circuiting, 460-463, 481- 
483 

capacity coupled, 462 
quarter-wave length-finger, 461 
Polarization, circular, rotary-joint, 428 
in square waveguide, 378 
of TEi\-m ode, 369-378 
elliptical, 54 

Polarization rotator, joints with, 430- 
432 

Polyglas, 132 
Polyglas connectors, 267 
Polyiron, 133, 463 

Polytechnic Institute of Brooklyn, 257 
Posin, D. Q., 157, 227 
Positive real function (p r.), 581 
Pound, R. V., 171, 173, 176 
Powder metallurgy, 123 
Power, reflection of, 29 
transmission of, 29 

Power-carrying capacity, maximum, 145, 
147 

Power dividers, 516-528 
coaxial, 516-522 
fixed, 522-525 
fixed coaxial, 516-519 
variable, 519-522, 525-528 
waveguide, 522-528 
Power factor, 28 
Power-handling capabilities, 95 
Power-loss ratio, 550, 558 
selection of, 589-597 
Power- trails mission ratio, 550 
Poynting vector, 41 
Pressurization problems, 139-143 
Preston TM/oi-transition, 389 
Propagation factor, 13, 19-23 
Propagation function, 554-557 
Pulling figure, 84, 472 
Pulse width, dependence of breakdown 
power on, 235 

Q 

Q, loaded, 652 
unloaded, 653 


R 

Radiation losses, 108 
Radio Research Laboratory, 361 
Radioactive cobalt, effect of, on break¬ 
down power, 232 
Radioactive cobalt chloride, 232 
Ragan, G. L., 227 
Kamo, S , 57, 129 

Raytheon Manufacturing Company, 452 
Reed, J., 159, 160 
Reflection coefficient, 13-19, 29, 63 
current, 15 
voltage, 15 

Reflection-coefficient chart, 60-67 
Reflex oscillator, volume control for, 711 
Reich, H. J., 10 

Rejection-band characteristics, effect of 
dissipation on, 604-607 
Resistance card load, 97 
Resonances, 99 

in high-power rotary joint, 422 
in rotary joints, 416-420 
Resonant aperture, 221 
Resonant ring, 391 

Resonators, cavity (see Cavity resonators) 
R-f cable connectors, 270 
R-f components of sample radar set, 6 
Richards, P. I., 634, 715, 716 
Rieke diagram, 83 
Robbins, Theo Eloise, 184 
Rotary-joint pressure seals, 141-143 
Rotary joints, 100-109, 407 
circular-polarization, 428 
resonance in, 429 
coaxial, 407-413 
coaxial chokes in, 408 
with combinations of transitions, 448- 
451 

with cross-transition from coaxial line 
to waveguide, 446 

filter-ring, 27?n-inode for, resonances 
in, 423 

high-power, with doorknob transitions, 
451-455 

resonances in, 422 
with probe transitions, 447 
resonances in, 416-420 
with 27i 11 -mode filter-ling transitions 
with 2'^ 11 -absorbcrs, 425 
waveguide, 416-433 
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S 

Salisbury, W.W., 160 

Salt-spray test, 130 

Sarbacher, R. I., 9, 12, 58, 383 

Scaling, 87 

Schaevitz, H., 57 

Schaible, G. J., 247 

Schelkunoff, S. A., 9, 52, 716 

Schuster, N. A., 349 

Screws, general-susceptance, 499-507 

Sealol, 142 

Series branches, 100-114 
Sheets, thin, nonresonant, 218-220 
reflections from, 220 
in resonant mount, 220-222 
Shunt suseeptanee elements, 93 
Similitude, 87 
Skin depth, 26, 45 

in metallic conductors at microwave 
frequencies, 127 

Slater, J. C., 9, 53, 99, 116, 245, 313, 315, 
316, 362, 415, 497 
Smith, P. H., 63, 500 
Smith admittance chart, 67 
Smith impedance chart, 60-67 
Soldering, 123 
hard, 123 
silver, 123 
soft, 123 

Sperry Gyroscope Company, 129, 189, 
210, 307, 447 

Standing-wave ratio, 17, 63 
voltage, 17 

Standing waves, 13-19 
Stratton, J. C., 87 
Stub supports, 170-182 
Stub tuners, 472-478 
sliding series, 464—166 
waveguide, 483-485 

Stubs, coaxial. broadband matching with, 
332-335 

right-angle, 176-179 
universal, 179 

dimensions for, 180 
Suseeptanee shunting matched line, 31 
Switches, 528-539 
coaxial-line, 528-533 
type N, 529 
waveguide, 533-539 


Swivel joints, 433-438 
Sykes, R. A., 634 

T 

T-stub supports, simple, 170-173 
T-stubs, broadband, 173-176 
dimensions for, 175 
phase distortion in, 176 
Tapers in coaxial line, 305-311 
Tchebysheff behavior in attenuation 
band, 593-597 

Tchebysheff characteristics, 696-706 
Tchebysheff pass band behavior, 590-593 
Tchebysheff polynomials, 590 
TlE-mode, 39 

TEi a-mode rectangular waveguide, 46-54 
TE\ i-mode, circular polarization of, 369- 
378 

in cylindrical waveguide, determining 
percentage of, 381-388 
for filter-ring rotary joint, resonances 
in, 423 

7'Au-mode filters, 388-400 
Fin, 397 
Teflon, 143 

Teflon connectors, 259 
Teflon dielectric beads, 257 
Telecommunications Research Estab¬ 
lishment, 352, 392 
Telegraphers’ equation, 9-11 
TEM- mode, 39 
Test equipment, 7 
Test procedures, 709-714 
Thermistor bridge, 229 
Titeflex, 116, 279-281 
Titeflex, Inc., 280 
TM -mode, 39 

Tllf oi-mode, transitions to, 379-381 
7'Moi-transitions, breakdown of, 405 
Preston, 389 
straight-on, 400-403 
TR tubes, 688 
Tracing paper, 65 

Transformers, coaxial impedaqce, 182- 
184 

impedance-matching, 90-95 
quarter-wavelength, 90-92, 217 
variable impedance, 456-516 
Transmission-line charts, 59-82 
choice of, 75-82 
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Transmission-line components, 5 
Transmission-line equations, 32 
Transmission-line theory, 0 
Transmission lines, filters with, 614-645 
frequency behavior of, 614 -623 
low-loss, relations in, 34 
radial, voltage and current nodes in, 
196, 197 

relations in, 29-36 
rigid, 144-242 
sealing of, 140 

use of, limitations on, 623-625 
Tubing, for coaxial lines, 115-119 
dimensional tolerances of, 117 
silver-lined, 117 
for waveguides, 115-119 
Tuners, 456-516 
capacitive-screw, 498 
coaxial due, 460-481 
double-screw, waveguide, 507-513 
double-slug, waveguide, 494-498 
single-screw, variable-position, 485- 
489 

single-slug, 489-494 
sliding-screw, 459 
slug, 466-472 
stub (see Stub tuners) 
waveguide, 481-516 
Tuning screw, capacitive, 216 
Tunnicliffe, P. II., 352 

U 

Uglow, K. M., 352 

U. S. Graphite Company, 143 

Units, 8 

Universal joints, 442-445 
Unloaded Q, 653 

V 

Velocity, group, 12 

phase (see Phase velocity) 
signal, 12 

Voltage, effective, 51 
Voltage breakdown, 84 
at microwave frequencies, 227-242 
Voltage insertion ratio, 549 
Von Hippel, A., 132, 136, 716 
VSWR introduced by junction between 
two waveguides, 118 


W 

Wadoy, W. G., 644 
Walker, it. AT., L29, 222, 227 
Wall surfaces, corrugated, 116 
scratched, 116 
Wallin, P. J., 309 
Warner, A., 716 
Washburne, B. P., 188 
Water load, 229 
Wave impedance, 41, 53, 017 
of free space, 37 

Waveguide bends, and twists, 207'209 
Waveguide constants, 191 
Waveguide corners, 203-207 
Waveguide couplings, 193-202 
Waveguide filters, 643-645 
Waveguide mode, transitions with change 
in, 379-405 

Waveguide motional joints, 433 445 
Waveguide power dividers, 522-528 
Waveguide rotary joints, 416-433 
Waveguide stub tuners, 483-485 
Waveguide switches. 533-539 
Waveguides, common, characteristics of, 
54-59 

cylindrical, determining percentage of 
T-Ehi-mode in, 381 388 
different, joining of, 53 
dimensions for, choice of, 188-193 
fields in, 39 

flexible, wire-screen, 287 
as high-pass filters, 644 
inductive iris in, 78 
lossless, 40 

metal-hose, minimum bending radii 
of, 276 

nonresonant flexible, 274-288 
parallel-plate. 40-46 
plastic, 285-287 
plastic-filled, 285-287 
rectangular, of different sizes, transi¬ 
tion between, 361-364 
T£ho-mode, 46-54 

transition from, to cylindrical, 304- 
369 

resonant flexible, 288-303 
ridge, 358 
screw in, 458 
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Waveguides, seamless corrugated, 282- 
285 

square, circular polarization in, 378 
transitions from coaxial line to, 314- 
361 

tubing for, 115-119 
two, VSWR introduced by junction 
between, 118 

vertebral flexible, 294-303 
Wavelength, critical, 48 
cutoff, 48 
guide, 48 
intrinsic, 42 
Wesson, L. G., 132 


Westinghouse Electric and Manufactur¬ 
ing Company, 141, 221 
Whinnery, J. R., 57, 129, 184 
Whitmer, R. M., 285 
Windows, pressurizing, 218-227 
Woodruff, L. F., 10, 71 

X 

X-pandotite Cement, 133 
Y 

Younker, E. L., 302 










